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"Stellingen bij het proefschrift getiteld:

Low-cost sensor interfacing
Frank van der Goes

De toepassing van een continue autocalibratietechniek, synchrone detectie,
tweepoort-meettechnieken en dynamic element matching is noodzakelijk om
goedkope universele en nauwkeurige sensor-interfaces te kunnen reatiseren.

De toepassing van asynchrone modulatoren in goedkope en slimme sensorsystemen
verdient veelal de voorkeur boven de toepassing van synchrone modulatoren.

In goedkope multi-purpose sensor-interfaces, gebaseerd op asynchrone
modulatoren, heeft veelal de toepassing van eerste-orde oscillatoren de voorkeur
boven hogere-orde oscillatoren.

De prijs van de gerealiseerde universele sensor-interface chip kan momenteel lager
zijn dan die van een applikatie-specificke.

De beleving die ervaren wordt bij het kijken naar sportprogramma’s op TV kan
aanzienlijk intenser worden door het toepassen van velerlei sensoren in ballen,
banden, schaatsen, rackets, bokshandschoenen, etc. en het vervolgens omzetten

van de sensorsignalen in door de menselijke zintuigen waarneembare signalen.

Het gegeven dat een harddisk van een computer altijd vol is, is geen goede reden
om geen grotere aan te schaffen.

Als een schakeling in eerste instantie volgens verwachting werkt, kan met redelijke
zekerheid gesteld worden dat een even aantal fouten gemaakt is.

De mens is niet gezonder dan het voedsel dat hij eet.

(Double)Click everywhere before reading your instruction manual.

- De betekenissen van de begrippen ontspanning en beziggehouden worden neigen

steeds meer naar elkaar toe.

- Het gebruik van fossiele brandstoffen vormt voor het leven op aarde geen

probleem mits de veranderingen die het teweegbrengt niet te snel verlopen.

Een beter milieu begint bij jezelf, maar grote verbeteringen vinden pas plaats na
adequate reactie van een groep.

Veel van de fouten die de arbitrage in het betaalde voetbal maakt, zijn
ontoelaatbaar.
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Abstract

Current sensor systems are beset by a missing link, namely the lack of smart low-cost sensor
interfaces between the sensor elements and the digital equipment such as microcontrollers.

This Ph.D. thesis discusses the design, simulation and realization of a multiple-purpose sensor
interface chip for the read-out of external sensor elements such as capacitors, platinum
resistors, thermistors, resistive bridges and potentiometers. This interface has been made
commercially available.

It is shown that the consistent application of basic measurement techniques such as continuous
auto-calibration, synchronous detection, two-port measurement techniques and dynamic
element matching is required in order to obtain low-cost, accurate sensor systems.

The necessary Analog-to-Digital conversion is based on the use of a first-order asynchronous
relaxation oscillator in combination with a microcontroller. Low-frequency interference signals
and the effects of low-frequency 1/f noise have been suppressed by applying a special type of
synchronous detection in combination with a second-order switched-capacitor filter.

The multiple-purpose sensor interface chip presented here operates on a single 3.3-5.5V supply
voltage. The resolution and accuracy of capacitive measurements in the 0-2pF range amount to
50aF and 300aF. The resolution of the temperature measurements based on platinum resistors
and thermistors amounts to respectively 10mk and 1mK for a measurement time of 100ms.
The resolution of the resistive bridge measurement is 700nV. The accuracy of these
measurements amounts to 500 ppm.
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1.1 Problems with sensor systems

Before dealing with the problems encountered in sensor systems, we have to explain what
sensor systems are. A sensor system typically consists of one or more sensor elements and a
modifier. The function of the sensor element is to convert energy from any energy domain
(magnetic, chemical, optical, mechanical or thermal, as discussed by Middelhoek and
Steigerwald-Audet [1]) into the electrical domain. Also conversion into other energy domains
is possible, but electrical signals are usually best suitable for modification. The function of the
modifier is to transform (modify) the electrical output signals of the sensor elements into other
electrical signals which can easily be used for further processing such as, for instance, driving
an actuator. The modifier usually consists of a number of analog circuits, digital circuits and an
Analog-to-Digital converter.

In smart sensor systems, the sensor signal is not merely measured but the measurement result is
obtained in a smart way. This means that, for instance, the measurement time is adapted when
necessary, the sensor element and interface are put in power a down mode when no data is
required or the measurement frequency is changed so that interference signals will have less
effect on the measurement result.

The main problems with today’s sensor systems are not caused by the sensor elements. Some
commonly used sensor elements such platinum resistors and thermistors have existed for a long
time, and will also be used in the future. The main problem with sensor systems is also not due
to the digital part of the modifier. The price/performance ratio of digital modifiers, like
computers and microcontrollers, has gone down greatly during the last 20 years. This makes
them attractive to use. The main problem with sensor systems nowadays is the electronic part
that interfaces between the sensor element and a digital modifier, especially when the sensor
element is not integrated on the same substrate as the interface. Current interfaces have the
following unattractive properties:

they consist of complex circuitry, based on several amplifiers, filters, references etc.
they are, therefore, too expensive

they are too large

they are not very reliable and accurate

Consequently, the use of sensor systems is not widely spread, particularly not in low-cost
markets like consumer electronics or in more sophisticated markets. Moreover, sophisticated
electronic equipment is blind and deaf to physical signals, a situation that needs to be changed.
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The missing link in the signal conversion chain is a sensor interface with the following
properties:

e low cost

o high reliability

o high accuracy

e easy-to-use (standardization of signals)

This type of interface would enable the use of sensor systems in a lot of new applications in
both consumer electronics (coffee makers, washing machines etc, etc.), and more
sophisticated (industrial) markets.

Recently, some interesting sensor interfaces have been developed. Interface ICs from Crystal
Semiconductor Corporation [2] are able to read-out resistive bridge transducers and RTDs.
They contain Delta-Sigma converters, digital filters and serial interfaces to communicate with a
microcontroller. Interface ICs from Analog Devices [3] (for instance, the AD7710, AD7711
and the AD7712) are capable to readout resistive sensor elements and voltage-generating
sensors. The setup of the interfaces of both companies show some similarity. Another
interesting project [JAMIE, 4] resulted in interface IC named USIC. 1t is capable in performing
many different types of measurements such as the measurement of voltage, resistance, current,
capacitance and frequency. Of course this is hardly a complete list of interfaces.

A common disadvantage of these interfaces is that the important class of capacitive sensors
cannot be read out in a low-cost way. Since capacitive sensor elements can be applied in many
applications to measure many different types of signals, it would be a great advantage if they
supported capacitive sensors. Another aspect is that complex external circuits are sometimes
required to process part of the sensor signals.

When the complexity and costs of the above-mentioned sensor systems are considered, it can
be concluded that these systems will not lead to a breakthrough in low-cost markets. Such a
breakthrough would require a major decrease of the production costs. In this research, the key
point to such a breakthrough is found in a consistent application of the best of all relevant basic
measurement techniques.

We can now define the main problem to be treated in this thesis.

1.2 Statement of the problem and objectives

The main problem can now be stated simply: is it possible to develop low-cost sensor
interfaces which are reliable, easy-to-use and do not have the above-mentioned drawbacks.
The main objective of this work is to answer this question and, when the answer is yes, to
realize such interfaces.

1.3 Organization of this thesis

Chapter 2 discusses a possible setup for a sensor system which has the attractive properties
discussed above. Methods to meet the low-cost requirements will be shown.

Chapter 3 discusses several measurement techniques. Our objective can be achieved by
combining these techniques.
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Since the output signal of the modifier is considered to be digitally coded, an Analog-to-Digital
(A/D) converter is necessary to convert the analog output signal of the sensor element. The
central theme of Chapter 4 is to determine the optimal type of A/D conversion for use in the
new-generation sensor systems.

Tt turns out that the optimal type of A/D conversion is based on the use of an oscillator, which
is modulated by the sensor signal, in combination with a frequency counter. Chapter 5
discusses all the ins and outs of the modulator. Some important aspects are the modulator
requirements, the suppression of low- and high-frequency interference signals and nonlinear
behavior. Several sensor-specific modulator front-ends are also discussed.

Chapter 6 shows the design and realization of a general-purpose sensor interface.

Applications and measurement results are given in Chapter 7.

Chapter 8 contains conclusions.

Appendix A discusses the electrical and other important properties of sensor elements which
can be read out by the general-purpose sensor interface discussed in Chapters 5 to 7.

Appendix B deals with the noise properties of the modulator discussed in Chapter 5.

Appendix C gives an application note of the general-purpose sensor interface.

1.4 Conclusion

Conventional sensor systems are not widely spread. This is mainly caused by the fact that
interface electronics are too expensive, too large, and are not very reliable and accurate. A
breakthrough in the sensor market will be enabled by low-cost sensor interfaces which are
accurate, small, reliable and easy-to-use. This thesis will deal with the development of
interfaces which meet the requirements.

1.5 References

1 S. Middelhoek and S.A. Steigerwald-Audet, “Silicon Sensors”, Academic Press,
London, 1989.

2 Crystal Semiconductor Corp. “Data acquisition databook”, March 1995

Analog Devices, “Signal Conditioning ADCs”, 1993

4 ERA Technology, “Target specification of the USIC”, Eureka Project EU 579, February
1994,
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2.1 Introduction

This paragraph discusses trends on sensor systems and gives a possible hardware
configuration. This configuration leads to low-cost, reliable and easy-to-use sensor systems.
Thanks to new low-cost high-performance products such as PCs, software packages,
integrated circuits and microcontrollers, and new technologies such as micro-machining and
thin-film technologies, the costs of sensor systems are steadily decreasing and performance is
increasing. In such designs, the complexity of the total system is reduced and overall
calibration replaces calibration of the individual parts [1,2,3,4,5]. Features such as
autocalibration and self-testing improve the accuracy and reliability. Traditional functions, such
as A/D conversion and the generation of reference and compensating signals, are no longer
performed by separate components, but will take place in analog signal processors and
microcontrollers. Only the basic signals from the various sensor elements and reference sources
or elements are amplified, converted and transferred to, for instance, a microcontroller. The
availability of low-cost memory makes the implementation of several important functions
feasible by collecting data over a longer period for a number of sensors. Examples of these
functions are auto-calibration, self-testing and the compensation and filtering of undesired
signals and effects. A possible hardware is proposed by Meijer and Herwaarden [6] and is
shown in Figure 2-1. The microcontroller can be used to collect and to combine data, to make
calculations and decisions, to control modes and ranges in the sensors, optimize the data rate,
and to provide a standardized output format for higher computer levels.

To enable the processing of the sensor signal by microcontrollers and computers, circuitry for
analoque processing, A/D conversion, multiplexing etc. is added. In smart sensors the
processing circuits and the sensor elements are integrated on the same chip. The term Smart
Signal Processor (SSP) is used to denote integrated circuits which operate according to the
same principles as smart sensors, but lack on-chip sensing elements. In our opinion, the
combination of a micrcocontroller and a smart sensor or a smart signal processor should be
considered as the minimum unit in smart sensor systems.
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computer
Data bus
ucC Micro Controllers
Sensor bus
Smart
SSp SSP Signal SSP
Processors
smart smart sensing sensing sensing
Sensor SENsor clement clement clement
Physical Process

Figure 2-1. A possible hardware configuration of a sensor system.

In this thesis, we consider only the SSP and omit the interesting aspects that concern on-chip
sensing elements. We assume that a reference element is available. The reference element
should be of the same type as the sensing element in order to obtain the most accurate results,
since, for instance, temperature effects on the sensing element and the reference element are
equal and will have no effect on the final measurement result. Part of the hardware
configuration shown in Figure 2—1, discussed in this thesis, is depicted in Figure 2-2. Note that
this figure perfectly fits into the configuration shown in Figure 2-1.

Sensing element| ¥: Micro

and —*— SSp —  controller
Ref. element i

A/D converter

this thesis.

Three important items are related to the configuration in Figure 2-2. These are:

¢  Which measurement techniques will be used to readout the sensor element optimally. This
will be discussed in Chapter 3

» The type of A/D conversion to be selected, which will be discussed in Chapter 4

e The architecture and implementation of the SSP, which will be discussed in Chapter 5

There are many possible configurations with very different properties with respect to costs,

speed and accuracy. In the following section, we limit ourselves to configurations where low

costs is a first requirement.
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2.2 Low-cost concepts

we focus now on low-cost SSPs and sensor systems. Most of the low-cost applications require
only a medium degree of accuracy and also a medium conversion speed. Typical values of
accuracy and conversion are in the range of 10-16 bits and 10-1000 measurements per second.
Another aspect related to low-cost is of course the cost of the hardware of the sensor system.
In our opinion, a multiple-purpose SSP is currently preferable to a spécial-purpose SSP. As
soon as the sensor market can be considered as a large-quantity market, special-purpose
interfaces are preferably. Since this is not the case, we focus on general-purpose
configurations. The greater complexity of such a multiple-purpose SSP is not a big problem if
this SSP is implemented as an integrated circuit.

We will now depict the key points of our SSP:

e Lowcost

Accuracy 10-16 bits

Conversion speed 10-1000 measurements per second

Multiple-purpose

Reliability.

We can now discuss several aspects of the sensor system setup as shown in Figure 2-2. These
aspects concern the total system, the power, the chip and some electrical nonidealities.

System
The most important aspect is that the total system setup should be simple. The output signal of
the SSP should be simple and easy to decode by the microcontroller.

Power
A standard single power (3-5V) supply and a low current consumption are desired.

Chip

The chip should be processed in a low-cost IC process, which is CMOS at the moment. Of
course, a small chip area is preferable. Off-chip components often increase the flexibility, but
also the costs, so we have to balance the pros and cons.

Electrical nonidealities of sensing elements

Sensing elements pick up disturbing signals from the environment so appropriate filtering of
these signals should be applied. The measurement should not be influenced by parasitics of the
sensing element and therefore proper measurement methods are necessary. Further, it is
preferable that breakdown of the sensing element can be detected.

2.3 Measurement strategy

This section is on the measurement strategy which enables us to meet the above requirements.

We use the following guidelines:

* In general, functions will be moved as much as possible from the interface to the
microcontroller. One of the functions is linearization. Many sensing elements do not have a
perfectly linear behavior. It is possible to linearize sensing elements with hardware
solutions, however, in our opinion this is not desirable. The microcontroller is very capable
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in doing calculations based on equations or look-up. This strategy results in simpler
circuits. Only in the case of a very strong non-linearity, a hardware solution is required to
obtain a rather constant resolution.

o The measurement technique, discussed in Chapter 3, is applied. An important technique is
the three-signal technique, which is a continuous auto-calibration. This technique requires a
reference element of the same kind as the sensor element.

e The reference element will be an external component.

2.4 Applications

We here limit ourselves to often-used low-cost off-chip sensing elements such as:

Capacitors

e Platinum resistors

¢ Thermistors

e Resistive bridges

o Potentiometers.

Middelhoek and Audet [7] classified these elements as modulating sensing elements, which
require some sort of energy input to produce a useful output.

Many sensing elements also have a temperature-dependent transfer. Normally, only a rough
temperature indication is required to compensate for this effect. When the temperature of the
sensing element and the SSP are approximately equal, the temperature of the SSP can be used
for this purpose. An on-chip temperature sensor does not require extra external hardware and
is therefore very attractive. Calibration of this temperature sensor increases its accuracy, but
also increases the costs at the same time. In Chapter 5, we discuss the accuracy of an
uncalibrated on-chip temperature sensor.

2.5 Conclusions

Combining microcontrollers and sensor interfaces (with or without on-chip sensor elements) is
a good method to achieve low-cost and easy-to-use sensor systems. We limit ourselves to the
readout of sensor elements with an accuracy up to 16 bits and which requires measurement
times between 1ms and 100ms. At this moment, general purpose interfaces are superior to
special-purpose interfaces when the costs are considered. This is caused by the fact that the
sensor market can not (yet) be considered as a large-quantity market. One of the measurement
strategies is to move functions as much as possible from the interface to the microcontroller.
Another strategy is to use a continuous auto-calibration technique in combination with an
external reference element.
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Below, we discuss the measurement techniques used to obtain accurate sensor systems in an
easy way. We also discuss the sensor excitation when several sensing elements are measured.

3.1 The Three-Signal Technique

The three-signal technique is a technique to eliminate the effect of offset and unknown gain in
a system G [1,2]. Application of this technique requires, in addition to the measurement of the
sensor signal Ey, the measurement of two reference signals Ere and Erp, in an identical way.
These three signals result in three output signals Z,, Z.s; and Z.s, of G. If the transfer of G
only consists of an offset and a gain, the measurement result E, can be obtained from the
following calculation

M Zx _ZrefZ (3 1)
qu"l - ZrefZ

We consider two different relations between E and Z describing the behavior of first-order
oscillators and oscillating structures. These types of circuits play important roles in low-cost
sensor systems, as we will see later. The first relation between E and Z is given by:

q
= E +a, (3-2)
where a, and a; are the offset and “gain” of G, respectively. The three input signals normally
contains an offset E, and are given by:
E.+E,
E=3E +E, 3-3)
L+ E,

Substitution of (3-3) and (3-2) into (3-1) results in My,

M. = Eref2_Ex Erefl+Eo (3_4)
" Eref2—Erefl Ex+Eo

This result does not depend on a, and a;. The signal E can only be obtained from (3-4) if E, is
known. It is also not permitted that E.p equals zero when E, equals zero, since in this case
Zeerz would be infinite. All these problems can easily be avoided by applying the following
relation between E and Z:

Z=akE +a, (3-5)

11
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Substitution of (3-5) and (3-3) into (3-1) results in Mprop:

E -E
M, = 3-6
prop Eref1 - E ( )

This result also does not depend on a, and a;. Further, E, can have any value and it is
permitted that E.p equals zero. We therefore need only one reference signal Ern and an
arbitrary offset E,. The relation in (3-5) requires the minimum number of reference signals and
will therefore be applied.
The effect of drift of a, and a;, due, for instance, to temperature effects or aging, can be
eliminated by periodically measuring the three signals followed by calculation (3-6).
The only requirement for G to obtain accurate results is that of linearity. Achieving a high
linearity of an electronic circuit is often no problem.
Usually, the three measurement signals are time multiplexed, so one measurement cycle
consists of three measurement phases. We therefore need a memory to store at least two
values of Z. The three-signal technique also requires a calculation unit. These two functions,
storing and calculating, are two key functions of a microcontroller.

Conclusion
The three-signal technique is a very powerful technique to eliminate the effect of drift and
uncertainties of additive and multiplicative errors.

3.2 Dynamic Element Matching

Dynamic Element Matching (DEM) is a known technique [3,4] to improve the overall
accuracy of a system. It can be used when a number of nearly equal elements can be
distinguished. By cyclically interchanging the elements, the overall accuracy can be orders
better than the accuracy of the elements themselves. We explain this principle by considering
the voltage divider from Klaassen [4], as shown in Figure 3-1.

| | | I
R, R, Rs Ry !
Vout

Figure 3-1. The DEM voltage divider of Klaassen with N=4.

The circuit consists of N almost equal resistors of which N-1 resistors are shunted. By putting
the switches in different positions, we can obtain N different circuits. The ratio Vou/Via for
every circuit is almost equal to N''. A mismatch & limits the accuracy of this ratio to 8. The
average value of the N different ratios of the N circuits is exactly equal to N'. This is the
advantage of DEM. When the time required to perform a full DEM cycle is short with respect
to drift and temperature effects of the resistors, the final division ratio will not be affected by
these effects. Application of this technique requires implementation of the average. This can be
done very easily by the microcontroller.

In certain configurations, the effect of mismatch cannot be eliminated completely. The
accuracy in the case of a mismatch 3 is limited to the second order term 8.
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Conclusion
Dynamic Element Matching is a very powerful technique to obtain high overall accuracy when
a number of nearly equal elements are interchanged.

3.3 Synchronous detection

The measurement can be affected by disturbing signals, for instance S0Hz (or 60Hz) interfering
signals from the mains supply. The fact that we limited ourselves to the read-out of modulating
sensing elements enables us to apply synchronous detection. This enables us to reduce the
interfering signal with respect to the main signal.

3.4 Two-port measurement

Normally, the connecting wires of the sensing element behave as parasitics, which may affect
the accuracy. By a proper connection and measurement of the sensor, the effect of the
parasitics is reduced or eliminated. The sensing element Z, with the parasitics as modeled in
Figure 3-2 a) forms a m-network. The sensing element should be measured by putting a
voltage Vi, on the input nodes and measuring the short-circuit current I,. The ratio V/I.
depends only on the impedance Z,. The dual case is shown in b). Now Z, and the parasitics
form a ladder network. The sensing element should be measured by putting a current L, into
the nodes and measuring the voltage V... Again, the ratio V./I,, depends only on Z,. These are
the two-port measurements.

b)

Figure 3-2. Two-port measurements for sensing elements where the sensing element and the
parasitics form a w-network (a) and a ladder network (b).

When the sensing element cannot be modeled accurately with one of the circuits shown in
Figure 3-2, the ratio of the excitation signal and the sense signal also depends on the parasitics.

Often, more than one sensing elements has to be measured. The circuit shown in Figure 3-3
shows the measurement of two sensing elements, where the parasitics and the sensing element
form a m-network. The voltage V., is used to measure both sensing elements Z,, and Z,,.
Multiplexing at the sensing side of the element is not required. The ratio V,/I,, depends only on
Zy, or Zy,, depending on the position of the switch.
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Vm Y Im

Figure 3-3. Measurement of two sensing elements where the sensing element and the
parasitics form a m-network.

The circuit shown in Figure 3-4 shows the measurement of two sensing elements where the
sensing element and the parasitics form a ladder network. Multiplexing at the excitation side is
not required, but we need to multiplex the sensing side of the element. The ratio Vu/In depends
only on the sensing elements Zy, or Zy,, depending on the position of the switches.

Figure 3—-4. Measurement of two sensing elements where the sensing element and the
parasitics form a ladder network.

Usually, the models of the sensing elements and the parasitics are far more complex than those
discussed before. The effect of the extra parasitics can be greatly reduced by using proper
connection and suitable excitation signals. We consider the circuit in Figure 3-5 as an example.
This figure depicts the measurement of two capacitors, where Cy is selected for measurement.
The capacitance C;, models the parasitic capacitor between the two transmitting electrodes.
The resistances Ron1 and Req2 model the ON-resistance of the switches.
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Figure 3-5. Measurement of two capacitors. The capacitance C;; models the parasitic
capacitors between the two transmitting electrodes.

A good method to reduce the effect of C;; is to connect the transmitting electrode of a non-
selected capacitor to GND (capacitor Cy, in the figure). This will reduce the signal V,; on the
transmitting electrode of the non-selected capacitor. Proper signal type for V,, may also help.
When V. is a square wave, the charge built by I, represents the capacitors Cy; or Cro. When
C.i is selected, the contribution of Cy, to this charge decreases exponentially with the period of
Vi, since the voltage V.2 on the transmitting electrode of C,, exponentially decreases.

When Vi is a sine wave, the amplitude of I, represents a selected capacitor. When Cy; is
selected, the contribution of C,, to I is proportional to the frequency of V. (for frequencies
far below the high-frequency pole).

The conclusion is that, in order to obtain the same level of cross talk, the maximum frequency
of the sine wave is much lower than that of the square wave.

3.5 Conclusions

This chapter discusses several measurement techniques which will be applied in the Smart
Signal Processor. Application of these techniques is required to obtain low-cost and reliable
sensor systems. The three-signal technique is a continuous auto-calibration. Application of this
technique result in accurate measurement results which can be obtained in a low-cost way,
even when using low-cost IC processes. By using dynamic element matching techniques, for
instance on-chip amplifiers can be realized with an accurate gain while calibration is not
required. Synchronous detection is a very powerful technique to suppress interfering signals.
Application of two-port measurement techniques strongly reduces the effect of parasitics of the
connecting wires of both the sensor and the reference element on the measurement result.
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4.1 Specifications

Before we determine the best type of A/D conversion for our system, we consider the most
important specifications. These specifications have also been discussed in chapter 2, but are
repeated here. Firstly, many of these sensors require a moderate accuracy of the A/D
conversion to cover their accuracy and dynamic range. Secondly, many of these sensors
require only a moderate conversion speed. Thirdly, to obtain a low-cost and accurate A/D
conversion, integration technology has to be used. Since chip prices are proportional to chip
area, only small chips, and thus simple modulators, are permitted. And, lastly, several types of
sensors should be read out.

The specifications of the A/D conversion are listed below. This list also includes less specific
items, like chip area, power supply and power consumption. These are more general
specifications, considering the design of the A/D converter.

e absolute accuracy 10-16 bits

e conversion speed 1-100ms

e input multiple-purpose

e chip area a few mm?

e power supply single 5V or 3V supply
e power consumption as small as possible

4.2 Indirect A/D conversion

Indirect A/D converters have proven to be very suitable for use in sensor systems [1,2,3,4,5,6].

They are capable of fulfilling the above-mentioned specifications. Such converters produce a

digital signal in two steps. During the first step, they convert the sensor signal into a time

signal: a frequency or a duty cycle. As a second step, this time signal is compared with a time

reference and a digital signal is obtained. The first step is done by the SSP, while the

microcontroller is very capable of doing the second step, so our indirect converter is

implemented in the combination of the SSP and a microcontroller. Note that this concept fits

perfectly into the hardware configuration discussed in chapter 2.

We now give an overview of the most important properties of our indirect converter.

e The output signal of the SSP is fully compatible with microcontrollers.

¢ Indirect converters are based on an oscillating structure, which generates the time signal.
The structure can be kept simple, enabling a small chip area.
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e The accuracy is nof based on the matching of components, as in Flash or Successive
Approximation A/D converters. Therefore, an accuracy of more than 10 bits can easily be
obtained. The indirect converter is theoretically inherently linear and the combination with
the three-signal technique produces a very accurate A/D converter.

Indirect converters have a moderate conversion speed, which is sufficient for many sensors.
The oscillating structure can be used to read out different types of sensing elements.
Therefore, indirect conversion is very suitable in multiple-purpose sensor systems.

A property of indirect converters is the presence of a feedback loop, necessary to maintain
oscillation. We make a distinction between two types of indirect converters: asynchronous and
synchronous converters. The synchronous converter has a clocked gate incorporated in the
feedback loop and the asynchronous converter has not. Both converters contain a modulator
and a digital filter. The modulator consists of an analog filter, at least of the first order, and a
comparator. The comparator is used for detection of the zero tramsitions. As the zero
transitions only occur at discrete time moments, the signal is basically sampled [7].

Both types of conversion are briefly discussed below in order to make a good comparison and
to select the best one for our sensor system.

4.2.1 Synchronous indirect conversion

When the clocked gate is also incorporated in the feedback loop, the SSP requires a clock
signal from the microcontroller. Riedijk [8] distinguished two types of synchronized indirect
modulators. These are the Delta-Sigma (A/Z) modulator and the Dual-Slope modulator. A
Delta-Sigma modulator with a generating sensing element is depicted in Figure 4-1.

SSP
Feedback
1 bit DAC
Digital
d - output
pon. et | Sensor Filter — Comparator [— Gate >
nput n Clock © Bit stream
1 1 : clock
non. el. analog . sampled quantized

Figure 4-1. An example of a synchronous indirect modulator: the Delta-Sigma modulator
with a generating sensing element.

The popular Delta-Sigma modulator is based on quantization error feedback, where the
quantization is done very roughly by a 1 bit A/D converter (comparator)., A high accuracy can
be obtained by applying oversampling techniques. The output of the modulator is a bit stream,
which has to be digitally filtered. Often, proposed filters are one order higher than the order of
the modulator [9]. The Dual-Slope modulator operates differently. The signal from the sensing
element is continuously integrated for a whole number of periods of the main interfering signal.
This is interference from the mains supply and has a frequency of 50 (or 60) Hz. This requires
an integration time of minimally 20 (or 16.6) ms. The long integration time requires large
capacitors or small currents, thus making the Dual-Slope modulator less suitable for use.

18



4. Analog-to-Digital conversion

4.2.2 Asynchronous indirect conversion

If the clocked gate is not incorporated in the feedback loop, we obtain harmonic or relaxation
oscillators, depending on the order of the filter. Since a property of the oscillator is modulated,
we refer to it as a modulator. Examples of relaxation modulators with a generating and
modulating sensing element are depicted in Figure 4-2 a and b, respectively.

a) SSP
? Feedback
Digital
) output
non, el. : it
. i . | | parasitic Gate
input — Sensor A Filter Comparator delay Time ref —
non. el. analog | sampled quantized
b) SSp
Feedback
' Digital
| output
non. el. : iti
: s | _ | parasitic Gate
input —— Sensor L1 Filter —4 Comparator delay Time ref —
non. el. analog sampled quantized

Figure 4-2. Examples of asynchronous indirect modulators: relaxation modulators with a
generaling sensing element (a) and a modulating sensing element (b).

Harmonic modulators are based on at least a second-order filter, while relaxation modulators
are based on a first-order filter. The frequency (or duty cycle) of the modulator is directly
related to the sensor signal. The microcontroller measures this frequency by counting the
number of reference times that fit into a modulator period. Duty cycles are measured slightly
differently. The advantage of the Delta-Sigma modulator, feedback of the quantization error,
cannot be applied here. For accurate conversion, accurate time references are needed. These
are available and rely on low-cost, accurate quartz crystals. Note that thanks to the three-signal
technique, only short-term stability is required. Long-term instability of the quartz crystal’s
resonating frequency has, therefore, no influence on the accuracy of the measurement.

4.3 Asynchronous versus synchronous conversion

The differences between an asynchronous and a synchronous modulator enable us to select the
best conversion principle for the SSP. We consider the number of wires, the output signal of
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the SSP, the effort of the microcontroller to calculate the final result, the conversion time and
digital interference.

4.3.1 Number of wires

The first and obvious difference is that an asynchronous modulator does not require a clock
signal thus usually saving one wire. Saving wires is an important item in low-cost systems. In
many applications, the SSP and the microcontroller are not on the same chip or in the same
package. Imagine, for instance, a washing machine. The complete washing process is
controlled by one microcontroller. Several sensing elements inside the machine measure the
dirtiness of the laundry, the water level etc. These sensing elements, and thus the SSPs, are
located throughout the machine. One of the consequences is that the SSP is not on the same
chip or in the same package as the microcontroller. To limit the costs, we therefore have to
limit the number of wires between the SSP and the microcontroller. We prefer to use only one
wire to communicate with the microcontroller. This wire can be inside a bus.

4.3.2 SSP output signal

The second difference concerns the output signal of the modulator. The output signal of a
synchronized modulator is usually a bit stream, which has to be transferred to the
microcontroller and filtered digitally. If the digital filtering is performed by the microcontroller,
the complete bit stream has to be transferred. This requires a relatively high-bandwidth
communication line. The digital filter can be implemented on chip, but this requires a lot of
calculation power if the filter order is higher than one. However, the output signal of an
asynchronous modulator is very simple. The microcontroller measures the duration of a
(number of) period(s) of the modulator output. To do this, the microcontroller needs at least
two edges at its input. This corresponds to a very simple signal, which can be transmitted via a
relatively low-bandwidth communication line.

4.3.3 Microcontroller effort

The microcontroller performs some digital processing, which is not equal for the two types of
indirect conversion. The bit stream of a synchronized modulator has to be filtered digitally.
Implementation of a second-order filter by the microcontroller requires a fast and well-
equipped one. However, handling the output of an asynchronous modulator requires only a
counter running on the sampling frequency and some memory to store the counted values.
Now, the demands are much more relaxed, thus saving time for other applications.

4.3.4 Conversion time

The time required to achieve a certain resolution is determined by three aspects: the sampling
frequency, the order of the digital filter and the internal electronic noise of the SSP itself. In the
case of a Delta-Sigma modulator, higher-order filters combined with noise shaping rapidly
reduce the quantization noise level. In the case of an asynchronous modulator, we apply only
first-order filters, as will be discussed in section 4.4. To achieve the same quantization noise
level as in the case of a Delta-Sigma modulator, more samples are required. When the sampling
frequency is considered, the situation is different: since the modulator frequency in an
asynchronous system does not depend on the sampling frequency, the latter can be chosen to
be infinitely high. This means that only one modulator period may be sufficient to achieve the
desired resolution. Of course, we need relatively high sampling frequencies. For Delta-Sigma
modulators, the situation is different. Here, the sampling frequency equals the operating
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frequency of the modulator. This frequency is now limited by the readout circuitry of the
sensing element, and is therefore usually much lower than the sampling frequency in an
asynchronous system.

As an example, we give estimations of the minimal conversion time to achieve a 14 bits
resolution. For the time being, we neglect the thermal noise. Typical sampling frequencies are
200kHz and 3MHz for the Delta-Sigma and the asynchronous modulator, respectively. The
typical conversion times are listed in Table 4-1 and are based on calculations by Leung [10].
These values hold under certain conditions. Firstly, in the case of asynchronous modulators, it
is assumed that period modulation in combination with first-order digital filtering is used.
Secondly, limit cycles in the case of first-order Delta-Sigma modulators have been removed by
applying dithering techniques. Table 4-1 shows that the conversion time of a synchronous
converter based on a first-order Delta-Sigma modulator combined with an ideal digital filter
and an asynchronous converter are very competitive.

Type of modulator and filter # samples | Conversion time <ms>
1" order A/Z mod., 1* order filter 6690 33.5
1* order A/Z mod., ideal filter 838 42
2™ order A/T mod., ideal filter 81 0.4
Asynchronous modulator, counter 6690 22

Table 4-1. Typical conversion times for different converters.

Thermal noise also determines the required number of samples or the measurement time. To
achieve a certain resolution, a minimal measurement time is required. Thermal noise will finally
limit the minimum conversion time.

4.3.5 Low-frequency interference

The dominant low-frequency interfering signal is interference from the mains supply. The
frequency of this interference is SOHz (or 60Hz) and harmonics. Since the sensing element is
off-chip, we assume that the interference is present at the sensor input.

The interference can be filtered by choosing the measurement time to be equal to a complete
number of interference periods. This is very simple to achieve in a synchronized system, it is
done by adjusting the clock frequency to the frequency of the interference. In the case of
modulators, the sensor information is represented by a time parameter of the modulator and a
fixed measurement time can hardly be realized. By applying synchronous detection techniques
in combination with modulators, as discussed in Chapter 5, low-frequency interference can be
filtered properly.

4.3.6 High-frequency interference

The final difference concerns the high-frequency interference. The main high-frequency
interference is digital interference from the microcontroller. This interference can affect the
analog signal processing, or can interfere with the output signal of the modulator. Both
conversion principles can be very competitive for the effect of digital interference on the signal
processing. The effect of interference on the analog signal processing is different for the two
types of modulators.

A synchronous modulator requires a clock signal, which acts as digital interference for the
analog part. However, this interference is synchronously detected by the modulator and
produces a DC term. Its effect is eliminated by the three-signal technique.
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In the case of an asynchronous modulator, digital interference, which is filtered to the greatest
possible content, can cause locking effects. The modulator frequency does not perfectly
represent the signal from the sensing element. The use of dithering techniques [11] and
applying a low bandwidth for all parts of the modulator reduce these locking effects.

The digital interference can also interfere with the output signal of the modulator. This
interference is modeled in Figure 4-3 by V4, and is valid for both conversion principles.

R P Viig : o level detector
e

-

SSP : Microcontrollgr

j Vmod : C VDD/Z

Figure 4-3. Model of digital interference at the output signal of the modulator.

The output signal Vimea of the (synchronous or asynchronous) modulator has a peak-to-peak
amplitude of Vpp. The resistor R models the output resistance of the modulator, while C
models the connecting cable between the modulator and the microcontroller. The level
detector detects the level of its input signal Vo,

In the case of a synchronous modulator, the information is stored in the level of Vq at discrete
moments. An error occurs when Vg;>Vpp/2. In the case of an asynchronous modulator, the
information is actually stored in the crossing of Vpp/2 by Vi. This moment is influenced by Vi,
when the slope of Vp is not infinite. A time error AT occurs, which is given by:

av,\™
sacs

(4-1)

deg
=2t
Voo
where the time constant ©=RC. For a small time error, the interference and/or time constant
should be small. The synchronous converter is less sensitive to interference at the output of the

modulator.

4.3.7 Conclusion

An asynchronous modulator is superior to a synchronous modulator with respect to the
number of wires required, the complexity of the output signal and the effort of the
microcontroller, and they are almost competitive with respect to the conversion time. We
expect that low- and high-frequency interference can be suppressed sufficiently when using an
asynchronous modulator.

Therefore, in our opinion, the optimal type of A/D conversion to employ low-cost and
accurate sensor systems is based on asynchronous indirect conversion. In Chapter 5, we make
a selection between harmonic and relaxation modulators.
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4.4 Quantization noise

An important aspect of A/D conversion is the quantization noise. In this section we discuss the
quantization noise of A/D converters based on asynchronous modulators.
The process of quantization is shown in Figure 4-4. The input signal for the microcontroller is
quantized. After quantization, the signal is digital. The duration of T is determined by counting
the number of ones.

T
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1100

Figure 4-4. The process of quantization.

Two quantization errors are made during the determination of T: one at the beginning and one
at the end of T. Every single quantization is assumed to have a mean of t/2 and a uniform
distribution between 0 and t,. The variance of a single quantization is given by o’ [12]:

i 2 2
1 t f
c?= —j. [t— ES) dt == (4-2)

The variance for the sum of both quantizations is simply 26>, since both quantization errors are

uncorrelated. Since both the starting and stopping are delayed, the mean error of a complete

measurement of T, including two quantizations, is zero. The standard deviation of the relative

error of T due to quantization noise is given by €g:

o2 1t
T

8q=

S
-7 (4-3)
We immediately see that the measurement time and the resolution are linearly related.

Example. The time T required to achieve a 16-bit resolution with a 1MHz sampling frequency
is 26.7ms. The application of the three-signal technique requires the measurement of three
signals. The total measurement time is then shorten than 100ms. This is within the
specifications.

As we see later, the modulator period is much shorter than the required 26.7ms. This results in
a decreased resolution when only one modulator period is quantized. To obtain the desired 16-
bit resolution with the same sampling frequency, we have to take into account more periods.
The number of required periods N depends on how the information is stored in the signal.
When duty-cycle modulation (DCM) is applied, the information is stored in the duty-cycle of
the output signal of the modulator (Figure 4-5 a).
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| Figure 4-5. Output signal of the modulator when duty-cycle modulation (a) or period
modulation (b) is applied.

‘ A quantization error is made at every edge. These errors are not correlated. The standard
‘ deviation of the relative error of the duty cycle D, based on N periods, is given by €qpcy
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|

This equation is valid for N>>1. Fewer periods are required when period modulation (PM) is
applied, so the information is stored in the period, as shown in Figure 4-5b. A time interval T
consists of N concatenated periods Tmea. Quantization errors are made only at the beginning
and at the end of T. The standard deviation of the relative error of NT e is given by £, pu:

1 1 ¢
Eq.pM T Jo N Tmid 4-5)

Example. With Tmea=100ps, D=0.5 and t,=1us, DCM requires 286-10° periods to obtain a 16-
bit resolution, corresponding to 29s measurement time. Under the same circumstances, PM

| requires only 267 periods, corresponding to 26.7ms. Increasing Tpeq results in a decrease of
gopcm. However, large modulator periods require large capacitors or small currents. The
suppression of interference from the mains supply is also decreased, as we see later. For this
reason, duty-cycle modulation is not desirable.

| Previously, we assumed that the modulator period is determined by measuring the duration of
N concatenated periods and make quantization errors just at the beginning and at the end of
the N periods. The relative quantization error is then given by (4-5). It is also possible to
measure each modulator period of the N concatenated periods separately. This might result in
an improvement of the resolution.

| A similar method is used in Delta-Sigma converters [13] and this results in noise shaping. In

| the case of first-order Delta-Sigma converters, the use of dither techniques will reduce the
quantization noise peaks caused by limit cycles {14]. A problem with oscillators is that there is

| no feedback loop for the quantization error, so no noise shaping is possible. The technique for
the improved resolution can, therefore, not be used.

4.5 Communication with the microcontroller

The possible hardware configuration discussed in Chapter 2 shows two ways to connect the
SSP to the microcontroller: the bus and the star connection. One of the main differences
between these two methods concerns the number of wires needed: in a bus system, every SSP
is connected to the same bus, while in a star connection every SSP has its own wire. It is
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beyond the scope of this thesis to discuss all existing busses, but we make an exception for a
very promising one, the IS bus [8,15]. This is the only bus that supports analog signals.

For the time being, we omit the addressing possibility and focus only on the output signal of
the SSP. It is, of course, always possible to add the addressing circuitry and to communicate
with the microcontroller via a bus.

In order to define a proper SSP output signal, we first recapitulate the choices made earlier.
These concern the use of.

e Asynchronous A-to-D conversion, so the signaling is time continuous.

o Amplitude-discrete signals, which are also required by the microcontroller.

e A single data line between the SSP and the microcontroller.

e The three-signal technique, as discussed in Chapter 3.

The consequence of application of the three-signal technique in combination with a one-wire
connection is that the SSP selects the measurement phases, since in low-cost systems we prefer
half-duplex communication.

Until now, we have not considered the modulation method and the order of the modulator.
This is one of the topics of the next chapter. It will there be shown that a first-order modulator
with period modulation is most suited for our system. The period is than proportional to the
sensor signal.

A very robust data communication protocol for this type of modulator is shown in Figure 4-6a.
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Figure 4-6. The output signal of the SSP (a), and after low-pass filtering (b).

One cycle consists of three measurement phases: one to measure the reference signal, another
to measure the signal from the sensing element and the last to measure the offset. These phases
correspond to Ty, Tx and Tox respectively. Each measurement phase consists of N modulator
periods. The value of N is related to the quantization noise, as discussed previously.

The microcontroller samples the output signal of the SSP by counting the number of internal
clock cycles that fit in each phase. This results in the digital numbers Drr, Dy and Dog. To
obtain the ratio of the sensor signal and the reference signal, the microcontroller calculates M:

- Dx—Doﬁ" _ E

- (4-6)
Drd - Doﬁ Erd‘

The microcontroller recognizes the offset measurement phase. This is enabled by doubling the
output frequency during this phase. The result is that Tor consists of two short equal time
intervals, which can easily be distinguished within one cycle.
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This form of synchronization puts some restrictions on Tx. For robust detection, we have to
guarantee that T,>'/,T.g. This is very easy to realize.

The signal shown in Figure 4-6b appears at the input of the microcontroller when the
transmission channel is limited in bandwidth. The amplitude of this signal is not discrete. The
microcontroller now uses its internal “comparator” with corresponding threshold level,
depicted by the dashed line. This threshold level is usually not halfway the power supply.

The resulting signal to be sampled is not only a delayed version of the output signal of the SSP,
but it is also distorted. The time between the up-going edges, however, remains the same so no
information is lost and the result is very robust signaling.

Further, a non-linear output impedance of the modulator and hysteresis of the microcontroller
does also not result in loss of information.

Phase sequence

The sequence of the phases is set in the SSP. The sequence of the communication shown in
Figure 4-6 is Ery, Ey, Eog, etc. The signal from the sensing element E, is measured once every
three measurement phases. It is also possible to change this sequence, depending on the
bandwidth of E,, E,s and Eog.

4.6 Total A/D conversion system

Figure 4-7 shows the complete A/D conversion system. The system is based on asynchronous
conversion. The signals from the sensing and reference element modulate the period of the
modulator. The three-signal technique requires the measurement of three signals during three
different measurement phases. Every measurement phase consists of N modulator periods. The
SSP controls these phases. Two functional blocks of the microcontroller are used. These are
the actual A/D converter and a block that performs the calculation to get the final measurement
result M. This is a form of digital signal processing (DSP).

amplitude discrete

amplitude and and amplitude and
time continuous time continuous time discrete

. SSP
sensing : :

elements _ :
and ﬁ MUX modulator DSP _—'
reference T :
element :

Figure 4-7. A detailed diagram of the indirect A/D conversion system, based on the use of an
asynchronous modulator and a frequency counter. The divide-by-2 stage is used for
synchronization purposes.
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4.7 Conclusions

The type of Analog-to-Digital conversion which is most suited for use in low-cost smart sensor
systems is based on an asynchronous oscillator (modulator) which is controlled by the sensor
signal in combination with a frequency counter (the microcontroller). This is the conclusion
after comparison of an asynchronous and a synchronous converter with respect to several
aspects as the number of wires between the SSP and the microcontroller, the format of the
output signal of the SSP, the effort of the microcontroller to obtain the measurement result, the
required conversion time and the effect of low- and high frequency interfering signals.
Application of the three-signal technique requires the selection of three different measurement
phases and this is done by the SSP itself. The output signal of the SSP is very robust, requires
only a small transmission bandwidth and can easily be decoded by the microcontroller.
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In this chapter, the modulator is discussed in all its aspects. We start with discussing its most
important requirements and characteristics. We continue with the filtering of interfering signals
and thermal noise. Since linearity is a very important requirement, we examine the main causes
of nonlinearity. The sensor-specific parts at the input of the modulator includes some
interesting new circuits.

5.1 Modulator requirements

We have discussed the application of asynchronous indirect conversion, based on a modulator.
In this section, the most important requirements and characteristics of the modulator are
considered. These are:

the order of the modulator

the modulation method

the sensitivity to interfering signals

the instability due to thermal noise, especially 1/f noise

the minimum and maximum frequency

After considering these aspects, we are able to design a modulator which is optimally suited for
our application.

5.1.1 Modulator order

The required conversion from sensor signal to a time-modulated signal is performed by the
modulator. We consider a first-order relaxation modulator and a second-order harmonic
modulator. The main advantage of the relaxation modulator is that it can be excellently
modulated in a simple way. The main advantage of the harmonic modulator is its insensitivity
to interfering signals. A very suitable harmonic modulator which is easy to modulate, is the
two-integrator modulator as discussed by Doorenbosch [1]. A typical two-integrator
modulator is shown in Figure 5-1.
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|

Figure 5-1. A typical two-integrator modulator.
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The modulator is based on capacitors C, and C, as integrating elements. The blocks g, and g,
are transconductance amplifiers with transconductance g; and g;. The required amplitude-
control loop is not depicted. The period of this two-integrator modulator is given by Ty:

{CC
T, =27 |2 (5-1
! 8182 )

A first-order relaxation modulator contains only one integrator. This integrator is preferably
based on the use of a capacitor, because of its good characteristics and integratability. A
typical relaxation modulator is shown in Figure 5-2 [Verhoeven, 2].

L

comparators

fatch —~1

]

Figure 5-2. A typical first-order relaxation modulator.

A relaxation modulator contains at least one integrator, one comparator, a current source and
a memory. The memory can be implemented by a delay time, hysteresis or a latch.
The period of this relaxation modulator is given by Tpm:

20(v,-v,)
T,=—"77"
1
We consider several aspects which are related to the order of the modulator. These are:
the simplicity of the modulator
the application as a multiple-purpose modulator
the sensitivity to interfering signals
the linearity of the analog-to-digital (A/D) conversion

the dynamic behavior
Considering these aspects enables us to select the order of the modulator.

(5-2)

5.1.1.1 Simplicity

Normally, the complexity of harmonic modulators is greater than that of relaxation modulators.
For instance, harmonic modulators require amplitude control loops which consume a lot of
chip area, as showed by Doorenbosch. Further, the selection of different input signals to
perform the three-signal technique is not simple. A relaxation modulator does not require an
amplitude control loop and selection of the different input signals is very simple.
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5.1.1.2 Application as a multiple-purpose modulator

The two-integrator modulator (Figure 5-1) seems to be a very suitable harmonic modulator
which can easily be modulated in comparison with other harmonic modulators. This modulator
can be adapted for resistive measurements when the transconductance of one of the
transconductance amplifiers equals the reciprocal value of the resistor to be measured. Also
resistive bridges can be measured in this way. At least two bridge resistors should be measured
separately to determine the bridge imbalance. However, common-mode (CM) components are
not eliminated by using this method. The CM components can be removed in the voltage
domain by measuring the (amplified) output voltage of the bridge. Measuring voltages using a
two-integrator modulator requires a voltage-dependent transconductance. The period is then
related to the voltage to be measured. The disadvantage of this setup is that interfering signals
are not filtered by the oscillator, since they are not incorporated in the filter loop. Any
disturbing signal in these voltages has a direct effect on the period. Another problem of
harmonic modulators is related to the implementation of dynamic element matching (DEM). As
discussed in Chapter 3, DEM requires of lot of switches which are not desirable in harmonic
modulators.

However, relaxation modulators are very suitable to measure signals, resistors and capacitors.
The implementation of DEM is also not a problem.

5.1.1.3 Sensitivity to interference

Harmonic modulators are widely known for their excellent filter properties. De Jong [3]
showed that adding an interfering signal to a harmonic modulator does not affect the average
period if all active components remain correctly biased. This means that locking to the
microcontroller interference is not possible, which is a great advantage.

The filter properties of a relaxation modulator are not as good as those of a harmonic
modulator. By choosing the operating frequency of a relaxation modulator to be between the
frequencies of the two main interfering signals, it is possible to reduce the effects of the
interfering signals. The mains supply, with a frequency of 50 or 60 Hz, and the microcontroller
clock, with a frequency of several MHz, produce interfering signals.

It is also possible that the sensing elements pick up other disturbing signals. This might be a
problem for the relaxation modulator when the frequency of the disturbing signal is close to its
operating frequency.

5.1.1.4 Linearity of the A/D conversion
Both modulators seem to be very competitive with respect to the achievable resolution and
accuracy. More about modulator linearity of can be found in [1] and [4].

5.1.1.5 Dynamic behavior

As shown in Chapter 4, the measurement phases are concatenated. To prevent cross talk
between two concatenated measurement phases, the frequency or duty cycle must change
instantaneously when a new measurement phase starts. In practice, this is a problem for a
harmonic modulator, although Doorenbosch showed that a change of C; or g in (5-1)
theoretically results in a step response of the frequency. However, generating a step response
of the frequency or duty cycle of a relaxation modulator is very easy to achieve.

5.1.1.6 Conclusion

The best choice of a modulator depends on which requirements and characteristics are
important. For our system, a relaxation modulator is selected because of its simplicity and
multiple-purpose application.
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5.1.2 The modulation method

In this section we discuss the modulation methods of a relaxation modulator. Three useful

modulation methods for a relaxation modulator are:

1. Duty-cycle modulation (DCM). The information is stored in the duty-cycle of the output
signal of the modulator.

2. Period modulation where the information is stored in the inverse value of the period (IPM).

3. Period modulation where the information is stored in the period (PM).

The difference between the last two methods depends on how the final result M related to the

three-signal technique is calculated.

The selection between the three methods depends mainly on the quantization noise and on a

fundamental aspect of relaxation modulators: dead time.

The quantization noise in the case of DCM is quite considerable, as discussed in Chapter 4. For

this reason, DCM will not be applied. IPM and PM do not have this disadvantage and will

therefore be applied.

To make a selection between [PM and PM, we first consider the typical wave form generated

by a relaxation modulator. This is shown in Figure 5-3. The peak-to-peak amplitude of the

ideal triangular wave equals Vi-V,. Due to an internal delay time t,, the period is increased by

4ty with respect to the ideal period Tigea.

‘e »
b

: Tigeart4ty
td ' 4~ Tidcal i
iy A
Vi —
threshold
levels \
Vi

Figure 5-3. Typical wave form generated by a relaxation modulator. Due to the internal delay
14 the period is increased by 4ty with respect to the ideal period Ty,

In many applications, the normal range of the signal from the sensing element E; lies in the
range between zero and the reference signal E.s: Ex€[0,E.¢]. When the three input signals to
perform the three-signal technique are E,, Eo+E, and Eo+E. (Eo is an arbitrary signal to bias
the modulator in the time domain), the input-output relation of the modulator to obtain a linear
behavior (see Chapter 3) is given by:

X=aFE+a, (5-3)
where E is the electrical input signal of the modulator (Ey, Eo+E, and Eo+E.s) and X a time
signal.

When IPM is applied, the inverse value of the period depends linearly on the measurand. The
period TpeammM 18 given by:

Tnod iprr = @k +ay +41, (5-4)

where we accounted for the delay time tg.
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The final calculation My related to the three-signal technique is now given by:

-1 1
Tmod,lPM,x - Tr;od,IPM,O

Mipps = 1 1
T;od,lPM,rq’ - Tn:od,IPM,O

EEj(l + 4altd(E,€, - Ex))

(5-5)

1n

To achieve a good linearity, only very small time delays can be permitted. With
a1(Er-Ex)=5kHz, the nonlinearity is smaller than 10 for ts<500ps. This corresponds to a very
high bandwidth with respect to the modulator frequency. Meijer and Voorwinden [S] applied
IPM of a relaxation modulator as part of a Pt100 readout system. They dealt with this problem
by choosing a low modulator frequency and tolerating a larger nonlinearity. This problem
could be solved by making t4 inverse proportional to a;E+ay, but this is not easy.

When PM is applied, the period Tmespm depends in a linear way on the measurand:
T

m

od v = ME +ag+ 41, (5-6)

The calculation of Mpy related to the three-signal technique completely eliminates the effect of
t

Tmod,PM,x - Tmod,PM,O E

Moy, = = == (-7
™ Tmod,P]l/I,rd = Troa Pri0 Erq"

Not all relaxation modulators generate a wave form as shown in Figure 5-3. The period of| for
instance, a charge balance modulator does not depend on internal delay. In this case, the
nonlinearity as calculated by (5-5) reduces to zero and IMP can be applied. A property of a
charge balance modulator is that a DC current is integrated, instead of an AC current. A
typical wave form generated by such a modulator is shown in Figure 5-4.

threshold level AN \

fthe . NN
gortn:arator \\ ,P “ - | - \

ta i ¢ ta
e e

Figure 5-4. Typical wave form generated by a charge balance modulator. The delay time 1,
has no effect on the period.

Figure 5-4 shows that the period is not affected by the delay time ts. The nonlinearity as
calculated by (5-5) reduces to zero, so IPM combined with a charge balance modulator can be
applied to obtain a linear behavior. The main reason not to use a charge balance modulator is
the great sensitivity to 1/f noise.

The most promising modulation method is PM and this method will be considered in detail.
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Our aim is to implement the signal-to-time conversion for PM as expressed by (5-6) by a
relaxation modulator. The relaxation modulator shown in Figure 5-2 can be modulated in two
ways. These are:

1. Modulation of the current I

2. Modulation of the voltage swing V-V

Modulation of C will not be considered, since this is not suitable for resistive measurements.
Modulation of I, as shown in Figure 5-5, requires an inverse function before the actual
modulator, since the actual modulator has an inverse relation between I and Twospm. The total
conversion from E to Twoapu i linear, according to (5-6).

I Tmod,li'M
aq

1
£ | e |
Ioﬁ'

Figure 5-5. Setup of a PM modulator where the current [ is modulated.

E
O

The main disadvantage of this setup is that the realization of the inverse function is very
difficult. Another disadvantage is that the current Lz, which will usually be present, causes
nonlinearity.

Modulation of the voltage swing Vi-V|, as shown in Figure 5-6, does not have these
disadvantages. Generation of a voltage proportional to a resistor or a capacitor is very simple
to realize. In this case, Vx does not cause any nonlinearity.

Vo
f\ﬂ; Tmod,F'M
E ° 1 VeV eV
o—o Vi |ai(Vi-Viytag %;(

Figure 5-6. Setup of a PM modulator where V-V is modulated.

For these reasons, PM in combination with modulation of V}-V, will be applied.

5.1.3 Sensitivity to interfering signals

The modulator operates in an environment where interfering signals are present. The two main
interfering signals are signals from the mains supply (with a frequency of 50 or 60 Hz and
harmonics) and from the microcontroller (with a frequency of several MHz).

5.1.3.1 Mains supply interference

Mains supply interference is a common problem in sensor systems. The sensing elements are
not integrated on the chip and therefore easily pick up disturbing signals. The interference can
also be coupled to the modulator via the power supply lines, but we assume that the power
supply is free of disturbing signals. This interference has to be removed with a filter. One of the
restrictions to the filter is that information about the interfering signal is not available on the
SSP, so tuned impedances cannot be used. Figure 5-7 shows three forms of synchronous
detection, which do not rely on tuned impedances.
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Figure 5-7. Synchronous detection to suppress the low-frequency interference from the mains
supply without a filter (a), with a low-pass filter (b) and with a high-pass filter (c).

The modulator shown in all schemes is supposed to have a DC input.

The method in a) is based on a fixed measurement time, equal to a complete number of periods
of the interference. This method cannot be applied here, since the duration of a measurement
phase cannot be coupled to the interference as it is the carrier of the information.

The method in b) is based on a low-pass filter (LPF). The low-frequency (LF) interference is
filtered by conversion to a higher frequency followed by a low-pass filtering.

The method in c) is based on a high-pass filter (HPF). The LF interference is simply high-pass
filtered. The cut-off frequency of this filter is below the maximum modulator frequency which
is approximately 100kHz, as will be discussed later. A high suppression for low frequencies
requires a high filter order.

The methods in b) and c) rely on filters. Two useful types of filters which can be applied in the

systems shown in Figure 5-7 b) and c) are:

1. Analog filters with fixed poles.

2. Sampled-data filters. Filters implemented by switched capacitor (SC) techniques where the
clock signal of the filter is derived from the modulator are especially interesting.

Analog LPF

The advantage of applying an analog LPF is that high-order harmonics of the LF interference
are also filtered properly when the bandwidth of the LPF is sufficiently small and the operating
frequency of the modulator sufficiently high. A disadvantage of applying an analog LPF is that
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the period of the modulator Tmea cannot change instantaneously. Since every measurement
phase consists of N periods, this effect results in cross talk (nonlinearity) between concatenated
measurement phases, as shown in Figure 5-8. Due to the transient at the start of a
measurement phase, the duration of n periods is either too short or too long.

N per. reference N per. signal | N p. offset

———> time

Figure 5-8. When the period cannot change instantaneously, cross talk occurs between
concatenated measurement phases. The dashed line corresponds to the case without LPF.

This nonlinearity can be eliminated by introducing a fixed time interval at the beginning of each
measurement phase. This time interval is used to settle the LPF completely. The time interval is
generated by putting switch Sy (see Figure 5-7 b) in position ‘0’. The input of the modulator
is a fixed preset voltage Vi.. After this time interval, swoq is put in position ‘1. This action
does not result in a transient. The fixed time interval is, for instance, the duration of a fixed
number of modulator periods during an offset measurement and is canceled by the three-signal
technique. The duration of this time interval can be kept low by prediction. Another
disadvantage of using an LPF is that keeping the sensitivity to 1/f noise (that is generated after
the second multiplier) sufficient low requires additional circuits and processing.

Example: A modulator frequency of 50kHz combined with an LPF bandwidth of 10kHz
removes LF interference up to 40kHz. The settling time is less than 500us. The duration of a
measurement phase varies between 20ms and 40ms, so not more than 2.5% of a measurement
phase is spent to settle the LPF.

Analog HPF

Applying an HPF does not require a fixed time interval to settle the filter, but this filter has
another problem. The corner frequency should be rather high to obtain a good LF suppression,
whereas the corner frequency should be low to obtain a good linearity. These two
requirements cannot be met at the same time. This will be clear when we examine a first-order
HPF. This filter has a zero in the origin and a pole on the real axis at @=-1/typr. The input
signal of the filter is a square wave with a typical frequency funoa/2 (fmea is the modulator
frequency). Due to the pole, the output of the filter is no longer a square wave. The input
signal Vj, and the output signal V,, of the HPF are shown in Figure 5-9, where we assumed
Tmod<<T}ﬂ)F~
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__ ,fime . time

Figure 5-9. Input signal V,, and output signal V. of the HPF for T.a<<7uer.

The signal level Ay on the sampling moments t; is smaller than the amplitude Ay, of the input
signal. The ratio Aow/Ain is given by:

A 1 T
o - —[exp(— ﬂi—] + 1) (5-8)
n 2 THPF

This ratio is time dependent and thus different for the various measurement phases, resulting in
a nonlinearity expr:

4

A

£ =
HPF {
out

Tmod=Ix mod, x

" Tinod=Tmod,ref

exp[— ——TmOd’xj +1
T ypF

= -1 (5-9)
exp(_ Eﬂ] i
THPF
Tmod,rq‘ - Tmod,x

27 pppe

Example: The required frequency of the filter pole to properly attenuate S0Hz interfering
signals and harmonics should be roughly more than 1kHz. The maximum value for
Trmodset-Tmodx t0 achieve a nonlinearity smaller than enpr=10" amounts to 33ns. This is much
smaller than the sampling time of the microcontroller, so it cannot be detected. A second-order
HPF with two equal poles on the real axis requires even a lower value to achieve the same
linearity. An analog HPF is, therefore, not suitable to use.

Sampled-data SC LPF

Cross talk between two concatenated measurement phases can easily be prevented when an SC
LPF is applied. A disadvantage of such a filter is the decreased LF suppression of the total
system with respect to an analog LPF. A first-order SC LPF can be described in the z-domain
by 1+z”" (z=exp(j@T)), resulting in a filter with a cos(wT/2) transfer. The modulus of this filter
transfer function is shown in Figure 5-10. Higher-order harmonics of the modulated
interference are less suppressed than the first harmonic.
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Figure 5-10. Modulus of the filter transfer function of a first-order SC LPF.

Sampled-data SC HPF

An SC HPF is almost the same as its low-pass equivalent. The first-order SC HPF is described
by 1-z”', resulting in a sin(0T/2) transfer. The modulus of the filter transfer function is shown
in Figure 5-11.
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Figure 5-11. Modules of the filter transfer function of a first-order SC HPF.

Conclusion

Although an analog LPF filter would perform better, it has some disadvantages. These are the
increased complexity necessary to avoid cross talk and to keep the sensitivity to 1/f noise low.
Application of an analog HPF is not possible, since the application requires a modulator
frequency which is too high for the microcontroller to measure. The requirements to achieve a
good linearity and a good suppression of LF interference cannot be met at the same time. For
these reasons, we focus on an SC filter. As will be seen later, the circuit with an LPF will be
used.

5.1.3.2 Digital interference

Digital interference can cause a locking of the modulator frequency. When lock occurs, the
frequency no longer accurately represents the signals to be measured. This situation has to be
prevented. Several methods to reduce the locking effects in relaxation modulators are
discussed in section 5.5. One method is based on low-pass filtering by keeping the bandwidth
of all parts sufficiently low. Other methods are based on dithering and balancing.

5.1.4 1/f noise behavior

In this section we investigate the effect of 1/f noise on the modulator period. This noise is
strongly present in low-cost CMOS processes. The 1/f noise can be modeled by the 1/f noise
corner frequency. When the 1/f noise corner frequency is below the reciprocal value of the
duration of one full measurement cycle, the three-signal technique will sufficiently reduce the
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effect of 1/f noise on the final result M. Practical values for this corner frequency are then in
the Hz range, which is rather low. We assume that this frequency is much higher. It is,
therefore, required that the period is insensitive to 1/f noise.

In the synchronous detection schematics in Figure 5-7, several points can be indicated where
adding 1/f noise does not result in a larger jitter of the modulator period. For instance, 1/f
noise added before the second mixer shown in Figure 5-7b is properly removed.

It is more interesting to consider the modulator in more detail and to investigate which signal
wave forms and how many comparators are required to obtain a low sensitivity to 1/f noise.
Examine, therefore, Figure 5-12, showing two typical relaxation modulators. The modulator in
a) is based on two DC current sources and two comparators and it generates a triangular wave.
The modulator in b) is based on a single current source and a single comparator. It generates a
sawtooth wave form.

a .
) I; l Il,a (lnl,a) Vcl,a (uncl,a)
Veom 3
T P switch
control
Vc2,a (unc2,a) T
VcampZ
b) switch

control

N\I\N Vc,b (unc,b)

W

Figure 5-12. Two typical relaxation modulators to investigate the sensitivity to 1/f noise.

A very simple rule can be used to investigate the sensitivity of the period to low-frequency
(LF) 1/f noise for noise with frequency components below the modulator frequency. Substitute
the noise source by a DC voltage or current, depending on the source. If the period depends on
this DC source, the period will also be sensitive to LF noise. We will use this simple rule to
investigate the sensitivity to 1/f noise. All noise sources in Figure 5-12 have been substituted
by DC sources. The name related to the noise source is placed between brackets.

It can be shown that the period Tmeq.. of the modulator in Figure 5-12 a) is given by:

1 1
Toota = CotVorrora =V, iV, -V +
mod,a mt( compl,a comp2,a cla ﬂ,a)( ]1 + Ia + [1,a 12 _ Ia + Iz,aj

(5-10)

- Cint(Vcompl,a - VcompZ,a + Vcl,a - Vc2,a) (2 + Il,a + [2,a)
= ] [

39



5. The modulator

The approximation is allowed when I;=L=I and I>>],. This last condition is met when small
values for I, are considered, as is the case for noise. The period Tmed. depends on V., and
V2. so the period is sensitive to 1/f noise of the noise voltages uni. and un,, of the
comparators. The period also depends on I, , and I, so the period is also sensitive to 1/f noise
of i1, and iyy.. The period is not sensitive to 1/f noise of the non-chopped noise current i, .

It can be shown that the period Tpeay of the modulator in Figure 5-12 b) is given by:

T Cim(Vi B Vi,b)

mod, b = I+ Ib (5-11)

The period is sensitive to 1/f noise from upp and inp. A chopped integration current is required
to be insensitive to 1/f noise of ugp, as is applied in the modulator shown in a).

We are now able to give recommendations to design a modulator which is insensitive to 1/f
noise. These are:

¢ Use only one comparator.

o The integration current should be a square wave.

¢ Do not permit chopped noise currents at the input of the integrator.

5.1.5 Minimum and maximum frequency

The operating frequencies of the modulator are mainly determined by the frequencies of the
interfering signals. The highest useful modulator frequency is related to the high-frequency
poles of the modulator’s active parts. The corresponding bandwidth should be sufficiently
below the frequency of the microcontroller interference (several MHz) to filter the
microcontroller interference. As a guideline, we keep the bandwidth at least 10 times smaller,
resulting in several 100kHz which results in modulator frequencies below 100kHz.

However, the LF interference from the mains supply, having frequencies of 50 or 60 Hz and
higher harmonics up to 1kHz, is filtered by a system using an SC filter. For good LF
suppression, the modulator frequency should be as high as possible. For the time being, we set
the minimum modulator frequency to 10kHz.

5.1.6 Conclusion

The SSP consists of a first-order relaxation modulator. The main properties, requirements and
characteristics are:

PM based on modulation of the voltage across the integration capacitor.

LF suppression based on an SC filter.

Only one comparator used

The integration current has a square wave form

The noise current source i, not to be disconnected from the integrator

The useful frequency range amounts to 10kHz-100kHz

5.2 Modulator input stage

In the previous section, several modulator requirements were considered and some useful
guidelines discussed. This section is on the input stage of the relaxation modulator, which is
mainly determined by the signal from the sensing element and by the method to suppress low-
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frequency interfering signals. We will derive filter models based on circuits, but also derive
circuits based on filter models.

5.2.1 Resistive measurement

We focus on a resistive bridge where the physical signal is represented by the ratio of the
output voltage Vy of the bridge and the current Ii;ge through the bridge. This is the I-bridge,
as shown in Figure 5-13. All four bridge resistors depend on a physical signal, but this is not
required. A practical method to measure both Iysigge and Vi is to first convert the current Iprige
into a reference voltage V. by means of a resistor Rs and measure Vi and Vi Iprigge 1S
periodically alternated (modulated) by the modulator to enable the suppression of LF
interfering signals. The amplitude of the voltage Virigee across the bridge is approximately Vpp,
since Rp>>Rees.

Ibrid ge

Sensor
H _r

Ry(1-8) ‘i [ Rac1+)

R[] [JRa» |

Rrsf
a)
Vop —
T _— VCM.ref
L e e vre
VeMyes £
Vg 0 | 42 luaneRes
©) — time

Figure 5-13. Measurement setup (a) and model (b) of a resistive I-bridge in series with a
reference resistor. Figure c) shows wave forms of Voagrer and V.

The bridge in combination with R, can be modeled by common mode (CM) and differential
mode (DM) voltage sources, which are defined by:

Vore = V4=V
1
Vew = 5(Va +75)

The same also holds for nodal voltages Vc and Vp. Figure 5-13¢ shows the wave forms of Vi
and Veumer. When Vi e is measured, we have to deal with the CM signal Vow,er. The amplitude
of Vit equals [IpriggeRrer]. The plot shows that Vs makes a step change from O to Vpp. This is
not completely true. In fact, the actual amplitude of Vs is not important but this plot is used

(5-12)
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to show the large amplitude difference of Vyee and Vonger It is interesting to see Voaper has an
equal period as V. Also the phase difference is zero.

Some practical peak-to-peak amplitudes for Vs and Venger are 0.2V and 5V respectively.

The LF interference can also be modeled by CM and DM voltage sources. Figure 5-14 shows
a typical model of the sensor for a resistive measurement. It contains LF DM and LF CM
disturbing signals, modeled by Virpm and Vigcwm respectively. The signal to be measured in
Figure 5-14 is V,, but this should be replaced by V. during a reference measurement phase.
The CM signal is modeled by Vew, representing Vemx oF Vomer.

AL KE’

Visew () v,
Vem d)
—

Figure 5-14. Typical model of a resistive measurement during the signal measurement phase.
The voltage V. should be replaced by V.. during the reference measurement phase. The CM
signal is modeled by Vcu, representing Ve oF Ve rer

Inspection of Figure 5-14 shows that the voltage Vy contains three disturbing voltages:

1. A CM voltage Ve with the same wave form as V. The phase difference between Ve and
V, is zero and the amplitudes are different.

2. A DM LF disturbing voltage Virpm

3. A CMLF disturbing voltage Vircm

We directly couple the circuit in Figure 5-14 to the input stage of the modulator. In previous
discussions, it was shown that modulation of the period (PM) should be used. This can be
implemented by adding two capacitors C,; and connecting V, to these capacitors. We than
obtain the circuit in Figure 5-15. When V, makes a step change, charge will be dumped into
the integrator. The integration of both currents Ii,; gives the charge-to-time conversion. The
required comparator is not shown, since we only focus on the input stage of the modulator.
The common mode voltage of the output of the integrator is controlled by the CM feedback
loop and is ideally independent of Vcy and Vircm. This circuit uses the integration currents to
change the CM output of Viy.
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Virem ¥2Vi

ow T

CM feedback

Figure 5-15. Coupling of the circuit in Figure 5-14 to the input stage of the modulator when
period modulation (PM) is applied.

A problem related to this CM control loop is that its bandwidth must be very high, since the
AC term of Veu is a square wave. Another problem is that handling the large AC amplitude of
Veum requires a large control range. Further, the CMRR must be very high. With a peak-to-
peak amplitude of Vx and Ve of 0.2V and SV respectively, the CMRR must be larger than
108dB to achieve an accuracy of 10, These problems are difficult to solve.

A simple solution to the CM problems is to prevent the CM voltage from entering the
integrator. This can be achieved by inserting switches between C; (Figure 5-15) and the
integrator. This is shown in Figure 5-16. C,; are temporarily disconnected (during phase ¢,)
from the integrator just before a step change of Ve, The large step change of Veu is now
stored on Cg;. After this, C,; are reconnected (phase ¢,) to the integrator and both capacitors
C,, transfer a charge I}sz,i (I;'x is the peak-to-peak amplitude of V,) to the integrator. The
required charge-to-time conversion is obtained by the integration of I,;, where the alternation
of Vi requires that Iin; are also chopped. Since Ve is handled before the integrator, a CM
contro] loop is not required to suppress Vey. In practice, a CM feedback loop is required for
the bias and this loop can also be used to suppress Vigcm. Since this loop has to suppress only
slow-varying and small signals, the constraints to this loop are very much relaxed in
comparison with the loop to suppress Ve (in Figure 5-15).
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Figure 5-16. Coupling of the circuit in Figure 5-14 to the integrator via swiiches to prevent
the voltage Vey from entering the integrator.

Another solution to the CM problems is to shunt the integration capacitors Ci; in Figure 5-15
by switches. This is allowed, since a continuous integration is not required. These switches are
operated periodically. They are closed (conducting) during the step change of Vey. In this
case, a CM feedback loop to handle Voy is also not required. A disadvantage of this system is
that an extra time block is necessary to define the time moment when these switches can be
opened. This time block can be implemented by an extra relaxation modulator. We do not
consider this solution.

Suppression of LF interference

We now discuss the suppression of LF interfering signals and derive a filter model based on the
circuits discussed above.

We focus only on the DM signal, since the LF CM signal Vigcm can be suppressed easily by
the (simple) CM feedback loop for the bias. The DM signal cannot be suppressed by choosing
a differential topology in combination with a feedback loop, but requires some sort of filtering.
Suppose the DM signal causes a change ATwm, of the modulator period. The signal-to-
interference ratio SIRumoq of the modulator can be defined as the ratio of the period Tyeq and the
maximum change ATmeamax Of the period: STRpot=Tmod/ATmoamx. We start analyzing the
suppression by generating a small signal model. Since small signals affect the modulator period
only very little, we model the modulator by a Switched-Capacitor filter, operated at a fixed
clock frequency. This is shown in Figure 5-17. The signal-to-interference ratio of the SC filter
is given by SIRgc and equals the signal-to-interference ratio of Viy. For small interfering
signals, both signal-to-interference ratios are equal:

SIR_., = SIRg (5-13)
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The DC voltage Vi, representing the physical signal, is multiplied alternately by 1 and -1
(modulation by a square wave with period 2T), resulting in V. This is required to enable the
synchronous detection as discussed in Figure 5-7. Note that the filter model as shown in Figure
5-17 implements the synchronous detection of that shown in Figure 5-7b. The mixer at the
input of the integrator models the chopping of the integration current. We consider a single-

sided model for the sake of simplicity.
_ Vi _ Cint
g h—@—o/oﬁﬁo/o— Sy
1 02 // 01 T 0— Vim
1-1 j_ -1 2T

2T 2T

=<

Figure 5-17. Filter model based on the circuit in Figure 5-16 to investigate the suppression of
Vir The suppression is based on an SC filter operating on a fixed clock frequency. We
consider a single-sided model for the sake of simplicity.

We assume the ratio C/Ciyw=1. The relation between Vi, and Vir in the time domain is than
given by:

vint[n] = VLF[n] - VLF[” -1] (5-14)

where the minus sign originates from the modulation before the integrator. The sampling
moments of the SC filter are equidistant, allowing the translation of an expression in the
z-domain to the frequency domain. The two-times subsampling at the output of the integrator
causes a decrease of the gain by 2. The hold function of the integrator compensates for this
gain change. The transfer function Viu(z)/Vir(z) is given by Hy(2):

H(z)=1-z" (5-15)

Translation of (5-15) to the frequency domain results in Hy(e*"):

Hl(e"a’T) 2 jexp( ij) sin( sz) (5-16)

The modulus of H,(¢*") is depicted in Figure 5-18.

Hi(&""),

T i
0 12T Ut — /2%

Figure 5-18. Modulus of the ransfer H,(e").

The frequency of Vi is located at the maximum of the sine function and passes the filter. The
frequency of the LF interference is located near zero and is filtered.
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5.2.2 Capacitive measurement

A typical capacitive measurement is shown in Figure 5-19a. We consider for the time being
only capacitors with one common electrode. The capacitors are measured by applying the two-
port measurement technique (in this case: voltage excitation and short-circuit current
measurement). The voltage Vir models low-frequency interference and has a coupling to both
electrodes of both capacitors. The interference which is coupled to the excitation electrode has
no effect, but the interference which is coupled to the other electrode is directly measured. We
assume that the coupling capacitance Ceoupte €quals CrertCx. The circuit shown in Figure 5-19a
can now be simplified into that shown in b). Note that a double-sided measurement setup
cannot be applied here for the simple reason that we measure single capacitors.

The voltages on the transmitting electrodes, Vit and Vy,, are square waves, as discussed in
Chapter 3. Their peak-to-peak amplitudes equal \Afu. The short-circuit current L. is processed
to, for instance, an integrator. Note that a CM voltage is not present here, so no CM problems
are to be expected.

i‘li Vtr ref L
couple
rcf
0 (’—07
cap

(ON
Vtr ref ) VLF
Vix v Lesp
a) L b —

Figure 5-19. Typical setup of a capacitive measurement when the two-port technique is
applied. (a) The voltage Vip models low-frequency interference. We assume that
Coupte=Crer+Cy, S0 the circuit shown in a) can be simplified into the circuit shown in b).

When we couple the circuit in Figure 5-19b to the integrator of the relaxation modulator, we
obtain the circuit shown in Figure 5-20a. Because of the step change of Vi (or Vi), a
charge V,Cx is dumped into the integrator. The required charge-to-time conversion is

obtained by the integration of L, which is a chopped current (Figure 5-20b). As shown in the
following section, this circuit is part of the Modified Martin Modulator.
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Figure 5-20. Possible measurement of capacitors: connection of the circuit in Figure 5-19 to
an integrator (a) and some important signal patterns (b).

Suppression of LF interference

Here, we derive a model of the LF filter based on the circuit shown in Figure 5-20a. The
suppression of LF interfering signals for capacitive measurement is somewhat different than it
is for resistive measurements. In the case of resistive measurements, the LF voltage is sampled
and stored in the integrator, whereas, in the case of this capacitive measurement, the LF
voltage is firstly differentiated (by Ci+Cy¢) before sampling and storing in the integrator. It is
very easy to analyze this in the time domain. The LF voltage Vir is assumed to be time
dependent: Vig(t) During the first half of the modulator period (between to and t;; see Figure
5-20b), a charge proportional to Vi(t1)-Vis(ts) causes this time interval to change whereas
during the second half of the period (between t; and t,) a charge proportional to Vix(t;)-Vie(t;)
causes the opposite effect. The difference between this measurement and the resistive
measurement is the analog differentiation 1-exp(-sT). We can now easily derive the SC filter
for capacitive measurements from Figure 5-17. This is shown in Figure 5-21.

C
V (pl (pz Sresel
+1 ] Vux /
e b FIO/ oT
7\1111 1-1 Q/q)z {(Pl v IT
—_— - -1 int
CitCrt T —0/ O—Vin
Y 02 1-1 T

;> 2T

Figure 5-21. Model of the LF filter implemented by the circuit shown in Figure 5-20.

The transfer of Vir to Vin corresponds in the z-domain to a filter with characteristic G,(z):
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G,(2) = Gty é Cry (1 -2z z_z)

nt

= ;C——(l - Z—l)2

int

(5-17)

Higher-order suppression

The filter described in Figure 5-21 has a second-order roll-off behavior for LF interference.
The SC filter itself, implemented by H;(z), contributes one order to the total suppression. For a
better suppression, a higher order of the filter can be used. We only permit SC filters with
coefficients equal to 1 or -1. Other values of these coefficients result in non-equal modulator
periods. This is considered to be undesirable. The SC filter contributes two orders of
suppression when Hy(z) is implemented, which is defined as:

Hy(z)= (1— z_l)(l— 2'2)

(5-18)
=1-z71-z24;7
The function Hy(e**") is given by:
; JjT) . .
Hy(e’"y=—4 exp(— J;) ] sm(%wT) sin(w7) (5-19)

Implementing Hy(z) in Figure 5-21 results in the SC filter as shown in Figure 5-22. The period
of the control signal of the mixers becomes 4T. The mixers multiply (modulate) their inputs by
the 1, -1, -1 and 1, alternately. This follows from (5-18).

Sreset

Cx
+1 . Vtr,x Q1 P2
= S04 4T
_YuTl 111 fpz f”‘ ) e

-1

Cx+crcf ‘f B —O/O— Vint

P2 1-1-11 + AT

Yo

Figure 5-22. Model of the SC filter which is based on H(z). Combination of this filter with an
analog differentiation I-exp(-sT) results in a third-order suppression of LF interfering
signals.

Part of a modulator which implements the filter shown in Figure 5-22 is shown in Figure 5-23
[6]. The output voltage V., of the capacitor-to-voltage (C-V) converter is sampled on C,.
Charge on this capacitor is transferred to the integrator. The desired charge-to-time conversion
is obtained by the integration of L. The voltage V., is the superposition of a signal and an
interference part. The signal part is positive, negative, negative and positive successively
during a time interval 4T. This is according to Hx(z). The analog differentiation (for low
frequencies) is implemented by switch s, operating of a frequency 1/T. The opening time of
this switch equals T,, where T, is the duration of phase @;. This results in the analog
differentiation 1-exp(-sT;).
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Figure 5-23. Part of a modulator which implements the filter in Figure 5-22 (a). The
modulator has a third-order suppression for low-frequency interfering signals. Some relevant
(control) signals of the modulator are shown in b).

We can further increase the suppression of the SC filter by using other SC filters. The SC filter,

having coefficients 1 or -1, has a third-order suppression when the coefficients are determined
by Hi(z):

Hy(2)= (1-z7H1-272)(1-27%)

1 3

(5-20)
LT AT

5 6 -7

=1-z tz -z

Note that a seventh-order SC filter is required to obtain a third-order LF suppression.
A filter resulting in a suppression of order P can be achieved by applying Hp(2):

P-1
Ho@) =] (1- z'2k) (5-21)
k=0
These filters are considered in the following section.

5.3 Choice of relaxation modulator

Many different frequency converters have been realized. These converters convert
capacitances, voltages, resistors, currents etc. into a frequency. We will not discuss all of them,
but only a few of these which might fit into our concept. Gilbert’s [7] voltage-to-frequency
converter is based on a DC voltage-to-current converter. Its output current is used to charge
and discharge a capacitor between two reference levels. Problems related to this converter are
the use of DC inputs (no LF suppression) and the fact that [IPM has been applied. Abidi’s [8]
VCO is linearized with a Switched-Capacitor feedback loop. This results in high-linear
frequency converters. The main disadvantage of this topology is the presence of an LF time
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constant, thus preventing the modulator from making a step change of the period. This
problem cannot be solved in the way discussed in 5.1.3.1, where a step change of the period
does not result in a transient at the output of the LPF. Other interesting converters
[9,10,11,12] require an extra clock frequency for the conversion and can, therefore, not be
used in our application. Since all these frequency converters, though they are very interesting,
have one or more disadvantages, we present the design of other converters. They are based on
the discussion in the previous sections.

5.3.1 The Modified Martin Modulator

When a comparator and an extra offset capacitor C.¢ are added to the circuit shown in Figure
5-20 and the feedback loop to maintain oscillation is closed, we obtain the modulator shown in
Figure 5-24. Also shown the phase selection which is required to apply the three-signal
technique. This modulator is known as the Modified Martin Modulator [13], which is based on
the relaxation oscillator by Martin [14].

v, ol WS

phase selection

Figure 5-24. The Modified Martin Modulator, adapted to apply the three-signal technique.

The output of the comparator Vy is directly applied on the transmitting electrcdes and controls
the current L. A capacitor Cog injects charge into the integrator in parallel with C..t or C.. This
ensures proper oscillation when Cy is zero. Three different measurement phases are selected
successively, according to the three-signal technique. During these phases, Co, CortCrer and
Co+C, are measured successively. Some signals are shown in Figure 5-25.

Figure 5-25. Signals in the Modified Martin Modulator.
The period of the Modified Martin Modulator Ty during the measurement of Cy is given by:
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7:"nm,)c =2 I;”_(C“}-}-*Cw (5'22)

int

where V. is the peak-to-peak amplitude of Vi, and 7., the amplitude of L.

The Martin Modulator is very suitable to measure capacitors [15,16,17]. With a full
measurement range of 2pF, the articles reported a nonlinearity of 14 bits and a resolution of
10aF (almost 18 bits) within a measurement time of 100ms.

The Modified Martin Modulator has some disadvantages. These are:

It is less suitable for resistive measurement. The connection of the resistors to the integrator
will then be the same as that shown in Figure 5-15. Problems related to this circuit were the
handling of CM signals.

The suppression of LF interfering signals is not very high and can be improved.

The modulator discussed in the following section does not have these disadvantages. This
modulator performs both resistive and capacitive measurements without CM problems and has
better LF suppression.

5.3.2 The Multiple-Sensor Modulator

A new modulator, suited for all our applications of interest is discussed below. The modulator

has an improved LF suppression and is referred to as a Multiple-Sensor Modulator.

Its main properties are:

» Large CM voltages during resistive measurement can be handled. Handling of the CM
voltage is based on the circuit shown in Figure 5-16.

o  The filtering of LF interference is based on synchronous detection with an LPF (see Figure
5-7b). The transfer function of this filter in the z-domain is given by Hy(z) in (5-18).

» Capacitive measurements are based on the circuit in Figure 5-23. The circuit has a third-
order suppression for low-frequency interfering signals. This suppression is based on a
combination of Hx(z) and the differentiation 1-exp(-sT)).

» The sensitivity of the period to 1/f noise is very small.

The single-sided Multiple-Sensor Modulator is depicted in Figure 5-26. The modulator itself

controls all switches and sources and provides the signal for the microcontroller.
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Figure 5-26. The Multiple-Sensor Modulator. All switches and sources are controlled by the
modulator itself.

The modulator consists of an integrator followed by a comparator. The AC current Ly with
amplitude fint is continuously being integrated. Switches with control signals ¢;c are only

active during capacitive measurements, while switches with control signals ¢igx and @;r rer are
only active during resistive measurements. The clock phases ¢ and @2, corresponding to the
time intervals Ty; and T,; as shown in Figure 5-27, respectively, are generated internally.
Charge is dumped into the integrator at the beginning of every time interval. The charge-to-
time conversion is obtained by the integration of Ly. At the beginning of Ty; (¢1), only Co
dumps charge into the integrator, while C,;+C, dump charge into the integrator at the
beginning of T,; (¢2). This ensures proper oscillation even when the input signals (C or Vy)
are zero or negative. The capacitance C, at the input of the capacitance-to-voltage (C-V)
converter models the parasitic capacitance of the connecting cables of the capacitive sensing
elements.

One period consists of four time intervals Touw,1.. Taubs. This corresponds to four samples, as
defined by Ha(z). Every time interval Tos; consists of two separate time intervals T; and T,;.
Figure 5-27 shows all relevant signals.
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Figure 5-27. Relevant signal levels and control signals in the Multiple-Sensor Modulator Jor
resistive and capacitive measurements.

Resistive measurement

During resistive measurements, the voltages V, and V. are measured successively in time,
selected by the modulator itself. The period Tum during the (resistive) measurement of Vi is
given by Tmsm v

T v -4 VxCS + oA(Col + CoZ) (5_23)

- f int

where I}x models the amplitude of V, and Vo the peak-to-peak amplitude of V,; and V,,. T

equals the amplitude of L. A similar expression can be derived for the period Trnsm R vrer When
V.t 1s measured.

Capacitive measurement

During capacitive measurements, C, and C.s are measured successively in time. By
multiplexing the voltage V.., the modulator is able to select a capacitor. Since only one voltage
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is used to drive both Cr¢ and C,, it becomes a multiplicative term which is eliminated by the
three-signal technique. The period during the measurement of Cy is given by Tmem,cx!

A C N
VoCo 4 VolCa+ Cao)
Trm'm,cx =4 . f
int

(5-24)

where I}, is the peak-to-peak amplitude of Vy. A similar expression can be derived for Tumem,cret

when Ces is measured. The function of switch s, is twofold: it biases the amplifier and it

contributes to the LF suppression. The application of the C-V converter, used during

capacitive measurements, has several advantages. These are:

e The suppression of LF interfering signals has been improved.

e The effect of C, on the nonlinearity can be eliminated.

e A resistive leakage in parallel with Cy or Cys forms a multiplicative factor, which will be
eliminated by the three-signal technique.

5.3.3 Conclusion

Two modulators have been discussed in this section. The very simple Modified Martin
Modulator is very suitable to measure capacitors, but has some problems with resistive
measurement. The Multiple-Sensor Modulator is capable of measuring all our applications of
interest and has an improved low-frequency suppression. This is analyzed in the following
section.

5.4 Analysis of low-frequency suppression

We here discuss the sensitivity of the period of the Multiple-Sensor Modulator to LF
interfering signals, like interference from the mains supply.

In the previous section, LF suppression was considered as if the modulator behaves like a SC
filter which is controlled by a fixed clock frequency. This assumption results in equidistant
sampling moments, allowing the translation of an expression in the z-domain into the frequency
domain. Since the modulator itself controls the SC filter, the sampling moments depend on the
interference. This results in a reduced suppression of large interfering signals. In addition to
large interfering signals, nonidealities of the modulator also cause a reduction of the
suppression. The most important nonideality is mismatch between the positive and negative
value of the integration current Iy

5.4.1 Small-signal behavior.

This section is on the small-signal suppression of LF interfering signals for resistive and
capacitive measurements.

5.4.1.1 Resistive measurements
LF interference is suppressed by the SC filter as shown in Figure 5-17. We assume the ratio
CJ/Ciy=1. The SC filter is described by Hy(2):

Hy(»)=(1-27)1-2?)

= 1-z7' -2

(5-25)
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When a measurement phase consists of N periods, the sequence of the moving average filter is
given by Hon(2):

Hy y(2)= (1— z"l)(l— 2_2)(1+ 4y z‘8+m+z—4(N—1))

N-1 (5-26)
= (1— z'l)(l - 2_2) Z 77
k=0
With the aid of
N-1 -4N
1-
Yoo (5-27)
k=0 1-z
it is possible to write (5-26) in closed form:
1- 279 1- 22 1-27
H, y(2)= ( )( )( ) (5-28)

1-z74

Since we are only interested in the output of Hox(z) after 4N samples, the filter Hyn(z) is
followed by a 4N decimation stage. The decimation stage in its turn is followed by a 4N hold
stage, which is a property of the modulator in the time domain. This is shown in Figure 5-28.
The gain of this hold stage exactly compensates for the gain of the decimation stage. It is
therefore allowed to consider the signal and the interference in Viy.

Ve 4
Vin
gr} Hon(z) S hold 4N f——Vend
Vg —*

Figure 5-28. Hyn(z) followed by a 4N decimation stage and a 4N hold stage.

The modulus of the frequency transfer of the ratio Vie/Vir is given by [Hon(€™)|:

, sin(ZNcoT )
H, ,(e/“Fs« ) = |4sin(L w7, )sin(@T, sub 5-29
‘ 2,N( )’ (2 sub) ( sub) sinl 2&)7;“[7 ( )
The modulus of the ratio Vi,/V after N periods is given by:
Vi — 4N (5-30)

N periods

This ratio does not depend on the frequency. The residue of Vi relative to Vy after N periods
is now given by Rg » (o) and results from division of (5-29) by (5-30):

’ stN(e]”)Tsub )’

‘RR,Z,N (w)| = T =

sin(2NwT,,, ) (531)
sin(Za)T )

sub

~ sin(%&ﬂ;ub) Si“(aﬂ;"”)

X IN periods

This is the reciprocal value of the suppression. The subscript 2 in Rg 2n(w) corresponds to the
application of Hx(z). Figure 5-29 shows plots of the modulus of Rg2x(w) for two values of N
(N=4 and N=8). Also shown is the modulus of Rg 3 n(®), which is based on Ha(z), for N=4. It
is based on the same number of samples as Rg 2 n(w) for N=8.
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Figure 5-29. Relative residue Ry ;n(w) for N=4 and N=8 and Ry s (@) for N=4.

The plots given in Figure 5-30 show the relative residue for the low frequencies. This is the
frequency range of interest.
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Figure 5-30. Low-frequency part of the plots given in Figure 5-29.
We clearly see the low values of Rg 2n{(0) for low . This is the LF filtering we are looking for.
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When H;(z) is implemented, the modulator has a larger sensitivity to LF 1/f noise than when
Hy(z) is implemented. This is because of the peak of Ry sn(w) at @Taw/2n=1/8. For this reason,
implementation of Hy(z) is to be preferred.

All plots in Figure 5-30 have a zero at @T,./2n=0.062, meaning that interfering signals with
this frequency will be suppressed completely. However, when the sensing element forces
another modulator frequency, the zero moves to another place. It is therefore better to focus
on the envelope, which is a line connected to all peak values.

Due to offset charge from C,; and C, the value of Rg > n(0) becomes smaller. This can be seen
intuitively. When the offset charge is much larger than the charge on C; (the period remains
constant), the period becomes very stable. A problem is that the period can not be modulated
in this case. The signal-to-interference ratio remains constant for different offsets. This effect
of increased suppression is therefore not modeled in (5-31).

Expression (5-31) is based on an SC filter with a fixed clock frequency. Since Tum is
proportional to Vy and Vi, the value of Rgzn(w), multiplied by the amplitude ratio of Vir and
V,, directly gives the relative error in the time domain for small amplitudes of V.

To calculate the effect of the interference on the result obtained from the calculation related to
the three-signal technique, which is the final measurement result, we have to include this
calculation. However, the calculations become complex and do not give more insight into the
problems. We therefore limit ourselves to the calculation of the error of just one measurement
phase.

5.4.1.2 Capacitive measurements

The LF suppression for capacitive measurement is basically the same as for resistive
measurements. The only difference is the extra differentiation 1-exp(-sT;) during capacitive
measurements. The modulus of the small-signal suppression Rcan(w) for capacitive
measurements can therefore be derived by multiplying (5-31) by 2sin(*20T)):

sin(ZNa)];ub)
N

)RCZN(w)' = %Sin(% a)Ti)Sin(% aﬂ;ub)sm(aﬂ;" sinl Za)z;ub

(5-32)

5.4.2 Large-signal behavior

Below, we discuss the large-signal suppression of LF interfering signals for resistive and
capacitive measurements.

5.4.2.1 Resistive measurements

The expression for Rgan(w) is not valid for large interfering amplitudes, since the sampling
moments depend on the interference. The amplitude-dependent effects have been simulated by
directly simulating the absolute value of the relative error Eg;n(®,A) in the time domain,
relative to the amplitude A of the interfering signal. The simulations were performed by
simulating the modulator with a Pascal program.

Figure 5-31 depicts curves of Ezzn(®,A) for three frequencies. The relative amplitude is the
ratio of the amplitude of the interference and the amplitude of V, (or Vi). The value for Tap is
50us, so ®Tgw/27 for a 50 Hz signal amounts to 25107
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Figure 5-31. Simulated absolute relative error Eg;n(@A) in the time domain, relative to the
amplitude A of the interfering signal for resistive measurements. The value for Ty, is 50us.
The plot shows three functions: Eg; (@A) for N=8 (100 Hz), Frn(@wA) for N=4 (50, 100
and 200 Hz) and Eg sn(@3A) for N=2 (100 Hz).

The plot shows that the relative error increases for increasing amplitudes. This is the large-
signal behavior. Example: A 50 Hz interfering signal with an amplitude of 0.5 times the
amplitude of V, has Eg,n(00,A)=2-10". The relative error in the time domain is then 107,

The absolute relative error for small interfering signals is the same as discussed in 5.4.1.
Consider, for instance, the absolute relative error for N=4 and @=27-100. The value for
Egr2n(27m-100,A)=5-10". Substitution of o=27-100, T,x=50ps and N=4 in (5-31) results in the
same value for Rg,n(27-100) so small-signal and large-signal behavior are in agreement for
small signals.

Also shown are plots of Eg n(®,A) and Egsn(w,A), which are based on Hi(z) and Hi(z)
respectively. All simulations are based on 16 samples. The conclusion is that the filter based on
Hi(z), which corresponds to normal chopping, performs very badly. The filter based on H;(z)
suppresses very well, but only for very small signals.

Note that the flat part of Egn(®,A) corresponds to very low relative time errors and this can
only be measured if the electronic noise level is very low. We will make this clear with an
example. The curve Er,4(®,A) for a 100Hz interference is increased with respect to the small
signal value when the relative amplitude is larger than 102 The relative error in the time
domain for this amplitude amounts to 1.2-10°. This is smaller than the jitter due to electronic
noise on one measurement phase. The conclusion is that the flat parts of the curves of
Egron(m,A) cannot be measured within the measurement time of one measurement phase. For
these reasons, application of H;(z) is not useful.
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5.4.2.2 Capacitive measurements

The plot in Figure 5-32 shows the simulated relative error in the time domain for capacitive
measurements. The simulations are based on the filters H;(z), Hx(z) and Hi(z), resulting in
Ecin(0,A), Ecan(®,A) and Ecs n(0,A) respectively. We used Tqw=50ps and T;=10us.
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Figure 5-32. Simulated absolute relative error Ecix(@A) in the time domain, relative to the
interfering amplitude for capacitive measurements. The value for T, and T; are 50us and
10us respectively. The plot shows three functions: Ecin(@A) for N=8 (100 Hz), Ecsi(@A)
Jfor N=4 (50, 100 and 200 Hz) and Ec sn(wA) for N=2 (100 Hz).

Example. The relative error of the filter based on Hj(z) for a 50 Hz interfering signal with an
amplitude of 100 times the amplitude of V, is 2.7-10°, resulting in an error of 2.7-10*. This is
very good.

The absolute relative error for small interfering signals agrees with the small-signal
suppression. The flat parts of the curves for Ecin(m,A) can not be measured within the
measurement time of one measurement phase, similar to resistive measurements.

5.4.2.3 Comparison of the Multiple-Sensor Modulator and the Modified Martin
Modulator

It is very interesting to compare the Multiple-Sensor Modulator (based on Hy(z)) for capacitive
measurements with the modified Martin modulator, which is also very suitable for measuring
capacitors. We simulated the relative error in the time domain for both modulators having the
same value of Tg under the same conditions. (One period of the Modified Martin Modulator
takes 2 time intervals Tap). The results of the simulations are plotted in Figure 5-33. The
number of the time intervals T, equals 16 and Ty,=50us.
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Figure 5-33. Simulated absolute relative error in the time domain for the Multiple-Sensor
Modulator and the Modlified Martin Modulator under the same conditions, both adapted for
capacitive measurements.

It is clear that the Multiple-Sensor Modulator performs much better than the Modified Martin

Modulator.

Example. The relative error in the time domain for the modified Martin modulator for an

interfering signal having an amplitude of 10 times the amplitude of V, is 5.2:10° times larger

than for the Multiple-Sensor Modulator under the same conditions. This is a very large
difference and is mainly caused by:

¢ The Multiple-Sensor Modulator has a third-order suppression, while the Modified Martin
Modulator only has a second-order suppression. The absolute relative error for small
signals is therefore different.

e The interference is coupled in the integrator of the Modified Martin Modulator as a
current, whereas it is coupled in the integrator of the Multiple-Sensor Modulator as a
voltage. The filtering is based on subtraction of the interfering signal in the time domain
during the following period. Since the period is proportional to the interfering voltage, this
subtraction will be effective as long as the interfering signal has not changed too much
during the following period. The period is inversely proportional to the interfering current
and subtraction in the time domain will not be effective. Due to this effect, the absolute
relative error for the Modified Martin Modulator starts to increase for smaller interfering
amplitudes.

5.4.3 Effects of modulator nonidealities on the suppression

The simulated values of the absolute relative error are based on an ideal modulator. An ideal
modulator is a modulator having equidistant sampling moments in the absence of interference.
A practical modulator shows nonequidistant sampling moments. This may be caused by the
following nonidealities:

o different positive and negative values of the integration current Iy

e dead times
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e switch charge injection (SCI) of the switches at the input of the integrator and of the reset
switch s, in the amplifier

e offset voltages

o hysteresis of the comparator

These effects influence the sampling moments and have a negative effect on the LF

suppression. Note that all these effects form additive or multiplicative errors, so their effect on

the final result M is eliminated by the three-signal technique. Table 5-1 shows the normalized

values of the actual time intervals T,; and T,;. Without interference, these time intervals have

ideal values T, and T, respectively. We assume that T,=T,. Consider, for instance, dead time.

A certain dead time causes a relative increase 8, of Ty,. The effect on T4 is exactly the same,

while other time intervals remain constant. The table is based on the circuit in Figure 5-26.

Toub.1 Toub2 Tsub3 Touna
Effect Ty |Toy [Tyz |Tay |Tis [Toy [Tis | Taa
Ideal modulator 1 1 1 1 1 1 1 1
Dead time 1 1 1+6; 1 1 1 1+8; 1
Hysteresis 1 1 1+8; 1 1 1 146, 1
Offset integrator | 1 1-83 1 1+8; 1 1485 1 1-83
SCI s.. 1 1-84 1 1484 1 1+84 | 1 1-8,
SCI s; integrator 1485 | 1485 | 1-85 1-8s | 1-8s | 1-85 | 1+ds | 1485
I,»-mismatch 1+86 | 1486 | 1-86 | 1-65 | 1-06 | 1-86 | 1485 | 1406

Table 5-1. Relative deviation of the time intervals T, and T for different effects.

We simulated all effects separately for a Multiple-Sensor Modulator (based on Hx(z)) for
capacitive measurements. The ideal modulator in absence of interference has ideal values
T,;=T>=10us, so the modulator operates at 12.5kHz. The interference is modeled by a S0Hz
sine wave with an amplitude of 80 times the amplitude of V. The simulated results, shown in
Figure 5-34, display directly the absolute relative error in the time domain of one measurement
phase for N=8 and can be denoted by Ec,n(®,A,9).
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Figure 5-34. Absolute relative error in the time domain Ecny(@wA,d (N=8) for the effects
mentioned in Table 5-1. Every curve corresponds to two effects. The interfering signal is a

50Hz sine wave with an amplitude of 80 \A/tr and T)=T,=10ps.

The absolute relative error in the ideal case (5=0) amounts to 1.5-10°. This corresponds to the
simulated absolute relative error Econ(w,A) (see Figure 5-32) of an ideal modulator for

@=271-50, A=80 \A/u, Tew=20us and T1=10us. The plots in Figure 5-32 are based on T,=50us
and T1=10us. The value of Ec;4(m,A) in Figure 5-32 for @=2n-50 and A=80 \A/tr amounts to
2-10'6, resulting in a relative error in the time domain of 80-2:10°=1.6-10". When T is

decreased to 20us, this value becomes 1.5-107.
Below, we discuss these effects and consider some practical values of relative changes ;.

Dead time

The dead time is the total dead time due to transition times. A practical value for the dead time
is 500ns, resulting in 8,=0.1. The absolute relative error Ec;x(0,A,8) then amounts to 2.6:107.
The increase of the relative error is less than a factor two, so the conclusion is that the effect of
dead times on the LF suppression is very small.

Hysteresis of the comparator
Hysteresis of the comparator behaves in a way similar to dead time. A hysteresis voltage of
10mV, Vpp=5V, Ciy/C,1=10 results in 5,=0.02. The absolute relative error is barely increased.

Offset voltage of the integrator

The offset voltage of the integrator is sampled on C, and results in a charge through Ci, every
time interval Tgp. Since the offset is not chopped, this charge flow consists of a DC
component. With Vpp=5V, C,1=C,, C/C,=30, and an offset voltage of SmV, the value of &,
is 0.03. The absolute relative error is barely increased by an offset voltage.
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Switch charge injection (SCI) from switch s,

The reset switch s, in the capacitance-to-voltage converter is closed during ¢» and is opened
during ¢,. Every time s, opens, approximately half the channel charge flows through C... This
is valid when the switch is opened fast. The resulting step voltage in V,, has for every time
interval T, the same sign, so the effect is the same as the offset voltage of the integrator.

In a 1V-treshold CMOS process with oxide thickness of 20nm, operated at 5V, the switch s,
with L=1um and W=10um has a channel charge Q.=25fC. Combined with the charge from
the gate-drain/source overlap capacitance of 2:10"°F/m, C,,=C, and C,;=C,=1pF, the value of
84is 4.5-10°. The relative error is barely increased, so no special attention is needed here.

Switch charge injection (SCI) of switches at the input of the integrator

The switches s, S, sz and s, at the input of the integrator (see Figure 5-35) operate in Break-
Before-Make (BBM) mode, as discussed in section 5.7.2.3. We assume that the control signals
for the switches changes rapidly, so the channel charge of an MOS transistor is split into two
equal parts, flowing through the switch terminals.

Col 01 $1
|——~O/ o—
@2 %2 Cit |
_C/O:L_ Vint
C,
P2 83
}—ﬁo/o——
V01 Vx P1 S4
L‘O/O:l_

Figure 5-35. Switches at the input of the integrator of the Multiple-Sensor Modulator.

The sequence at the beginning of phase ¢, is (see Figure 5-27):

1. Switches s; and s; open. Half of the channel charge Qo3 from s; directly flows to Ciy and
%Qox3 flows to C,. For Qox2 the same holds: ¥2Qoy2 flows to Cy; and ¥2Qox2 to ground.

2. Switches s; and s; close. These switches now build charge in their channels. The charge
12Qqx.3 Which is stored on C,, flows to ground but %4Q,y; comes from Cia.

The theoretical result is that ¥2Q.: fully compensates “2Q.y3 if the switches have equal

geometry. A similar compensation occurs at the beginning of ©,.

Any mismatch or different behavior leads to a failure of the compensation. The result is that a

constant charge is dumped into the integrator at the beginning of ¢, and @,. The result is a

change of Ty, and Ta4 and an opposite change of T and Touws.

The charge contribution of the overlap capacitances behaves the same as channel charge and

can simply be added. If we take the same parameters as discussed before and a mismatch

between the charges of s; and s; of 10%, s amounts to 4.5-10"*. The relative error is increased

almost 5 times with respect to the ideal modulator. The mismatch becomes important.

Since compensation will never be complete, it is wise to keep the channel charge as low as

possible. The ON resistances of the switches is important in view of high-frequency poles. It is

interesting to derive an expression of the channel charge Q. of a switch with a fixed ON-

resistance R.,. By using strong-inversion equations, it follows that:

L2
R

on

Qox = (5'33)

63



5. The modulator

where L is the mobility and L the length of the transistor. From (5-33) follows that a small-L
process is useful to keep the channel charge small for a fixed ON-resistance. A small channel
charge keeps the switch charge injection low and the LF suppression high.

Mismatch of the integration current.

Any mismatch between the positive and negative amplitude of the integration current 1 directly
influences the time intervals T A 2% mismatch (5,=0.01) causes an decrease of the
suppression by more than 100 times. It is, therefore, very important to keep the current
mismatch very small. The suppression is only two times decreased in comparison with an ideal
modulator for a current mismatch of 3-10™*. We show in Chapter 6 how such a small mismatch
can be realized.

5.4.4 Conclusion

The suppression of the LF interference has been analyzed in this section. The large-signal
analysis showed a decrease of the suppression for large interfering signals and is in agreement
with the small-signal analysis for small signals. Several nonidealities of the modulator, like
switch charge injection, dead times, offset voltages etc, tend to further worsen the
suppression. The nonideality causing the largest worsening is the matching of the integration
current. To obtain accurately-matched currents requires special circuitry and this is discussed
in Chapter 6.

5.5 Suppression of high-frequency interference

In this section, we discuss the suppression of high-frequency (HF) interfering signals. The main
HF interference is the clock frequency from the microcontroller. This interference enters the
SSP via the power supply lines or it is picked up by the sensing elements. Since the modulator
is based on a relaxation oscillator, the HF interference is sampled. This can result in a
measurement error and even in frequency locking effects. These effects has to be avoided,
since the frequency is the carrier of the information.

Calculations of the HF suppression are complicated. This is partly caused by the fact that the
substrate of the SSP chip is not an ideal ground, so transistors on the same chip cannot be
completely shielded. This effect is hard to model.

The following measures can be taken to increase the HF suppression.

Filtering of the interference

A proven concept is low-pass filtering by, for instance, inserting an inductance in series with
the power supply. Another form of filtering is keeping the bandwidth of the analog parts low
compared to the frequency of the interference. This also holds for the sample switches,
operating at the modulator frequency. Since these switches sample the interference, the
bandwidth of the circuit before sampling, when the switch is conducting, must be low enough.
This filters the HF interference.

Random sampling

If filtering is not sufficient to remove the HF interference, we can use another technique, based
on random sampling. We therefore model the interference by the AC voltage source Vir in
Figure 5-36.
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Figure 5-36. Model of the HF interference.

The voltage Vir is sampled on C, and processed to the integrator. Under certain
circumstances, the modulator frequency is locked to the frequency of the interference. This
means that a phase-locked loop (PLL) exists. When lock occurs, the sampled values of Vi are
constant for all samples. These constant samples cause a static frequency shift. A method to
remove locking effects is to randomize the sampling moments by inserting noise into the PLL,
thereby randomizing the samples of Vyr. In this case, a static frequency shift does not occur.
The average of a lot of random samples of Vi will tend to zero, so the modulator frequency is
hardly shifted, thereby removing the locking effects. Note that the number of samples in one
measurement phase will be up to 1024. J. Mulder [18] showed that the best method to
randomize the sampling is by linearly increasing the time between successive samples (in the
absence of interference). This can be obtained by increasing C,; or C,; every period, until a
new measurement starts, When C,, or C,; is varied in the same way for all measurement
phases, its effect is eliminated by the three-signal technique. The period of the Multiple-Sensor
Modulator Tysm (shown in Figure 5-37) is not constant within a measurement phase, but shows
a ramp now. Note that a measurement phase consists of 256 periods. For all measurement
phases, the period Tpsm increases by AT The optimal value of ATns is related to lock
range. ATnm needs to be just a little larger than the lock range.

3 1 cycle K
Input i i~
oo L0 L [T
uC 256 periods ?
* :
Tref Tx H Toff

o ATmm

— time

Figure 5-37. The period T, vs. time for three measurement phases. To reduce the effect of
HF interference, the period within one phase increases by AT .
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It is important that C,; and/or C,, are changed at the end of a period and not at the end of a
time interval Tqp. This is to ensure a good LF suppression.

Balancing

Another method to eliminate the effect of HF interference is to use balanced circuits. For
instance, when the (single-sided) integrator picks up interference from the power supply, a
symmetrical double-sided integrator would pick up an equal amount of interference in both
channels, thereby turning the interference into a CM signal which can be eliminated.

Conclusion

The effect of HF interference can be the locking of the modulator frequency. Several methods,
like low-pass filtering, balancing and random sampling, can be used to avoid this. The random
sampling is based on inserting (nonstochastical) noise into a phase-locked loop.

5.6 Noise and resolution

The electronic noise of the Multiple-Sensor Modulator and the resulting resolution is discussed
below. The electronic noise calculations include all types of noise sources that result in jitter of
the modulator period, like thermal noise, shot noise, 1/f noise etc.

5.6.1 Noise sources and noise model
The circuit with the noise sources is depicted in Figure 5-38. The capacitor C, models the
parasitic capacitance of the cables whereas Cy, models the parasitic capacitance of C, to the

substrate.
-
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Figure 5-38. Noise sources in the Multiple-Sensor Modulator.

integrator

.

Figure 5-39 shows the output voltage V,y of the integrator and the clock phases ¢, and ¢,.
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Tz, Tas

Figure 5-39. The output voltage V. of the integrator and the clock phases ¢; and ¢..

The following noise sources are considered:

e noise voltage uy; of the amplifier in the integrator

e noise voltage u,, of the source

e noise current i, at the input of the integrator

s noise voltage u,. of the comparator

¢ noise voltage u,, of the amplifier of the capacitance-to-voltage (C-V) converter

e thermal noise of the ON resistance of the switches, resulting in kT/C noise

The noise calculations are based on the Bennet model [19]. Bennet showed that white noise
can be described as the infinite sum of discrete sinusoidal components. These components have
different frequency, equal amplitude and a random phase, which is uniformly distributed in the
interval [-r,m]. The sum of the powers of the individual components equals the total power of
the modeled noise source. By using this model, the effect of the noise on the resolution can be
calculated in a simple way. We determine the influence of one Bennet component on N
modulator periods and calculate the variance due to only one component. We then use all
Bennet components to find the total variance, where we need the relation between the
amplitude of the Bennet components and the Power Spectral Density (PSD). To handle 1/f
noise, the amplitude of the Bennet components depends on the frequency.

5.6.2 The noise voltage of the integrator amplifier

Here, we only briefly discuss the effect of the noise voltage uy of the amplifier in the
integrator. More details can be found in Appendix B.

According to the Bennet model, the noise source uy is modeled as the infinite sum of Bennet
components. These components are given by:

ii,; coslr + ¢) (5-34)

where 1i; is the amplitude, o the frequency and ¢ the random phase.

The noise voltage can be transferred into an equivalent noise voltage u., at the input of the
integrator, as shown in Figure 5-38. This noise voltage is sampled at the end of phase ¢, on
C.: and at the end of phase @, on Ci+CptCs. This results in a noise charge which is
transferred to the integrator, causing a jitter of T; and T».
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In Appendix B, an expression in the time domain for the duration of N noisy periods NTosm
based on one Bennet component of u,; has been derived:

~ C N-1
- ——"l el [ cos(4ka Ty, + @) ~ cos((dk + Do, +9)
int k=0 (5-35)

—cos((4k + 2)wT,,, + @)+ cos((4k + 3)@T,,, + go)]

NT. =4NT

msm Su

where Tyup=T+T; and Cyo=Cy+Cop+Cin=Coi+Coz2. With this expression, the variance p,’(w) of
N periods due to the Bennet component in uy; can be derived:

Pi0)= o (W NI

-

R 2
- (uniicvtolalJ Hu(a))

int

(5-36)

The function Hy(w) represents the sensitivity to certain frequencies. Figure 5-40 shows a plot
of Hyw) for we[0,27/Tap] for N=2 and N=4. As can be seen, the low-frequency values of
Hy(w) are very small, representing a very small sensitivity to noise in this range (1/f noise).

70 +

o Tgyup/2n

Figure 5-40. Sensitivity function H () for noise voltage u,; of the amplifier in the integrator
Jor N=2 and N=4.

The total variance G,;° of N periods for all Bennet components can be calculated by summation
of all p,’(w). We therefore need the relation between the amplitude and the PSD Sy, (f) of

u,;. The power of one component equals the power in a frequency band Af=Aw/27:

132 = Ao s, (/) (5-37)

"o2r

The variance G,;° is given by summation over the relevant bandwidth:
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FEDWHAC) (5-38)
Aw

This summation becomes an integration when Awd0. The relevant bandwidth is the closed loop
bandwidth By in Hz of the integrator. With aid of (5-36) to (5-38), the variance G, is given
by:

27Bint

Coat) 1
C’zz:[jl) = {Su,,,.(f)Hu(w)dw (5-39)

int

The noise source uy; consists of white noise and 1/f noise with corner frequency ;. The PSD
of this source is given by:

S, (f)=5. (1+f——j (5-40)
ni ni f
Substitution of (5-40) in (5-39) results in:
2
oy = (%,,;_l] 4NB,S, . (1 + z—tj (5-41)
The relative jitter of N periods due to uy is given by €q;:
2 o

“ (N,

2
_ ( Ctotal j BimS“m‘ (1 + 4fc,m’)
l}o (Col + Ca2 + Vsz 4N B,

mn

(5-42)

Example. With N=256, C=30pF, C,=10pF, Ciyw=10pF, Co=Co=1pF (Cia=52pF),
Biw=500kHz, S, =6'10"°V*/Hz (25nV/VHz), f.;=0 (we neglect the 1/f noise), V,=5V,

Vx=0.2V, the relative jitter amounts to 1.7 ppm. This is low enough for our application.

5.6.3 Resolution after application of the three-signal technique

Part of the three-signal technique is the calculation of the final measurement result M, based on
three measurement phases Ty, T,or and Tog:

I.- 1T, E
YRR (5-43)
];ef - ]:ij Eref

Expression (5-41) gives the variance in the time domain due to uy, which holds for all
measurement phases. The variance G- of M due to uy; is now given by [20]:

) Mz(duj: MY ()
O-M,m' = Unl 0»-7]; ﬁ;ef ay;ﬂ

(5-44)
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where K is defined by:
T+ TP+ 1% - T.T - Ty Ty - I.T,
K=2 ref X off xtref znf i off (5_45)
(7 - 7p)
Since Tog<Tx<T.s, the value of K is between 1.5 and 2, depending on T,. We are now able to

calculate the resolution, which is defined as the minimal detectable change of the input signal.
The resolution Av, . in Vy due to uy is now determined by M/GV, and the standard deviation

OMni-

oM
Avum- (Wj = O Mo (5"46)

With help of (5-23) and (5-43) to (5-46), the resolution Av,,. due to u, is given by:

~ 2
I
A 2 =K 2( int ] 5-47
vum oﬂl 4Nqnt ( )
Substitution of (5-41) and (5-45) into (5-47) results in:
2
C KBS, 4f
A 2 :[ total) It~ Up; 1 c,m 5-48
i =\ 0 Tan Ut B (5-48)

Example: With the same values as before and K=2, the resolution equals 4uV. When a
platinum resistor Pt100 is measured, the sensitivity is approximately 780uV/K if the current
through the Pt100 is 2mA. The final resolution in temperature is then 5.1mK. The resolution
Ac, ~for capacitive measurements due to uy can be found by multiplying Av, = in (5-47) by

Cwo/Vpp. With C,,=10pF and Vpp=5V and the same conditions as above, the resolution in
capacitance amounts to 5.6aF. In capacitive measurements, the noise uy,, of the amplifier in the
capacitance-to-voltage converter plays a more important role, as we see in the next section.

As can be seen from (5-48), a large value of N results in a small resolution. This is clear. Also
the bandwidth By should be as small as possible. Keeping the measurement time constant, a
higher modulator frequency has no influence on the resolution, since Bjy and N are
proportional to the modulator frequency in this case. This holds for a frequency independent
power spectral density (PSD) of uy;, which is not very likely. It is, however, more likely that
the PSD is inversely proportional to the modulator frequency: a higher bandwidth normally
asks for more current, resulting in a decreased PSD. The resolution is then inversely
proportional to the square root of the modulator frequency, but we have to pay with a high
current consumption.

5.6.4 Other electronic noise sources and quantization noise

This section presents the voltage and capacitance resolution, caused by both electronic and
quantization noise. These resolutions, which are derived from the variances of the
measurement phases, are listed in Table 5-2 and calculated in Appendix B. Only white
electronic noise has been considered.

The capacitive resolution can easily be calculated by multiplying the voltage resolution by
C./Vpp. This has already been done for the noise u,, of the amplifier.
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Noise | Variance of measurement phase time Variance in voltage/capacitance
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: KB,S,
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Table 5-2. Variances in time and in voltage or capacitance due to the noise sources in Figure
5-38 and due to the quantization noise.

In these formula’s, B., equals the closed loop bandwidth of the C-V converter, B, equals the
bandwidth of the comparator, S, = equals the white noise density of u, S; equals the white

noise density of i, S, equals the white noise

.. equals the white noise density of uy, S,
nc

“pa
density of uy, and t, the sampling time of the microcontroller.
From Ac, =~ we see that the capacitive resolution is proportional to C, for C;>>Cys. This is not

completely true, since the bandwidth of the amplifier B, is inversely proportional to C,. The
capacitive resolution is therefore proportional to the square root of C,.
Example. With C,=50pF, Crr=2pF, Vpp=5V, K=2, Bumy=1.6MHz, S, =10"° V*/Hz and

N=256, the capacitive resolution is 8aF. Increasing the parasitic capacitance C, to 500pF
results in a decrease of By, to 160kHz and an increase of the capacitive resolution to 25aF.

5.6.4.1 Comparison of the resolution of a modulator and an SC Delta-Sigma converter
It is interesting to compare the modulator with an SC Delta-Sigma converter for the resolution
which is caused by electronic noise. It is possible to obtain an SC Delta-Sigma converter from
the modulator by removing the current source Iy and driving the control signals for all
switches from a clock with a fixed frequency. The only difference between the modulator and
the SC Delta-Sigma converter for electronic noise is then the noise current iy,

We compare the resolution of the modulator caused by i, with the resolution caused by u,;. We
therefore assume that i, is totally produced by the current source I, We also assume that I is
generated by a resistor Ry, and an amplifier with the same noise behavior as the amplifier in the
integrator. The (flat) power spectral density of i, is then given by S,-'1 :
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Suy  4KT

S,n =+ (5-49)

2 -
We assume that the noise contribution of R;,, dominates so we neglect the contribution of u; to
in. This is valid when the equivalent noise resistor Req of uyi (S, =4kTRg) is smaller than Rin.

This will be easy to achieve. The ratio of both resolutions (as listed in Table 5-2) is compared
with unity:

A vim

—=1 5-50

Avizn ( )
When the noise source u,; is modeled by R.,, evaluation of (5-50) results in:

T,
= (5-51)

R =T
Rmt “ 2CI20falBint

Example: With Te=30ps, Bin=500kHz, Cy,=52pF and R.=50k{2, equation (5-51) is satisfied
when Ry equals 220kQ. A 30pF sampling capacitance results in signal charges of maximally
10pC. It takes a current of 330nA to remove this charge from the integrator within Ty This
current flows through Riy, resulting in a voltage drop of 73mV. This low voltage is far below
the power supply (3V or 5V), so it is permitted to choose a much larger value for Ry,. The
noise current i, can then be neglected. When this is true, the total electronic noise of the
modulator equals the total electronic noise of an SC Delta-Sigma converter.

5.6.4.2 Dominant electronic noise sources

It is interesting to find the dominant noise source. As shown before, the contribution of i, can
easily be kept smaller than that of u,;. The resistive sensing elements produce thermal noise and
this noise is already included in the kT/C noise. The noise can easily be kept small by choosing
a sufficiently large value for C,, When we assume that uy and u,. have an equal spectral
density, we may also neglect the contribution of u,., since C>>Cin.

The most important electronic noise sources are:

o for resistive measurements: uy;

o for capacitive measurements: u,; and/or u,,, depending strongly on C,,.

5.6.4.3 1/f flicker noise of the period

Due to the chopping of all relevant signals, 1/f behavior of any source shown in Figure 5-38
does not result in 1/f behavior of the period (flicker noise). A problem arises when the
integration current Iy is implemented by two chopped DC current sources, as shown in Figure
5-41. This setup is required to obtain equal source and sink currents, which results in an
optimal low-frequency suppression.
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Figure 5-41. Implementation of I, by two DC current sources.

Normally, the noise currents i,; and i,» are not correlated and then the above-mentioned
equations for the jitter are no longer valid. When the noise sources are not correlated and have
a 1/f spectral density, the period of the modulator also has a 1/f component. This is referred to
as flicker. Barnes et. al. [21] showed that the variance of a flicker process is infinite. The
resolution is then also infinite. The variance is therefore in this case not a good measure of the
noise properties. Also the well-known Allan variance comes up with an infinite resolution and
is therefore also not suitable. (see Appendix B).
However, it is possible to calculate the resolution by taking into account the three-signal
technique and using the noise correlation between the measurement phases. Variations which
are slow in comparison with the time of one full measurement cycle will have no effect on the
measurement result. This behavior corresponds with a high-pass characteristic for very low
frequencies. The calculation related to the three-signal technique is given by:

M= f—%— (5-52)

ref

where Ty, Trs and T, are the durations of the measurement phases.
The resolution can be calculated by using the variance of M. The variance of M due to one
Bennet component in iy or iy (consisting of white and 1/f noise) with a frequency © has been
plotted in Figure 5-42 for different values of the 1/f noise corner frequency f.;. The variance of
M is calculated in a similar way as shown in Figure 5-40 but now the three-signal technique has
been included. The corner frequency is related to Teye., which is the sum of Ty, Ter and To.
The plots in the figure have been calculated for Tox Ty Ter=1:2:3 and with an arbitrary white
noise level. The total variance of M can be calculated by integration of the plots in Figure 5-42
over the full frequency range.
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Figure 5-42. Variance of M (after the three-signal technique) due to one Bennet component
with frequency w for different values of the l/f noise corner frequency f.. The time T,
equals the sum of T, Tepand Ty

It can be seen that for f,=1/Tcyq. , the variance of M is barely increased. As shown in Chapter
6, the circuit shown in Figure 5-41 is applied to generate I, and the corner frequency is
designed to be lower than Ty, ". Also a circuit based on switched current (SI) techniques is
presented which requires only one stable (free of 1/f noise) current to obtain a stable
frequency.

5.6.5 Conclusion

In this section, the resolution caused by electronic noise has been calculated. Calculations are
derived by using Bennet’s noise model. He represented a noise source as an infinite sum of
discrete components, having a different frequency and a uniformly distributed phase. The
modulator period is not sensitive to low-frequency 1/f noise as long as the 1/f corner frequency
falls below the modulator frequency. The dominant noise sources are the noise voltages of the
amplifiers of the integrator and of the C-V converter. The requirements for the corner
frequency on the integration current are more stringent when this current is implemented by
two chopped current sources.

5.7 Nonlinear signal-to-period conversion

To here, we have assumed that the Multiple-Sensor Modulator has a linear signal-to-period
conversion, according to (5-23) or (5-24). In this section, we investigate the effect of several
nonidealities on the linearity of the signal-to-period conversion and on the final measurement
result M. We consider the following effects:

¢ Finite DC gain of the amplifiers

Poles of the modulator

Switch charge injection

Voltage dependency of capacitors

Nonideal effects of the comparator

e Current mismatch
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5.7.1 Finite DC gain of the amplifiers

In this section, we investigate the effect of the finite DC gain of the amplifiers in the integrator
and in the capacitance-to-voltage converter.

Finite DC gain of the amplifier in the integrator

To investigate the effect of the DC gain of the integrator amplifier on the nonlinearity, consider
the circuit in Figure 5-43. The voltage V, makes a step change at time to. The comparator
detects when Vi equals zero and this corresponds to to+T,. We investigate the linearity of the
conversion of Vy to T».

2) Lint |
v

C, Viint
Ove L

Co amplifier comparator
E—

Figure 5-43. The integrator (a) and its output voltage V,, after a step change of V. (b).
The gain of the amplifier is given by Ay(s):
Aint

ST+ 1

int

A(s) = (5-53)
where Ay is the DC gain. The wave form of Vi can be expressed in the time domain. The
expression of Viy consists of an exponential decreasing component and a ramp. We assume
that the exponential component at time to+T, can be neglected and that all initial conditions at
time to are zero. It can then be shown that:

~

V.C
Ty= Typt 5 (5-54)

I int

where the high-frequency time constant Ty is given by:
C+Cpt+(
s pb int
=T 5-55

Fa = T Cs + Cpb + Cint t Aintcint ( )

The time interval T; in (5-54) depends in a nonlinear way on Ay, but this has no effect. It is
only important that relation between ¥, and Ty is linear and this is true,

Finite DC gain of the amplifier in the capacitance-to-voltage converter

The finite DC gain of the amplifier in the capacitance-to-voltage (C-V) converter causes a
nonlinearity. To see this, examine the circuit shown in Figure 5-44. The capacitance C, models
the capacitance of the connecting cables.
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02

Gy —”cva

Vi

Ve
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Figure 5-44. The DC gain of the amplifier in the C-V converter causes a nonlinear
capacitance-to-voltage conversion.

When the amplifier has a DC gain A.,, the steady-state value of V., after a step change of V, at
the beginning of phase ¢, is given by:

-V, — (5-56)

va =Ty
{—>o0 Ctol

where Cy=C,+C,+C.a.

From (5-56) it follows that the steady-state value depends in a nonlinear way on Cy. The
nonlinearity €., is given by the ratio of two steady-state values for capacitors C. and 2C,,
decreased by 1:

2w,,(C,)
£, = e
Va2C) .
CI
T (4,1, +C, 4 C, (5-57)
—~ Cx
B Avana

The approximation is allowed when A.,>>1 and A..C..>>C,+C,. A small nonlinearity can be
obtained by choosing a high value of the DC gain.

Example: With C,=1pF, C,=100pF, C,,=7pF and A..=10", the nonlinearity over a 2pF range
amounts to 14 ppm.

5.7.2 Poles of the modulator

This section discusses the effect of poles of the modulator on the nonlinearity. These poles
introduce an exponential component in the conversion from the electrical signal to a period and
thereby causes nonlinearity. Low-frequency poles are introduced by resistors at the input of the
integrator and the capacitance-to-voltage (C-V) converter. Parasitic capacitors cause a
bandwidth decrease.

5.7.2.1 Low-frequency pole of the integrator

The output resistance of the current source li in combination with the DC gain of the
integrator amplifier causes a low-frequency pole. The input resistance of the amplifier also
causes an LF pole, but this resistance is infinite when MOS technology is applied.

The resistor at the input of the integrator is modeled by R;, as shown in Figure 5-45a.
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comparator

Ov. w ‘
i amplifier
-

Figure 5-45. Circuit to calculate the nonlinearity caused by the low-frequency integrator
pole.

The DC gain of the amplifier equals Aix. The low-frequency time constant of this system is
then given by Trrnt:

TLF,int = Ri(Cs + (Aim + 1)Cim)
= AintRiCinl

The effect of this pole on the period is investigated in the time domain. The wave form of Vi,
after a step change of Vy at time to is shown in Figure 5-46, where we assumed that the
duration of T is fixed. The dashed line is related to the response without an LF pole and the
line drawn to the response with a LF pole. We assume that the time constant is much larger
than the time interval T,.
T, J
TLF,int

to ttTa s time

(5-58)

A\

int
Vin

;

Figure 5-46. Output voltage of the integrator after a step change of V, at time 1, Due to the
low-frequency pole, the output voltage is decreased.

The ratio of Viu(te+T>) and Viu(to) is given by:

lm%+ﬂkwwﬂ z)

th (10 )

(5-59)
=1-

The duration of @, is now smaller than the ideal value T, (no LF pole) and is given by T15:

1,
aw:£@~ 2] (5-60)

TLFint

The nonlinearity can be calculated with the aid of Ty1rx and Toirr, Which are related to a
signal and reference measurement, respectively, and is given by g1
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];LF,X ];fﬂ'

ErF Jint = 1

T2Lan Ex )
5-61
T (5-61)

-5,
TLF int

where T, and Tz are the durations of @, in the case without an LF pole for a signal and a
reference measurement respectively.

Example: With Ta-T2x=30us and Tirin=2s, the nonlinearity amounts to 15 ppm. This is good
enough for our application.

Very simple implementation of Ly

Suppose the resistance R; models the output resistance of the current source L It is
interesting to verify whether the nonlinearity is low enough when Iy is 1mplemented by a very
simple switched resistor as shown in Figure 5-47. The desired value for 1,: amounts to 500nA,
as will be shown later. With Vpp=5V, the required value for R; amounts to SM{2. The required
DC gain with Ci,=10pF to obtain Ty rn—=2s then amounts to 40- 10°. This value is not very high
and can be realized with standard CMOS components.

Cint

oL *#—T

[ Vpp/2
1

Vint

Figure 5-47. Generation of the integration current 1,; by a switched resistor R;.

The advantage of this simple solution is that the problem related to 1/f noise of i,, mentioned in
5.6.4, does not occur. The disadvantage is that due to mismatches, the positive and negative
value of Iy are not equal, resulting in a reduced suppression of the 50/60 Hz interference.

5.7.2.2 Low-frequency pole of the capacitance-to-voltage converter

A low-frequency (LF) pole of the C-V converter, caused, for instance, by a resistor at its input,
seems to introduce nonlinearity in the same way as the integrator LF pole, but this is not true.
The pole causes an exponential wave form at the output of the C-V converter in a similar way
as (5-59), where we have to substitute T, by T1. Since T} is constant, the effect of the pole is a
multiplicative error which is eliminated by the three-signal technique.

5.7.2.3 High-frequency pole of the integrator

The high-frequency (HF) pole of the integrator causes two effects:
1. A nonlinear signal-to-period conversion

2. Cross talk between two concatenated measurement phases.

This last effect has been shown in Figure 5-8. Due to the high-frequency time constant, the
frequency can not change instantaneously. Due to this effect, the duration of some
measurement phases is too short or too long, depending on the sequence. The high-frequency
time constants of the modulator are normally much smaller than the period. Since each
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measurement phase consists of N periods (N is a large number), this cross talk effect can be
neglected with respect to the first-mentioned effect.

The integrator HF pole is caused by, for instance, the limited bandwidth of the amplifier which
is expressed by (5-53). The limited bandwidth causes a HF pole as given by (5-55).

We can model the effect of the pole by considering an exponential charge transfer to the
integrator. The charge which is transferred during T, for the measurement of Vi is given by

QX(TZ,X) :

od5.)=0 exp(— T2) (5-62)

THF

where Q, is the steady-state value. Since not all charge has been transferred, the period
decreases. The nonlinearity egr can be calculated by comparing Qu(T,) with Qeef(T2), Which
is obtained from a reference measurement:

0(5s) O
Q,qfi Twi o8

7 7 7
= exp(— Z’Tef] - exp(— ﬁ—x-J < exp[— z’oﬂr]
THF THF THF
where we assumed exp(-T e/ Tir) <<1.
Example: With T,,=10us, T~40us and 1z=500ns, the nonlinearity amounts to 0.2ppm.

Cur =

(5-63)

5.7.2.4 High-frequency pole of the capacitance-to-voltage converter

The high-frequency (HF) pole of the capacitance-to-voltage (C-V) converter seems to
introduce nonlinear behavior in the same way as the HF pole in the integrator, but this is not
true. The HF pole causes a multiplicative error in a way similar to the LF pole in the C-V
converter. To see this, examine the circuit in shown Figure 5-44. The gain of the amplifier in
the C-V converter is given by Au(s):

A ()= —Tha_ (5-64)

ST,qt+ 1

When V. makes a step change {/& at the beginning of @, the value of V., at the end of ¢, can
be calculated with the aid of (5-56) and is given by V,.(T}):

T
Vil )= Vil L | 1-exp| - — (5-65)

fot

Tva
Ctol + Avacva

where C,=C,+C+Cya.

Since T, is a constant time, the exponential component forms a multiplicative error which is
eliminated by the three-signal technique.

Equation (5-65) holds only when the initial condition of the voltage V;., is constant for all
measurement phases. This fixed initial condition has to be reached within the time interval T».
We can, for instance, reset all capacitors, including C,. The fixed initial condition for all
capacitors is then zero. This is very simple to achieve when the amplifier is implemented by an
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Operational Amplifier (OpAmp), as shown in Figure 5-48. During @, the feedback switch is
closed and the bandwidth of the system now equals the unity-gain frequency. This frequency is
large enough to settle Vi, within T; completely.

¢
o

Vva
s
c
Cx e s
| Vi _OI/OI_{F«
f © ‘
Vtr CP _l_ F‘(’)i,va ngi,vaW Vh (pz({
T L [
_ Operational Amplifier

Figure 5-48. The amphf Ger in the C-V converter is implemented by an OpAmp to force a fixed
initial condition of V. at the beginning of phase @,.

A problem related to the application of an OpAmp is the HF stability. The OpAmp has a unity
feedback during phase ¢,. When we assume that the gain of the OpAmp consists of two poles,
the unity feedback normally requires pole splitting such that the HF pole lies above the unity
gain frequency. When the input is loaded with the capacitor C,, a third pole is present. The
pole is caused by the output resistance of the OpAmp, and C, and can easily have a frequency
between the other two poles for a unity feedback and large values of C,. This results in
instability. Measures can be taken to guarantee stability of this third-order system, but a stable
C-V converter can be obtained in a simpler way by applying an Operational Transconductance
Amplifier (OTA), especially when C;, causes the dominant pole.

The fixed initial condition at the beginning of ¢,, required to obtain a good linearity, can be
forced by short-circuiting C, and C,, during @2, as shown in Figure 5-49. We assumed that the
bandwidth of the OTA itself is very high. Short-circuiting C, and Cy, at the same time is no

problem for the OTA.
P2
j———o/ O
| ”Cva Via
P 1o, C.
[

! i v .
e reed

Figure 5-49. The ampliﬁer in the C-V converter is implemented by an OTA. The fixed initial
condition is forced by short-cutting C, and C., during ..

The setup in Figure 5-49 has one disadvantage. Due to an offset voltage of the OTA, an output
current is generated during ¢,. This current flows through the switches which are in parallel to
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C.. and C,. This has no effect on the functionality. When the effect is undesirable, offset
cancellation can be applied.

5.7.2.5 Conclusion

We are now able to define the useful frequency range of the modulator where the nonlinearity
due to poles is less than €. The time constant of the poles Ty and 15 This frequency range is
based on (5-61)and (5-63) and can approximated by:

tyeln(e) < T, < 146 (5-66)

This is a useful expression and can be used to investigate the effect of low- and high-frequency
poles on the nonlinearity.

5.7.3 Switch charge injection

We discuss the switch charge injection (SCI) by considering the basic switched capacitor (SC)
circuit in Figure 5-50.

b)

Figure 5-50. Basic Switched Capacitor circuit.

The situation before switching is shown in Figure 5-50 a) and the final situation after switching
in b). The desired charge flow to the integrator equals V,C,, but also a constant signal-
independent charge Qcons flowing also to the integrator is permitted. The effect of Qeons iS
eliminated by the three-signal technique. The switch charge injection from s; depends in a
nonlinear way on V,, so we must prevent this charge from entering the integrator.

The only way to achieve this is to first switch s, and s; in a break-before-make (BBM) mode to
prevent from charge loss. After this, s; opens (a closed switch is assumed to be conductive).
After s4 is closed, the total voltage swing of node P exactly equals Vi, so the charge flow
through C, while s, is closed equals V,C.. This means that switch charge from s; does not enter
the integrator.

The switch charges from s; and s, contribute to Qcons. Since the voltage of the inverting node
of the integrator at the sampling moments (the end of time intervals T; and T) is always
constant, the switch charges from s; and s, do not depend on V.. Their effects are eliminated
by the three-signal technique.

5.7.4 Voltage dependency of capacitors

The voltage dependency of Ciy has no effect on the nonlinearity, since the threshold of the
comparator is a constant voltage. During capacitive measurement, the voltage dependence of
C.. exactly compensates for the voltage dependence of C. This is a form of balancing. During
resistive measurement, a nonlinearity occurs due to the voltage dependence of C,. Assume a
voltage-dependent capacitor C(V) can be modeled by
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)= Co1+ el + e + ) (5-67)

where V is the voltage across the capacitor and Co the zero-voltage value. The odd-order
components ¢, and c; can easily be removed by the anti-parallel connection of two equal
capacitors. The even-order terms result in a nonlinearity. Throughout the signal and the
reference measurement phase, V has values Vi and V. respectively. The charge flow through
C, equals Q=C,V, resulting in Q, and Q.. The nonlinearity can be obtained from the ratio

Qx/ Qref:

0, _V_x(ncszJ 560
Qs Vroer \ 1+ ¥y

Good capacitors such as poly/oxide/high-doped silicon show ¢,=Sppm/V’ . With V,=0.1V and
V,£=0.2V, the nonlinearity is less than 1ppm. This is very low.

5.7.5 Nonideal effects of the comparator

A nonideal effect of the comparator is the memory effect. Since the comparator is strongly
nonlinear, it is not allowed to model this memory effect by poles. It is better to consider the
time delay. When the delay time ty(t) is time dependent:

t,(1) =by + byt + byt (5-69)

the three-signal technique eliminates the effect of the zero and first-order terms. Higher-order
terms cause nonlinearity.

Another nonideal effect of the comparator is hysteresis. Its effect is the same as delay time,
since the slope of the output voltage of the integrator is constant. Its effect can be eliminated
by the three-signal technique as long as the hysteresis behaves linearly to the period.

5.7.6 Current mismatch

A difference between the positive and negative amplitude of Iy causes a multiplicative error, as
can be seen with the assistance of (5-23) or (5-24). This error is eliminated by the three-signal
technique. As discussed in 5.4.3, a current mismatch causes a large decrease of the LF
suppression.

5.7.7 Conclusion

In this section, we have investigated the effect on the nonlinearity of several effects. To obtain
a linear signal-to-period conversion, some requirements have to be fulfilled. This does not
require extremely good or high-bandwidth circuit parts, nor high-ohmic resistors. The most
important requirement is that the low-frequency and high-frequency time constants have to be
sufficiently larger and smaller than the modulator period, respectively.
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3.8 Sensor-specific signal processing

5.8.1 Capacitors

Multiple capacitors

The read-out circuit for two capacitors, including the reference capacitor, has already been
discussed and is shown in Figure 5-26. It is possible to measure multiple capacitors in a very
easy way. All capacitors, including the reference capacitor, can be connected to the input of
the C-V converter. The measurement of L capacitors (excluding the reference) requires L+2
measurement phases: L phases for the ‘signal’ capacitors and two for the offset and reference
measurement.

When the total capacitance at the input of the C-V converter becomes too large, the amplifier
does not reach the full unity gain bandwidth. This will result in nonlinearity, which can be
avoided by multiplexing the receiving electrodes. This method is used by Toth [16] and is
shown in Figure 5-51.

Cy,
G 1
J— CX,2_I O
. FLO\O; sr
C.,
s C
' Cx,S 1 a
_J__'

Ve © = |

L

Figure 5-51. The measurement of multiple capacitors requires multiplexing of the receiving
electrodes when the total capacitance is too large.

One of the switches at the input is in position ‘1°, the others in position ‘0’. The reference
capacitor Ce is not multiplexed. The measurement of every set of capacitors selected by these
switches requires an offset and a reference measurement, since multiplexing at the input results
in a change of multiplicative and additive terms. The measurement of the six capacitors as
shown in the figure therefore requires 3 reference measurements, 3 offset measurements and 6
signal measurements, a total of 12 measurement phases.

Improved LF suppression

In 5.4.2, we calculated the suppression for LF interference during capacitive measurements. It
is possible to obtain a better suppression. The basic idea is to sample the output voltage V.,
during @3, which has a shorter duration than ¢1. Examine the circuit in Figure 5-52.
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Figure 5-52. An improvement of the LF suppression can be obtained by sampling the output
voltage of the C-V converter on C, during @s which has a shorter duration than ¢,. The
circuit is shown in a) and the wave forms in b).

Due to the limited bandwidth, the voltage V., at the end of @3, is not settled. This forms a
multiplicative term, as calculated by (5-65). Due to the decreased sampling time, the small-
signal suppression Rcx(w) as calculated in (5-32) improves and can be calculated after the
substitution of sin(*20T;) by sin(*26Ts), where Ts equals the duration of @s.

Example: When T equals the HF time constant Tury and Ti=15Tur, the signal transfer is
reduced to 63% of the steady-state value and the LF interference transfer is 15 times reduced.
The result is a 19 dB improvement of the Signal-to-Interference ratio.

5.8.2 Platinum resistors

Platinum resistors are used to measure temperature. They can be used in the wide temperature
range from -200°C to 850°C. The resistive change of platinum is not exactly linear with
temperature (see Appendix A). Many good ways of linearizing this behavior have been
presented [22, 23]. In our design, no effort is spent on linearization, since this task is easily
performed by the microcontroller.

It is required to have an almost constant temperature resolution over the total temperature
range. This can be obtained by a constant current flowing through the platinum resistor in
combination with a constant resolution in the measurement of the voltage V, or V. A simple
read-out circuit to achieve this is given in Figure 5-53.
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commutation

Figure 5-53. A read-out circuit for platinum resistors. A constant temperature resolution is
obtained if the current I, does not depend on the temperature.

The constant current I, is multiplexed and flows through both the platinum resistor Ry, and the
reference resistor Ry, thus forming a multiplicative term. The maximum allowable value of L,
in view of self-heating effects, depends on the thermal resistance. For normal values of the
thermal resistance, a current of 2mA flowing through a Pt100 causes a self-heating which is
smaller than its initial inaccuracy at 0°C.

5.8.3 Thermistors

Thermistors are used for the measurement of temperature. The resistance of a thermistor varies
exponentially with the temperature. When the voltage resolution in Vy is constant and a
constant current flows through the thermistor, the exponential behavior results in an
exponential resolution in temperature. This is not desired. In order to obtain a more constant
resolution in temperature, we need to linearize the resistance-to-voltage conversion. We
consider two linearization methods. Note that these methods are not used to obtain a perfect
linear relation between temperature and the modulator period, but only to obtain a more
constant resolution. An expression modeling the resistance Ry of the thermistor is given by

Ry = Aexp[% (5-70)

where T is the absolute temperature. Values of the constants A and B are given in Appendix A.
The first linearization method is based on cascading the exponential function of the thermistor
by its inverse (logarithmic) function. The only on-chip device with this function is a pn-
junction. Its current-to-voltage conversion is logarithmic. An alternative method is based on
the series connection of the thermistor and a reference resistor. When a constant voltage is
applied across the series connection, the voltage across the thermistor is partly linearized.
Circuits implementing these two methods are shown in Figure 5-54. Also shown is the circuit
without linearization.
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Figure 5-54. Two linearization methods to obtain an almost constant temperature resolution.
Method a) is based on the logarithmic function. Method b) is based on the series connection
with a reference resistor and method c) does not use linearization.

To calculate the maximum achievable resolution, we assume that the maximum input range of
the modulator equals the range of V. The voltage resolution Avx in Vx (Vx represents Vi o,
Viseric OF Vinono) is assumed to be constant within the full range and equal to Av,=2" (Vi maxe
Viymin), Where n is the number of bits and Vi max and Vi uin the maximum and minimum value of
V, respectively. The resolution AT in temperature can be calculated with

(¥ &)
AT—(éRT- ﬂj Av, (5-71)

After some calculation, three resolutions ATieg, ATseric and ATnon for the circuits in Figure 5-54
a), b) and c), respectively, can be obtained. They are given by:

1 1
1ot

min max
B B
2 exp(—— - ) -1

AT, . = 27"T? (Rey + 1) 2Tmin 2 max (5-72)

serie BRrefRT [ B B |

ex - +
2Tmin 2Tmax

AT =g T2 RT,max B RT,min

none ~

BRy

where T is expressed in K. Figure 5-55 shows these resolutions for a thermistor from YSI
(B=3891) in the temperature range 0°C-70°C. In this range Rrmin=402€2 and R,max=7508Q2.
We used R=1200€2 and n=15.
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Figure 5-55. Maximum achievable resolutions in temperature for the two linearization
methods with n=15.

The resolutions of the two linearization methods are almost the same. Note that the voltage
V.t in Figure 5-54 b) has the same temperature sensitivity as Vi eric. This improves the
resolution of the final measurement result by a factor of two. The method based on the
logarithmic function has some disadvantages. The first disadvantage is that implementation of
the 4-wire setup requires additional circuitry to convert Vi into a current. Another
disadvantage is that a real offset measurement (Vie=0) is not allowed. We need a second
reference resistor or an accurate multiplication factor of Vier to overcome these problems. The
method based on the series connection is very simple and is, therefore, used.

The value of the reference can be designed such that the resolutions at both temperature
extremes are equal. This is shown in Figure 5-55.

Normally, the maximum amplitude of the drive voltage Vi (Figure 5-54 b) is determined by
self-heating. With normal thermal resistance values, the error caused by self-heating is smaller
than the inaccuracy of the thermistor for |V <0.4V.

5.8.4 Resistive bridges

In Appendix A, we distinguish two types of resistive bridges. For the U-bridges, the physical
signal is best represented by the ratio of the output voltage of the bridge and the voltage across
the bridge. In the case of I-bridges, the ratio of the output voltage and the current through the
bridge represent the physical signal. For both bridges, the temperature sensitivity of the ratio is
very small.

The main problem for the measurement of U-bridges is the large difference between the
reference voltage (the voltage across the bridge) and the bridge’s output voltage. The
measurement of both voltages with a certain degree of accuracy requires a measurement
system with much greater accuracy. These dynamic-range problems will be solved.
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5.8.4.1 U-bridges

Many different circuits to read-out resistive bridges have been proposed. A considerable
number of these circuits either need an external reference, require calibration, or need an
accurate supply voltage to drive the bridge [24,25,26] In this section, a new circuit is presented
which is able to read out a resistive bridge very accurately without the need for calibration,
accurate bridge supply voltage or external reference. The effect of lead resistance is very
simply eliminated.

During the signal and the reference measurement phase, we measure the output voltage Vou of
the bridge and the bridge supply voltage Vs, respectively. When the same front-end is used to
process both voltages, its linearity should be very high in order to obtain accurate results, since
Ves>>Vou. When the maximum bridge unbalance is An.. and the bridge accuracy is &, the
nonlinearity of the front-end, processing both voltages, should be less than Aj..g,. With
Amax=1% and &;=10"*, the maximum nonlinearity amounts to 1ppm. This is very hard to realize.
It is easier to amplify V. or divide Vgs. The amplifier gain or the division ratio must be fixed,
since they do not form a multiplicative or additive factor and can, therefore, not be eliminated
by the three-signal technique. The inaccuracy of the divider or of the amplifier should then be
smaller than € to read out the bridge with an inaccuracy €. The use of calibration to obtain the
desired accuracy of the amplifier or divider is not very attractive, since calibration is rather
expensive and requires, probably, a recalibration. Calibration is, therefore, not used. Another
method to obtain the accuracy is to rely on matching. However, the maximum achievable
accuracy is limited to approximately 0.1%, which is not enough. We use Dynamic Element
Matching to achieve an inaccuracy of less than 10™. The problem to solve first is whether to
use a voltage amplifier or a voltage divider. The selection depends mainly on two aspects:

e noise and current consumption

¢ interference

In the circuit shown in Figure 5-56 a), V, is amplified by P before sampling and processing to
the integrator. During the measurement of Vps, switch s, is in position ‘0’ and Vs is directly
sampled on C,. The circuit in b) is based on a divider for Vgs. This circuit has the same values
of Iiw and Ciy. To obtain the same time excursion, the sampling capacitor is increased to PC,.
In fact, V,, is also amplified, but in a different way than in a). A simple implementation of the
divide-by-P stage is to sample Vys directly on a sampling capacitor with value C,, whereas Vo
is sampled on a capacitor with value PC,. Vps is now processed in the same way as in a).
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Figure 5-56. Processing circuitry to read out a U-bridge with the use of an amplifier for Vou
(a) or with the use of a divider for Vs (b).

Noise and current consumption

We consider the most important noise sources which determine the total SNR. These are the
noise voltage uy, of the amplifier, the noise voltage uyq of the divider and the noise voltage uy
of the active part of the integrator. When the simple implementation of the divider is used, the
noise voltage u, equals zero. We assume that the bandwidths of the active parts are equal. The
result of this assumption is that both circuits have equal SNR when the power spectral density
of u,; in b) and u,, are equal. This results in equal bias currents for the input transistors of the
amplifier or integrator.

Interference

As soon as interference is present in the output voltage of the bridge, it can not be reduced by
a different processing circuit. Further, coupling of the interference into the circuit at the input
or output of the integrator does not make any difference, since the signal levels are equal in
both cases. A difference occurs when the amplifier adds either more or less interference than a
P times increased sampling capacitor PC,. Usually, interference is coupled into a circuit via the
power supply lines and/or via the substrate. The coupling of the interference into the circuit
depends many unknown aspects, such as the interference on the power supply lines and the
grounding of the substrate. These aspects are determined by the layout.

Conclusion

Since the above discussions have not enabled us to select between amplification or division, we
base our choice on other criteria. A good reason to apply a voltage divider is that the range of
Vou for a lot of commercially available bridges (0.4V when supplied with Ves=5V: An,=4%) is
the same as the range of the voltages across a Pt100 platinum resistor or a thermistor. This
means that measuring a Pt100 requires a sampling capacitor PC, and this capacitor can be
directly used to sample V.. This points to the application of a divider. Another selection
criterion is the chip area consumption. As shown in the following chapter, the value PC,
amounts to 30pF. Such a capacitor has approximately the same size as one OpAmp. Again, the
divider is to be preferred.
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The divider for Vgs

As mentioned before, the divide-by-P stage can easily be implemented be sampling Vgs on C,
and Vo on PC,. The use of Dynamic Element Matching (DEM) guarantees an accurate value
of P. This requires P almost equal sampling capacitors with value C, and a lot of switches. A
practical value for P for Amax=4% is 32. The divider then consists of many components. By
adding a resistive divider in front of the capacitive divider [27], the factor P can be realized
with many fewer components. This circuit is shown in Figure 5-57.
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Figure 5-57. The new voltage divider with Nr=4 and Nc=4

The divider consists of N resistors and N¢ capacitors, resulting in a division ratio NgNc.
During the reference measurement (measurement of Vgs), the switches sensing V., are open
(not conducting). One of the switches sc; ,ie[1,Nc], is in position ‘1’. Every time interval Ty,
one capacitor Cg; transfers a charge (Vj-V;.1)Csl, je[1,Ng], to the integrator. It takes Ng time
intervals Ta for C,; to sample the complete voltage Vgs. After this, the next sampling
capacitor samples Vgs in Ny time intervals Ty The charge Qps transferred to the integrator
during NgNc time intervals T, amounts to:

NC
Ops = Vs 2. Cs;+ NpNcQoyr (5-73)
i=]

where Q. represents a charge which is also transferred to the integrator every Tan. Qofr
includes C,; and C,; (see Figure 5-26) and the offset voltage of the active part of the
integrator. During the measurement of V., switches sg; are open and all sc; are in position
“1”. The drive signals @, and @2 are shown in Figure 5-27. During NgN¢ time intervals Ty,
a charge Q is transferred to the integrator, where Q is given by:

Ne
Oy = NpNcVou Z Cs,i + NRNCQoﬁ" (5-74)
i=1
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Note that VoumaxeCs; lies in the same range as (Vj-Vj:1)C,;, so the DR of the integrator is
optimally used.

Finally, during NgNc time intervals of the offset measurement, where all switches sc; are in
position ‘0’ a charge Q.. is transferred to the integrator, where Q,, is given by:

Qos = NRNCQoﬂ (5'75)
The final measurement result My;, is given by:

Qx - Qos - NRNCVout
QBS - Qos VBS

Mismatch between C;; and nonidealities of R; have no effect on My;y. This is a big advantage.
The ON resistance of the switches only contributes to a high-frequency time constant, which
effect has been previously calculated. Both switches sg; for j=1 and j=Ng+1 ideally sense the
voltage across the bridge, thus completely eliminating the effect of the resistances of the
connecting wires.

My, = (5-76)

Very small maximum imbalance Ap,;

Reading out bridges with a very small maximum imbalance (Amax<<1%) would require a very
large division ratio. This has some unwanted consequences.

Firstly, the number of periods during the measurement of Vgs to perform one full DEM cycle
will be large. The minimum measurement time, which is limited to one full DEM cycle, will
also be long. Secondly, the sum of the sampling capacitors £C; will be very large, thus
consuming a large chip area. As we saw before, reading out a bridge with Am.=4% and
supplied with Vgs=5V requires a sampling capacitor of 30pF. When An. is decreased by 16
times to Anax=0.25%, the required value of the sampling capacitor amounts to 480pF. The area
occupied by such a capacitor is very large. These consequences can be bypassed by applying a
divider for Vgs in combination with an amplifier for V. Just as the division ratio, the gain of
this amplifier must be accurately known. A new amplifier with a very accurate gain is proposed
by P.C. de Jong [28]. The amplifier is based on DEM. Calibration is not required and slow drift
of the applied resistors does not affect the gain. The circuit is shown in Figure 5-58.
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Figure 5-58. A calibration-free amplifier with a very accurate and stable gain.

The DEM amplifier consists of two Opamps, N.mp almost equal resistors connected in a loop
and numerous switches. The output voltage V., of the amplifier is ideally sensed by the
sampling capacitor. The value of N,m, of the depicted amplifier in the figure amounts to 8.
When switches s,,...,sq are closed (conducting), one of the resistors functions as a load and the
gain is approximately 7. During the next DEM phase, the loop of resistors turns clockwise for
one step by closing switches which are not shown in the figure. Now R4 becomes the load.
Again, the gain in this situation is approximately 7. After N,.,, DEM phases, the loop has made
one complete cycle. The average of the N, different gain values approximately equals N,y,-1.
The inaccuracy of this average value is due to mismatch m and is of the order m”. Any linear
term in m (Re=Ro(1+ak); ke[1,Namp]) has no effect on the average gain.

The capacitors Cy; guarantee a stable feedback.

The effect of offset from both OpAmps is eliminated by the chopping of V.. The effect of
voltage-dependent resistors is also eliminated, since the voltages across the resistors
contributing to the gain are equal. The voltage difference between the applied poly-silicon
resistors and the well beneath them might be a problem. This well is required by the process
and modulates the resistivity of the poly-silicon, just like an MOS transistor. The applied
differential topology eliminates odd-order modulation effects.

The accuracy is also limited by the finite DC gain of the OpAmps. Since the DC gain of MOS
OpAmps can be very high (more than 120dB), its effect can usually be neglected.

5.8.4.2 I-bridges

The reference signal for I-bridges is the current through the bridge. A very simple method to
measure this current is to convert this current into a reference voltage by using a resistor. We
then obtain a measurement which is similar to the measurement of platinum resistors.
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5.8.5 Temperature measurement

In this section we discuss the accuracy and implementation of an on-chip temperature sensor,
which is required to compensate the temperature dependence of the sensing elements. This is
useful when the temperature of the sensing element and of the SSP are equal. A good method
to measure the temperature is based on bipolar transistors {29, 30]. The temperature-
dependent voltages are the base-emitter junction voltage Vi. and the voltage difference Vprar
of two Vi.’s. The temperature of the chip can be calculated from any linear combination of Vi,
and VPTATI

_aVye + BVprygr

_ (5-77)
Ve + AVprar

T
To calculate the inaccuracy in temperature AT, we assume that Vi, has an inaccuracy AVi..
The voltage Vprar, which is based on a current ratio, can be realized to be very accurate with
aid of Dynamic Element Matching, as shown by Khadouri et. al. [31] The inaccuracy AT can
be calculated by:

My [WT] -
AV, ——| — 5-78
When we approximate V=V -AT and combine (5-77) with (5-78), we obtain:
AV,
AT=T—t (5-79)
Vo

With T=300K, AV,.=20mV and V=12V, it follows that AT=5K.

We have to deal with the self-heating. With a power consumption of SmW and a standard
package, the self-heating will be less than 2K. For most of the applications, an accuracy of 5K
is good enough to achieve a first-order compensation of the temperature effects.

5.8.6 Conclusions

This section has presented sensor-specific signal processing circuits. By applying these circuits,

problems related to specific sensing elements have been solved. For instance:

e Multiple capacitors can be measured in a very simple way.

o Platinum resistors in series with a reference resistor are excited with a constant current.

¢ The exponential behavior of thermistors has been linearized to obtain an almost constant
resolution.

e The dynamic range problems related to the measurement of resistive bridges have been
solved by applying a divider and/or an amplifier based on Dynamic Element Matching.

5.9 Conclusions

In this chapter we have discussed all aspects related to the modulator. We started with
investigating the modulator requirements. A relaxation modulator has been found to be the
most suitable to operate in our system. This relaxation modulator is based on period
modulation combined with modulation of the voltage swing across the integration capacitor.
The low-frequency interfering signals are suppressed by synchronous detection in combination
with a second-order switched capacitor filter. The low-frequency suppression has been
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analyzed for both small and large interfering signals. Further, high-frequency interfering signals
have been suppressed by applying, among others, dithering techniques. The modulator noise
behavior was calculated by using Bennet’s noise model. Due to the chopping of all signals in
the modulator, the period is not sensitive to low-frequency 1/f noise as long as the corner
frequency falls below the modulator frequency. A lower comer frequency is required for the
current source Iy, since it consists of two chopped uncorrelated DC sources. The effect of
limited bandwidth, finite DC gain and other effects on the linearity of the signal-to-period
conversion has been investigated. There are no extreme modulator requirements that have to
be met in order to obtain good linear behavior. Sensor-specific signal processing circuits have
been discussed. By applying these circuits, specific problems related to the sensing elements
have been solved.
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6.1 Introduction

This chapter is on the design and realization of the SSP as discussed in Chapter 5. An
important aspect of the design here is that the requirements concerning resolution and
accuracy, as discussed in Chapter 5, are met. We base our discussions on a 0.7um CMOS
technology featuring high-ohmic polysilicon resistors and capacitors with low-ohmic plates.

6.2 Relevant choices

In this section, we define the level of signal charges and currents flowing through the
modulator. These signals set the values for several capacitors. We also discuss the noise level.

Modulator frequency

We first select a proper value for the time intervals T,; and T,; as defined in the previous
section. These values are based only on the two main disturbing signals, which are interference
from the mains supply and from the microcontroller. The frequency of these disturbing signals
are 50 (or 60) Hz and several MHz, respectively. A good LF suppression requires a low value
for Ty; and T,;, whereas a low sensitivity to interference from the microcontroller requires that
all analog parts of the modulator have a sufficiently low bandwidth and thereby rather high
values for T;; and T,;. A good compromise is:

5, = 10us

6-
= 10us 1)

7,

2,i,min

When the bandwidth of an analog part can be modeled by only one pole at ©=-1/tur, a
practical value when (6-1) holds is than Tz=500ns. The related bandwidth approximates
300kHz. This is sufficiently low for a low sensitivity to interference from the microcontroller.

The choices related to the number of resistors, the number of capacitors and signal levels are
listed in Table 6-1.
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"i’m; 5V " power sﬁppiy T

| Comment

v, Vob Peak-to-peak amplitude of V,; and V,;

\A’} Vop Peak-to-peak amplitude of voltage on transmitting electrodes
N 256 Number of periods in one measurement phase

Nr 8 Number of resistors in DEM voltage divider

Nc 4 Number of capacitors in DEM voltage divider

Namp 16 Number of resistors in DEM amplifier

Table 6-1. Choices for the Multiple-Sensor Modulator

Capacitors have values in the range between 1pF and 30pF. The amplitude of the integration
current is below 1pA.

6.3 Complete circuit

An overview of almost all applications is shown in Figure 6-1. The connections of the sensing
and reference elements to the chip are labeled by A .. F. These connections have different
functions for different applications. All applications convert the sensor signal into a voltage
change of node Z. The voltage on this node is sampled on C; =ZC,; ,ie[1,4]. Charge on C, is
transferred to the integrator, based on amplifier 1. By integration of Ly, this charge is linearly
converted into a period. All applications were discussed in Chapter 5. The circuit shows the
measurement of’

Platinum resistors. The voltages across Ry and Rer are sampled on C, and transferred to
the integrator. The sampled voltages lies in the range 0-0.4V.

Capacitors. The C-V converter based on amplifier 2 converts the sensor (or reference)
capacitor into a voltage V.,, which is sampled on C,.

Resistive bridges with maximum imbalance A..=0.04. The output voltage V.. of the
bridge is directly sampled on C,. The voltage Vgs across the bridge is divided by 32 before
it is sampled on C,. This division stage is based on resistors R;. Rg and C,;..Cy 4.

Resistive bridges with maximum imbalance Am=2.5-10°. The output voltage V.. is
amplified 15 times by the DEM voltage amplifier based on amplifiers 3 and 4. The voltage
Vas across the bridge is processed in the same way as for Ap,,,=0.04.

Thermistors. The buffer stages based on amplifiers 5 and 6 drive the series connection of a
thermistor Ry, and reference resistor Rys. The peak-to-peak amplitude of the drive voltage
amounts to 0.08Vpp. The voltage across Ry, and Ryt is sampled on C,.
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Figure 6-1. Qverview of the measurement of several applications.
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The realized Smart Signal Processor is able to read out more than the applications as showed

in the figure. Other applications are:

¢ Potentiometers. These sensing elements are measured in a way similar to the measurement
of platinum resistors. The bias resistor R is removed. The voltage swing Vz of node Z
equals Vpp. The value of the sampling capacitor is decreased to handle the large voltage
swing of V3.

¢ Resistive bridges where the physical signal is represented by the ratio of the output voltage
of the bridge and the current through the bridge (I-bridges). These sensing elements are
also measured similar to platinum resistors. The interface offers the possibility to amplify
the output voltage V., of the bridge before sampling on C,.

A buffer stage generates the reference voltage 0.5Vpp, which is used for the non-inverting
nodes of the C-V converter, the integrator and the comparator. The layout of this buffer stage
is obtained from a standard library. The amplifiers 3, 4, 5 and 6 are combined. Only two
amplifiers are used to perform the amplification of small voltages of Vo, and to drive the
sensor for the measurement of thermistors. The layout of these amplifiers is also obtained from
a standard library. The layout of the comparator is also obtained from the a standard library.
Specifications for the amplifiers and comparator are listed in Table 6-2.

Parameter Am | | Amplifier2 Amplifiers 2 .. 5 | Comparator
Type OTA OTA OpAmp Comparator
Supply current | 100 uA 530 uA 280 uA 65 nA
White noise 50 nV/VHz 12 nV/\Hz 25 nV/\Hz ?

fa4p / fr / delay | 75 MHz 25 MHz 5 MHz 0.3us

Em 250 pA/V 13 mA/V - -

DC gain 95 dB 90 dB 120 dB 120 dB

Table 6-2. Simulated specifications of the amplifiers and comparator.

The white noise levels of the amplifiers 1 and 2 have been designed to meet the specifications
as mentioned in Chapter 2. The use of CMOS implies rather large values for the 1/f noise
corner frequency. Due to the applied chopping techniques, the requirement is that this corner
frequency falls below the frequency of the modulator. The resolution will not be affected by 1/f
noise in this case. The requirements for the corner frequency of the integration current I;, are
more stringent, since I is implemented by two chopped DC current sources. This is explained
later. The resolution will not be affected if the 1/f noise corner frequency of I, falls below the
reciprocal value of one full measurement cycle.

The block containing the logic and switch control consists of a number of digital cells, like flip-

flops, NAND’s, inverters etc. It consists of more than 400 digital cells and the main parts are:

e The control of the 160 analog switches, including sampling switches, switches in the DEM
amplifier, switches in the DEM divider etc.

o The period counter for counting N modulator periods

e The counter for selection of the measurement phases

e Logic for generating the input signal for the microcontroller

A microphotograph of the complete interface is shown in Figure 6-2.

The die size measures 5.5 mm* (2.9 x 1.9 mm) and is mounted in a 16-pins DIL package. The
active area (the area within the ring of the power supply lines) measures 3.6 mm®.

100



6. Design and realization
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Figure 6-2. Microphotograph of the interface. The chip was realized in a 0.7um CMOS
process, measures 5.5mm’ and is mounted in a 16-pins DIL package.

6.3.1 The integrator

We implemented the amplifier as an Operational Transconductance Amplifier (OTA) , because
of its excellent output voltage swing and the simplicity of obtaining HF stability. We used a
single-stage topology. A two-stage topology has a much higher DC gain, but this does not play
a role in connection with the nonlinearity, as long as the output resistance of the current source
Line is sufficiently large. This is not very difficult to realize.

Voltage-dependence of the feedback capacitor does not result in nonlinear behavior and is,
therefore, allowed. The bottom plate is embedded in the substrate and can pick up substrate
noise. It is, therefore, connected to the output of the amplifier.

Bandwidth and stability

The bandwidth of the integrator should be limited to 500kHz. A narrow bandwidth results in
nonlinear behavior, while a wider bandwidth results in an increase of the sensitivity to
interference from the microcontroller. Since the capacitor C, (=ZCq) is disconnected from the
integrator during phase @, the bandwidth of the integrator during @, is wider than during ..
A method to obtain a constant bandwidth is to add a dummy capacitor C4un Which is equal to
C,. This capacitor is connected to the integrator during ¢;, as shown in Figure 6-3. A
disadvantage of using a dummy capacitor is that there is an increase in the noise level. The
dummy capacitor has not been applied.
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Figure 6-3. A dummy capacitor Cy,, can be added to achieve a constant bandwidth.

The simulated bandwidth of the transconductance amplifier equals 75 MHz, as listed in Table
6-2. This bandwidth is very high with respect to the integrator’s closed-loop bandwidth, so the
closed-loop bandwidth will be determined by the feedback network. The OTA can now be
modeled by an infinite-bandwidth system, as shown in Figure 6-4.

Cin

|
LB

Via g"'*‘“'v“‘i Cioad it
B Hﬁ I

Figure 6-4. A simple model of the integrator to calculate the high-frequency bandwidth.
The high-frequency time constant Tgg i Of the system in Figure 6-4 is given by:

( mputC + Cload mt + Cmpurcload,int)

T, int — 6-2
i (gm,intRour + l)C + Cmput ( )
When g inRou>>1 and gum,inRout™>Cinpu/Cin, (6-2) can be simplified into:
P
Qn t Cload ,int Cload.in
FHF . = mi:t (H— Cint ’ gm,imt 3

With Cin=Cioaix=10pF and Ci,u=45pF (we consider ¢,), the required transconductance to
achieve twpi=500ns amounts to 200uA/V. Operation in the strong inversion region, where
[Ves-Vmu[>0.2V for the 0.7um CMOS process, requires a bias current of at least 20uA per
transistor. The bias currents through the input and output stage are chosen to be equal and the
required minimal total bias current becomes 80puA. The minimal bias current is not only
determined by the bandwidth, but also by the noise requirements.
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Class AB operation

The Castello and Gray’s class-AB OTA [1] enables a large output current. The bias current
through the output stage of this OT A equals the bias current through the input stage. Since the
integration current is only 500nA, a 20uA bias current flowing through the output stage will be
enough to properly integrate L. A class AB configuration will, therefore, not have an
advantage over a class A OTA.

6.3.2 The capacitance-to-voltage converter

The capacitor-to-voltage (C-V) converter converts the sensor and reference capacitance into a
voltage V... This voltage is sampled on C, and processed to the integrator, as shown in Figure
6-5.

a) —(’g/oﬁ

Cu :
H Ve
C« C,
! _(_ 01 (’Dz/n
Vtr,x C - OS]
? —I— Vop2| C-V convj(gV Z %/O_l 1
~ integrator
T Y
b) .
Y YVp
{031
02
Vva l/2\/DD
Vop
Vs GND

Figure 6-5. The capacitor-to-voltage converter followed by the integrator (a) and related
signal forms (b).

The bottom plate of C.,, which is embedded in the substrate, can easily pick up interference
and is therefore connected to the output of the amplifier.

The amplifier can be implemented as an OpAmp or as an OTA. As discussed in Chapter 5, an
OTA is preferable in view of HF stability aspects. The main pole is determined by C,, since the
OTA is based on a single-stage topology. The high-frequency time constant Tury. can be
calculated in a way similar to (6-3):

Cp [ Cload,va) Cload va
1+ +
C 8w

va

(6-4)

THF va =
m,va
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where we neglected C,. The capacitor Cigya 1s the capacitance at the output of the OTA and
is formed by C, (only during ¢,) and the substrate capacitance of C.,. We expect that the
nonlinearity due to the limited bandwidth becomes important when Tur,. becomes larger than
T1/15=0.66us. With gn..=1.3mA/V (see Table 6-2) and Ciouyra/Cva=1, values of C, up to
430pF are allowed to obtain a linearity better than 100ppm. Larger values for C, can be
handled with the same linearity by increasing gm., or by shunting C, by a switch which is
closed during @,. This was discussed in Chapter 5.

The DC gain of the OTA (90dB) is large enough to obtain a linearity better than 10ppm.

6.3.3 Switch sequence

The switches connected to C,, as shown in Figure 6-6, operate in a certain sequence. The first
step is the break-before-make (BBM) operation of the switches at the input of the integrator
(s1 and s;). After this, s; and s, operate in an arbitrary sequence. The result of this is that switch
charge injection into the integrator originates only from s, and s;. The switch charge injection
of these switches is constant and causes, therefore, an offset. The switches have been
implemented by an NMOS and a PMOS transistor in parallel.

C
91 8 Is ®2 g
1 3 2
Vx -.E(’g/s4 (Pl - Sl
Sl

Figure 6-6. The switches connected to C, operate in a certain sequence.

The required logic to generate the control signals for the switches is shown in Figure 6-7. The
signal “in” is derived from the output signal of the comparator. As can be seen from the time
signals in b), switches s; and s4 operate after the BBM operation of s, and s,.
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Figure 6-7. Logic generating the control signals for switches s; to s4 (a) and time signals (b).

6.3.4 The integration current source I,

The integration current source Ii, of the Multiple-Sensor Modulator is an important part of the

modulator. It converts charges into time intervals.

Important requirements for this current source are:

1. The positive and negative value of the current should be very closely matched. A mismatch
of 3-10™ results in a decrease of the LF suppression by a factor two, as discussed in
Chapter 5.

2. The output resistance should be large in order to obtain a linear charge-to-time conversion.

3. When Iiy is implemented by two current sources which are alternately connected and
disconnected to the integrator, the modulator loses its insensitivity to the LF 1/f noise of
the two currents.

The implementation of Ly as shown in Figure 6-8 has the advantages of a low sensitivity to LF
1/f noise and a sufficiently low nonlinearity. The main disadvantage is that the positive and
negative value of I, can only be made equal by choosing matched on-chip components. These
matched components are required to generate Vpp/2. However, a mismatch of less than 107
can hardly be achieved by relying on matching.
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Figure 6-8. Generation of the integration current Iy by a switched resistor R;.

A current source which allows a better matching between the positive and negative value of Iix
is based on a dynamic current mirror where the input and output transistor are the same, as
shown in Figure 6-9. This principle has been used by Groeneveld et. al. [2] and is based on
switched-current (SI) techniques. One of the problems of SI techniques is related to switch
charge injection, but these have been solved.

T Csi Rgr
j Ip
D,
e
0,8 S0,
Irt:f l IO“‘

Figure 6-9. Dynamic current mirror with a very accurate gain.

During phase ®,, the reference current L. is copied to Ip. At the end of this phase, the
feedback switch opens and a voltage is held on Cs;. During phase ®;, the transistor is switched
as a current source and L, equals Tr. Resistor Ry is added to decrease the noise level.

The total current source Iy is based on three of those copy cells and is shown in Figure 6-10.
The circuit needs three phases ®; to generate Lixe. Let is copied directly to In(Ma). Ier is copied
to Ip(M,) with help of the copy cell based on M.
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Figure 6-10. An SI-based current source with equal positive and negative value for I,,,.

The control signals for the switches is shown in Figure 6-11. During phase ®,, the current
In(Ms) is copied to In(M,), while In(M;) is integrated. During phase ®,, L is copied to
In(M_), while Ip(M) is integrated. Finally, during phase ®s, I is copied to Ip(Ms).

—
Vint
o, !
0..
® .
o, !
o

Figure 6-11. Control signals for the current source in Figure 6-10.

Noise

The sampling operation in each copy cell causes an increase in the noise level. The original
noise current of each block is assumed to be 4kT/Rsr (Rs>>1/g,,). We calculate the value of
Cs: for which the noise is increased by 3 dB.

During the sampling phase of a copy cell (the feedback switch is conducting), the thermal noise
4kTRg; is filtered by the RgCs; LPF. This is valid for Rs>>1/g, and this assumption will be
checked later. The noise power on Cs; now equals kT/Cs;. This noise power can be shifted in
series with R, thereby generating a noise current. The main voltage across Rg equals LRg;.
The SNR for N periods Tmem (N samples) is given by:
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SNR My RiCy (6-5)
kT/IC kT
The SNR for the original noise current 4kT/Rg is given by the ratio if the duration (NTpem)” of
a measurement phase and the variance o;” (see Table 5-2):
2NT,_ I’

msm ref _
SNR,,, = —-——4kT (6-6)

Equalizing equations (6-5) and (6-6) results in:

R,Cy=3T,, =2T.

msm sub

(6-7)

When the value for Cg; satisfies (6-7), the noise level of the current source is increased by 3dB.
It is no problem that the time constant RsCs is larger than Ty, since this will only cause a
transient after switching on the power supply.

The required 1/f noise corner frequency of I.¢ is lower than the reciprocal value of one
complete measurement cycle (approximately 100ms). The contribution of 1/f noise of L.r can
then be neglected. The restrictions to the dynamic current sources are much more relaxed. This
is the result of the periodical updating of the dynamic current sources.

Output resistance

The output resistance of the current source causes a LF pole in the charge-to-time transfer. It
is no problem to keep the nonlinearity caused by this pole below 1ppm, as discussed in section
5.7. The output resistance can be calculated from the standard strong inversion relation
between drain current Ip and drain-source voltage Vps:

174
Ip= %flucox(VGS - VTH)Z(I + ’?'VDS) (6-8)

where p is the mobility and C,, the oxide capacitance per unit area.
The output resistance of the MOS transistor is given by ra:

rol o ap
S
W s 69
= Mpl, o= Al

The output resistance of the current source is now given by Rousi:

Rous1 = rd(l + ngS[) (6-10)

We assume that the transistor operates in strong inversion, near moderate inversion. The
voltage |Vgs-Vn| equals 0.2V. The transconductance with a fixed SO0nA bias current then
equals SpA/V. With A=3-107 Rg=1MC, the output resistance Rouws=4GQ. In combination
with a 95dB amplifier DC gain in the integrator stage and Ci,=10pF, the LF time constant
equals 2.2-10%s. This large time constant results in a negligible nonlinear behavior.
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Switch charge injection of feedback switches

The opening of the MOS feedback switch causes a flow of charge to Cs. This switch charge

injection (SCI) disturbs the gain factor of a copy cell. We have to deal with two problems.

These are:

1. The current Ip(M,) is generated by using only one copy cell, while In(M) is generated by
using two copy cells. Since the gain factors differs from 1, the result is that Ip(M;) and
In(M;) are not equal.

2. The gain change due to SCI of a copy cell based on an NMOS transistor (Mj, current sink)
differs from that based on a PMOS transistor (M, and M, current source). This is also true
when every feedback switch consists of an NMOS and a PMOS transistor in parallel.

These problems can be solved by using only PMOS transistors as switches in the copy cell

based on M, and M3, and an NMOS transistor as a switch in the copy cell based on M;. The

length and width of these transistors also have to satisfy certain rules.

The length of the switch transistors are denoted by L,, L,, and L, for the transistors in the

copy cells based on M;, M; and M;, respectively. The width is denoted in the same way by

Wn,l, Wp,z and Wp,3‘

Two contributions to SCI from MOS switches can be distinguished:

1. A contribution due to gate-drain/source overlap capacitance

2. A contribution due to the channel charge. The channel charge of an MOS transistor
operated in strong inversion and in its linear region is given by Q.

Qox = (VGS - Vm)WLCDx (6'1 1)

where Vry is the threshold voltage Vs the voltage between gate and source, W the width,
L the length and C, the unit capacitance.
We compensate separately for both contributions to SCIL.
For the contribution from the overlap capacitance can be compensated when the following
equation is satisfied:

1

W= W= W, (6-12)

P2
When (6-12) is true, the gain change due to the overlap capacitance of the copy cell based on
M; is twice that of the other two copy cells.

With L, »=L,3=L,, the length L, ; should satisfy:

Ly Vs LRy + Wi,
i ’ AVga!e - [rJRSI - 2V771,n

(6-13)

where AV is the swing of the gate voltage. With AV,.=5V, I.Rs=0.5V, V=08V and
Vru,=-1V, the value for L,; amounts to 0.86L,.

When (6-12) and (6-13) have been satisfied, the SCI due to overlap capacitance and channel
charge have been compensated and the effect of SCI on the current mismatch is theoretically
eliminated. Further, we have locally compensated the SCI by applying dummy switches, as
described by Yen and Gray [3].

6.3.5 Bias circuit

The bias current is used for biasing all active parts like OTAs, amplifiers etc. Its accuracy and
noise is not very critical. The bias current is generated by a PTAT source, as shown in Figure
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6-12. The transistors M; and M, operate in the weak inversion region. Transistor M, has a
doubled width with respect to M;. The current I, is than given by:

_ kTIn(2)
bias anbias

where the constant n is 1.5 and q the charge of an electron.

(6-14)

M; M,
Voo Q Iprar
M, M,
LW w
L IRy L

Figure 6-12. A PTAT current is used to bias the complete modulator.

The current I, has a PTAT character when Ry, is temperature independent. An N-well
resistor has a positive temperature coefficient, which compensates for the temperature
coefficient of the PTAT voltage. The result is a bias current with a reduced temperature
coefficient.

6.3.6 Watch dog

The function of the watch dog is to start the oscillation process when desired. This is, for
instance, after switching on the power supply, or after an unwanted stop of the oscillation
process. We consider two methods to detect whether the modulator has stopped oscillating.
These are:

Comparison of V;, with two reference levels

The output voltage Vi of the integrator is compared with two reference levels V, and V, as
shown in Figure 6-13 . When V;, falls outside the range determined by these voltages, a start-
up trigger should be generated.

Figure 6-13. Detection of the oscillation process by comparison Vi, with two reference levels.

A disadvantage of this method is that the part of the maximum voltage swing of Vi has to be
reserved for detection purposes. This decreases the usable voltage swing of Viu.
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Compare the period of the modulator with a time interval

Another method to detect whether the modulator is oscillating or not is to compare the period
of the modulator Ty with an on-chip time interval Twg. When Tpm is larger than T, a start-
up trigger pulse should be generated. In normal operation, the relation Tws>Tmsmmax holds.

The time interval Ty can be generated by charging a capacitor to a certain reference voltage.
The capacitor is periodically reset. When the time between two resets becomes greater than
Twa, a start-up pulse is generated. A circuit implementing these functions is shown in Figure 6-
14. When Vyea (with period Trsm) is high, capacitor Cyp is reset and Vg, increases. During
normal operation, capacitor Cyg, is reset before the threshold voltage is reached. The one-shot
generator is triggered when one of the voltages V4 reaches the threshold. The time interval
Tya is given by:

Cuwd’pD

de = (6-1 5)

The value for Tug must be longer than Tmsmmax. It is safe to use a sufficiently large margin to
obviate unwanted activation of the start-up circuit. With C,¢=1pF, Vpp=5V and I,+=2nA, the
time interval Tyq amounts to 2.5ms.

One-shot
generator

Figure 6-14. Detection of the oscillation process by comparing the modulator period Tm
with a time interval T4

The reset pulse forces a fixed value for Vi, and I The modulator is released after a time
interval Tone shot and the oscillation process starts.

6.4 Conclusions

The Smart Signal Processor was designed in a 0.7um CMOS process, measures 5.5mm” and is
mounted into a standard 16 pins DIL package. Although many different sensor elements can be
connected to the SSP, the number of connections for the sensor elements to the SSP is limited
to six. The function of every connection pad, therefore, depends of the type of sensor element.
The modulator consists of several sensor-specific front-ends and a common part. The latter
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consists of a switched-capacitor integrator, a comparator, a square-wave current source and
logic circuits. Several switches, controlled by logic circuits, guarantee the sampling of the right
voltages and the transfer of the right charges. In order to achieve the maximum available
suppression of low-frequency interfering signals, the generation of the integration current is
based on switched-current (SI) techniques. Application of this technique results in the required
accurately-matched positive and negative values of the integration current. A watch dog
detects whether the oscillation process has stopped for a certain time and (re)starts the
oscillator when this is necessary.
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7.1 Introduction

The complete multiple-purpose sensor interface has been realized in a 0.7um CMOS process.
The interface has 16 different applications. All these applications are discussed separately in
Appendix C. Several applications have specific circuit parts in common. Applications sharing
the same electronics can be characterized by characterizing only one application. We,
therefore, characterize the performance of the following applications:

e Capacitors

e Platinum resistors

e Resistive bridges

e Thermistors

We start with the measurement of the resolution and the linearity, followed by the
measurement of low-frequency and high-frequency suppression. Also temperature and power-
supply effects have been measured.

7.2 Measurement of resolution and nonlinearity

Measurement setup

The measurement of resolution and nonlinearity have been performed with the measurement
setup as shown in Figure 7-1. The system is based on a sensing and reference element, the
interface, a microcontroller and a PC.
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a)
Sensing
and Interface microcontroller PC
reference
element
b) . one full cycle
Toﬁ : Tx Tref

P > -
* >4 Lo

Figure 7-1. Measurement setup (a) and the output signal of the interface (b).

The microcontroller is an Intel 87C51FB with a clock frequency of 12 MHz. The sampling
frequency equals 3MHz. The output signal is shown in b). The interface selects automatically
the three measurement phases to perform the three-signal technique. The offset measurement
phase is labeled by temporarily doubling the output frequency of the interface. Every
measurement phase consists of N modulator periods. The value of N equals 256 or 32,
depending on an external selection bit. The nominal period varies between 80us and 150us.
The duration of one full cycle then approximately amounts to 10ms (N=32) or 80ms (N=256).

Definition of nonlinearity
The calculation of the nonlinearity is based on four measurements instead of the three
measurements as shown in Figure 7-1. In addition to the measurement of the offset signal E,
the signals Ey;+Eqr and Ex;+Eqy are measured separately, and, finally, the sum Eq+EqotE g is
measured. This results in four measurement phases:
1. Measurement of Tog=GEox
2. Measurement of Ty;= G(E.a+Ex)
3. Measurement of T,=G(Ecs+Ex)
4. Measurement of Ty;+x2=G(Ec#rtEx1+Ex2)
The nonlinearity A is now defined by:

1= Ta+ Ty 21 _

1 (7-1)
T.xl+x2 - ]:)ﬂ

When the modulator is perfectly linear, the nonlinearity amounts to zero.

7.2.2 Measurement of capacitors

The connection of the signal and reference capacitor to the interface and its input stage are
shown in Figure 7-2. The output of the capacitance-to-voltage (C-V) converter is sampled and
charge on the sampling capacitor is converted into a period.
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Figure 7-2. Connection of two capacitors to the interface and its input stage.

The interface is able to measure capacitors in several ranges. Different ranges can be selected
by changing the feedback capacitor in the C-V converter and/or by changing the amplitude of
the signal Vi, on the transmitting electrode. Capacitors can be measured in three different
ranges:

1. 0-2pF (C,=7pF, V,=Vpp)

2. 0-12pF (C\=42pF, V_=Vpp)

3. Any range between 0-300pF (C,,=42pF and variable amplitude \A/u)

7.2.2.1 Resolution
Table 7-1 shows the calculated and the measured capacitive resolution for the measurement
range of 0-2pF and for C;=S0pF and N=256. The measurement time of one cycle is 80ms.

Noise source | Calculated Measured
resolution resolution
Upi S aF
Un, 11 aF
Un, buf 22 &F
__quantization 5 aF
Total 26 aF 50aF

Table 7-1. Calculated and measured capacitive resolution in the 0-2pF range for C,=50pF
and N=256. The measurement time of one cycle amounts to 80ms.

The measured resolution is only 6 dB worse than the calculated resolution. The calculated
resolution is based only on white noise. The difference between the calculated and the
measured resolution could be caused by 1/f noise, but this noise does not play a role. This is
discussed later. The difference can be caused by an increased white noise level or by increased
bandwidths of analog parts.

The largest contribution to the resolution is caused by u,py. This is the noise voltage of the
amplifier which buffers the reference voltage Vpn/2. This voltage is used as a reference voltage
for the non-inverting inputs of the C-V converter and the integrator. Calculation of its effect on
the resolution is given in Appendix B. The contribution to the resolution of this noise can easily
be decreased by decreasing the bandwidth of the amplifier. The bandwidth of this buffer
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amplifier can be decreased four times without running into bandwidth-limitation problems. The
contribution of uypys Will then be 11 aF, which results in a total calculated resolution of 17aF.

Resolution versus measurement time

The resolution has also been measured as a function of the measurement time. It is possible to
bypass the three-signal protocol of the interface by selecting a special interface mode. The
interface now behaves like a capacitive-controlled oscillator without a multiplexer. The
microcontroller now implements the three-signal technique by selecting the measurement
phases. This setup is shown in Figure 7-3. The signal Vi, is multiplexed to none, one, or both of
the capacitors Cy; and C,. The length of a measurement phase is determined by the
microcontroller and varies between 1 to 10° periods.

Vi
Ce
,_l
MUX Cu Interface Microcontroller
_I CPI
'[ T _ |
selection of measurement phase

Figure 7-3. Measurement setup to measure the resolution versus the measurement time. The
interface is put in a special mode and behaves like a capacitive-controlled oscillator. The
measurement phases are now selected by the microcontroller instead of the interface.

The measured resolution as a function of the total measurement time (time of three
measurement phases) is shown in Figure 7-4. The parasitic capacitance amounts to 50pF and
the measurement range equals 0-2pF.

For short measurement times, the quantization noise is dominant. The resolution in this range
is inverse proportional to the measurement time Tre.. When the electronic white noise of the
modulator dominates, the resolution varies inverse proportional to the square root out of the
measurement time. These two relations are clearly visible in the plot. Any 1/f component in the
period would cause a flat curve in the plot. Since no such flat curve is visible, the 1/f corner
frequency can not be measured but is below 0.5Hz.
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Figure 7-4. Resolution after the calculation of the three-signal technique versus the total
measurement time. The measurement range equals 0-2pF and C,=50pF.

Resolution versus parasitic capacitance

The resolution is also measured as a function of the parasitic capacitance C,. The measurement
setup is showed in Figure 7-2. Since 1/f noise plays no role, we only focus on white noise. The
dominant noise sources for large values of C, is the noise voltage u,. of the amplifier in the C-
V converter. another dominant source is the noise voltage . Of the buffer amplifier. The
bandwidth B,, of the C-V converter is inverse proportional to C,. The resolution then becomes
proportional to the square root out of C,. This relation is visible in Figure 7-5.

4.5E-16
4.0E-16 %
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3.0E-16
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Quantization noise
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S 2.0E-16
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& 1.56-16
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0.0E+00 2.0E-10 4.0E-10 6.0E-10 8.0E-10 1.0E-09 1.2E-09
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Figure 7-5. Resolution after the calculation related to the three-signal technique versus the
parasitic capacitance C,. The measurement range equals 0-2pF-.

7.2.2.2 Offset
When the internal multiplexer is used, we expect offset problems due to the parasitic
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capacitance between the terminals of the transmitting and the receiving electrodes. The
interface mounted in a package is shown in Figure 7-6. The transmitting terminals are the pins
B and C, and pin A is the receiving terminal. The parallel parasitic capacitances Cy,ap, Cp.ac and
C,.ap are air-capacitors or are caused by the package.

Bonding pad
/

B
C O T [ |

i
B

Cref
—Hp

é; p,AD

Interface

Package

i}

Figure 7-6. Interface mounted in a package. Pin A is used for the receiving electrodes and
pins B to D for the transmitting electrodes. The parallel parasitic capacitors Cypap, Cpac and
C,.4p are air-capacitors or are caused by the package. Their effect is eliminated when they
are equal.

The parallel parasitics form an additive error when they are equal. Their effect on the final
measurement result Co/Crer can be eliminated in this case. The offset measurement is performed
by measuring pin D to which no capacitor has been connected. The measurement phases are
now given by;

Tg=T+ K noacCp.an

Ty = To+ Knoac|Cop + Cpc) (7-2)
T,= T+ Kuoge|Co + Cptp)

X

where Ty and Kpeac are constants of the modulator. Calculation of the final result M gives:

_ T.- T4
Ty~ 1o

(7-3)

Cit Cpup~ Cpap

Cror * Cpac = Cpap

When the parallel parasitics are equal, their effect is completely eliminated by the three-signal
technique. Any mismatch between these parallel parasitics leads to an error. The measured
offsets in the 0-2pF range are smaller than 25fF. This is caused by mismatch between the
parallel parasitics. Smaller offsets can only be obtained by applying an external multiplexer in
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combination with shielding or maintaining a sufficiently large distance between the transmitting
and receiving terminals.

7.2.2.3 Nonlinearity

The nonlinearity in the range 0-2pF has been measured with two capacitors of 1pF each. The
capacitors are made of Teflon, which has a very small dielectric absorption. The nonlinearity
has been measured using an external multiplexer, as shown in Figure 7-3. This is to guarantee a
low offset, as discussed previously.

The measured nonlinearity for C,=50pF amounts to -200ppm. It is difficult to explain why the
nonlinearity is not better. In any event, it is not plausible that this is caused by the finite DC
gain, since this would result in a positive nonlinearity.

Nonlinearity versus parasitic capacitance

The nonlinearity in the 0-2pF range has also been measured as a function of the parasitic
capacitance C,. This is shown in Figure 7-7. The nonlinearity starts to increase for C,>200pF.
This value is below the calculated value (430pF; see Chapter 6). This is partly caused by extra
capacitances which have not been accounted for. These extra capacitances are, for instance,
the capacitances of switches (from source/drain to bulk), from bonding pads and from the
package.

3.5E-03 1
3.0E-03 +
2.5E-03 +
2.0E-03 +
1.5E-03 +
1.0E-03 +

Non-linearity A

5.0E-04 +
0.0E+00 +

-5.0E-04 } f +— f + i
0.0E+00 2.0E-10 4.0E-10 6.0E-10 8.0E-10 1.0E-09 1.2E-09
Parasitic capacitance (F)

Figure 7-7. Nonlinearity A versus the parasitic capacitance C,. Two Teflon capacitors of IpF
have been used. The measurement range equals 0-2pF.

7.2.3 Measurement of platinum resistors

The connection of the platinum (Ry) and reference (Re) resistor to the interface and its input
stage are shown in Figure 7-8. The voltages Vi (Vcp) and Vi (Vag) are sampled on C,. The
charge on C, is converter into a period. A resistor R determines the current through the chain,
since normal values for V, and V. are much smaller than Vpp. The interface is able to measure
platinum resistors in several ranges by changing the value of R. The voltages Vrr and Vi are
measured using the four-wire technique, which eliminates the effect of lead resistances.
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Figure 7-8. Connection of a platinum resistor and a reference resistor to the interface and its
input stage.

The nonlinearity was measured using a special interface mode. The interface performs
automatically four instead of three measurement phases. In addition to an offset measurement,
the interface measures Vag, Vap and the sum Vap=Vp+Vgp. The duration of the measurement
phases are given by:

(7-4)

where Ty and Kmoar are constants of the modulator. The measured values for these four time
intervals have been substituted in (7-1) in order to obtain the nonlinearity.

The offset has been measured by applying R..~R.=0. Ideally, the measurement phases related
to Rer and R, should be equal to the duration of the offset measurement phase.

Table 7-2 shows the measurement results for platinum resistors (N=256).

| Measured value | Condition :
Resolution TuV (9mK) N=256, Reet=100€, R=2.2k2, Pt100 (i, =2mA)
Nonlinearity | 50 ppm R=R.=100Q, R=2.2kQ (I,,=2mA)
Offset 50uV (64mK) Re=Ry=0, R=2.2kQ)

Table 7-2. Measured results for platinum resistors.

The measured resolution amounts to 7uV, which corresponds to 9mK for a Pt100 biased at
2mA. This result is in very good agreement with the theoretical 4.7uV resolution. The
contribution to the theoretical resolution are 3.1uV from the amplifier in the integrator (u,),
3.1pV from the buffer amplifier (u,5.) and 1.7uV from the quantization noise. This calculated
resolution is based only on white noise. Since all analog parts which are used during the
measurement of platinum resistors are also used during the measurement of capacitors, we
conclude that the 1/f noise plays no role. The 3.5dB difference between the calculated and the
measured resolution is very small and could be caused by an increased noise level or higher
bandwidths than expected.
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Clipping

When the peak-to-peak amplitudes of V, and/or Vi are beyond a certain level (0.5V), the
output voltage of the integrator Vi, will clip to the power supply. The nonlinearity is below
1000 ppm for peak-to-peak amplitudes of 2.5V.

7.2.4 Measurement of resistive bridges

The connection of a resistive bridge to the interface and the input stage of the interface are
shown in Figure 7-9. Dynamic range problems caused by the large difference in amplitude
between Vy and V¢ have been solved by division of Vi and/or amplification of V,. The
division ratio and gain are very accurate and this has been achieved by applying Dynamic
Element Matching. The voltages Vs and Vy were measured using the four-wire technique,
which eliminates the effect of lead resistances completely.

—O/O—VDD Voltage Interface
o Divider +8 ‘
¢] Rb(1+A)[] Vit ;.:—O\Q_| Control V:I)C
Ry(1-4) v o 0| |
R L RE o o o
o= Charge-to-
¢ Rl | o] oo | perod
0—Vpp »_:Q\D_i Converter
L o
—O\Oj_ L°

Figure 7-9. Connection of a resistive bridge to the interface and its input stage.

The interface measures the bridge imbalance A=V,/V.; The selectable ranges for this
imbalance are Am=2.5-10" (The voltage Vy is amplified) and Amax=0.04 (Vi is not amplified).
Measurement results have been obtained using bridge resistors Ry=2kQ. A bridge with an
accurately known imbalance is applied for each measurement range. Thus, the accuracy of the
divider and the amplifier can be verified. The bridge has an imbalance such that the reference
and the signal measurement phases are equal. Any nonlinearity of the charge-to-period
converter and offset has no effect on the determination of the accuracy of the divider and the
amplifier.

The offset is measured by short-circuiting the input terminals. The period during a signal
measurement should then be equal to the period during an offset measurement phase.

The measurement results are listed in Table 7-3.

Item Measured value | Condition
Resolution Tuv N=256, Anx=0.04
Resolution 700nV N=256, Agax=2.5-10"

Accuracy DEM divider | 5-10"

Accuracy DEM amplifier | 107

Offset 3uV Amax=0.04

Offset 50uV Amax=2.5-10"

Table 7-3. Measured results for resistive bridges.
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The resolution for An.x=0.04 equals the resolution for platinum resistors, since almost the same
input stage is used. During the measurement for An,,=2.5-10°, a differential voltage amplifier
based on 16 resistors and two amplifiers is used. The noise voltages are sampled 4 times per
period. In appendix B, it is shown that when the white spectral density equals Suamp and the
closed loop bandwidth equals B.n,, the equivalent input noise voltage (in series with V,) is
given by Avam,
2Sll Bam
AV = amp 4P
Yamp =TYN

with v Sa, amp =25nV/VHz and B,u;=500kHz and N=256, the contribution to the resolution due

(7-5)

to these noise voltages amounts to 780nV. The measured resolution is even better than the
calculated value and this is related to the limited bandwidth of the integrator.

The measured accuracy of the divider and amplifier is good enough to be used in a lot of
applications based on commercially available bridge sensors.

The difference in equivalent input offset between a measurement with and without the DEM
amplifier is approximately 15 times. The conclusion is that the equivalent input offset is not
related to an offset voltage of the DEM amplifier itself. A practical value for the offset voltage
of the DEM amplifier is ImV. The measured equivalent input offset voltage equals 3uV, so the
applied chopping technique results at least in a 50 dB suppression of the offset.

7.2.5 Measurement of thermistors

The connection of thermistors to the interface and the input stage of the interface are shown in
Figure 7-10. An alternating voltage with an amplitude of 0.08Vpp drives the series connection
of the reference resistor R.s and thermistor Ry The voltages Vy and V¢ are sampled and
converted into a charge. The charge is converted into a period. Both voltages V¢ and V, are
measured using the four-wire technique, which eliminates the effect of lead resistances.

Mﬁ Interface

Ao 0.04Vpp ° ;
Rmf[] Vet g . Control  |—+——to uC
C 0.04Vor ) %?f'/zvnn T“
Ra Vs to-
A e
© Converter
Mo

Figure 7-10. Connection of a thermistor and a reference resistor to the interface and its input
stage.

The measurement results were obtained using R,=1kQ and Ry=1k<2 at 25°C.
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The nonlinearity has been measured in the same way as the nonlinearity of platinum resistors is
measured. In addition to the measurement of the offset, the voltages Vap, Vap and the sum
Vap=Vap+Vep were measured. The duration of the measurement phases is given by (7-4).
Equation (7-1) is used to obtain the nonlinearity.

Item ’ Measured value Condition
Resolution 7V, 0.9mK N=256, 4%/K
Nonlinearity 100 ppm Ree=Rua=1kQ
Offset 50uV Ree=Ryi=0

Table 7-4. Measured results of thermistors.

The difference between the measurement of platinum resistors and that of thermistors is that in
the latter case two extra buffer amplifiers are applied to generate the drive voltage 0.08Vpp for
the resistive chain. These buffers are used throughout all measurement phases. Both noise
voltages are sampled 4 times per period. The equivalent input noise can be calculated in a way
equal to (7-5). The only difference is that due to the three-signal technique, a factor K as
described in Chapter 5 should be accounted for. With V Suamp =25nVVHz, Bump=SMHz, K=2

and N=256, the equivalent RMS input voltage due to the noise voltage of these buffer
amplifiers amounts to 3.5uV. When we account for the limited bandwidth during clock phase
@,, this value becomes 2.5uV. The dominant noise sources are the noise voltage of the
amplifier in the integrator and the quantization noise.

7.3 Low-frequency suppression

The suppression of low-frequency interfering signals has been measured for capacitive
measurements. The measurement setup is shown in Figure 7-11. The interface is put in a
special mode, where it operates only as a modulator. The phase selection, required for the
three-signal technique, has been disabled. The interfering signal is modeled by Viz. Both the
sensor and the interfering capacitor equal 1pF. The output of the interface is sampled by a
counter HP 5335A, having a sampling frequency of 1GHz. The quantization noise becomes
negligible. The counter is controlled by a PC. The period of the oscillator without interference
equals 140us (T;=10us and T,=25us).

s
v 1pF t
ir |
A Universal
Interface  |— Counter — PC
1 pF HP 5335A
Vi O |
1

Figure 7-11. Measurement setup for the measurement of the suppression of low-frequency
interfering signals Vs The interface is put in a special mode, operating only as an
modulator.
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The piots in Chapter 5 show the relative error Scan(w,A) in the time domain, relative to the
amplitude of the interfering amplitude versus this relative amplitude. This result in flat curves if
the suppression is independent of the amplitude of Vir. However, due to electronic noise,
Scan(®,A) tends to increase when the amplitude of Vir decreases. It is therefore better to
calculate just the relative error in the time domain. The relative error will also increase
proportional to the amplitude of Vir, also when the suppression is independent of the
interference signal. For a very small interfering amplitude, the relative error will be equal to the
electronic noise level.

The relative error in the time domain is shown in Figure 7-12. The plots show the simulated
(dashed line) and measured (solid line) relative error versus the relative interfering amplitude.
This is the ratio of the amplitudes of Vir and Vi The measured relative error for a S0Hz and a
100Hz interfering signal are little larger than the simulated relative error. The differences
between measurements and simulations are between 2 and 5 times. The main reason for this
slightly worse behavior is probably the mismatch in the integration current. As we saw in
Chapter 5, a current mismatch of 0.1% causes an increase of the relative error of 4 times. Note
that the measured relative error for a 200Hz interfering signal is even smaller than the
simulated relative error.
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Figure 7-12. Simulated and measured relative error in the time domain for three different
Jfrequencies of the low-frequency interfering signal Vir. The measurement time equals Ims.

7.4 Ratings

The performance of the interface has been tested for different power supply voltages and at
different temperatures. We measured the performance by measuring the nonlinearity for
capacitive measurement by using the setup shown in Figure 7-3. We applied two 1 pF Teflon
capacitors and C, equals 30pF. The results are listed in Table 7-5.
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Effect T Nonlinearity (ppm
Normal operation (5V, 25°C) -200
5V, -20°C -250
5V, +80°C 200
3.3V, 25°C -250
5.5V, 25°C 200

Table 7-5. Measured nonlinearity for capacitive measurements under different circumstances.

The operation frequency over the temperature range of 100°C varied by 25%, but still the
nonlinearity has hardly changed. This shows that the applied techniques, especially the three-
signal technique, perform very good and leads to good results in an easy way.

7.5 Conclusions

This chapter discusses the measurement results for all different applications.

The interface operates on supply voltages in the range 3.3V to 5.5V and consumes less than
2mA. Generally, the resolution in any application for a 100ms measurement time amounts to
15 bits.

The resolution for capacitive measurements amounts to 50aF in the 0-2pF range. This value
holds for values of the and parasitic capacitance smaller than 30pF and for a 100ms
measurement time. The resolution increases up to 400aF for a parasitic capacitance of InF.
The nonlinearity for a small parasitic capacitance in the interface temperature range of -40°C to
80°C amounts to 200ppm.

The resistive measurements can be considered as voltage measurements. The resolution
amounts to 7uV for a 100ms measurement time. When a Pt100, biased at 2mA, is used, the
resolution in temperature amounts to 9mK. The nonlinearity in the interface temperature range
-40°C to 80°C amounts to 150ppm.

The inaccuracy of the on-chip DEM voltage divider and on-chip DEM voltage amplifier
amount to 500ppm and 1000ppm, respectively. The voltage divider shows an almost
temperature-independent inaccuracy and the inaccuracy of the amplifier starts to worsen for
temperatures above 60°C.

The suppression of low-frequency interfering signals by a second-order SC filter is effective
and is almost equal to the maximum achievable suppression.
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8. Conclusions

Main conclusions

1t is necessary to apply continuous auto-calibration techniques, synchronous detection, two-
port measurement techniques and dynamic element matching in order to realize low-cost,
multiple-purpose accurate sensor interfaces.

The best type of Analog-to-Digital conversion to be applied in low-cost smart sensor systems
is based on the use of an asynchronous oscillator in combination with a frequency counter.

Chapter 1

Conventional sensor systems are not widely spread. This is mainly caused by the fact that the
interface electronics are too expensive, too large, and not very reliable and accurate. A
breakthrough in the sensor market will be enabled by low-cost sensor interfaces which are
accurate, reliable and easy-to-use. This thesis will deal with the development of interfaces
which meet the requirements.

Chapter 2

Combining microcontrollers and sensor interfaces is a good method to achieve low-cost and
easy-to-use sensor systems. At the moment, general-purpose interfaces are superior to special-
purpose interfaces. This can be attributed to the fact that the sensor market cannot (yet) be
considered as a high-volume market. One of our measurement strategies is to move the
required functions as much as possible from the interface to the microcontroller in order to
obtain simple circuits and accurate systems.

Chapter 3

Application of good measurement techniques must be applied to obtain low-cost multiple-

purpose and reliable sensor systems. These techniques are:

¢ the three-signal technique, which is a continuous auto-calibration technique that enables
accurate results to be obtained at low costs, even when low-cost IC processes are used,

o synchronous detection for the suppression of interference signals,

» two-port measurement techniques for the suppression of parasitics of the sensor element
connecting wires,

e dynamic element matching to realize, for instance, calibration-free voltage amplifiers.

Chapter 4

The type of Analog-to-Digital conversion which is most suitable for use in low-cost smart
sensor systems is based on an asynchronous oscillator (modulator), which is modulated by the
sensor signal, in combination with a frequency counter (the microcontroller). This conclusion is
based on such aspects as the number of wires between the interface and the microcontroller,
the format of the interface output signal, the effort of the microcontroller to calculate the final
measurement result, the required conversion time and the effect of low- and high-frequency
interference signals. The selection of the three different measurement phases, resulting from the
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three-signal technique, is done by the interface itself. The interface output signal is very robust,
requires only a small transmission bandwidth and can easily be decoded by the microcontroller.

Chapter §

The heart of the Analog-to-Digital converter consists of a first-order relaxation modulator, in
which the voltage swing across the integration capacitor is modulated. The low-frequency
interference signals are suppressed by synchronous detection in combination with a second-
order switched-capacitor (SC) filter. This filter also suppresses the effects of low-frequency 1/f
noise. Further, high-frequency interference signals have been suppressed by applying dithering
techniques. There are no extreme modulator requirements that have to be met in order to
obtain a high-linear signal-to-period conversion. Specific problems related to the read-out of
sensing elements have been solved by applying sensor-specific signal-processing circuits.

Chapter 6

The interface was designed in a 0.7um CMOS process. Although many different sensor
elements can be connected to the interface, the number of sensor elements connections to the
interface is limited to six. The function of every connection pad, therefore, depends of the type
of sensor element. The modulator consists of several sensor-specific front-ends and a common
part. Several switches, controlled by logic circuits, guarantee that the right voltages will be
sampled and that the right charges transfer will be transferred. In order to achieve the
maximum available suppression of low-frequency interference signals, the generation of the
integration current is based on switched-current (SI) techniques. A watchdog detects whether
the oscillation process has stopped for a certain amount of time and (re)starts the oscillator
when necessary.

Chapter 7

The interface operates on supply voltages ranging from 3.3V to 5.5V and consuming less than
2mA. Generally, the resolution in any application for a measurement of 100ms time amounts to
15 bits.

The resolution for capacitive measurements amounts to 50aF in the 0-2pF range. This value
holds for a parasitic capacitance smaller than 30pF and for a measurement time of 100ms. The
resolution increases up to 400aF for a parasitic capacitance of 1nF. In the case of a small
parasitic capacitance and an interface temperature range of -40°C to 80°C, the nonlinearity
amounts to 200ppm.

The resistive measurements can be considered as voltage measurements. The resolution
amounts to 7uV for a measurement time of 100ms. When a Pt100, biased at 2mA, is used, the
resolution in temperature will be 9mK. The resolution of the thermistor measurement is better
than 1mK. The nonlinearity in the interface temperature range from -40°C to 80°C amounts to
150ppm. The inaccuracy of the on-chip DEM voltage divider and on-chip DEM voltage
amplifier amounts to respectively 500ppm and 1000ppm. The voltage divider shows a nearly
temperature-independent inaccuracy. The inaccuracy of the amplifier starts to increase for
temperatures above 60°C.

The suppression of low-frequency interference signals by a second-order SC filter is effective
and is almost equal to the maximum achievable suppression.

The final version of the interface has been made commercially available.
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A. Electrical characteristics of
sensing elements

This appendix describes the most important electrical characteristics of the sensing elements
which can be read out by the Smart Signal Processor (SSP). The following sensing elements
will be considered:

e Capacitors

Platinum resistors

Thermistors

Resistive bridges

Resistive potentiometers

A.1 Capacitors

The model of the capacitor Cy, including the connection cables, is shown in Figure A-1. The
parasitic capacitors C,; and C,, model the capacitance of the connection cables.
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11

Ofi i -‘_ o
C Cp1
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Figure A-1. Model of C, including the connection cables.

Icap

The effect of Cp; and Cy can be eliminated by forcing a voltage between node A and B and
measuring the current L., when nodes C and D are short-cutted. This current than only
depends on Vp and C,. This is a two-port measurement.

A.2 Platinum resistors

Platinum resistors are used for temperature measurements. The usefull range amounts to
-200°C to 850°C. Commonly used platinum resistors are the PT100 and Pt1000, which have a
value of 100Q2 and 1kQ at 0°C respectively. According to the DIN-IEC 751 [1] standard the
platinum resistor Ry(T) for Te[-200°C, 0°C] is given by:

R(D)= R, (O(1+aT-al+al-aT) (A-1)
where T is the temperature in °C. For the range T<[0°C, 850°C], Rp(T) is given by:
R (D)= R, 01+ aT-a,T?) (A-2)

The values for a,, a,, a; and a, are given in Table A-1 and can easily be stored in the
microcontroller.
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10

a .

a 0.5802:10°

a3 0.42735:10° | (°C)?
a 42735-10" | (C)*

Table A-1. Values of coefficients in the equation for Rp,(]):

We consider two sources of errors in the measurement of the temperature. These are:
1. the initial uncertainty
2. the error due to self-heating

Initial uncertainty
The initial uncertainty ATp(T) for class A platinum resistors is specified by the same
standard:

AT,,.(D) = +(015+2-10%7)) (A-3)

where T is the temperature in °C. Based on the values of Ry(T) and ATp:ni(T), we can derive
the relative uncertainty gpni(T). This is the relative resistor change which is required to obtain
the same temperature change as ATy i(T) and is defined by:

mpt(]')

im(1)= AT (D % (A-4)

The curve for €y (T) does not depend on Ry(0) and is shown in Figure A-2.
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Figure A-2. The relative uncertainty due io the initial uncertainty (&,.,(1)) and due to the
self-heating (gy,:4(T)) of a Pt100 biased at 2mA.

The smallest value for &, ,(T) occurs at T=0°C and amounts to 610,
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Self-heating
Due to the thermal resistance Ru and a current I, flowing through the platinum resistor, the
temperature of the platinum resistor is increased (self-heating) with AT (T):

A ];zr,sh(T) = 112” sz(T) Rth,pt (A'S)

We can also define a relative uncertainty €(T). This is defined as the relative resistor change
which is required to obtain a temperature change ATy (T) and is given by:

R, (T)

_ ar
Euan(T) = AT, (1) R,(T) (A-6)

R,(T)
= [;llzth,pt ;7'

A curve for gpu(T) for a Pt100 for L,=2mA and Re,=200K/W (still air) is also shown in
Figure A-2. The value for g,.(0) for these values is 3.1 10™, which is almost two times smaller
than €p1ni(0).

A.3 Thermistors

Thermistors are used to measure temperature in the range -100°C to 200°C. The resistive value
Ru(T) can be approximated by a simple relation:
T= Bln[mj (A7)
A
where T is the temperature in K and A and B two constants. The error of (A-7) in the range
250K to 390K (-20°C to 120°C) has values between -0.8K to 0.9K. A better approximation of
T can be obtained with the model of Steinhart and Hart:

1. (R,hm)] ( (R,h(n))3
T-a+ b(ln 10 +cl In 10 (A-8)
The temperature error in the same range has values between -7mK and 28mK.

Table A-2 shows the values for Ry(T), its absolute tolerance ATy, ii(T) and the corresponding
relative initial uncertainty eq i(T) for three thermistors of YSI [2].

Type parameter -80°C 0°C 70°C 150°C | 200°C
44004 | ATum(T) CC) | 1 0.0 0.2 1

44004 | e4in(T) (%) 8.6 1 0.7 2.3

44004 | Ra(T) (©) 2.9-10° [ 7.51-10° | 407 46.5

46043 | ATum(T) °C) | 1 0.05 0.05 1 13
46043 | e4;nl(T) (%) 8.6 0.26 0.17 23 2.4
46043 | Ru(T) (©) 2.9-10° | 7.51:10° | 407 46.5 17.5
46046 | ATuim(T) CC) | 1 0.05 0.05 1 13
46046 | £4ini(T) (%) 8.6 0.26 0.17 2.3 24
46046 | Ru(T) (Q) 12.9:10° | 33.3:10° | 1.78:10° | 206 77.7

Table A-2. Imporiant parameters of three thermistors from YSI.
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Table A-3 shows the thermal resistance Ry in K/W for the thermistors in Table A-2 under
dlfferent conditions. Also shown are the constants A and B in (A-7).

‘ i |0l | A@ |BE®

44044 1000 125 4.6 103 3891

46043 250 100 4.610° [ 3891

46046 250 100 | 20.4-107 | 3891

Table A-3. Thermal resistances Ry, in K'W and the constants A and B in (4-7) for the
thermistors in Table A-2.

A.4 Resistive bridges

A resistive bridge is a circuit consisting of four resistors as shown in Figure A-3. At least one
resistors depends on a physical signal, resulting in a relative change A.

IBS
Ry(1-4) Ry(1+4)
VBS Vout
©
Ry(1+4) Ry(1-4)

Figure A-3. Model of a resistive bridge.

The physical signal is normally represented by the ratio of the output voltage V. of the bridge
and the voltage Vs across the bridge. This ratio is given by:
Vou
2= A (A-9)
VBS
We consider two types of resistive bridges. They are based on different principles:
1. Resisistive bridges based on strain gages. A relative change A of R, is caused by a change
of its geometrical dimensions [3].
2. Resistive bridges based on the piezo-resistive effect [4,5].

Strain gages
The bridge imbalance A is given by:

A=Gge (A-10)

where G, is the gage factor and & the relative strain. G, depends on the material. Linear
bridges can be obtained from constantan bridges (G,=2.05). A practical maximum relative
strain is +/- 2%, resulting in Ap.c=+/- 4%. Normal values for Ry lie in the range between 120Q
and 350Q0.

Piezo-resistive bridges
The bridge imbalance from bridges based on the piezo-resistive effect can be described by the
product of a gain G, and the physical signal E,y:

A=G,E (A-11)

pr phys
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When G, is independent of the temperature (U-bridges), the physical signal Ejpnys should be
measured by measuring A as in (A-9). In a lot of cases, G, is cursed with a temperature
coefficient a. The result is that A is also temperature dependent. This effect can be
compensated for. A simple compensation is based on an equal, but opposite temperature
coefficient -a for Ry. In this case, the ratio of Vou and the bridge current Ips is temperature
independent:

’[/ = - RO+ al)G,(T1- aT)E,,, (A-12)

= R, (0)G,, (0)E,,,
The current Igs can easily be measured by inserting a reference resistor in series with the bridge
and measuring the voltage across it. The total circuit can then be excitated with a voltage. This

voltage does not have to be accurately known or constant. We refer to bridges having a
temperature independent ratio V./Igs as I-bridges.

The normal maximum accuracy of piezo-resistive bridges amounts to 0.1%, the sensitivity has
values in the range 2.5mV/V to 20mV/V and R, has values between 40002 and 5kQ.

A.S Resistive potentiometers

The model of a resistive potentiometer is shown in Figure A-4. Common values for R, lie in
the range between 1k and 50kQ.

ye[0,1]
(1-y)Rpot

Figure A-4. Model of a resistive potentiometer.
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B.1 Noise model

The noise calculations are based on the Bennet model [1]. Bennet showed that noise can be
described as the infinite sum of discrete sinusoidal components. These components have
different frequency, equal amplitude and a random phase, which is uniformly distributed in the
interval [-m,7t]. The sum of the power of all Bennet components equals the total noise power,
which is given by the product of the Power Spectral Density (PSD) and the bandwidth. By
using this model, the effect of the noise on the resolution can be calculated in a simple way. We
determine the influence of one Bennet component on N modulator periods and calculate the
variance due to this component. We then use all Bennet components to find the total variance.
To handle 1/f noise, the amplitude of the Bennet components are inversely proportional to the
square root of the frequency.

B.2 Noise of the Multiple-Sensor Modulator

This section is on the noise of the Multiple-Sensor Modulator as depicted in Figure B-1. The
control block controls all switches and Vg, Vi, Vo1, Vo2, and Ii. Some signal levels and
control signals are shown in Figure B-2. The capacitors C, and Cy, model the parasitic
capacitance of the cables and the parasitic capacitance of C, to the substrate respectively.

The following noise sources are considered:

e noise voltage u,; of the amplifier in the integrator

e noise current i, at the input of the integrator

¢ noise voltage u,. of the comparator

® noise voltage u,, of the amplifier in the C-V converter

noise voltage u,, of a resistive source

o thermal noise of the ON-resistance of the switches, resulting in kT/C noise.
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Figure B-1. Noise sources in the Multiple-Sensor Modulator.
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Figure B-2. Some relevant signal levels and comtrol signals for the Multiple-Sensor
Modulator.
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B.2.1 The noise voltage u,; of the amplifier in the integrator
In this subsection, we calculate the variance due to the noise voltage uy of the active part of

the integrator. According to the Bennet model, the noise source u,; is modeled as the infinite
sum of Bennet components. One component is given by:

U, cos(a)t+ (p} (B-1)

where {l,; is the amplitude, o the frequency and ¢ the uniformly distributed random phase.
The noise voltage can be transferred into an equivalent noise voltage Uicq at the input of the
integrator, as shown in Figure B-3.

Cim

AC,+Cy —]
CACptCo2 ¢ |

Uni

a) - Col

C5+Cpb+C02 __| I_‘;

] ¢2 Unieq i
LT O >

ol

b)

Figure B-3. The noise voltage u,; of the amplifier (a) has been transferred to an equivalent
input noise voltage ty;.q (b).

The equivalent noise voltage u,, depends on the voltage gain of the complete stage. The gain
depends on the capacitance between the input and GND. The capacitance equals C,; and
C+CpptC,y during phase ¢; and ¢, respectively. The equivalent input noise during phases @,
and @; is then given by Uyieq1 and Uy eq2!

Cint
um',eq,l = um'[l+ C :
o

(B-2)
Uy = 1
mheq:2 = il L Cop + Cog

The noise voltage ugi.q; is sampled at the end of phase ¢; on C,; and at the end of @, on
C+Cpp+Co. The noise sampling results in jitter of time intervals T;; and T,; respectively.

The time intervals T,; are based on the ideal value T; and a jitter. The jitter originates from the
noise charge Unieq,1C,1 Which is transferred to the integrator during Ty;. The time intervals T;;
are given by:
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CO
];,‘ = ]; + f lum',eq,l(ti - E,i)
int
C, + G
+ -"—lf—"ﬁu,,,.(z,. -1) i=14
int (B-3)

_ ol
]{,i =1 - uni,eq,l(ti - Tz.)

int

=1

P!

Oy 2~

i

+G
L - 'o—li-ﬂum'(ti -h,;) i=23
int

Where Ug.cq1(t) is the value of uyieq at time t and t;-T, corresponds to the start of phase @1. Lin
represents the peak-to-peak amplitude of I.. We see that the effect of the noise on T, and
T,4 is opposite to that on T, and Ty3. This is due to the alternation of signal voltages and
currents. Similar expressions can be found for Ta;:

' Ci+Cp+Cpy

7;,1‘ = 7; I uni,eq,z(ti)
int
Ci+Cpt+Cyp+C
- Yi+ ij 02 ntuni(li) 1.21’4

nt
B-4
C,+Chp+C (B-4)
=T K pb 02
24— 427 f uni,eq,2 (ti)
int

Cs + Cpb + Co2 + Cint
I

nt

With aid of (B-2) to (B-4), the expression for a noisy period T’ mm is given by:

=1 -

u(t) i=23

4
Tr'mm = Z 7;,1' + 7;,1'

i=1
- T+ S (- B) (- )t~ ) sl - )
int (B—S)
PGt Bt Gl (1) 1) )+ )]

nt

C
4T + I:ow [“m‘(’t)_ ”m'(tz) - um'(ts) + “m'(’a)]

int

11

where Cioa=CstCpytCinttCo11Co2. Substitution of (B-1) in (B-5) results in:

, u,.C

Tom=4T .+ —%'ﬂ[cos(wt1 + ;o) - cos(th + q)) - cos((ot3 + go) + cos(wt4 + ¢r)] (B-6)
int

This expression cannot be handled analytically, unless we make an assumption. We assume that

the amplitude {,; is very small so we approximate ti.i-t; by Tas, Which is the ideal value of Taw,;.

When we extend the time to N modulator periods, we obtain the following expression for

NT’ nsm:
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. ~ C N-1
NI, = 4T,y + -85 S [cos(4kaT,,, +p)— cos((4k + DT, + )
int k=0 (B-7)
— cos((4k +2)&T,,;, + @) + cos((4k +3)aT,, + )]
The variance pyi’(0) of NT e due to one Bennet component is defined by:
[T —\2
P2(©)= 5= [ (V- NT,,,.) o
2r
R 2 (B'S)
- (um'?total} H(0)
Iint
where the function Hy(0) is defined by:
1 7 [ N-1
H,(»)= o I {Z [cos(4k];ubw + (p)— cos((4k + DT 0 + ¢)
T Z
Zalk=0 (B-9)

~ cos{(4k + 2)T,0 + 9) + cos{(#k + )Ty + o)]| o

Figure B-4 shows a plot of Hy(®) for o in the interval [0,27/Tyy) for N=2 and N=4.
As can be seen, the low frequency (LF) values of Hw) are very small, representing a very
small sensitivity to noise in this range (1/f noise).

® Tsup/27

Figure B-4. Sensitivity function H,(w) for noise voltages u,; of the amplifier in the integrator
Jfor N=2 and 4.

The total variance Gp;” Of NT e for all Bennet components can be calculated by summation of
all p,i’(®). We therefore need the relation between the amplitude and the PSD Sy, (f) of ug.

The power of one component equals the power in a frequency band Af=Aw/27:
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Fily=——8,,(f) (B-10)
The variance o, is given by summation over the relevant bandwidth:

o= pulw)ho (B-11)

This summation becomes an integration when AoJ0. The relevant bandwidth is the closed
loop bandwidth By, in Hz of the integrator. With the aid of (B-8) to (B-11), the variance o, is
given by:

C 2 1 27Bint
2 _ | Zoowl | 2 -
i = [ i ) V4 -[[S”m' (f)H,,((U)da) (B 12)

int

The noise source u,; consists of white noise and 1/f noise with corner frequency f. ;. The PSD
of this source is given by:

Suuf) =S, .[HM} (B-13)
ni ni f
where ®=27f. Substitution of (B-13) into (B-12) results in:
2
4f.
op = (——CE’"’IJ 4NB,,S, _[1 s Mem j (B-14)
Tiny i By

This expression shows the low sensitivity for 1/f noise. The contribution of the 1/f part to the
variance can not be calculated analytically and is approximated with the help of a mathematical
program. The relative jitter €, of N modulator periods NT . is defined by the ratio of the
square root of the variance and the nominal time of N periods:
& = _0_312_
(NT,...)

2
_[ QO[al ] B’mtsum (1+4];:,m]
V(Cu+Cr)+V.C.) 4N By

Example: With N=256, C~=30pF, Cn=10pF, C;=10pF, C,=C,o=1pF, Bi=500kHz,

S, =610 V*/Hz (25 nV/NHz), £.,=0 (we neglect the 1/f noise), ¥, =5V and ¥,=0.2V the

u
relative jitter amounts to 1.7 ppm.

(B-15)

Simple calculation
The variance as calculated in (B-14) can be calculated in a very simple way when S, (f) only

consists of white noise. We just use the fact that for every Ty, the equivalent input noise Uy eq
is sampled on Ciyi, as expressed by (B-5). This sampling results in a noise charge gn.. We
assume that the samples of the noise have no correlation. The noise power of uy; is given by the
product ozf the bandwidth By, and the flat spectral density. The variance of gy for one sample is
simply qni":

qil = BintS Ctzoral (B' 1 6)

Uni
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This Vanance m the charge domain can be converted into a variance in the tlme domain by
dividing by I>. When P samples are performed, the time variance is given by G

C 2
o= (—zomlj PB,,S, (B-17)
[mt ni
This is exactly the same as (B-14) for P=4N and f.,=0. This shows that the Multiple-Sensor
Modulator does not remove noise, but is only insensitive to noise in certain frequency areas.
For white noise, this local insensitivity does not lead to a better resolution. However, the
insensitivity to LF (1/f) noise is a great advantage.

B.2.2 The noise current i,

We again use the Bennet model to calculate the effect of the noise cusrent i,. One Bennet
component is given by:

~

i, =18 (a)t+¢7) (B-18)

The noise current causes a slight change of the integration current. The charge balance for one
modulator period equals:

y t fy

40y, = J.( int + )dt + f( int ~ )dt + ,"(fint + in)dt
fy A 4

(B-19)

5 t 1
it T + [ idtt = [t + [ i, lt
fo 4 I3

~

where Quq is the total charge which is dumped into the integrator during one time interval Ty,
Qro{ = I;xcs + VAo(Col + CoZ) (B'ZO)

We assume that the noise current does not change the modulator period very much, so we
assume that all subperiods have the ideal duration Ty The charge balance for N modulator
periods is given by

4NQ,, = NI T+ Z

int = msm

ide - fidre [ide (B-21)

[t0+(4k+I)TS,,b to+(4k+3)Tqp  to+(4k+4)Tgyp
10+ 4k to+{4k+ 1) g to+{4k+3)Tgy,

We now substitute i, by its Bennet component, as given by (B-18), and calculate the integrals.
The arbitrary start time t; is omitted for the sake of simplicity but is accounted for by the
random phase ¢. The result is:

-1

T

nt msm

MZ

0[(:os(4kcoT ub T (p) 2005((4k t Dol + ¢) (B-22)
+2008((4k + )0 Ty + 9) - cos((@k + T + )|

The summation in (B-22) can be simplified, resulting in

Sl“‘)

4NQ,,, = NI,

a
1]
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~

ANQs = Nl Toon + —o0s(p) - cos4Na T + 0|

;N- (B-23)
-2 Zl[cos((4k + 10T + 9) - cof{ (4k + DT,y + )]
k=0
The variance p;’(@) due to just one Bennet component can be found by:
17 —\2
oy, L o7
pi (d)) - 2” JK(NTMM NTmsm) d‘”
(B-24)

e

where Hi(w) is given by

H(w)= 2—17[— I {cos(¢) - cos(4Na T, + ¢)
o (B-25)

- 22[cos((4k + D) T0 + 8) - cos{(4k +3) L0 + ¢)]}2d¢

This expression can be simplified into:

cos(@gyp) — 1

2
H,(co)=( ol ) j (1- cos(4NwT,,)) (B-26)

The modules of Hi(@) is shown in Figure B-5 for N=2 and N=4.

140
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©Tsup/21

Figure B-5. Transfer function H,(®) for noise currents for N=2 and 4.

The variance in (B-24) is based on the ratio of Hij(@) and ©%. This ratio is shown in Figure B-6,
showing that p;*(®) will not explode for small @.
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Figure B-6. Ratio of the transfer function H(w) and o’ for N=2 and 4.

We directly see that the modulator is insensitive to low-frequency noise in i,.
The total variance o;” follows by summation of all pi’(w). We therefore need the relation
between the amplitude of the Bennet component and the spectral density. The power of one
Bennet component equals the power in a frequency range Af=Aw/27n:

Loy Aw

—i“ = . B-27
S =5, (7) (B-27)
The variance o;” is given by summation over the relevant bandwidth:

ol= z plw)Ae (B-28)

The summation becomes an integration when AoJ0 and the relevant bandwidth is the closed
loop bandwidth Biy (in Hz) of the integrator:
278

2_# int HI-((I))
o= [ s.(7) L5 do (B-29)

i
0

To here, we have not made any distinction between white and colored noise. The spectral
density consists of white and 1/f noise:

5,(1)=S {H@] (B-30)
I
Substitution of (B-30) into (B-29) results in:
2NT,,S,
o? = —72"——(1 1, o) (B-31)

int

The relative jitter &; for N modulator periods is given by
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(B-32)

= W"T(l + 7t Zub)

int *sub
Example: With S, =10 A%/Hz (This corresponds to the noise current 4kT/R of a resistor R

for R=160kQ) and T=300K) N=256, T,»=30us, f.;=0 and fim =500nA, the relative jitter
amounts to &=2.5ppm.

As could be expected, the jitter decreases when the number of periods N is increased. This
results in a longer measurement time,

1/f flicker noise of the period

Due to the chopping of all relevant signals, the 1/f behavior of any source shown in Figure B-1
does not result in 1/f behavior of the period (flicker noise). A problem arises when the
integration current Iy is implemented by two chopped DC current sources, as shown in Figure
B-7. This setup is required in order to obtain equal source and sink currents and it results in an
optimal low-frequency suppression.

Iim’z i in,Z

Figure B-7. Implementation of I, by two DC current sources.

Normally, the noise currents i, and i, are not correlated. The equations for the jitter derived
above are no longer valid. When the noise sources are not correlated and have a 1/f spectral
density, the period of the modulator also has a 1/f component. This is referred to as flicker.
Barnes et. al. [2] showed that the variance of a flicker process is infinite. The resolution is then
also infinite. The variance is, therefore, in this case not a good measure of the noise properties.
The Allan variance also comes up with an infinite resolution and is, therefore, also not suitable
to calculate the resolution.

However, it is possible to calculate the resolution by taking into account the three-signal
technique and use the noise correlation between the measurement phases. Variations which are
slow in relation to the measurement time of one full measurement cycle will have no effect on
the measurement result. This behavior corresponds with a high-pass characteristic for very low
frequencies. The calculation of M, which is the result of the three-signal technique, is given by:
M= _Z‘_Z;ff_ (B-33)

Ly~ Ty
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where Ty, Trr and Tos are the durations of the measurement phases.

The resolution can be calculated by using the variance of M. The variance of M due to one
Bennet component in i, Or iy (consisting of white and 1/f noise) with a frequency @ has been
plotted in Figure B-8 for different values of the 1/f noise corner frequency f.;. The variance of
M s calculated in a way similar to that shown in Figure B-4 but now the three-signal technique
has been included. The corner frequency is related to Teyee, which is the sum of Ty, Trr and
To. The plots in the figure have been calculated for Ty T Tre=1:2:3 and with an arbitrary
white noise level. The total variance of M can be calculated by integration of the plots in
Figure B-8 over the full frequency range.
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Figure B-8. Variance of M (after the three-signal technique) due to one Bennet component
with frequency w for different values of the I/f noise corner frequency f.. The time Ty,
equals the sum of T, Trepand Ty

It can be seen that for f,i/T.y=1, the variance of M is barely increased. As shown in Chapter
6, the circuit in Figure B-7 has been applied to generate Iy, and the corner frequency is
designed to be lower than Tey.”. The application of switched-current (SI) techniques required
only one stable current.

B.2.3 The comparator noise voltage u,,

One method to calculate the effect of the comparator noise voltage uy. is to transfer this noise
into a noise current at the input of the integrator. The spectrum of the current can then be
substituted into (B-29) to calculate the variance. The equivalent noise current at the input of
the integrator depends on the frequency response of the integrator. For noise frequencies far
beyond the bandwidth of the integrator, the equivalent input noise tends to infinite. It is,
therefore, more practical not to transfer the noise voltage.

We consider Figure B-9, showing the integrator and the comparator and the output voltage of
the integrator of part of the period.
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Imt l Cinl Vin(
I .
Une
) > T 0
a) integrator comparator

Figure B-9. Part of the Multiple-Sensor Modulator (a) to calculate the jitter due to the noise
voltage uy, of the comparator. The diagram in b) shows the output voltage of the integrator
Jfor a part of the period.

The absolute value of the slope of Vi is Tin/Ci and the amplitude of Vi equals Aim .
The time interval t;-t is given by:

R i
Vi + thne (1) - 22ty - 1) = 4, (1) (B-34)
C

int

where un(t) is the actual value of u,. at time t=t;. Also relations for other time intervals t,-t,,
t3-t, and t4-t; can be derived with the aid of Figure B-2. Combining these four time intervals
leads to an expression of one noisy period T msm:

' C. o
t4 - tO = Tmsm = Tm(4th + unc(tO) - 2unc(tl) + 2unc(t3) - unc(t4)) (B'35)
int

Extending (B-35) to N oscillator periods and approximating the time intervals Tqs; by their
ideal value Ty, result in:

NTmsm = imt = + imtt (unc(to) - ”nc(fo + 4NTsub ))
nl in

. (B-36)

Cat
=275 3 (et + (4k + DToip) = ety + (46 + D Tp)
mnt k=0

We next substitute the Bennet components Gn.cos(wt+@) into (B-36). Also t, is accounted for
| by the phase ¢. The result is:

. ANV...C. e
‘ NT o = —;ﬂ“—qvﬂ + E’f’fgﬂ(cos(¢) - cos(4Nw T, + ¢))
| int int
ﬁ C N-1 (B-37)
- 2—[—t Y (cos(@(@k + )T, + 9) - cos(@ (4k + 3)T,,,, + )

int k=0

component of u,. can be found according to (B-24) and is given by:

~

This is the same type of expression as (B-23). The variance p,.(®) due to one Bennet

2 uncCint 2
Prcl@) = i H;(w) (B-38)

m!

density and integrate over the noise bandwidth B.om, (in Hz) of the comparator:
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u,
I int T "

2 Cint ? 12"300"11!
o= |75 =[S, (f)H(0)do (B-39)
0

We assume that the power spectral density consists of white noise with spectral density

S, and 1/f noise. The corner frequency equals f. sc:

_ f c,ne
S (f)=8, |1+ (B-40)

¢ S
Substitution of (B-40) into (B-39) gives:
2
G, 4f,
2 int c,nc
=|—-") 4NB, S |1+—=— B-41

Ope ( Ii_m J comp™uy, ( BcompJ ( )

B.2.4 The noise voltage u,, of the amplifier in the C-V conv.

In this section discuss the jitter due to the noise voltage u, of the amplifier in the C-V
converter. This noise voltage is amplified to the output of the amplifier and sampled on C,. The
sampled value of the noise at time moments t=t;+T; determines the time intervals T,;.; (see
Figure B-1). The noise voltage u.. at the output of the amplifier at time t=t+T) is given by
Uou(ti+T1):

uout (ti—l + 7{) = una(ti—l) + G[una(ti—l + ];) - una(ti—l)] i= 1’2a3’4 (B'42)

where the gain G is defined by:

G=—i—r (B-43)

The time intervals Ty, are given by

uout (ti—l + ]I)Cs

7:v'ub,l = ];ub + F i= 1’ 4
int
(B-44)
U\t + 1)C,
];ub,t = I;ub - ouf( ’} l) i= 2, 3
int
When we assume that T,=0, the duration of one noisy period is given by T :
. GC,
Tmsm = 47;'ub + j‘ (una(tO) - una(tl) - una (12) + una(t3)) (B'45)

int

The next step is to substitute the Bennet components by G,,cos(ot+e) into (B-45):

Toem =41 + ]fu”“ (cos(a)to + @) — cos(at, + @) — cos(wt, + @) + cos(awt, + go)) (B-46)

int

This is the same type of expression as (B-6), except for a constant time shift. To calculate the
variance p,, for each Bennet component, we extend the time interval to N periods and
integrate for ¢ over the interval [-w,n]. The result of these calculations can be approximated by
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A~

2
GC
Pl s(%—j H,(@) (B-47)
int
The power spectral density of u.. is givenby S, (f):

s, (f)= Suna[l +f7] (B-48)

The variance G,,” is now given by

Go Y1 e
ofm:( y s] - jSum(f)Hu(w)dw
¢}

i

nt

2
GC 41, na
- 3 1 4NB —_—
(I- j ”'"”S“""[H B }

nt amp

(B-49)

where B, equals the bandwidth of the C-V converter. In the case where the amplifier is
implemented by an OTA with transconductance g, B.mp can be approximated by:

&m
By = (B-50)
" C,

Substitution of (B-50) into (B-49), using (B-43) and assuming C,>>C, results in:

2
C 4f.
2 = s | 4Ng C.S, |1+—2"2 B-51
Ca ( va[jm) Em PMung Bamp ( )

This expression shows that the variance is proportional with C,,.

B.2.5 Switched Capacitor noise

An important noise source is the switched capacitor noise, which originates from the thermal
noise of resistors. As follows by inspection of Figure B-1, all shown switches open and close
every subperiod. Noise is sampled when'®& switch opens so the thermal noise of the ON
resistance of the switches is sampled twice during every subperiod. We now calculate the noise
charge g, which flows through the integrator each subperiod. This noise charge comes from
sampled noise voltages on C,, Cy, Co1 and Co2. The noise charge is given by

kT

2
Co+Cpp+Cpy +Cyy
= 2k7(C: +C +Cpy + CDZ)

q: = 2(Cs +Cp +C,y +C02)
(B-52)

where k is Boltzmann’s constant and T the absolute temperature. The total charge Q. flowing
through the integrator is the sum of the charges flowing through C,, Co; and Cea:

Qtot = I}xCx + I;(J(Cvol + COZ) (B'SS)

For 4N subperiods, the jitter is than given by esc:
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géc = L q:
4N O,
KI{(C,+C,y +C,i +C,y) (B-54)

CAN(C (o + G

Example. With T=300K, N=256, ¥, =02V, ¥, =5V, C,= C,=30pF and Co1=Co;=1pF, the jitter
becomes 1ppm.

B.2.6 Other noise sources

In this section, we discuss the effect of other noise sources than described above. We will

consider the noise of:

¢ The buffer amplifier which generates the reference voltage Vpp/2

e The DEM amplifier which is used during the measurement of resistive bridges with a small
maximum bridge imbalance

o The buffer amplifier which drives the resistive chain during the measurement of thermistors

B.2.6.1 The noise voltage u, .r of the bias voltage Vpp/2

A bias voltage of Vpp/2 is generated on chip. This voltage is used as a reference for the
inverting nodes of the C-V converter, the integrator and the comparator. The buffer stage with
noise voltage u,pus is shown in Figure B-10. We consider only capacitive measurements.

P2
| :C”pj“a g
___| Tim S nt g

“ — comparator

R >

O—‘ ‘ integrator ’
T

|
1

C+C, Unbuf

$ VDD/ 2

Figure B-10. The buffer amplifier, generating Vp/2, has a noise voltage t, p.z

The noise voltage u. . only affects the charge which is sampled on C,. Signals in the integrator
and at the input of the comparator are not disturbed by unu.r. The simplified schematic is shown
in Figure B-11. We also included for the substrate capacitance Cpy, of Cua.
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C+Cx

F
I
L

N

Un,buf -
Py C-V conv.
—

Figure B-11. The simplified schematic to calculate the effect of the noise voltage u, s,z

We do not derive an expression of one noisy period as a function of unps, but we use the
simple calculation as proposed before. The noise voltage at the output of the C-V converter
equals G time u, s, where G is defined by (B-43). Within the closed loop bandwidth B, of the
C-V converter, the noise power of u,ps equals the white spectral density Sun,buf times the

closed loop bandwidth B,, of the C-V converter, resulting in the noise charge S, ; “B.."°C,

in Cya. The voltage across C, equals Vpp, resulting in a signal charge of C,Vpp in Cy,. The
equivalent noise capacitance for 4N samples is now given by the ratio of these charges and is
given by Acypuf

c:s, , B

Sl (B-55)

2
ACy pur = aNV2
DD

where we assumed C,>>C,.

Example: With C,=50pF, N=256, Vpp=5V, B.=IMHz and S, ,

equivalent noise capacitance amounts to 8aF. This value will be larger due to noise at
frequencies above By,. For these frequencies, node P in Figure B-11 will be almost grounded
and u, s is sampled on C,.

%3=95nV/VHz, the

B.2.6.2 Noise voltage of the DEM amplifier
The amplifiers inside the DEM amplifier have a noise voltage with spectral density Suamp .

When the bandwidth of the DEM amplifier equals B.n, and we consider 4N samples, the
equivalent input noise voltage (in series with the output voltage of the bridge) is given by Av,m,
25, B

2 Uamp™ amp
Avmp = —————4 N
where we only considered white noise. The factor 2 accounts for the fact that two identical
amplifiers are used.

Example: With S, %5=25nV/NHz, N=256 and Bamy=500kHz, Avamp equals 780nV.

(B-56)

B.2.6.3 Noise voltage of the drive amplifier for thermistors

The noise voltages of the amplifiers which drive the thermistor and the reference resistor result
in a resolution which can be calculated in a way similar to the above by substituting the spectral
density and the bandwidth of the DEM amplifiers by the spectral density and the bandwidth of
the amplifiers which are used when measuring thermistors.
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B.3 Noise of the Modified Martin Modulator

In this section, the resolution of the Modified Martin Modulator is calculated. We consider
only the noise voltage u,; of the amplifier inside the integrator. Figure B-12 shows one period
of this modulator, consisting of two subperiods Tap.

Figure B-12. The integrator of the Modified Martin Modulator and one period of the output
voltage Vi, of the integrator.

The duration of both subperiods t;-tp and to-t; is given by

C,+C,
h-tg=Toup t pf (”ni(tl)‘ uni(to))

int

C,+C,
ty— 1= Ty - pf_ (”m'(fz) - uni(tl))

int

(B-57)

where u,(t) is the value of uy; at t;. If we extend (B-57) to N modulator periods, we obtain the
following expression for N noisy periods:

NT,, = 2NT,y

C +C (B-58)

N-
Z [ Uy (t() + 2k7:mb) + Zuni(t() + (Zk + 1) sub) Uy (tO + (Zk + 2) ub)]
mt k=0

If we substitute the Bennet components {izcos(ot+@) into (B-58), the variance Pui’ due to just
one Bennet component is given by:

1 ‘ —\2
2 _ P — —_
Pni = o J”(NTmm NTmm) d¢
2 (B-59)
i(C,+C.)
i AR )
Iint

where H () is defined as:

(@) - 2cos(a) ) COS(No T, ) - cos(w T, ) - cos *(No Top)+l
1+ cos(wT,,)

(B-60)

The total variance Guimm can be calculated by summation over all Bennet components. This
summation results in an integration, and the upper integration limit is equal to the closed loop
bandwidth Biy (in Hz) of the integrator. The total variance is given by:
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I

int

C, 2By
cr,?,-,m=[c ’ ]— jH(w) _(Ndw

(B-61)
C, +C;
SNB Sy
[int ni
The relative jitter i mn_ is given by
2 o-r?i mm (1 C } 2Su Bmt (B 62)
bam = Ty = | 14| 2 -
’ (ZN Tout )2 C.) NVip

where we used Tos=VopCy/li. When we assume that the bandwidth By, is given by ratio of the
feedback capacitor Ci.; and the parasitic capacitor C, times the unity gain bandwidth fr

C
ot (B-63)
the relative jitter €mimm i given by
2f:C C..S,
g)fi,mm = i{’z_"‘;—“ﬂ (B'64)
Cx VDD

Note that the relative jitter € is proportional the square root of the parasitic C,
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C. Application note

Universal Transducer Interface
Revolution in Sensor Interfacing

Product highlights:

Smart interface for:  capacitors, platinum resistors, thermistors, bridges and
potentiometers

Low-cost CMOS with standard input protection

One line three-state output

Resolution and accuracy up to 16 bits

Easy interfacing with any type of microcontrollers

No calibration required

Suppression of 50/60 Hz interference

Single 3.3V-5.5V power supply, current consumption below 2.5mA

16 pins DIL package

Measurement time 10ms or 100ms typically

—
—
i

—l
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Application note of the UTI

Most important features

e Provides interfacing for many types of sensor elements: capacitors, platinum resistors,
thermistors, resistive bridges and potentiometers

Measurement of multiple sensor elements

Single 3.3-5.5V power supply, current consumption below 2.5mA
Resolution and accuracy up to 16 bits

Low-cost CMOS

No additional circuitry required

Continuous auto-calibration of offset and gain

Simple output signal which is compatible with microcontrollers
Three-state output

Typical measurement time 10 or 100ms

2/3/4-wire measurement available for almost all measurements
Suppression of 50/60 Hz interference.

Power down mode

Temperature range -30°C to 70°C

1. Operation

The Universal Transducer Interface (UTI) is a sensor-signal-to-time converter, based on a
period-modulated oscillator. The oscillator frequency varies between 20kHz and 50kHz,
depending on the sensor signal. Sensing elements can be directly connected to the UTI without
the need for extra electronics. Only a single reference element of the same kind as the sensor is
required. Note that the reference is already included in resistive bridges, so no external
components are required in this mode. The UTI provides interfacing for:

Capacitive sensors 0-2pF, 0-12pF, variable range up to 300pF

Platinum resistors Pt100, Pt1000

Thermistors 1kQ-25kQ at room temperature

Resistive bridges 250Q-10k€) with maximum imbalance +/- 4% or +/- 0.25%
Potentiometers 1k€Q2-50k2

Combinations of the above mentioned

The drive signals for the sensor elements are chopped at 1/4 of the oscillator frequency to
remove low-frequency interfering signals. Continuous auto-calibration of offset and gain of the
complete system is performed. To perform this auto-calibration, a reference signal and a
constant part (including offset voltages) are measured in exactly the same way as the sensor
signal during two additional phases. During a third phase, the sensor signal itself is measured.
The output signal of the UTI is very simple and has a discrete amplitude (Vpp), so it is
compatible with microcontrollers. Figure 1 shows two complete cycles, each consisting of
three phases.
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Tog Tret T Totr Trer T«
GND | | L
1 cycle 1 cycle

Figure 1. The output signal of the UTI for a three-phase mode.

During the first phase, the offset of the complete system is measured. During the second phase,
the reference signal is measured and during the last phase, the signal itself is measured. These
phases are automatically controlled by the UTTI itself.

The duration of each phase is proportional to the signal which is measured during that phase.
The duration of the three phases is given by:

For capacitive measurement: For resistive measurement:
L = NE}(Crp +Co) Ty = NEy(Vor +V5)
T, = NK,(C, +Cy) T, = NK, (V. +V;) Y
To/f = NK,Cy 7;17 = NKV,

where C, or Vy is the sensor signal to be measured, C.es or Vs the reference signal, Co or Vo a
constant part (including offset voltages etc.) and K; or K, the gain. The factor N represents the
number of internal oscillator periods in one phase. In slow mode N=1024, and in fast mode
N=128. The voltages Vx and V. are, for instance, the voltage across the sensor resistor and
the reference resistor or V, and V., represent the bridge output voltage and the voltage across
the bridge respectively. The microcontroller samples the output signal of the UTI by counting
the number of internal clock cycles that fit in each phase. This results in the digital numbers
Noft, Nrer and Ny The ratio C/Cees 0F Vi/Vier can now be calculated by the microcontroller:
pe NNy Gy MmNy o
Nref —Noff Cref Nref - Noﬁ Vref

This ratio does not depend on the constant part and the gain. In fact, the system is calibrated
for offset and gain. Even in the case of drift or other slow variations of offset and gain, these
effects are eliminated and (2) gives the right answer.

The three phases are time multiplexed, as depicted in Figure 1. The offset phase is labeled,
because it consists of two short intervals: the output frequency is temporarily doubled. This is
recognized by the microcontroller, which guarantees that the correct calculation, as depicted in
(2), is made. The number of phases in a complete cycle varies between 3 and 5, depending on
the mode.

A program for the microcontroller is available to handle the output signal of the UTL
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2. Pin-out and ratings

The interface is mounted in a 16-~pins package. The function of the pins is listed in Table 1.

Name | Funetion of pin

Vb, Vi Power supply D 1 161 Vop
A, B,C, D, E F [ Sensor connections C 2 15| E
SEL1.SEL4 | Mode selection (see Table 2) SEL‘? z }‘3‘ ?E -
Out Qutput for microcontroller SEL2 |s 2| ouT
SF Slow/fast mode selection SEL3 |6 11l ep
TEST Normal/test mode selection SEL4 |7 10l sF
PD Power down (three-state) Vss |8 9| A

Table 1. Function of the 16 pins.

The selection pins SEL1, SEL2, SEL3, SEL4 define the UTI mode, as listed in Table 2. Here,
a ‘1’ corresponds to Vpp and ‘0’ to GND. All sensor elements are connected to the UTI via
pins A, B, C, D, E and F. Also available are some special functions like slow/fast selection,
power-down and testing. These modes are set by SF, PD and TEST respectively.

SF=1: fast mode, N=128. SF=0: slow mode, N=1024.

PD=0: power-down, output node is high impedant, so several UTI can be used in parallel.
TEST=1: Testing mode. In this mode, the nonlinearity is measured.

All digital and analog inputs are protected for ESD.

No inputs may be floating, unless otherwise stated.

S |8 18 ls Mode Number | name Mode
E |E |E|E| of number
LIL |LIL| phases

Tizils 41

0 |0 [0 |0 |5 Capacitors, 0-2pF 5 C25 0

0 |0 {0 {1 |3 Capacitors, 0-2pF 3 C23 l

0 |0 |1 |0 |5 Capacitors, 0-12pF 5 Cl12 2

0 10 i1 {1 [ Capacitors, 0-2pF/0-12pF, external MUX - CMUX 3

0 |1 |0 |0 |3 Capacitors, variable range to 300pF 3 C300 4

0 |1 {0 |1 |Platinum resistor Pt100-Pt1000, 4-wire 4 Pt 5

0 (1 |1 |0 [ Thermistor 1kQ-25kQ), 4-wire 4 Ther 6

0 [1 |1 |1 }2or3 platinum resistors Pt100-Pt1000 5 Pt2 7

1 10 {0 |0 [2or3 thermistors, 1kQ-25kQQ, 5 Ther2 8

1 10 |0 |1 [Resistive bridge, ref. is Viriage, +/~ 200mV 3 Ub2 9

1 10 {1 |0 | Resistive bridge, ref. is Virigge, +/~ 12.5mV 3 Ubl 10

1 ]0 |1 ]1 | Resistive bridge, ref. is Iirigge, +/- 200mV 3 1b2 11

1 [1 )0 |0 |Resistive bridge, ref. is liriage, +/- 12.5mV 3 Ibl 12

1 11 10 |1 |Res. bridge and two resistors, +/~ 200mV 5 Brg2 13

1 |1 |1 |0 }Res. bridge and two resistors, +/- 12.5mV 5 Brgl 14

I {1 |1 |1 [3Potentiometers 1kQ-50kQ 5 Potm 15

Table 2. Different modes of the UTI, including the name of the modes and the number
of phases within 1 cycle.
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Some specifications and maximum ratings are listed in Table 3.

Parameter : min - | typ. - | max | unit
Power supply 33 55 |V
Operating temperature -30 80 |°C
Supply current of interface:

C25, C23, C12, CMUX, C300 1.5 mA
Pt, Pt2, Potm, Ib2 1 mA
Ub2, Brg2 1.1 mA
Ther, Ther2, Ubl, Ibl, Brgl 2.4 mA
power down mode 1 |pA
Output impedance 60 Q

Table 3. Some specifications and maximum ratings.

3. Some theory

Here, the following aspects are discussed:
o Internal oscillator frequency

e Chopping

e Resolution

e Testing mode

e Measurement of sensor elements

3.1 Internal oscillator frequency

The data in this section yields for the measurement condition Vpp=5V and T,=25°C.

The modulator period of the internal first order oscillator for capacitive (Tosc) and resistive
(Tos.r) measurement is given by:

T

s

o =K (C+C)

Toer = KoV +73) ®)

o,

The constants K;C, and K;V, both equal 20us, corresponding to a 50kHz offset frequency.
The maximum oscillator periods are for both types of measurements approximately 40ps. The
gains K; and K, depend on the mode and can be found in the specification list of each mode.

3.2 Chopping

The electrical drive signals for the sensing elements are chopped at 1/4 of the modulator
frequency. This is to remove low-frequency disturbing signals coming from the mains supply.
Also the effect of parasitic thermocouple junctions is eliminated. By using a second-order
Switched-Capacitor filter, in combination with a differentiation during capacitive
measurements, the 50/60Hz interfering signal is substantially reduced.
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3.3 Resolution.

The output signal of the UTI is sampled by the microcontroller. This sampling introduces
quantization noise, which also limits the resolution. The amount of quantization noise of a
measurement phase is given by the relative standard deviation oy

(o =—1- L
q \/gT (4)

phase

where t, is the sampling time and Ty the phase duration. When the sampling time is 1pus and
the offset frequency is 50kHz, the standard deviation of the offset phase is 160ppm in the fast
mode and 20ppm in the slow mode. Further improvement of the resolution can be obtained by
taking into account several values of M. When P values M;..Mp are used to calculate M, the
value of o, is P'” times decreased.

In addition to quantization noise, another limitation of the resolution is the thermal noise of the
oscillator itself. In the fast mode, quantization noise is found to be the main noise source.
During our measurements, we used the Intel 87C51FA microcontroller with a 3MHz sampling
frequency.

3.4 Test mode

In the test mode, the nonlinearity of the system is measured. This mode can be activated by
selecting TEST=1. In the normal mode, the UTI measures according to the selected function in
Table 2. During each phase, only one sensing element is measured. In the test mode however,
the output is slightly different with respect to Figure 1. During two phases, two signals Sy; and
S. are measured successively. During a third phase, Sx+Sx. is measured. Of course, the offset
needs to be measured, so one cycle takes 4 phases. The sampling by the microcontroller of
these four phases results in the digital numbers Ny, Nyo, Nyi+x2 and Nog. A measure of the
nonlinearity is given by A:

N ,4+N_,-2N
1= x1 x2 ojf_l

5
N, x1+x2 ~ N, off )
If the modulator is perfectly linear, A equals zero. In practical situations, A has values between
100ppm and 500ppm, depending on the mode.
The nonlinearity can be measured in almost all modes. The signals which are measured during
all measurement phases for TEST=1 are listed in Table 4.
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Mode Phases Phase1 | Phase?2 Phase 3 Phase 4

0. C25 4 CpatCo | Ccat Co Cpat Gy CcatCpat Co
1. C23 4 CpatCo | Ceat Co Cpat Gy CcatCpat Co
2. Cl12 4 CBA+ Co CCA+ Co CDA+ CO CCA+CDA+ CO
3. CMUX | CgatCo | - - - -

4. C300 4 Cgat Co Ceat G Cpat Co CcatCpat Co
5. Pt 4 Vo VaptVo Vapt Vo Vept Vo

6. Ther 4 Vo VastVo Vapt Vo Vapt Vo

7. Pt2 4 Vo VastVo Vapt Vo Vet Vo

8. Ther2 4 Vo VastVo Vant Vo Vept Vo

9. Ub2 3 Vo Vap +Vo | Vet Vo |-

10. Ubl 3 Vo Vag +Vo [ Vep' +Vo |-

11.Ib2 3 Vo Vast Vo | Vept Vo |-

12. Ib1 3 Vo Vaet Vo | Vep' +Vo |-

13. Brg2 4 Vo Vast Vo Vart Vo Vert Vo

14. Brgl 4 Vo Vast Vo | Vart Vi Vart Vo

15. Potm 4 Vo Vit Vo Vert Vg Vet Vo

Table 4. Measured signals for TEST=1.

I A 32-times voltage divider is used. ™ A 15-times voltage amplifier is used.

3.5 Introduction to measurement of sensor elements

The measurement setup for measuring capacitors is shown in Figure 2. All capacitors to be
measured (C,) are connected to node A, which is the input of an integrator during capacitive
measurements. The DC voltage of this node is Vpp/2. The signal at the transmitting electrode
V. is a square wave with an amplitude equal to Vpp and frequency between 20kHz and 50kHz
(depending on Cy). The output voltage of the integrator is sampled and converted into a time
signal. Only in the mode C300 is the amplitude of Vi, smaller than Vpp. The total capacitance
at node A, including the parasitic capacitance C,a, should be limited to S00pF (except for
mode CMUX). Calibration for C is not required, since the effect of Cps is eliminated by
calculation (2). The integration capacitance Ciy equals 7pF or42pF, depending on the mode.

Cint

Figure 2. Measurement setup for measuring capacitors.

The measurement setup for measuring resistors and resistive bridges is shown in Figure 3. The
electrical drive signals are chopped at 1/4 of the oscillator frequency. This is to suppress low-
frequency disturbing signals. The voltage across the resistor to be measured (Ry), having
maximum value of 0.4V, is sampled on C,. The charge on C, is transferred to Cin. The
capacitor C, is, for instance, the capacitance of the cables. The time constant consisting of R,
Ry, Cpar and C, should be less than 250ns. The sampling capacitance C, equals 2pF or 28pF,
depending on the mode.
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A\

O— Vpp

R

Figure 3. Measurement setup for measuring resistive sensor elements.

4. Different modes

Below, we give the connection of the sensors to the UTI for all the different modes. The
names of these modes are the same as those used in Table 2. In this secton, TEST=0 and SF=0
unless otherwise stated. We also give important parameters, such as

e accuracy

¢ resolution

e number of phases

o signals during phases

We refer all phases to the labeled phase, which is phase 1. In this phase, the constant part (or
offset) is measured. This phase contains the synchronization for the microcontroller, since the
output frequency of the UTI is doubled. See also chapter 1.

Throughout the measurements, we used an Intel 87C51FA microcontroller with 3MHz
sampling frequency.

4.1 Mode 0. C25: 5 capacitors 0-2pF

In this mode, 5 capacitors with one common electrode in the 0-2pF range can be measured.
The connection of capacitors is depicted in Figure 4. All capacitors should have a common
receiver electrode, connected to node A. The signal at the transmitting electrodes B to F is a
square wave with amplitude Vpp. When a capacitor is not selected, the voltage is equal to
GND. The value of Cix in Figure 2 is 7pF. Capacitor C,, is, for instance, the capacitance of the
cables and does not affect the measurement result M for C,<300pF.
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| Cor o
LG o
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Wﬁl Cia ok
Cr oy o
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Figure 4. Connection of capacitors to the UTIL.

In this mode, one cycle takes 5 measurement phases as depicted in Table 5.

Phase | Measured capacitors
1 Cpat Co
2 Ceat Gy
3 Cpat Co
4 Ceat Co
5 Crat Co

Table S. Measured capacitors during each phase.

The specifications for the C25 mode are listed in Table 6.

Parameter Value
K, 10us/pF
GCo 2pF
maximum capacitance Cia 2pF
Max. value of Cpar 300pF
Nonlinearity 250ppm

resolution SF=0, C,,=30pF 50aF

Resolution SF=0, C,,=300pF | 200aF

Remaining offset <15{F

Number of phases 5

Table 6. Specifications for the C25 mode.

The measured equivalent offset is the result of the parasitics between the bonding wires, the
bonding pads and the IC pins. When this offset is considered to be too large, one should use
the mode CMUX. In this mode, an external multiplexer is used and offset can be as low as
20aF.

4.2 Mode 1. C23: 3 capacitors 0-2pF

In this mode, 3 capacitors with one common electrode in the 0-2pF range can be measured.
The difference between this mode and mode C25 is that in this mode one cycle consists of 3
phases. The connection of the capacitors is shown in Figure 4, where Cga and Cga are now
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omitted. The measured capacitors during each phase are listed in Table 7. The specifications
are listed in Table 6.

Phase [ Measured capacitors
1 CgatCo
2 Cc A+C 0
3 CpatCo

Table 7. Measured capacitors during each phase for the mode C23.

4.3 Mode 2. C12: 5 capacitors 0-12pF

In this mode, S capacitors with one common electrode in the 0-12pF range can be measured.
The connection of the capacitors to the UTI is shown in Figure 4. The maximum capacitance
Cia is 12pF. The number of phases is 5. The specifications are listed in Table 8. The value of
Cin in Figure 2 is 42pF. The measured capacitors during each phase is listed in Table 5. The
main difference between this mode and mode C25 is that the maximum capacitance that can be
measured in this mode is 12pF.

The measured equivalent offset is the result of the parasitics between the bonding wires, the
bonding pads and the IC pins. When this offset is considered to be too large, one should use
the mode CMUX. In this mode, an external multiplexer is used and offset can be as low as
20aF.

| Parameter : Value
Ky 1.7us/pF
Co 12pF
Maximum capacitance C;a 12pF
Max. value of Cpar 300pF
Nonlinearity 250ppm
Resolution SF=0, C,,=30pF | 300aF
Remaining offset <15{F
Number of phases 5

Table 8. Specifications for the C12 mode.

4.4 Mode 3. CMUX: capacitors 0-2pF/0-12pF, external MUX

In this mode an arbitrary number of capacitors with a common electrode in the 0-2pF range
(TEST=0) or 0-12pF range (TEST=1) can be measured. The UTI does not perform a phase
selection, so an external digital multiplexer should be used. The value of Cyy, in Figure 2 is TpF
(TEST=0) or 42pF (TEST=1).

The nonlinearity depends on the parasitic capacitance C, but is below 250 ppm for
Cpar<300pF. For larger values of Cy, the nonlinearity increases to 3000 ppm for Cpar=1InF.
Larger values of Cy, are allowed, but the nonlinearity will be increased further.

The resolution also depends on C,.. The resolution in the small range (0-2pF) for a
measurement time of 100ms equals 50aF for C,..<30pF and increases to 350aF for C,,=1nF.

The specifications for the CMUX mode are listed in Table 9.
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Parameter Value TEST=0 | Value TEST=1
K 10us/pF 1.7us/pF

Co 2pF 12pF
maximum capacitance Cia 2 pF 12pF

max. value of Cyr 10 nF 10nF
nonlinearity C,.r<300pF 250 ppm 250ppm

Offset 20aF 20aF
resolution 100ms, Cp.r<30pF 50aF 300aF

Table 9. Specifications for the CMUX mode.

A possible measurement setup is depicted in Figure 5. An external multiplexer is controlled by
the microcontroller (uC) and multiplexes the signal at node B to one (or more) of the
capacitors. The oscillator output appears on the node “output”. This is the signal for the
microcontroller. This signal is a normal square wave with amplitude Vpp and frequency fosc/8
(SF=1) or f./1024 (SF=0). Nominal frequencies of the output signal during an offset
measurement (none of the capacitors are selected) are 6kHz (SF=1) and 50Hz (SF=0).

—

-
B ]
e
A
uC MUX ——— Cpu i\I
N —1 UTI
—
| B
pigigigs ot

Figure 5. Possible measurement setup in the CMUX mode to measure more capacitors.

4.5 Mode 4. C300: 3 capacitors, range up to 300pF

In this mode, 3 capacitors with a common electrode with a variable range up to 300pF can be
measured. The connection of sensors and external resistors is depicted in Figure 6. These
resistors set the voltage swing at the transmitting electrode of Cia. This voltage swing must be
limited to keep the integrator in Figure 2 in its linear region. The value of Cyy in Figure 2 is 42
pF.

The total capacitance at node A must be limited to SOOpF in order to keep the nonlinearity
below 107, The voltage swing at the transmitting electrodes equals Vir which is set externally
by means of three inaccurate resistors Ry, R, and Rs, of which R; or R; may be zero. For the
DC voltage Vg holds:

Vg < 60/Conar,

where Cuax is the maximum of Cga, Cca and Cpa expressed in pF. The total time constant of all
resistors and capacitors should be less than 500ns. This sets the values of the resistors.
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Example: When Cca=300pF, Cps=200pF, Cpa=0 and Vpp=5V , practical values of the
resistors are R;=25k(), Ry=1kQ and Ry=0. The voltage swing at the transmitting electrode
Ver=0.2V.

The value of K, depends on Vzg: the larger this voltage, the larger K;. The value of K; is found
from:

K,=0.33Vgp us/pF-V.

For C, holds:

Co=201J.S/K1.

The system contains two time constants Cur(Rs//(R;+R3)) and Cowr'(Ri//(R21R3)), where
Cio=Crat+CcatCpatCpar. Both time constants must be smaller than 500ns.

Voo
-

_o

R; Q E
O

R3 CBA F
—i—o

B
Cea ,

o

Cpar C

.

bl
o)

— 0 A

Figure 6. Connection of sensors to the UTI for the C300 mode.

The nonlinearity and resolution in the slow mode are depicted in Table 10. Here, the value of
Cpa=0, Cpa=30pF and Vyr has the maximum value 60/C,,, as described before. The maximum
measured capacitor during the measurement of the nonlinearity amounts to Cga—Cecy.

Capacitors | Nonlinearity | Resolution (fF
Cpa=Cca=33pF 1.4-10* 1.2
Cpa=Cca=150pF 1.9-10* 6.6
Cpa=Cca=270pF 9.0-10* 17
Cpa=Cca=330pF 26107 20
Cpa=Cca=560pF 6.3-10° 46

Table 10. Values of nonlinearity and resolution in C300 mode for different capacitor
values.

The measured capacitors during each phase are listed in Table 11.
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Phase | capacitor
1 CBA and CU
2 CCA and Co
3 CDA and Cg
Table 11. Measured capacitors during each phase for the mode C300.
4.6 Mode 5. Pt: 1 platinum resistor Pt100/ Pt1000, 4-wire
In this mode, one platinum resistor and one reference resistor can be measured.
The connection of the resistors to the UTI is depicted in Figure 7. Because of the ideal voltage
measurement, both resistors R, and Ry are measured in a 4-wire setup, thereby completely
eliminating the effect of lead resistances. The driving voltage Ver is a square wave with
amplitude Vpp at 1/4 of the oscillator frequency. Resistor R, sets the current through the chain.
E E E
R: Ri Ry
A A A
Rmf chf Rref
B B B
C C C
Rx R« R«
D
D
a) F b) F <) F
Figure 7. Connection of platinum resistors to the UTLin a 4-wire (a), 3-wire (b) and a 2-
wire (c) connection.
One measurement cycle consists of 4 phases. These phase contain the information for a 2-, 3-
and 4-wire measurement.
Phase - | measured voltages
1 Vo
2 Vag Vo
3 Vep +Vo
Table 12. Measured node voltages during measurement of platinum resistors
To calculate the ratio as in (2), we have to make different calculations for the 2-, 3- and 4-wire
measurement:
L ohase3 —
MZ—,4—wire = TP =
phase2 ~
6)
\ Tyases = (
M3—wire =

T, phase2 ~
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The nonlinearity is better than 150 ppm when the amplitude of the voltages Vg and Vp, is
below 0.7V for Vpp=5V and 0.4V for Vpp=3.3V. This limits the current through the platinum
resistor. Note that the temperature error of a Pt100 due to self-heating, for a thermal resistance
of 200K/W (still air) at Vep=0.7V and 0°C amounts to 1K. If this self-heating error is too
large, Ry must be increased to limit the current through the Pt100. The temperature error due
to self-heating for the same thermal resistance amounts to 80mK for Vcp=0.2V. This is two
times better than the initial inaccuracy of a class A Pt100. The current through the Pt100 then
amounts to 2mA and this requires R;=2.2kQ.

The relative sensitivity of a Pt100 is 3.9-10°/K. When the current through the Pt100 is 2mA,
this sensitivity corresponds to 780uV/K. The resolution in this mode of the UTI is 7uV,
corresponding to 9mK. This holds for the slow mode.

Table 13 lists the UTI specifications in the Pt mode.

| Value
S56us/'V

0.36V

R, (Pt100, self-heating for 200K/W=80mK) | 2.2kQ) (5%), [=2mA
R, (Pt1000, self-heating for 200K/W=80mK) | 6.2k (5%), [=600p.A

Offset 10uVvV
Nonlinearity 150ppm
Resolution SF=0 (Pt100, ZmA) 7 uV (9mK)

Table 13. Specifications for the Pt mode.

Amplitudes of Vcp and Vag up to 2.5V peak-to-peak are allowed, but self-heating effects have
to be taken into account. Very good resolutions can be obtained in this case. The nonlinearity,
however, is increased to 4000 ppm for peak-to-peak amplitudes in the range 0.7-2.5V.

The value of C, in Figure 3 is 28pF. The time constant consisting of the resistors, C, and the
parasitics of the connecting cables must be less than 250ns.
Platinum resistors can also be measured using mode Ib2.

4.7 Mode 6. Ther: 1 thermistor, 4-wire

In this mode, one thermistor and one reference resistor can be measured. The connection of the
thermistor and the reference resistor is shown in Figure 8. The driving voltage Vgr is a
chopped voltage with an amplitude of Vpp/12.5. (0.4V at Vpp=5V) and DC value Vpp/2. The
ratio of the thermistor and the reference resistor is also given by (6). The signals which are
measured during the phases are listed in Table 12. The voltage Vg is not constant, but has the
same temperature information as Vep.
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E ——0E — oE
| A ———0A L oA
Rmi Rfef Rxef
B B i B
S ¢ C c
‘ R« R« R«
‘ D ;
| a) L —oF b) F ) F

Figure 8. Connection of the thermistor to the UTI in a 4-wire (a), 3-wire (b) and 2-wire
(c) connection.

Parameter (Vpp=5 Value
Vo 036V
Reet//Rx <5kQ
ReertRy >1kQ

‘ Offset 10uV

| Nonlinearity 150ppm
Resolution SF=0 7 uV (1mK)

Table 14. Specifications for the Ther mode.

For very large and very small values of Ry (10 times or 0.1 times Rs), the resolution in voltage
is still the same, but the resolution in temperature is decreased. This is due to the linearization
method.

For a thermistor with a sensitivity of 4%/K, the resolution is 1mK for Vpp=5V.
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4.8 Mode 7. Pt2: 2 or 3 platinum resistors
In this mode, 2 or 3 platinum resistors can be measured. The connection of the resistors to the
UTI is shown in Figure 9. The voltage Vgr is the same as in the mode Pt.

E E
Ri Ry
A A
Reer Reet

B B

Rxl Rxl
C C

R Ry
D D

Ria
a) —OF b) F

Figure 9. Connection of 2 (a) or 3 (b) platinum resistors for the Pt2 mode.

The same restrictions for the current through the resistors as in the pt mode holds here. The
specifications are listed in Table 13. Note that R,, can be measured with a 4-wire setup. Phase
5 can be used to measure just one lead resistance or to measure Ry.

The main difference with the Pt mode is that one measurement cycle takes S phases, as listed in
Table 15.

| Phase | Measured voltages

i oo |
1 Vo
2 VastVo
4 ViectVo
5 VortVo

Table 15. Measured voltages during the phases for the Pt2 mode.

4.9 Mode 8. Ther2: 2 or 3 thermistors

In this mode, 2 or 3 thermistors can be measured. The connection is depicted in Figure 10. The
number of phases is also 5, as listed in Table 15. The specifications as listed in Table 14 hold
for this mode.
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A A
Reet Reet

B B

K(l Rxl
C C

sz Rx2
D D

R
a) F b) F

Figure 10. Connections of 2 (a) and 3 (b) thermistors to the UTL

With the connection in Figure 10a, the effect of lead resistances can be eliminated, since the
measurement of Vpr represents a lead resistance. With the connection shown in Figure 10b, the
effect of lead resistances cannot be eliminated.

4.10 Mode 9. Ub2: resistive bridge, ref. is Vpiage, +/- 4% imbalance

In this mode, a resistive bridge can be measured where the ratio of the bridge supply voltage
Vag and the bridge output voltage Vcp represents the physical signal. The maximum bridge
imbalance is +/-4%. The connection of the bridge to the UTI is shown in Figure 11. The
driving voltage across the bridge Vgr is a square wave with amplitude Vpp. The frequency of
this signal is 1/4 of the oscillator frequency.

ﬁ———oE E
A A
?———QC ——a0C
D ——O0D
L_oB B
L oF F
2) b)

Figure 11. Connection of the resistive bridge to the UTI for the Ub2 mode in a 4-wire
setup (a) and a 2-wire setup (b).

Because of the ideal voltage measurement, the bridge is measured in a 4-wire setup, as shown
in Figure 11a. The signals which are measured in each phase are listed in Table 16.
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2 Vas/32 +Vo

3 VeptVo
Table 16. Measurement phases for the Ub2 mode.

During phase 2, the voltage across the bridge Vg is measured. An on-chip voltage divider
divides this voltage by 32. The divider does not have to be calibrated. After division, Vg is
processed in the same way as Vcp. To obtain the bridge imbalance, the microcontroller
calculates:

1 Tphase3 - Tphasel _ VCD

32 7T, phase2 — 7?1)hase1 VAB M

The value of C, in Figure 3 is 28pF. The time constant consisting of the bridge, the connecting
cables and C, should be limited to 250ns.
The specifications are listed in Table 17.

Parameter | Vvalue ‘
Kz 56}_LS/V

Vo 0.54V

Bridge excitation AC Vpp

Bridge resistance R, | 250Q <R, < 10k

Bridge output voltage | max +/- 0.2V

Accuracy of divider | 5-10"

Offset 10pV

Resolution SF=0 Tuv
Table 17. Specifications for the Ub2 mode.

4.11 Mode 10. Ub1: res. bridge, ref. is Vpriage, +/- 0.25% imbalance

In this mode, a resistive bridge can be measured where the ratio of the bridge supply voltage
and the output voltage of the bridge represents the physical signal. The main difference
between this mode and mode Ub2 is that in the maximum bridge imbalance in this mod is
0.25%. (Vep=12.5mV for Vpp=5V). The connection of the bridge to the UTI is the same as in
the Ub2 mode. An on-chip 15-times voltage amplifier amplifies the small output voltage before
it is processed in the same way as the divided voltage across the bridge. Both the amplifier and
divider do not have to be calibrated. To calculate the bridge imbalance, (7) can be used, where
32 must be replaced by 480. Because of the ideal voltage measurement, the bridge is measured
in a 4-wire setup. The specifications are listed in Table 18.
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Parameter % Value

Kz 56“.5/ \"

Vo 0.54V

Bridge excitation AC Vpp

Bridge resistance R, 250Q <R, < 10kQ2
Bridge output voltage max +/- 12.5mV
Accuracy of divider and amplifier 10°

Offset 10uV

Resolution SF=0 700nV

Table 18. Specifications of the Ub1 mode.

The measured voltage during each phase is listed in Table 19.

Phase Measured voltages
1 Vo

2 Vap/32 +V,

3 15Vep + Vo

Table 19. Measured voltages during each phase for the Ub1l mode.

4.12 Mode 11. Ib2: resistive bridge, ref. is lpriage, +/- 4% imbalance

In this mode, a resistive bridge can be measured where the physical signal is represented by the
output voltage of the bridge and the current through the bridge. This current I is converted
into a reference voltage. The connection of the bridge and the reference element is shown in
Figure 12a. This mode can also be used for the measurement of platinum resistors, as shown in
Figure 12b.

I
E E
R,

Pt100

D D

A 0A
Reet Reer

B B
ay . oF b) F

Figure 12. Connection of the resistive bridge and a reference resistor to the UTI (a) and
connection of a platinum resistor in 4-wire setup (b).

The value of R.¢ should be chosen such that Vg is between 100mV and 200mV.
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| Phase | Measured voltages

1 Vo
2 Vag+Vo
3 VeptVo

Table 20, Mea§ured voltages for the different phases for the Ib2 mode.

Parameter Value
K, S6us/V
Vo 0.54V
Bridge excitation AC Vpp

Bridge resistance Ry | 250Q <Ry, < 10kQ
Bridge output voltage | max +/- 0.2V

Accuracy 250ppm
Offset 10uV
Resolution SF=0 7uv

Table 21. Specifications for the Ib2 mode.

The sampling capacitance C, in Figure 3 is 28pF. The time constant consisting of the bridge,
R.s, the cable capacitances and C, should be less than 250 ns.

This mode can also be used to measure platinum resistors in a 4-wire setup. This is shown in
Figure 12b. The advantage in comparison with mode Pt is that now only three phases have to
be measured.

4.13 Mode 12. Ib1: resistive bridge, ref. is lyriage, /- 0.25% imbalance
This is almost the same mode as mode Ib2. The connection of the bridge and the resistor is
shown in Figure 12. The difference is that the maximum bridge imbalance is +/- 0.25%. The
voltage across the reference resistor should be between 0.1 and 0.2V, as mode Ib2. The bridge
output voltage is amplified 15 times before it is processed in the same way as the reference
voltage.

To obtain the bridge imbalance, the microcontroller calculates

_ 1 Tphase3 _Tphasel _ VCD

~T< = 8
15 TphaseZ - Tphaxel [Rref ( )

The specifications for the Ibl mode are listed in Table 22.

172



C. Application note

Parameter | Valee
Kz SE[J.S/V
Vo 0.54V
Bridge excitation AC Vpp

Bridge resistance R, | 250Q < Ry, < 10kQ)

Bridge output voltage | max. +/- 12.5mV

Accuracy 10°
Offset 10uV
Resolution SF=0 700nV

Table 22. Specifications for the Ibl mode.

The voltage which are measured during each phase are listed in Table 23.

Phase - | Measured voltages |
1 Vo

2 Vap+ Vo

3 15Vept Vo

Table 23. Measured voltages during each phase for the Ibl mode.

4.14 Mode 13. Brg2: resistive bridge +/- 4% and 2 resistors

In this mode, a resistive bridge with a maximum imbalance of +/-4% and 2 resistors can be
measured. One of the resistors can be temperature dependent, so the bridge output can be
digitally corrected for temperature effects.

Both the voltage across the bridge and the current through the bridge are measured. The
connection of the elements to the UT1 is shown in Figure 13.

The voltage Vg is a square wave with amplitude Vpp at 1/4 of the oscillator frequency. The
voltage across Ry should be between 0.1 and 0.2V,

I

E
C
D
oA
Rx
B
Rer

- _oF
Figure 13. Connections of the sensors to the UTL

The voltages to be measured are listed in Table 24.
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1

2 Vas + Vo

3 Ve + Vo

4 Ver + Vo

5 VEea/32+V,

Table 24. Signals during the different measurement phases for the mode: Brg2.

The voltage across the bridge Vi, is divided by 32 before it is processed in the same way as
| the other measured voltages. The bridge imbalance V¢p/Vg, is obtained from:
| _ _1_ T phase3 Tphasel _ VCD

- 9
32 TphaseS -T phasel VEA ( )

The specifications for the Brg2 mode are listed in Table 25.

K; Ts6us/v

Vo 0.54V
Excitation Vg AC Vpp

Bridge resistance Ry, | 250Q <R, < 10kQ2
| Bridge output voltage | max +/- 0.2V

| Accuracy Vep/Veas 500 ppm

| Accuracy Vap/Ver 200 ppm

Offset Vcp or Vag 10uV

Resolution SF=0 nv

| Table 25. Specifications for the Brg2 mode.

4.15 Mode 14. Brg1: resistive bridge +/- 0.25% and 2 resistors

This mode is almost the same as mode Brg2. The connection is shown in Figure 13. The

difference is that the maximum bridge imbalance is 0.25%. The bridge output voltage Vcp is
| amplified 15 times before it is processed further.

The specifications are listed in Table 26.

174



C. Application note

Parameter | Value

K, 56us/V

Vo 0.54V

Excitation Vgr AC Vpp

Bridge resistance Ry, 2500 <Ry < 10k

Bridge output voltage

max +/- 12.5mV

Accuracy Vep/Vea 10°
Accuracy Vap/Var 2-10"
Offset Vep 10uV
Offset Vag 10V
Resolution V¢p SF=0 700nV
Resolution Vg SF=0 Y

Table 26. Specifications for the mode Brgl.

The measured voltages during each phase are listed in Table 27.

Table 27. Measured voltages during each phase for the Brgl mode.

4.16 Mode 15. Potm: 3 potentiometers, 1kQ-25kQ

Phase Measured voltages
1 Vo

2 Vag + Vo

3 15Vep + Vo

4 Ver + Vo

5 Vea/32 + Vg

In this mode, 3 potentiometers in the 1kQ-50kQ range can be measured. The connection of
potentiometers is depicted in Figure 14. When two potentiometers are used, node D should be
connected to F. The voltage across the potentiometers is a square wave with amplitude Vpp
and frequency 1/4 of the oscillator frequency. The capacitors C,.i model the parasitics.

1{xl

Figure 14. Connection of potentiometers to the UTL

E

Y1

F

Y2

It is not possible to account for the influence of lead wires. Therefore, the use of low-ohmic
potentiometers should be avoided.

The measured node voltages during each phase is listed in Table 28.
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1 Vo

2 VertVp
3 VertVo
4 VertVy
5 Vort+Vo

Table 28. Measured node voltages for each phase during measuring of potentiometers.

The value of C, in Figure 3 is 2pF. Every time constant consisting of one potentiometer, the
sampling capacitance and the cable capacitance should be less than 250ns.
The calculation M for each potentiometer is given by:

M= Tphas23,4,5 - Tphasel _ B2 (10)
T, phase2 T, phasel N1+
Parameter Value
K, 4us/V
Vo 5V
potentiometer value Ry 1kQ <Ry <25kQ
Accuracy 107
Resolution SF=0 50 ppm

Table 29. Specifications for the Potm mode.
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Samenvatting

Een groot probleem in huidige sensorsystemen is het ontbreken van goedkope en nauwkeurige
sensor interfaces. Goedkope en nauwkeurige sensorsystemen zouden veel nieuwe toepassingen
mogelijk maken en bestaande goedkoper en beter. Een goede manier om dergelijke systemen te
realiseren is het combineren van interfaces en microcontrollers.

In dit proefschrift beperken we ons tot veelgebruikte sensorelementen zoals capaciteiten,
platina weerstanden, thermistors, resistieve bruggen en potentiometers. Verder beperken we
ons tot uitleessnelheden en nauwkeurigheden respektievelijk in het bereik 10-1000 metingen
per seconde en 10-16 bits. We richten ons op een multi-purpose interface, aangezien dit type
momenteel goedkoper kan zijn dan een applikatiespecifieke interface. Om zo eenvoudig en
robuust mogelijke circuits te verkrijgen, proberen we de noodzakelijke functies zoveel
mogelijk door de microcontroller te laten uitvoeren.

We moeten een aantal meettechnieken toepassen om een goedkope nauwkeurige multi-purpose
interface te kunnen realiseren. Deze zijn continue autocalibratie technieken, tweepoort-
meettechnieken, synchrone detectie en dynamic element matching.

Het blijkt dat de Analoog-naar-Digitaal omzetter in goedkope en nauwkeurige sensor systemen
het best geimplementeerd kan worden door een asynchrone oscillator in combinatie met een
microcontroller. Dit volgt na de afweging van belangrijke aspecten zoals het aantal draden
tussen de interface en de microcontroller, het formaat van het uitgangssignaal van de interface,
de belasting van de microcontroller, de benodigde omzettingstijd en de onderdrukking van
diverse stoorsignalen. De selectie van de referentie- en offsetmeting geschiedt door de interface
zelf.

De relaxatieoscillator is gebaseerd op periode modulatie waarbij de spanningsslag over de
integratiecapaciteit gemoduleerd wordt.

Laagfrequente stoorsignalen worden onderdrukt met synchrone detectie in combinatie met een
tweede-orde switched-capacitor (SC) filter. Dit filter onderdrukt tevens laagfrequente 1/f ruis.
Deze eigenschap maakt het mogelijk om goedkope CMOS processen te gebruiken, terwijl toch
goede resultaten verkregen kunnen worden. Hoogfrequente stoorsignalen worden ook
onderdrukt, onder andere door toepassing van dithertechnieken.

Het niet-lineare gedrag van de modulator is onderzocht. Het resultaat hiervan is dat aan de
eisen die aan de modulator gesteld worden, gemakkelijk voldaan kan worden. Specifieke
circuits zijn toegepast om sensor-specifieke meetproblemen op te lossen. Zo zijn bijvoorbeeld
een calibratie-vrije spanningsdeler en spanningsversterker toegepast om de nauwkeurige
uitlezing van brugsensoren mogelijk te maken.

De interface is gerealiseerd in een 0.7um CMOS proces en is verpakt in een 16-pins DIL
behuizing. Het aantal IC-pinnen, waaraan alle sensoren aangesloten worden, bedraagt slechts
zes. Om de maximaal haalbare onderdrukking van laagfrequente stoorsignalen te verkrijgen, is
de generatie van de integratiestroom gebaseerd of switched-current (SI) technieken. Een
interne watch dog houdt het oscillatieproces scherp in de gaten en (her)start de oscillator
indien nodig.

De gerealiseerde interface werkt op een enkelzijdige voedingsspanning tussen 3.3V en 5.5V.
Het stroomverbruik bedraagt minder dan 2mA. In het algemeen bedraagt de resolutie 16 bits
bij een meettijd van 100ms. De resolutie voor capacitieve metingen in het bereik 0-2pF
bedraagt 50aF. De niet-lineariteit in het temperatuurbereik -40°C tot 80°C bedraagt 200 ppm.
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Zowel resolutie als niet-lineariteit hangen af van de parasitaire capaciteit. De resolutie bij
resistieve metingen bedraagt 7uV bij een meettijd van 100ms. Als bijvoorbeeld een Pt100
gemeten wordt, waardoor een stroom met een amplitude van 2mA vloeit, dan bedraagt de
resolutie in temperatuur 9mK. Bij thermistors met een gevoeligheid van 4%/K is de resolutie
beter dan 1mK bij gelijke meettijd. De niet-lineariteit in het genoemde temperatuur bereik
bedraagt 150 ppm. De onnauwkeurigheid van de calibratie-vrije spanningsdeler en
spanningsversterker bedragen respektievelijk 500 ppm en 1000 ppm. De onderdrukking van
laagfrequente stoorsignalen is bijna gelijk aan het maximaal haalbare.
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