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Abstract

In the past years electric cars have been rapidly taking market share in the automotive industry. Stimulated by
their sustainable image and due to large investments in the charging infrastructure, the electric automobile
has gained popularity in the field of research. Many papers are written on a variety of power converters inside
the cars to interface between batteries, chargers and motors. Usually, these converters are made as universal
as possible, in order to suit the needs of many different vehicles. As a result, they are capable of operating at
wide voltage and power ranges, often at the cost of weight or efficiency.
The Dutch electric car startup Lightyear aims at a completely different strategy. Their car with integrated solar
panels is designed with one goal: increasing efficiency. For that reason, all components have been reconsid-
ered and, if sufficient gains in efficiency can be achieved, completely redesigned. One of these components
is an isolated bidirectional DC-DC converter that ensures power transfer from the solar panels to the main
battery.
In this thesis that DC-DC converter is developed. Special focus is put on maximizing the efficiency to ensure
as much energy from the solar panels can be used to power the car. First, all possible topologies that meet the
requirements are investigated and the best option is selected. Then, a script is developed that configures the
power stage of the converter using a provided list of components. The implementation with the highest aver-
age efficiency over the operating range is automatically selected. After that, alternative modulation strategies
are investigated, aimed at reducing the conduction losses of the converter. Finally, a controller is created and
validated for the designed converter.
The result of the presented work is an isolated bidirectional DC-DC converter, achieving an average power
stage efficiency of 98.1 % over a wide range of input voltages and output voltages at a constant power output.
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1
Introduction

This chapter introduces the work of this thesis by providing background information and the motivation of
the project. First, the company at which this thesis has been carried out will be introduced in section 1.1. It
is of importance for the understanding of the background of this thesis that the reader has a good overview
of the company and the product it aims to create. Then, the project context will be described in section 1.2,
followed by the goals and scope of the project in section 1.3. Lastly, the structure and content of this report
will be briefly outlined in section 1.4.

1.1. Introduction to Lightyear
For decades in a row, the automotive industry has largely been the same. Large, established car manufacturers
ruled the industry with ever so slightly updated models of the same, polluting cars. However, a recent change
has been noticed, motivated by, amongst others, the tightening regulations from governments around the
globe [1]. Emission of CO2, NOx and other polluting gasses, which are collectively called greenhouse gasses,
emitted by cars need to be lowered, which has motivated car manufacturers to invest in alternative ways of
powering cars. This all has led to the emerge of electric vehicles.
One of the major downsides of a battery electric vehicle (BEV) is that the production of the battery pack
itself contributes significantly to the emission of greenhouse gasses. Together with the inconvenience of
continuously needing to charge the car when not using it make the transition towards BEVs less inviting to
people. For that reason, five students from the TU Eindhoven came with the idea to develop a solar-powered
electric car back in October 2016.
A BEV with integrated solar panels tackles the aforementioned disadvantages of BEVs. First of all, because
of the integration of photovoltaic (PV) panels that deliver energy to the main battery, a smaller battery can
be equipped in the car. This smaller battery means less rare-earth materials and less emission of greenhouse
gasses in the production of each car, while the range of the car is similar compared to a BEV. Second, since
the PV panels can charge the battery continuously, an extension of range as well as fewer charging moments
can be realized.
The idea of such a car is revolutionary and got a lot of media attention. Since its founding in 2016, Lightyear
has grown to a company of over 100 employees. The focus of the whole company is to develop and build the
Lightyear One, the first car of Lightyear. This car, which has 5 m2 of solar panels integrated in its body, is able
to drive 725 km on a fully loaded battery according to the WLTP-cycle [2]. This globally standardized drive
cycle test is used as a measure to compare the range of different BEVs. In comparison, a Tesla Model 3 Long
Range version achieves a range of 518 km on a full charge, according to the same WLTP cycle [3].
In order to achieve such a WLTP range, a highly efficient powertrain needs to be developed. Every component
of the car is reconsidered and redesigned if efficiency can be improved. On top of this, highly efficient solar
panels charge the battery both while driving and while being parked. The PV panels ensure that up to 40%
of the total energy used to drive the car comes from solar energy 1. This significant number is drastically
influenced by all conversion steps from sunlight to electricity, which is then fed to the battery, and eventually

1This number is based on the assumption of someone living in the Netherlands and driving 13.000 km per year, which is the yearly
average for the Netherlands. Based on different climates and driving frequencies this number will change.

1
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to the motors of the car. One of these steps is the conversion of the voltage from the solar cells into the high
voltage battery, which is being addressed in this thesis.

1.2. Thesis context
As mentioned before, the converter that is of interest for this thesis will convert the voltage of the solar cells
to the voltage of the HV battery pack. In fact, this is a major simplification of the actual system, of which a
more detailed sketch is shown in fig. 1.1.

Loads

DSC	2
Loads

400	V	battery

LoadsLoads DSC	2
DMPPTs

48	V	battery

Loads

Isolated	bidirectional
DC-DC	converter

DC

DC

OBC

PV
panels

Figure 1.1: A simplified general system overview of the powertrain topology of the Lightyear One.

In the car there are two main DC buses, a 400 V bus and a 48 V bus. Attached to the 400 V bus are among others
the main HV battery, an onboard charger (OBC) and several loads, including the inverters to drive the motors
of the car. On the 48 V bus the output of distributed maximum power point tracking (DMPPT) converters is
connected, as well as a 48 V battery, together with several loads, which are not of interest for this thesis. To
harvest the energy of the PV panels as efficiently as possible a special type of converter is needed, which is the
DMPPT converter. This converter runs on an algorithm that always operates at the maximum power point
that the solar panels can deliver. When one of the solar cells in the string has a lower irradiance, it would limit
the total power output of that complete array. With the DMPPTs, the maximum power point is tracked and
ensures maximum power under all conditions, as designed in [4].
In between the two main buses an isolated bidirectional DC-DC converter (IBDC) is placed. This converter
transports energy from the low voltage (LV) side to the high voltage (HV) side when the solar panels produce
a lot of energy and the 48 V battery is full. On the other hand, when the 48 V battery is empty and solar power
is not enough to drive the loads on the 48 V bus, power from the main battery will be delivered through the
IBDC. So, based on the control strategy employed on the powertrain of the Lightyear One, the IBDC may
have to transfer energy from its LV side to its HV side, or vice versa. Therefore, bidirectionality is demanded.
Additionally, the two buses should be electrically isolated from each other, meaning that the converter should
have galvanic isolation.
From this top level description, the operating conditions of the IBDC can be specified. An overview of the
specifications of the to be designed converter is given in table 1.1.

Table 1.1: The specifications of the DC-DC converter.

Parameter Minimum Typical Maximum
HV side voltage 260 V 378 V 437 V
LV side voltage 42 V 50.4 V 57.4 V

Operating power 2.5 kW

The voltages are determined based on the minimum and maximum voltages of both batteries. The operating
power of the converter is determined to be a constant 2.5 kW and is not variable. This requirement comes
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from the control of the powertrain within the Lightyear One, to which this converter must comply. In all
other situations the converter will be turned off to save energy. When operational, it will operate at its peak
efficiency point, which will be designed to be at 2.5 kW.
However, the absolute limits of the HV battery will not be reached frequently. Instead, the control of the
powertrain is designed in such a way that the main battery never reaches its limits under normal operation.
Therefore, a 90 % operating window can be defined, in which the converter will operate 90 % of the time. This
is the region for which the converter will be optimized, which is displayed in fig. 1.2.

90	%	operating	area

57.4	V

42	V

260	V 420	V312	V 416	V

Figure 1.2: The 90 % use case operating window (blue) given within the full operating range (grey) for the bus voltages of the converter.

From the description above together with the project goals as stated by Lightyear, the following requirements
for the converter can be listed:

1. The converter needs to ensure a highly efficient power conversion (target > 94 % average power stage
efficiency over the 90 % operating range) at a constant power of 2.5 kW (in both directions).

2. The converter needs to have basic isolation with a minimum working isolation voltage of 437 V.

3. The maximum weight of the completed prototype should be no more than 5 kg, including a casing.

4. The components of the prototype should have an automotive rating (AEC-rating).

5. The converter needs to be cooled by either natural or forced convection.

6. The total cost of a single prototype cannot exceede1000.

The requirements are listed based on priority, with the first one leading the design of the converter. The latter
requirements are there to provide a basis for trade-offs. An example can be to go for non-automotive rated
MOSFETs if that yields an additional 1 % gain in efficiency.

1.3. Thesis goals and scope
The goal of this thesis is to investigate, design, simulate and build a prototype of an isolated bidirectional
DC-DC converter. There are no further restrictions than the ones as listed in section 1.2, so the goal of this
thesis is to develop the most optimal converter design, given the requirements. The design and simulation
of magnetic components will not be a part of this thesis, since Lightyear has a partner for this. The reason is
that the design, simulation and manufacturing of automotive rated magnetics is too in-depth to add to the
stated scope of this thesis.
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1.3.1. COVID-19
During the development of the prototype of the designed converter, limitations were encountered due to
the consequences of COVID-19. The original goal of the thesis was to validate the design using a fully func-
tional prototype PCB. However, due to the corresponding delays at manufacturing partners of Lightyear (PCB
builders, component deliverers etc.) the PCB was not finished before the end of this thesis. Therefore, to
compensate the lack of detailed measurements and analysis of the performance of the prototype, the theo-
retical part of this thesis has been extended with the design of a controller for the converter. The testing and
(physical) validation are consequently considered to be future work. However, the design of the prototype
PCB, including its thermal design, will be shown in Appendix C to fully cover the work done for this thesis.

1.4. Report structure
The content of this thesis is structured as follows. Chapter 2 investigates the most suited converter topol-
ogy for this project. Relevant literature is reviewed and analyzed to reduce the optional topologies to three
promising candidates. Then, the candidates are investigated in terms of performance for the given operat-
ing conditions of the eventual converter, after which the best solution is picked. In chapter 3 a detailed loss
model for the chosen converter is made, together with a script that constructs the most efficient combination
of components for the given topology across the operating region. After that, chapter 4 describes the differ-
ent modulation methods for the selected topology to further increase the efficiency and decrease component
stress. Based on the findings of chapter 3 and 4, a control algorithm is designed and validated in chapter 5.
Finally, the conclusions and future recommendations for this thesis work are given in chapter 6.



2
Topology

Many topologies exist that can be used for the design of an isolated bidirectional DC-DC converter. First,
a selection of suitable topologies is made, which is discussed in section 2.1. Then, based on the converter
requirements a selection of the three most promising topologies will be made. From there on, these three
topologies are investigated. The operation principle and characteristics of these converters are described
individually per topology in sections 2.2–4. Finally, in section 2.5 the three topologies will be compared after
which one ise chosen as the best option for this particular converter design.

2.1. Isolated bidirectional converters
From the requirements given in section 1.2, a few apply to the choice of topology and are summarized below
for convenience.

1. The topology needs to ensure a highly efficient conversion at a constant power level.

2. The topology needs to contain as little components as possible in order to reduce weight, size and cost.

3. The topology needs to offer galvanic isolation.

Since the requirements specify the need of an isolated converter, this narrows down the options regarding
topologies. Within the selection of isolated converters a distinction will be made between several topologies
based on the number of switches. This results in one group of isolated bidirectional converters which are
non-(half)bridge switch topologies, one group of converters built-up of bridges (either half or full bridges)
and the last group built-up of bridges with a resonant tank present. An overview of the different topologies
can be seen in fig. 2.1.

Non-(half)bridge
switch	configuration

Half	or	full	bridges
without	resonant	tank

Half	or	full	bridges
with	resonant	tank

Isolated	bidirectional
DC-DC	converter

Flyback	converter Forward
converter

Push-pull
converter

Dual	active
bridge	converter

Bidirectional	full
bridge	converter

LLC	resonant
converter

CLLC	resonant
converter

Figure 2.1: An overview of the different isolated bidirectional DC-DC converter topologies.
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2.1.1. Non-(half )bridge switch configuration converters
Within this first group, many of the converters derived from non-isolated converters can be placed [5, 6]. Ex-
amples of these converters are the flyback (derived from buck-boost converter) and the forward converter
(derived from the buck converter). These converters are not bidirectional in their standard form, so to make
them bidirectional one can either replace the diodes by switches or place two converters anti-parallel to each
other. With the latter option, one of the converters is active depending on the direction of power flow.

Flyback converter
The flyback converter is one of the simplest isolated converters, consisting of a minimum amount of compo-
nents. Its topology can be seen in fig. 2.2 and consists of one switch, a transformer, a diode and a capacitor.

+

-

Figure 2.2: Schematic of a flyback converter.

The main advantage of a flyback converter is its limited number of components. Due to this simplicity the
operation principle is straightforward and the cost, volume and weight of the converter can be kept low. How-
ever, flyback converters are known to be less efficient than alternative topologies. Since efficiency is one of
the key design goals of the final converter, the flyback is considered to not be a good candidate.

Forward converter
Another isolated converter is the forward converter. Its topology is based on a buck converter and can be
seen in fig. 2.3.

+

-

Figure 2.3: Schematic of a forward converter.

The forward converter is more suited for higher power applications, in contrast to the flyback converter [7].
One of the reasons is that the flyback has to store energy in the transformer, while for the forward converter
the stored energy can be retrieved and fed back to the input via diode D1. A disadvantage of the forward
converter is that it has a complicated transformer design, together with an additional filter inductor at the LV
side. Combined with the fact that the forward converter is most suited for medium power levels (up to 500
W) [7], makes that the forward converter is not considered as a good option for this converter design.

Push-pull converter
The last non-(half)bridge converter that was selected is the push-pull converter. It consists of a center tapped
transformer, two switches, two diodes and an LC filter at the output as can be seen in fig. 2.4.
Push-pull converters are widely used in higher power circuits, up to 1000 W typically [7]. When comparing
the push-pull converter to the flyback and forward converter it can be seen that the transformer utilization
is improved. The push-pull topology allows the core to be magnetized in both directions. Additionally, the
typical power range of this topology is in the range of power of the converter that has to be designed for this
thesis. A parallel connection of two push-pull converters per direction can be sufficient. However, the typical
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+

-

Figure 2.4: Schematic of a center tapped push-pull converter.

efficiency for the push-pull converter in fig. 2.4 is still not as high as the efficiencies that can be obtained with
the bridge-based converters. Therefore, the push-pull converter is disregarded as a potential topology.

2.1.2. Bridge-based converters without resonant tank
Within the group of bridge-based converters, the most promising efficiencies, modularity and simplicity can
be found for the dual active bridge (DAB) converter and the bidirectional full bridge converter. Because of
the full bridges, the converters are automatically bidirectional. For that reason a single converter can be used
instead of two (or more) anti-parallel unidirectional converters.

DAB converter
The first selected bridge based converter is the DAB converter. It was first introduced by [8] and consists of
two full bridges connected by a high frequency (HF) transformer. The topology of a DAB converter can be
seen in fig. 2.5.

Figure 2.5: Schematic of a dual active bridge converter.

As can be seen from the figure, the DAB converter has its leakage inductance of the HF transformer depicted
as well. The reason is that this topology makes use of the otherwise parasitic inductance for its power transfer.
Due to the symmetrical topology, bidirectionality is inherently present and modelled in fig. 2.5 as a voltage
source on both ends of the converter. This symmetry allows for an easy operation and flexibility with respect
to control schemes [5].
Disadvantages of the dual active bridge topology are the large amount of switches and the high ripple cur-
rents in the bus capacitors of the lagging bridge [9]. Despite these disadvantages, the DAB converter will be
further investigated in section 2.2 as a potential candidate.

Bidirectional full bridge converter
An alternative to the DAB converter is the bidirectional full bridge converter. This topology consists of two
full bridges coupled by an HF transformer, similar to the DAB. The LV bridge has an inductor in series with
the output, creating a current-fed bridge as shown in fig. 2.6.
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Figure 2.6: Schematic of a bidirectional current-fed full bridge converter.

An advantage of this current-fed topology is that the LV side capacitor ripple is lower compared to the DAB
converter [9] when power is transferred from the HV to LV bus. However, the switches experience higher
current stresses than in the DAB. This, together with the fact that an additional large DC inductor is needed
that is difficult to manufacture [10], makes the bidirectional current-fed full bridge converter less suitable for
this converter design.

2.1.3. Bridge-based converters with resonant tank
The last group of converters consists of bridge based converters with a resonant tank. The resonant tank en-
sures soft switching over a wide range of powers. In literature many resonant topologies can be found [11–15],
of which the resonant tank can be built-up out of different configurations of inductors and capacitors [16].
The potential candidates have been limited to full bridge topologies, since these allow for more degrees of
freedom with respect to optimal control and optimization of the converters [17].

LLC resonant converter
The main bridge based resonant converter that is selected is the LLC resonant converter. As the name sug-
gests, its resonant tank consists of two inductors and one capacitor, as is depicted in fig. 2.7.

Figure 2.7: Schematic of a bidirectional LLC resonant converter.

The resonant tank can be recognized to be of a series resonant type, meaning that it can be modelled as a
series loaded resonant (SLR) circuit. The exact operation of this tank will be discussed in more detail in sec-
tion 2.3. Because of this resonating tank the transformer currents are nearly sinusoidal, which means that
this topology has reduced transformer RMS currents compared to the DAB converter. A potential downside
of the LLC converter is that it operates optimally when the ratio between the HV bus and LV bus voltage lies
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close to the transformer winding ratio. Still, the LLC converter will be further analyzed in section 2.3 as it is
expected to be a good contender for the final converter design.

CLLC resonant converter
Another type of resonant converter that has been picked for a brief investigation is the CLLC resonant con-
verter. Similarly to the LLC converter, the name of this topology indicates how the resonant tank is built-up,
namely out of two inductors and two capacitors. The schematic of this converter can be seen in fig. 2.8.

Figure 2.8: Schematic of a bidirectional CLLC resonant converter.

A major advantage of the CLLC converter over the LLC converter is that it is symmetrical. This allows for a
better and more straightforward bidirectional control [18, 19]. However, the additional resonant capacitor
increases the total number of energy storage components to four, thereby greatly raising the complexity of
analyzing the behaviour of the circuit [20]. For that reason the CLLC converter is not considered to be a
suitable option for this converter design.

2.1.4. Multi-stage converters
So far, the only considered converters have been single stage topologies. A multi-stage topology can be an
interesting choice for the design of this converter as the operating conditions dictate a wide voltage range on
both the HV bus and LV bus. Since one of the objectives of the design of the converter is to keep its size and
weight low, only options will be considered where the additional stage is built-up out of a simple bidirectional
buck or boost converter. With this decision there are four optional topologies, which can be seen in fig. 2.9.

+

-

Isolated DC-DC

(a) A bidirectional boost stage at the HV bus.

+

-

Isolated DC-DC

(b) A bidirectional buck stage at the HV bus.

+

-

Isolated DC-DC

(c) A bidirectional boost stage at the LV bus.

+

-

Isolated DC-DC

(d) A bidirectional buck stage at the LV bus.

Figure 2.9: The four options for placement of bidirectional buck or boost converters.
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Each option will create an intermediate voltage level, which is called Vi nt . This intermediate voltage has a
different level depending on the additional stage, which will be discussed individually.

Boost stage at the HV bus
By placing a boost stage at the HV side (fig. 2.9a), a new voltage level is created that is higher than the HV bus
voltage level itself: Vi nt > VHV . A positive consequence of this is that at a similar power level the intermedi-
ate bus current will be reduced, thereby greatly reducing the conduction losses of the bidirectional isolated
converter. However, this increased voltage means that the switches need to have a higher blocking voltage.
Since switching losses can be expected to be limited due to the aim of achieving zero voltage switching (ZVS)
at the HV side of the isolated stage, this option appears to be promising. However, when looking into optional
switches, it can be seen that semiconductors with a breakdown rating above 600 V are very limited. Within
the range of interest, which will be a Vd s of 800 V for the boost stage at the HV side, only 400 optional switches
exist, in contrast to 1700 switches for a Vd s of 600 V. The price for switches with a higher blocking voltage is
almost quadruple of that of comparably performing 1 switches at 600 V. Based on this significant increase in
costs and the limited amount of semiconductors, this topology is considered not suitable.

Buck stage at the HV bus
Replacing the HV stage with a bidirectional buck converter (fig. 2.9b) has the opposite effect when compared
to the boost stage at the HV bus. Since the intermediate voltage level will be lower than the HV bus voltage,
Vi nt <VHV , conduction losses will increase due to the flow of higher currents. The blocking voltage rating of
the switches will drop, typically leading to a decrease of the on-state resistance, Rd s,on . Additionally, the buck
stage will reduce the voltage swing of the HV side of the isolated stage, thereby contributing to an increased
performance there.

Boost stage at the LV bus
The first option for an additional stage at the LV side of the isolated converter is to place a boost topology
(fig. 2.9c). The effect of this boost stage is that the intermediate voltage level is lower than the LV bus voltage,
Vi nt < VLV . This means that the intermediate voltage level will be even lower than 48 V. When the converter
would operate at full power, this lower voltage would lead to excessive current levels. For that reason, this
option is not considered any further.

Buck stage at the LV bus
The second option for an additional stage at the LV side would be to implement a buck topology. This means
that the intermediate voltage level is raised above the LV bus voltage: Vi nt >VLV . When a buck stage is added
at the LV side it will be difficult to realize an efficient high current buck converter. The design of high current,
low voltage converters is generally difficult when the aim is to have high efficiencies (e.g. higher than 90%)
without complex control or (liquid) cooling [9]. This leads to this option being less suitable for the converter
design.

2.1.5. Conclusion
The remaining converter topologies that have not been eliminated yet are the following:

• Dual Active Bridge converter

• LLC resonant converter

• Two-stage converter with buck stage at the HV side

All of these topologies appear to be attractive for this converter design. So far, only a descriptive analysis
has been done for each topology. In order to narrow down the choice to one single topology, the remaining
converters will be analyzed individually. Per converter the operation principle and its limitations will be
discussed to get a more profound understanding of the three topologies.

1To compare the switches the following figure of merit (FOM) has been used: QG ·Rd s,ON . This FOM incorporates no switching losses,
as these are expected to be non-existing due to ZVS in the isolated stage.
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2.2. Dual active bridge converter
This section will go over the operation principle of the DAB converter. The DAB can be controlled using a
variety of control schemes, given the fact that it is symmetrical and therefore highly controllable. To get a
basic understanding of the operation of the DAB only the single phase shift (SPS) control will be considered.
It is assumed that this mode of operation will give enough insight in the advantages and limitations of the
DAB converter.

2.2.1. Simplified circuit
The analysis starts with deriving a simplified schematic of the DAB converter in order to reduce the com-
plexity of the analysis. The DAB will be controlled using SPS control, which makes the diagonal switches of
the full bridges being operated with a 50 % duty cycle. The resulting output of the bridges is a square wave.
Consequently, the voltage-fed full bridges can be modelled as two ideal voltage sources. Additionally, the
converter is assumed lossless, the transformer is assumed ideal and the converter is operating in steady state,
meaning that the DC HV bus and LV bus voltages do not change. Finally, all secondary (LV) side quantities are
referred to the primary (HV) side via the turn ratio of the ideal transformer, resulting in the simplified circuit
of fig. 2.10b.

(a)

(b)

Figure 2.10: (a) The DAB converter with the ports of the HF transformer labelled. (b) Simplified schematic of the DAB converter.

Here, vab(t ) and vpq (t ) are square wave voltages that are created by the full bridges in the real converter.
vab(t ) has an amplitude of VHV and vpq (t ) has an amplitude of nVLV . In this ideal circuit the ratio between
the HV bus and LV bus voltage is assumed to be close to the transformer turn ratio, meaning that both sides
of the inductor Lk in fig. 2.10b experience a square wave with comparable amplitude. In the case of larger
voltage differences the peak currents can drastically increase, as can be concluded from the voltage-current
relation of an inductor:

VLk = Lk
diLk

d t
. (2.1)
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2.2.2. Operation principle
In order to control the power flow through the converter the phase shift between the two waveforms can be
controlled. The power transfer through an inductive element excited by two square waves can be expressed
as [5]:

P = nVHV VLV

2π2 fs Lk
ϕ

(
π−ϕ)

, (2.2)

where fs is the switching frequency and ϕ is the phase shift in radians. If the switching frequency is assumed
to be constant, from eq. (2.2) it can be seen that the power transfer of the DAB converter with SPS control can
be regulated by the phase shiftϕ between the two square waves produced by the full bridges. The waveforms
and corresponding current through the inductor Lk can be seen in fig. 2.11.

I II III IV I
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Figure 2.11: Ideal waveforms of the simplified DAB converter for SPS control in steady state.

As can be seen from fig. 2.11 it is possible to divide one period into four individual parts. Further, for SPS
control it holds that the voltage waveforms and current waveform repeat every half of the switching period
with a reversed sign. The inductor current is shaped according to the voltage across it at a given time instant,
where the slope can be calculated by rewriting eq. (2.1):

diLk

d t
= VLk

Lk
, (2.3)

where VLk = vab(t )− vpq (t ). The possible voltage levels of vab(t ) and vpq (t ) for SPS control can be expressed
as:

vab(t ) =
{
+VHV for t0 ≤ t < t2

−VHV for t2 ≤ t < t0
(2.4)

vpq (t ) =
{
+nVLV for t1 ≤ t < t3

−nVLV for t3 ≤ t < t1.
(2.5)

2.2.3. ZVS region
As described before, one of the advantages of the DAB converter is its soft switching capability. However, the
power range for which soft switching is achieved is limited. In order to make a trade-off between the three
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converters it is important to analyze this region of soft switching. Hard switching will significantly increase
the total losses of the converter and needs to be prevented. An analytical expression for the zero voltage
switching (ZVS) region will be derived in this subsection.

In general, ZVS turn-on is achieved by having a switch close when the voltage across it is approximately zero.
In the case of MOSFETs, the body diode allows for a built-in ZVS possibility. When a current flows through
this body diode, it inherently means that the voltage across the drain and source will be near zero (just the
forward voltage drop of the diode), resulting in ZVS when the MOSFET is turned on. In a similar way, a diode
can be placed in parallel to the switching device to provide this ZVS option. For the DAB converter ZVS can be
achieved because of a resonant transition during a switching moment. This resonance takes place between
the parasitic output capacitance of the switches and the inductor Lk . The energy stored in the inductor allows
for a displacement of the energy that is stored in the output capacitance of the switches of the full bridge [21].
This process can be described in a more analytical way. First, some important points in the inductor current
waveform of fig. 2.11 need to be defined. This is done in fig. 2.12, where the phase shift is expressed as δ ·Ts ,
with δ being a fraction of the total switching time Ts .

I II III IV

Figure 2.12: Zoomed ideal inductor current waveform of the simplified DAB converter for SPS control in steady state.

The instantaneous values of the inductor current during the switching instances have been labeled I1 and I2

for time instance t1 and t2, respectively. Because of the earlier mentioned symmetry of the current waveform,
the values of the current waveform at switching instance t3 and t0 are similar to t1 and t2, respectively, with a
change of sign:

I1 = iLk (t1) = −iLk (t3), and

I2 = iLk (t2) = −iLk (t0).
(2.6)

An expression for the currents I1 and I2 can be derived. The reason these current points are of interest, is
because for ZVS the values of these currents should be larger than zero for the transition between switching
period I and II, and between period II and III, as defined by fig. 2.12. When I1 is larger than zero, ZVS is ob-
tained for the lagging bridge, which is the LV bridge in this case. In a similar way, an inductor current I2 that is
larger than zero will ensure ZVS for the leading bridge, which is the HV bridge in this example. Because of the
symmetry, for the transition between period III and IV, and IV and I, the inductor current should be negative.
The reason for this is that the remaining energy in the inductor Lk should be sufficient to transfer the energy
stored in the output capacitance of the switches. Since the energy stored in an inductor is proportional to the
current flowing through it, the currents I1 and I2 should be larger than zero to obtain a positive energy.

The inductor current can be easily derived by rewriting eq. (2.3) into

∆iLk

∆t
= VLk

Lk
. (2.7)

By using eq. (2.4), eq. (2.5), eq. (2.7), the definitions shown in fig. 2.12 and assuming that the HV bus voltage
VHV , LV bus voltage VLV , switching frequency fs and the inductance Lk are known, an expression for the
inductor current during switching period I can be derived as:

I1 + I2

δ ·Ts
= VHV +n ·VLV

Lk
. (2.8)
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In a similar way an expression for period II can be found as:

I2 − I1( 1
2 −δ

)
Ts

= VHV −n ·VLV

Lk
. (2.9)

A system of equations is formed by eq. (2.8) and eq. (2.9), which has two unknowns, I1 and I2. This means the
system can be solved for both currents, resulting in:

I1 = Ts

4Lk

(
n ·VLV −VHV +4δ ·VHV

)
(2.10)

I2 = Ts

4Lk

(
VHV −n ·VLV +4δ ·n ·VLV

)
. (2.11)

With these expressions, the boundary conditions for ZVS can be obtained. For this converter design it is
valuable to know the ZVS limits for different voltage transfer ratios. As the HV bus and LV bus voltage swing
are large, it is important to evaluate whether ZVS can be achieved for all operating points. When the voltage
transfer ratio is defined as

M = n ·VLV

VHV
, (2.12)

then eq. (2.10) and eq. (2.11) can be rewritten as

I1 = Ts ·VHV

4Lk
(1−M +4δ ·M) (2.13)

I2 = Ts ·VHV

4Lk
(M −1+4δ) . (2.14)

For ZVS it was explained that both these inductor currents should be larger than zero. Imposing this condition
and solving eq. (2.13) and eq. (2.14) for the phase shift ratio δ results in:

I1 > 0 : δ> M −1

4M
(2.15)

I2 > 0 : δ> 1−M

4
. (2.16)

With the conditions imposed by eq. (2.15) and eq. (2.16) for the phase shift ratio δ an overview can be made
for the ZVS region, depending on the voltage transfer ratio M . In fig. 2.13 a plot of the voltage gain M against
the positive phase shift ratio δ is shown. It should be mentioned that fig. 2.13 is symmetrical around the y-axis
for δ< 0.
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Figure 2.13: ZVS region for the ideal DAB converter.
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The analysis so far has only considered the fact that the inductor current at time instances t1 and t2 should
be larger than zero. It can be seen from fig. 2.13 that ZVS will only be possible for certain combinations of
voltage transfer ratio M and phase shift ratio δ. An increased δ allows for a wider range of HV bus and LV bus
voltages, however, a higher transferred power is an implicit consequence, as follows from eq. (2.2).
The conditions dictated by eq. (2.15) and eq. (2.16) are on its own not sufficient to guarantee that the voltage
across the switch will be zero when switched on. As briefly mentioned before, the output capacitance of the
switches that are turning on need to be fully discharged. This might not be the case when the inductor current
at time instance t1 or t2 is slightly larger than zero. When the inductor current drops to zero, the energy in the
capacitances of the switches could not yet have been transferred. So, eq. (2.15) and eq. (2.16) are incomplete;
the energy in the output capacitance of the switches needs to be considered.
Described in a more analytical manner, the energy stored in the inductor at the end of region I and region II
needs to be larger than the energy stored in the capacitances across the switches:

ELk > ECtot ⇒ 1

2
Lk i 2

Lk
> 4 · 1

2
Ctot V 2

C , (2.17)

where Ctot is the total equivalent capacitance across a switch of the full bridge (Sx in the figures, where Sx

can consist of multiple parallel switching devices) and VC is the voltage across the switches when the energy
exchange takes place. For the HV side bridge VC is equal to VHV and for the LV side bridge equal to VLV .
Rewriting eq. (2.17) into a requirement for the inductor current leads to:

iLk > 2 ·VC

√
Ctot

Lk
. (2.18)

Finally, by combining eq. (2.18) with eq. (2.15) and eq. (2.16) leads to

δ> M −1

4M
+ 4

√
Lk ·Ctot ,i n

Ts ·M
(2.19)

δ> 1−M

4
+ 4M ·n ·√Lk ·Ctot ,out

Ts
. (2.20)

To conclude, the inductor current values at time instances t1 and t2 should be larger than 0 and large enough
to ensure that sufficient energy is left in the inductor to transfer the energy between the capacitors. It should
be mentioned that the no-ZVS region as shown in fig. 2.13 will expand due to the additional conditions im-
posed by eq. (2.19) and eq. (2.20). With this ZVS region and the analysis of the power transfer of the DAB
converter using SPS control, enough information is gathered on this topology for a more thorough compari-
son with the LLC topology and two-stage converter.

2.3. LLC converter
For the LLC converter a similar approach will be used as for the DAB converter in section 2.2. First, the
converter schematic shown in fig. 2.7 will be simplified to do a basic analysis of the operation of the LLC con-
verter. Then, specific operating conditions and limitations will be discussed, such that they can be compared
with the limitations of the DAB converter and the two-stage converter.

2.3.1. Simplified circuit
The schematic of the LLC converter can be simplified in a similar way as the DAB converter. By recognising
that the full bridges output a square wave to the resonant tank, the simplified circuit as shown in fig. 2.14b can
be derived. In this simplified circuit, the transformer is considered ideal and only the magnetizing inductance
is represented in the equivalent model of fig. 2.14b. The LV side voltages and currents are referred to the HV
side, thereby eliminating the transformer completely. The resulting simplified LLC circuit can be recognized
and treated as a series loaded resonant (SLR) circuit, in which the following formulae apply [6]:

iL(t ) = IL0 ·cos
(
ω0(t − t0)

)+ Vap −VC 0

Z0
sin

(
ω0(t − t0)

)
(2.21)

vC (t ) =Vap − (
Vap −VC 0

) ·cos
(
ω0(t − t0)

)+ IL0Z0 sin
(
ω0(t − t0)

)
, (2.22)
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(a)

(b)

Figure 2.14: (a) The LLC converter with the ports of the HF transformer labelled. (b) Simplified schematic of the LLC converter.

where Vap is the voltage over the combination of L and C ,ω0 is the natural frequency and Z0 is the character-
istic impedance of the resonating circuit consisting of L and C . In the time interval where a resonance cycle
occurs, it is assumed that the HV and LV bus voltages applied to the resonant tank can be modelled as DC.
When eq. (2.21) and eq. (2.22) are applied and analyzed it can be shown that at regular time instances ZVS
and ZCS can occur. Since the current through Lm is controlled by the voltage source vpq (t ), this current can
be analyzed by the first order differential equation according to eq. (2.1) [9].

2.3.2. Operation principle
The operation of the full bridges of the LLC converter is largely similar to that of the DAB. The output of the
HV side bridge is a square wave voltage, which is applied to the resonant LLC tank. The result is a nearly
sinusoidal current flow through the transformer, to which the LV side provides synchronous rectification. A
difference with the DAB topology is that the LLC topology is not symmetrical. As a consequence, the oper-
ation in forward mode, from HV input to LV output, differs from the operation in backward mode. For that
reason, the operation will be separately discussed for the two modes.

Operation in forward mode
To simplify the analysis of the operation principle, the first harmonic approximation (FHA) is used [11]. FHA
assumes that only the first harmonic of the waveforms is responsible for power transfer between the bridges.
The advantage of this simplification is that the circuit can be characterized in a much simpler, yet accurate
way. This means that instead of characterizing vab(t ) as a square wave voltage, this input voltage of the
resonant tank can be represented as:

vab(t ) =VHV · 4

π
· sin(ωt ). (2.23)

To further simplify the analysis, the equivalent AC resistance of the LV full bridge can be written as [22]:

RLV ,AC = n2 · 8

π2

V 2
LV

PLV
. (2.24)
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Lastly, before any further calculations will be done, the following substitutions are introduced, as defined in
[22]:

V ′
LV = n ·VLV , fr 1 = 1

2π
p

LC
, k = fs

fr 1
,

h = Lm

L
, Z0 =

√
L

C
, Q = Z0

RLV ,AC
.

(2.25)

Here, k is the ratio between the switching frequency and the first resonant frequency of the LLC tank, Z0 is
the characteristic impedance of the resonant tank and h is introduced together with Q to remove the values
of the inductors and to keep the formulae more intuitive.
It can be seen from eq. (2.25) that the value of Q is affected by the load. For high output powers, when RLV ,AC is
low, a high value of Q will be realized, for low loads, Q will be low too. The last variable that will be introduced
is fr 2, which is the switching frequency at which the voltage transfer ratio M (which is defined below) is
maximal. From here, the voltage transfer ratio can be determined, which can be worked out to

M = V ′
LV

VHV
= 1√(

Q
(
k − 1

k

))2 +
(
1+ 1

h − 1
hk2

)2
. (2.26)

An important aspect of the LLC resonant converter can be shown now, when the voltage gain is plotted for
different switching frequencies, and different load powers (different values of Q), as shown in fig. 2.15a.
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Figure 2.15: The voltage transfer ratio of the LLC converter plotted against the relative switching frequency k for (a) different power
levels Q with h = 4 and (b) different inductor ratios h with Q = 0.7.

From fig. 2.15a it can be seen that for high load powers (a high value of Q) the LLC resonant converter is
limited in its ability to support a wide LV bus voltage range. In this example, the transformer turn ratio n is
put to 7. Now, looking at the requirements for the converter that has to be designed, the maximum voltage
transfer ratio that should be achieved is

Mmax = n ·VLV ,max

VHV ,mi n
= 7 ·57.4

260
≈ 1.55, (2.27)

which will only be achievable when having a Q of 0.2− 0.4 (for an h of 4). This imposed restriction on Q
means that full power will not be achievable for the LLC. This is a major downside, as the resonance works
best around the region where the voltage ratio M is close to the transformer winding ratio n. Additionally, it
can be seen from fig. 2.15 that around M = 1 there are many options for switching frequencies and inductor
ratios h. This would give a good ability to optimize the converter around that area. When the LLC converter
is operated as the second conversion stage, in the two stage scenario, the performance and flexibility of the
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converter can be improved. As an example, if the HV bus voltage would be kept at 345 V by a first stage, Mmax

will be reduced to (7 ·57.4)/345 ≈ 1.16, which is close to 1, even for the worst case scenario of the converter.
Another conclusion that can be drawn from fig. 2.15 are the limited options for voltage transfer ratios M
when the switching frequency is higher than the resonant tank frequency k > 1. Moreover, large variations in
switching frequencies are needed to obtain a slight change in the voltage gain in this region, as the gain curve
shows for k > 1. This region does allow for ZVS on the HV side though, whereas on the LV side ZCS can be
achieved [22].
The opposite is true for switching frequencies below the resonant tank frequency. Here, a wide variety of volt-
age gains can be realized with minimum changes in the switching frequency. Additionally, when M is close
to 1, a wide power range can be supported. However, since the behavior of the resonant tank is capacitive for
switching frequencies below fr 2, ZVS is lost for this region of operation [11]. For that reason, this region of
switching frequencies has to be avoided to ensure a highly efficient operation of the converter.
The last conclusion that can be drawn from this analysis is that the voltage transfer ratio M can be boosted by
changing the ratio between the two inductors of the LLC design, L and Lm . The effect can be seen in fig. 2.15b,
where a similar value of L and Lm results in a high voltage gain just before k = 1. This means that the resonant
tank of the LLC converter can be highly tuned depending on the application and requirements.

Operation in backward mode
Even though the LLC topology is not symmetrical, the backward operation does not differ much from the for-
ward operation, as will be shown in this section. For starters, the voltage gain formula as defined by eq. (2.26)
should be adjusted [22]:

M = VHV

V ′
LV

= 1√(
Qk − Q

k

)2 +1

. (2.28)

Similarly, a new expression for the Q can be derived from eq. (2.28), resulting in [22]:

Q = RHV ,AC

Z0
= Z0π

2

8

PHV

V 2
HV

. (2.29)

Similar to the forward mode the voltage transfer ratio M can be plotted against the relative switching fre-
quency k for different output powers. This plot is shown in fig. 2.16.
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Figure 2.16: The voltage transfer ratio of the LLC converter in backward mode plotted against the relative switching frequency k for
different power levels Q.

Now that all equations for the LLC in both modes are known, the similarities to the SRC can be displayed. As
mentioned before, the current of inductor Lm is solely determined by the voltage over it, which is V ′

LV . This
means that the magnetizing inductance is not actively contributing to the power transfer of the converter and
does not participate in the resonance effect of the tank. For this resonance, only L and C are contributing.
This means that the tank can be approached as an SRC topology, which means that eq. (2.21) and eq. (2.22)
hold. From the SRC it is known that its output voltage cannot be controlled for no-load cases [11]. This
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drawback will not be of high importance for this application of the converter, since the DC-DC converter to
be designed, will only operate at a constant power. Another drawback of the SRC and thus the LLC converter,
is the fact that high ripple currents will be experienced by its output capacitor [11], which in the case of the
LLC depends on the transferred power direction. Because of the mentioned drawbacks the suitability of the
LLC converter needs to be reconsidered.

Many downsides that are mentioned in this section can be overcome by applying certain switching schemes.
For now, the basic operation principle and limitations of the LLC converter have been discussed. Possible
solutions are present, but will not be discussed until the LLC will be opted as the most promising topology.
At a later stage, if the LLC will be chosen as the best candidate, the switching schemes and patterns will be
considered.

2.4. Two stage converter
In this section, a more detailed description is given for the buck operation and the boost operation of the
added converter. As was concluded before, the decision is made to create an intermediate voltage level be-
tween the HV bus and the input of the isolated converter stage by means of a buck stage. For convenience, a
zoomed version of the schematic of the buck stage depicted in fig. 2.9b is given in fig. 2.17.

+

-

Isolated DC-DC

Figure 2.17: The schematic of the two stage converter with a buck stage at the HV side.

2.4.1. Buck operation
For the buck operation of the converter, the well-known formulae for a buck converter apply. The waveforms
for the buck operation can be seen in fig. 2.18.

Figure 2.18: Ideal waveforms for buck operation of the bidirectional buck converter.
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The relation between the output voltage of the buck converter, Vi nt , to the input voltage, VHV , can be ex-
pressed by the duty cycle as:

Dbuck = Vi nt

VHV
. (2.30)

In order to get an indication of the losses in the converter, some average and RMS values of currents are
needed. First, the average current through the inductor can be obtained by assuming steady state operation,
which leads to:

IL,av g = Pi nt

Vi nt
, (2.31)

where Pi nt is the power of the buck stage which is fed to the second stage. Additionally, the inductor RMS
current needs to be calculated. To do so, the current ripple is needed. By considering the voltage over the
inductor during the OFF period of the switch, the following formula can be obtained:

∆IL = Vi nt (1−D)

fs ·L
. (2.32)

Now that the inductor currents are known, the RMS current through the inductor can be obtained.
The derivation of the RMS currents can be found in Appendix A.1. From the derivations it can be seen that the
RMS current of the inductor can be decomposed into a constant value, IL,mi n and the triangular waveform
iL,r i ppl e (t ). Using the definition of RMS current, it can be found that the RMS current through the inductor
can be expressed as:

IL,RMS =
√

1

12
I 2

pp + I 2
L,av g , (2.33)

as given by eq. (A.9), where Ipp is the peak-to-peak current ripple.
In a similar way, the switch and diode currents can be expressed, based on the inductor currents. The average
switch current and RMS current can be expressed as:

Isw,av g ,buck = Dbuck · IL,av g (2.34)

Isw,RMS,buck =
√

Dbuck · IL,RMS . (2.35)

Finally, the diode currents can be expressed as:

ID,av g ,buck = (
1−Dbuck

) · IL,av g (2.36)

ID,RMS,buck =
√

1−Dbuck · IL,RMS . (2.37)

2.4.2. Boost operation
Similar to the buck operation, for the boost operation of the converter, the well-known boost converter for-
mulae apply. The ideal waveforms for the boost mode can be seen in fig. 2.19.
The relation between the output voltage of the boost mode to its input voltage can be expressed as

Vi nt

VHV
= 1

1−D
. (2.38)

To get an estimate of the losses in the converter, average and RMS values of currents through the components
are needed. It can be derived that for similar operating conditions as the buck mode (CCM, constant HV and
LV bus voltages, no losses, similar output powers) the duty cycle of the buck mode and boost mode relate as

Dboost = 1−Dbuck . (2.39)

From here, it follows that the calculated inductor average and RMS currents from the buck mode can also be
applied for the boost mode. The only difference is that the input and output voltage in the formulae swap
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Figure 2.19: Ideal waveforms for boost operation of the bidirectional buck converter.

and that the duty cycle of the boost converter should be applied. Considering the other currents in the circuit
results in:

Isw,av g ,boost = Dboost · IL,av g (2.40)

Isw,RMS,boost =
√

Dboost · IL,RMS (2.41)

ID,av g ,boost =
(
1−Dboost

) · IL,av g (2.42)

ID,RMS,boost =
√

1−Dboost · IL,RMS . (2.43)

It can be seen from both the buck and boost mode that the conduction losses will be significant as the full
inductor current has influence on the losses in the switch and the diode. On top of the conduction losses,
the switching losses will be added. It is expected that these additional losses will be higher than the losses
that will be saved in the isolated stage by adding an additional converter. This expectation is confirmed by
the research done in [9], where a single stage DAB converter is compared to a two stage converter. The latter
consists of a similar bidirectional buck converter (called a buck-or-boost converter) and a DAB converter as
isolated stage. The average efficiency of the two stage converter is lower than the average efficiency of the
single stage DAB. The operating conditions of the converters in [9] are similar to the converter that has to be
designed in this thesis, meaning that the results from the PhD dissertation can be applied to this converter
design as well.

2.5. Selected topology
Based on the analysis of the three optional circuits a final decision regarding the topology of choice has to be
made. The final decision is to go with the DAB converter, based on the literature research and calculations
as presented in this chapter. The main reasons to not go for certain topologies will be repeated once again in
this section, to provide a concise overview of the decision.

DAB converter
The main advantage of the DAB converter is its ease of operation. Due to its symmetry the direction of power
flow does not influence the efficiency2. Besides, the number of components is lowest for the DAB converter
when compared with the other options. Moreover, overall component stresses are low for the DAB topology,
despite the fact that the lagging bridge capacitor experiences large ripple currents. Additionally, the large
ZVS range for wide voltage swings and soft switch options of the DAB converter make it very attractive when
efficiency over the whole operating range is an important criterion. Finally, a lot of optimization techniques,
modulation schemes and highly efficient prototypes have been presented in literature as the DAB converter

2The symmetry of the converter is only achieved when no external series inductor is used to obtain the desired leakage inductance.
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has gained popularity in recent years due to its advantages.
Remaining downsides of the DAB converter are the high conduction losses when compared with other topolo-
gies. Additionally, the decreased efficiency for wide input and output voltage ranges is a drawback with re-
spect to this design. Still, this drop in efficiency is lower for the DAB than for the LLC resonant converter.

LLC converter
One of the attractive features of the (full bridge) LLC converter is the fact that the ZVS range is increased for
multiple power levels with respect to the DAB converter. The LLC converter outperforms the DAB converter at
low power points, simply because in this region the DAB loses ZVS where the LLC still ensures soft switching.
Together with the nearly sinusoidal transformer waveforms this ensures low losses. Moreover, the efficiency
of an LLC converter on a specific operating point can be made higher than with a DAB converter. The tuning
of the resonant tank can be tailored to perform best at a desired operating point.
Drawbacks of the LLC are the additional components, the more complex control and its vulnerability to wide
input and output voltage ranges. The latter is not a strong point for the DAB either, however, it influences the
efficiency of the LLC converter even more. Literature has proposed some solutions, but usually those imply
additional components or a more complex control scheme.

Two stage converter
The idea of a two stage converter is very attractive in combination with one of the earlier mentioned con-
verters. The advantage of an additional stage is that it can tackle one of the major disadvantages of both
converters. Since both the LLC and DAB are isolated, this means that a simple buck-or-boost converter can
be implemented, adding a minimal amount of components. Together with the possibility of reducing com-
ponent stress of the isolated stage by providing an extra degree of design freedom (the intermediate voltage
level can be freely chosen) makes the two stage an interesting trade-off.
Obviously, the main disadvantage of this solution is that the additional stage should be highly efficient. The
losses that are saved by limiting the voltage swing of one side of the isolated stage should be larger than the
introduced losses of this additional stage. In other words, the efficiencies of both individual stages needs to
be around 97-98 % (total two stage efficiency will then be 94 %) in order to outperform the single stage DAB
converter (DAB converters with efficiencies higher than 94 % have been presented in literature [21, 23–25]).
This in itself is a considerable challenge, especially since buck converters suffer from high switching losses.
For that reason, together with the additional hardware, costs and volume of the extra stage, the two-stage con-
verter is found not to be suitable. Additionally, [9] designed a two-stage converter with comparable operating
conditions and showed that the overall efficiency is lower than for a single stage DAB.

2.6. Adjustment to the dual active bridge converter
Now that the DAB converter has been selected as the best candidate, there is one more topic to investigate,
which is the saturation of the magnetics. There is a remark to the use of a transformer in the DAB topology.
The average voltage over the transformer should be zero such that no DC current bias can build-up in the
transformer core, which would lead to saturation. Since there is very little energy stored in the (series) leakage
inductance, a small variation in voltage waveforms or duty cycles would lead to unbalance and saturation of
the transformer core. Additionally, a DC bias will lead to the reduction of the ZVS region for one switching leg,
and increase the ZVS region for the other leg. This leads to uneven losses, which, if not properly monitored,
could lead to device failure.

There are several solutions to overcome this issue, of which one is to add an air gap to the transformer core.
This will not solve the above mentioned problem of DC bias, but will drastically reduce its effects and gives
some headroom to counter the unbalance in voltage with control. The air gap will increase the total reluc-
tance of the path the flux will take. This decreases the inductance, meaning that less flux is created with the
same current. In the end, this would mean that the transformer core will saturate less quickly, thereby intro-
ducing more margin and time for control to counter the DC bias current. An alternative solution is to add a
DC blocking capacitor in series with the leakage inductance, which will be introduced in this section. Lastly,
a current sensor should be placed to monitor the DC bias of the inductor current, so that a current control
loop can be added to the control.

In series with the leakage inductance (in practice in series with the external inductor and transformer), the
capacitor(s) can be placed. The best location for the cap is before the inductor on the HV side, to limit the
magnitude of current it will experience. Also, care should be taken with the value of this capacitor, since it
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introduces an LC network, together with the external inductor and leakage inductance of the transformer
(not the magnetizing inductance, this is way too large compared to the leakage). A good practice is to limit
the resonance frequency of this LC network to maximum 20 % of the switching frequency. Anything lower is
good, therefore 10 % is used such that the capacitor will actually operate as a DC blocking device rather than
create oscillations. The schematic overview of the DAB topology has been updated with the additional DC
blocking capacitor and can be seen in fig. 2.20.

Figure 2.20: Schematic of a dual active bridge converter with added DC blocking capacitor.

When this series capacitor CDC is added, ideally no DC current can build-up in the transformer and inductor.
However, still care should be taken with this assumption, as the voltage waveforms are continuously chang-
ing and can therefore provide unbalance.

In this thesis, the DC bias capacitor is implemented and will be discussed in the component selection process.
However, for calculations on the operation of the DAB converter in steady state, the effect of the DC blocking
capacitor will be ignored. When its capacitance is chosen to be as such that the natural frequency of the
leakage inductor and series capacitor is 10 % of the switching frequency, its effect on the steady state behavior
can be neglected. It does still contribute to the losses due to the presence of a series resistance (ESR), which
will be taken into account. For the rest it is assumed for all analyses that the converter operates in steady state
with symmetrical, balanced voltage waveforms over the leakage inductor.





3
DAB Converter Loss Model

The DAB converter has been chosen due to its variety of advantages, such as a high possible efficiency, low
number of components and its simplicity. In section 2.2.3 it appeared that the efficiency of the DAB was
influenced by the voltage transfer ratio M and the phase shift ϕ. One of the contributing factors is that soft
switching might be lost for certain operating points, which leads to additional switching losses. Especially at
the HV bridge these switching losses can be significant. During hard switching the parasitic capacitances of
the switches have to be discharged when turning on, which is all dissipated in the switch itself. In order to
quantify the losses that are present in the switches as well as the other components, section 3.1 will describe
the loss models that are created for the components of the DAB. Then, these loss models will be implemented
in a numerical minimum search script, which runs multiple converter designs in order to find the one with
the highest efficiency. The design and implementation of this minimum search script, that makes use of SPS
modulation, will be discussed in section 3.2. Finally, the chapter ends with a discussion of the results of the
optimizer and the optimal component choice for the DAB converter in section 3.3. In this chapter for now
only positive power is considered, which is defined as a net power transfer from the HV side to the LV side.
For negative power the principles remain the same. In the actual models and minimum search script, both
power directions have been considered.
Throughout this chapter, the switching frequency is assumed to be given. Determining the optimal switching
frequency is an iterative process which influences many parameters. Therefore, an initial switching frequency
of 100 kHz was selected based on a qualitative trade-off between converter sizing (especially the magnetic
components) and expected switching losses, in a similar way as in [9]. After that, a sensitivity analysis was
done using the designed minimum loss script around 100 kHz, from which it turned out that the lowest losses
were obtained for 100 kHz. Therefore, the DAB converter will be operated at 100 kHz, which is the frequency
that is used for all loss models in this chapter.

3.1. Loss models
The first step in finding the minimum loss converter design is by reproducing the voltage and current wave-
forms for SPS modulation. The reason is that the loss models of the components require the current values
or the voltage waveforms to compute the losses. To this end, first the average and RMS values of the leak-
age inductor current will be computed, followed by the loss models of the different components in the DAB
converter. The calculated average and RMS currents will be used in these loss models.

3.1.1. Calculation of the inductor current
For SPS modulation there are two typical waveforms. The first is for the case that VHV > nVLV , which will be
called SPS-1, and the second for VHV < nVLV , which is labelled as SPS-2. These two waveforms are shown in
fig. 3.1a and fig. 3.1b, respectively.
As can be seen from the figures, in the case of SPS-1 the inductor peak current is determined by I2, whereas
for SPS-2 the peak current is dictated by I1. In this chapter, only SPS-1 will be used to derive the average and
RMS values of the current. The current values for SPS-2 can be obtained in a similar way.
In order to calculate the average and RMS values of the currents, eq. (2.10) and eq. (2.11) can be used. It is
assumed that the average value of the inductor current iLk (t ) is zero, since the average values of the applied

25



26 3. DAB Converter Loss Model
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(b) SPS-2

Figure 3.1: The two possible waveforms for SPS modulation. (a) with VHV >VLV and (b) with VHV <VLV .

voltages vab(t ) and vpq (t ) must be zero to prevent saturation of the transformer core. Using this property, the
peak-to-peak inductor current, Ipp , which is needed in one of the loss models, can be easily found as twice
the value of I1.
Now, the RMS value of the inductor current waveform has to be computed. The RMS value is relevant as it
will be used to compute the conduction losses in the DAB. To calculate the RMS value, the inductor current
waveforms as shown in fig. 3.1 can be recognized as periodic piecewise linear functions. Each function can
be split into segments, in which the current is linear. The RMS value of such a function can be expressed as
[26]:

ILk ,RMS =
√√√√ K∑

k=1
Dk uk , (3.1)

where K is the total number of segments in one period, k is the current segment number that is being com-
puted, Dk is the duty cycle of segment k and uk is the contribution of that segment. The duty cycle is the
segment duration time with respect to the total switching cycle time. The contribution uk corresponding
to a trapezoidal segment, like period II of iLk (t ), having a nonzero beginning I1 and nonzero ending I2, is
expressed as

uk = 1

3

(
I 2

1 + I1I2 + I 2
2

)
. (3.2)

From here, both the RMS value of the inductor current as well as the average current over the whole switching
cycle of the inductor can be calculated, with the latter one being zero. In a similar fashion, the switch RMS
current can be calculated. The difference between the HV and LV switch currents differs by the transformer
turn ratio n. Every switch conducts the inductor current for 50 % of the time, resulting in:

Isw,RMS =
{p

0.5 · ILk ,RMS for HV switchesp
0.5 ·n · ILk ,RMS for LV switches

(3.3)

3.1.2. Loss model of the switches
Now that the switch currents are known, the losses of the switching devices can be determined. These losses
can be divided into conduction losses and switching losses. Conduction losses exist only when the switch is
actively conducting current, whereas switching losses only occur when the switching device changes state;
from ON to OFF or vice versa. These losses can be divided and treated separately. The switching devices
that will be used are MOSFETs and the subsequent models will be made considering those type of switches.
Furthermore, S1−4, as seen in fig. 2.10a, will all be similarly implemented, meaning that the H-bridge is sym-
metric. The same holds for the LV bridge; when S5 has multiple MOSFETs in parallel, S6−8 have the exact
same number of parallel MOSFETs of the same type.
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Conduction losses
For the conduction losses, the RMS value of the switch current has to be used, that is obtained from eq. (3.3).
Considering that a number of MOSFETs can be used in parallel to enable current sharing, the conduction loss
can be calculated using:

Pcon = I 2
sw,RMS

Rd s,ON

Npar
, (3.4)

where Rd s,ON is the on-state resistance of the MOSFET and Npar is the total number of parallel MOSFETs.
The consequence of placing multiple switching devices in parallel is that the total equivalent drain-to-source
resistance reduces. However, this comes at the cost of additional components, gate drivers and gate losses,
as will be shown in the next section.

Switching losses
The switching losses are losses that occur during every state transition of the switching devices. The switching
losses have to be calculated for both the HV bridge and the LV bridge switches, because of the different origin
of the losses. For the HV bridge, low currents with high voltages will be switched, whereas for the LV bridge
high currents with a low voltage will be switched. The switching losses that will be derived in this section
are the losses that occur in one switch, for example S2 in fig. 2.10a, which can be implemented by multiple
parallel connected MOSFETs. To get the total switching losses for the full bridge, the calculated losses have to
be multiplied by 4.
For the HV bridge switching losses, there are several contributing factors. First of all, there is the loss due to
the charge that is present in the parasitic output capacitance of the MOSFETs when hard switching. When
the MOSFET is in the off state, this capacitance is charged, whereas when the MOSFET switches on, this ca-
pacitance has to be discharged. During the on transition, this charge gets dissipated in the MOSFET, thereby
contributing to the total switching losses.
Then, there are the losses due to the overlap of the voltage and current waveforms when hard switching. An
approximation of the energy that is lost can be made by means of [6]:

Eover l ap = 1

2
Vd s Id

(
ton + to f f

)
, (3.5)

where Vd s is the voltage over the MOSFET when switching on, Id is the current that the MOSFET conducts
when switched on, ton is the time it takes to switch to the on state and to f f is the time it takes to switch to the
off state. The MOSFET turn on and turn off times can either be taken from the datasheet or can be calculated
by making use of the method presented in [27]. For this thesis, the latter option has been taken, since the
datasheet variables are subject to the operating conditions that the manufacturer used to determine those
times. In order to make a fair comparison between different MOSFETs of different manufacturers, the times
have been calculated.
Both these losses contribute largely to the total switching losses, but are only present when hard switching
occurs. Fortunately, the DAB converter has a ZVS mechanism that is further analyzed and explained in sec-
tion 4.1. For the loss model, the switching losses will be assumed zero when ZVS is achieved. However, when
the operating conditions of the DAB converter prevent ZVS, the hard switching losses consist of the overlap
losses and the output capacitance losses. The switching losses can be notated as:

Psw,HV =
{

0, if ZVS is obtained( 1
2Coss,EE V 2

i n ·Npar +Eover l ap
)

fs , for hard switching,
(3.6)

where Coss,EE is the energy equivalent output capacitance of the MOSFET. This output capacitance is used as
it represents the equivalent energy stored in the parasitic capacitance [28].
For the LV bridge switching losses, similar hard switching losses occur. However, due to the high current
switching of the LV bridge, parasitic inductances start to play a role, even when ZVS is achieved. The reason
is that ZVS does not necessarily mean zero current switching (ZCS). The additional energy that is dissipated
due to the interruption of the high inductor current in the LV bridge can be approximated by [29]:

Eo f f ,LV = 1

2

Ld +Ls

Npar
I 2

sw,LV
Vbr

Vbr −Vsw
, (3.7)

where Ld and Ls are the parasitic drain and source inductance of the package of the MOSFET, Vbr is the
drain-source breakdown voltage and Vsw is the voltage over the switch, in this case the output voltage of the
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converter. With increasing number of parallel switches, the total parasitic inductance decreases. Equation
3.7 does not account for the inductance of the eventual PCB traces, which will also contribute to these losses.
For now, it is assumed that the design of the PCB traces is made to reduce parasitic inductances, so that they
can be ignored with respect to the lead inductances of the packages of the MOSFETs.
Now, the total switching losses of the LV bridge switch can be summarized as

Psw,LV =
{

Eo f f ,LV · fs , if ZVS is obtained( 1
2Coss,EE V 2

out ·Npar +Eo f f ,LV +Eover l ap
)

fs , for hard switching
(3.8)

Reverse recovery losses
Since MOSFETs are used to implement the switches, another phenomenon plays a significant role: the reverse
recovery losses. Every MOSFET has an intrinsic body diode, which originates from the structure of a MOSFET,
being built-up out of p-n junctions. The parasitic diodes are depicted in a schematic representation of the
structure of a power MOSFET in fig. 3.2.
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Figure 3.2: Schematic representation of the structure of a power MOSFET. The green areas are the metallizations, used for a low ohmic
connection to the silicon structure. The blue area is the highly doped p+ region, whereas the highly doped n+ region is depicted as the
red area. The gray bar underneath the gate metallization is the oxide layer. The light-yellow area is the n− region, which is present in a

power MOSFET to withstand a higher breakdown voltage. The parasitic diodes are depicted as dotted lines in the figure, connecting the
source to the drain.

Because of these parasitic diodes, the MOSFET is able to conduct current from source to drain, even when the
MOSFET is not switched on. This characteristic of the MOSFETs is beneficial for the DAB converter, since a
current flow through the body diode prior to turning on allows for ZVS turn-on. However, the downside of this
diode is that it introduces reverse recovery losses. Reverse recovery is the inability of a diode to immediately
block a reverse current after conduction. When the diode is conducting current and the direction of current
changes, the diode needs a finite amount of time before this reverse current flow can be blocked.
When the DAB converter HV bridge loses ZVS, the reverse recovery losses will be added to the HV bridge
losses. The reason is that the parasitic diode starts to conduct right before commutation during hard switch-
ing. Because of this forced commutation of the diode, reverse recovery losses are introduced. Since these
losses can be substantial for silicon (Si) MOSFETs due to their high reverse recovery charge Qr r and large re-
verse recovery time tr r [7], hard switching should be prevented at all times. The reverse recovery losses can
be approximated by

Pr r =
{

0, if ZVS is obtained

Qr r Vd fs , for hard switching,
(3.9)

where Qr r is the total reverse recovery charge given by the datasheet of the MOSFET and Vd is the voltage
applied to the diode when in blocking state. Usually, the datasheet value of Qr r is given for a certain di/dt
that the body diode of the MOSFET is subjected to. However, when the di/dt of the test that the manufacturer
did to determine Qr r is low, the peak reverse recovery current Ir r will be low too, since a fast changing current
leads to an increased Ir r [30]. Additionally, a higher di/dt leads to an increased Qr r . Therefore, care should
be taken when comparing reverse recovery losses among different MOSFETs.
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The final part that is added to the total switch losses are the gate driver losses. Every switching instance the
gate driver either has to charge or discharge the gate(s) of the MOSFETs that need to change state. The charge
that is transported into the gate of the MOSFET to enable conduction is assumed to be fully dissipated by the
gate driver when the gate gets discharged again. Furthermore, that charge went through the gate driver itself,
which has losses too. The total power that is dissipated by charging and discharging the gates of the MOSFETs
can be approximated as

Pg ate = 1

0.9
·Npar ·Qg ateVg s fs , (3.10)

where the fraction represents an efficiency of 90 % of the gate driver(s), Qg ate is the total gate charge of the
MOSFET and Vg s the drive voltage of the gate. The efficiency of the gate driver losses is an approximation
based on available gate drivers. The reason it is incorporated is to provide a reasonable estimation of the
losses, such that the minimum search script can make a trade-off between total the number of MOSFETs in
parallel (and thus a reduction of conduction losses) and the accompanied additional losses (such as increased
gate driver losses).
The total MOSFET losses for the HV full bridge can be summarized as:

PMOS,HV = 4 · (Pcon +Psw,HV +Pr r +Pg ate
)

(3.11)

and for the LV full bridge as

PMOS,LV = 4 · (Pcon +Psw,LV +Pr r +Pg ate
)

. (3.12)

Obviously, Pcon , Pr r and Pg ate have been calculated with the datasheet variables of the MOSFETs that are
used in that bridge. Pcon , Pr r and Pg ate are different for the HV and LV bridge.

3.1.3. Loss model of the magnetics
For the realization of the magnetic components, Lightyear has been in contact with a partner to develop a
transformer according to the specs of this converter. The reason for that is that the design, simulation and
packaging of a high efficiency, production-ready transformer with a tailored leakage inductance is compli-
cated and requires knowledge of finite element method to simulate the behaviour, as has been done in [9].
For the scope of this thesis, the design and simulation of such a transformer is therefore considered to be too
much work and is disregarded in this document. Instead, the design has been made by an external company,
who concluded that a combination of an external inductor and a transformer would be the best option for the
implementation of the magnetics. The reason is that it is generally difficult to tune the leakage inductance
of a transformer to a desired accurate value. Therefore, an external inductor with well-defined inductance is
connected on the HV side of the transformer, which complements the inaccurate low leakage inductance of
the transformer itself.
In order to model the losses of both components, a detailed loss model should be made. However, the external
company was only able to provide the maximum losses for the maximum operating conditions. Therefore,
standard loss models will be used and curve fitted based on the indication of maximum losses as provided by
the production partner. The description of the losses for both the inductor and transformer follow the same
structure and largely the same formulae.
Similar to the switch losses, the losses in the magnetics can be split into two parts: the conduction and core
losses. The conduction losses, also known as copper losses, originate from the current flowing through the
windings. Core losses are the losses that are present due to the changing magnetic flux in the core. Both types
of losses will be discussed individually.

Conduction losses
The conduction losses consist of the losses inside the windings of the inductor and transformer. As the cur-
rent changes rapidly over time with the switching frequency, the DC resistance of the copper windings is not
the only contributing factor to the total losses. Next to the copper DC resistance, its AC resistance takes up
part of the losses too. Depending on the type of wire, such as a solid wire or Litz wire, and the operating
frequency, the AC losses can take up a significant part of the conduction losses.
One of the mechanisms that contributes to the AC losses is the skin effect. Skin effect causes the majority
of the current to flow at the outer edges of the conductor, thereby increasing the total AC resistance. The
inner part of the conductor experiences a much lower current density, which reduces the effective use of the
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conductor. Skin effect can be limited by using a collection of small diameter wires. The reason is that for a
given frequency a certain skin depth can be calculated, which is the depth below the surface at which the
current density has been reduced to only 1/e, with e being Euler’s number. A collection of smaller wires thus
reduces the effect of skin effect. The diameter is chosen to be smaller than the skin depth, resulting in a good
conductor utilization. Skin effect plays a role for higher frequencies, such as the 100 kHz of this converter.

To evaluate the AC losses, the method described by [31] has been used. First, the AC-to-DC resistance of the
selected Litz wire has to be calculated, using the approximation

RAC

RDC
= H +K

(
N di

do

)2

G , (3.13)

where RAC is the AC resistance of the equipped Litz wire, RDC is the DC resistance of the Litz wire, H is the
resistance ratio of one strand of the Litz bundle, K is a constant that depends on the number of strands in
the bundle, N is the number of strands, di is the diameter of the individual strands in inches, do is the outer
diameter of the total cable in inches (including isolation etc.) and finally, G is the eddy current basis factor,
which is expressed as

G =
(

di
√

fs

10.44

)4

. (3.14)

From eq. (3.13) it can be concluded that the AC resistance of the windings of the inductor, which are Litz
wires, depends on many factors. Especially the diameter of the individual strands has a large influence on the
resistance, as well as on the fill factor of the inductor windings.
With the use of tables provided by the manufacturer of Litz wires, the total AC resistance can be computed.
The parameters of the chosen Litz wire are inserted in eq. (3.13) and eq. (3.14), from which the AC-to-DC
resistance ratio is calculated. Since the DC resistance of the Litz wire is given for a specific cable, the AC
resistance can be computed using the AC-to-DC resistance ratio. Now, the total conduction losses can be
computed in a similar way as the conduction losses of the MOSFETs. Using the formula for RMS current
given by eq. (A.9), the inductor conduction losses can be expressed as

PL,con = I 2
L,RMS RDC +

I 2
pp

12
RAC . (3.15)

For the transformer primary and secondary winding losses eq. (3.15) can be adjusted using the transformer
currents and their respective winding resistances.

Core losses
For an approximation of the core losses, the Steinmetz equation as introduced by [32] has been used. The
Steinmetz equation is used as a first estimate of the losses of the core of the magnetic components. However,
the Steinmetz equation is derived for the use of sinusoidal waveforms in a core, whereas the waveforms of
the DAB converter are primarily non-sinusoidal. Non-sinusoidal waveforms as well as DC biases can result in
significantly higher core losses [33]. Even though the Steinmetz equation is based on sinusoidal waveforms,
it is considered to be a good first estimation. Considering the fact that the current waveforms through the
inductor and transformer approach sinusoidal shapes (as can be seen in fig. 3.1a and fig. 3.1b) and that the
DC blocking capacitor that is implemented will prevent a DC bias of the transformer, the mismatch in losses
is expected to be minimal.
The core losses are approximated by the Steinmetz equation for ferrite core losses, which is given by [32] as:

Pcor e ≈Vcor e k f αs Bβ

peak , (3.16)

where Pcor e is the average core loss, Vcor e the total volume of the core, Bpeak the peak flux density and k, α
and β are the Steinmetz coefficients that are dependent on the core material, as given in their corresponding
data sheets.

Now that the conduction losses and the core losses can be computed, the total inductor losses are estimated
by

Pi nd = PL,con +Pcor e . (3.17)
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In a similar way, the transformer losses can be summed up, consisting of the core losses and the conduction
losses in both windings.

3.1.4. Loss model of the DC blocking capacitor
For the DC-blocking capacitor, a simple loss model applies that will take the equivalent series resistance (ESR)
of the capacitor and use that to calculate the conduction losses. This has been implemented in the script as:

PDC cap = I 2
L,RMS RCESR . (3.18)

3.2. Minimum search script
The most essential part of the converter to ensure high efficiency is to make a good selection of components.
Therefore, first the component selection is discussed in section 3.2.1, whereafter the implementation of the
minimum search script is discussed in section 3.2.2.

3.2.1. Component selection
From the loss models discussed in section 3.1 and operation principle of the DAB converter explained in sec-
tion 2.2.2 a selection of possible components can be made. Per component the selection criteria and resulting
overview of components will be discussed individually.

MOSFET selection
For the MOSFET selection, the selection criteria are summarized in table 3.1. A criterion that is not listed is
that the MOSFETs should preferably be rated according to AEC-Q101, which is the stress test qualification
made by the Automotive Electronics Council for discrete semiconductors for automotive applications [34].
Second, the minimum breakdown voltage of the HV MOSFET has to be at least 140 % of the maximum oper-
ating voltage in the circuit, as a safety margin. The additional 40 % is incorporated to prevent the MOSFETs
from failures when sudden voltage spikes or transient situations induce higher voltages. Due to the high cur-
rent inductive switching on the LV side, the 40 % margin is not sufficient. Calculations indicate a maximum
LV peak current of 150 A. A typical drain-source fall time of a 100 V MOSFET is 40 ns, which results in a fre-
quency of 12.5 MHz (two times 40 ns). Then, the package with largest parasitic inductance of [35] is taken,
which is the D2PAK with a parasitic inductance of 4.8 nH above 5 MHz. Adding an estimated 5 nH of PCB
trace inductance results in a total inductance of 9.8 nH. Using eq. (2.1) with a dt of 40 ns, results in a total
inductive voltage of 36.8 V. This leads to a total voltage of 36.8 + 57.4 = 94.2 V, which means that MOSFETs
with a minimal Vd s of 100 V are required. Last, the switches should be able to continuously withstand the
worst case RMS current, which is calculated by using the methodology of section 3.1.1.

Table 3.1: The selection criteria for the HV and LV bridge MOSFETs.

HV bridge LV bridge
Technology SiC/Si Si
Max. operating voltage [V ] 437 57.4
Min. breakdown voltage [V ] 610 100
Max. RMS current [ARMS ] 9.6 58
Max. peak current [A] 25 150

Based on these criteria a selection of MOSFETs has been made. A variety of MOSFETs were selected, one with
the lowest Rd s,ON , one with the lowest gate charge Qg and one with the lowest output capacitance Coss . Ad-
ditionally, alternative MOSFETs were selected that have characteristics in between the previously mentioned
ones. A correction is applied to the reverse recovery losses if the testing conditions are significantly different
for one of the MOSFETs, to provide a fair comparison. The numbers are scaled to represent the reverse re-
covery losses at a di/dt of 1000 A/µs. An overview of the selected HV MOSFETs is given in table 3.2 and the
selected LV MOSFETs are listed in table 3.3.
The list of candidates also contains automotive rated (AEC-Q101) MOSFETs, indicated with an asterisk. Based
on the results of the minimum search script, a comparison between a fully automotive rated system and
non-automotive rated system is made, in order to understand what the cost in efficiency is. Automotive rated
components have higher failure and safety standards than normal components, which often results in slightly
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Table 3.2: The selected MOSFETs for the HV bridge.

MPN Rds,ON,max Qg Vgs,max Vdss Coss Qrr,corrected

SCTH90N65G2V-7 24 mΩ 157 nC 22 V 650 V 294 pF 154 nC
SCT3060ALHR* 86 mΩ 58 nC 22 V 650 V 55 pF 186 nC

NVBG020N090SC1* 28 mΩ 200 nC 19 V 900 V 295 pF 186 nC
UJ3C065030B3 43 mΩ 51 nC 25 V 650 V 320 pF 400 nC

SCTH35N65G2V-7AG* 67 mΩ 73 nC 22 V 650 V 125 pF 85 nC
UF3SC065030D8S 55 mΩ 43 nC 25 V 650 V 320 pF 242 nC

SCTH100N65G2-7AG* 32 mΩ 162 nC 22 V 650 V 267 pF 296 nC

Table 3.3: The selected MOSFETs for the LV bridge.

MPN Rds,ON,max Qg Lleads Vdss Coss Qrr,corrected

IPB017N10N5LFATMA1 1.7 mΩ 195 nC 5.2 nH 100 V 2500 pF 452 nC
IAUT300N10S5N015ATMA1* 2 mΩ 216 nC 2 nH 100 V 2496 pF 880 nC

IPT015N10N5 2 mΩ 211 nC 2 nH 100 V 2300 pF 2528 nC
IPB017N10N5ATMA1 2 mΩ 210 nC 5.2 nH 100 V 2353 pF 1880 nC
IAUT260N10S5N019* 2.5 mΩ 166 nC 2 nH 100 V 1900 pF 720 nC

IPB025N10N3G 2.5 mΩ 206 nC 5.2 nH 100 V 2580 pF 928 nC
IPT020N10N3ATMA1 2 mΩ 207 nC 2 nH 100 V 2673 pF 928 nC

IPB027N10N3G 2.7 mΩ 206 nC 2.8 nH 100 V 2580 pF 928 nC
STH310N10F7-6 2.3 mΩ 180 nC 5.2 nH 100 V 3500 pF 800 nC

FDMS86180 5.4 mΩ 84 nC 2 nH 100 V 3730 pF 269 nC
CSD19536KTT 2.4 mΩ 153 nC 5.2 nH 100 V 2370 pF 712 nC

STH310N10F7-2 2.3 mΩ 180 nC 5.2 nH 100 V 3500 pF 800 nC
STH240N10F7-2 2.5 mΩ 160 nC 5.2 nH 100 V 2950 pF 1260 nC
SUM70030E-GE3 2.88 mΩ 214 nC 2.8 nH 100 V 820 pF 960 nC
AUIRF7669L2TR* 4.4 mΩ 120 nC 0.7 nH 100 V 1140 pF 840 nC

IPB180N10S402ATMA1* 2.5 mΩ 200 nC 2.5 nH 100 V 4760 pF 230 nC

decreased performance, as can be seen from table 3.2. The SCTH90N65G2V-7 and the SCTH100N65G2-7AG
are the same model MOSFETs, however the SCTH100 is adjusted to comply with the AEC-Q101 rating, leading
to higher drain-source resistance and reverse recovery losses.

Inductor designs
For the series inductor, three designs have been made according to the design strategy that is explained in
Appendix B. In this way the design of the partner of Lightyear was compared to alternative designs, equipped
with different core sizes and number of turns. The designs and their specifications are summarized in ta-
ble 3.4.

Table 3.4: The specifications for the three designed series inductors.

Core size Number of
turns n

Air gap length lg Core volume Ve Average turn
length lturn

Operating
point Bmax

ETD39-3F3 24 3.6 mm 11500 mm3 69 mm
250 mTETD44-3F3 18 2.8 mm 17800 mm3 77 mm

ETD49-3F3 15 2.4 mm 24000 mm3 85 mm

As a first observation it can be seen that for larger core sizes the required number of turns decreases. It can
be expected that for a lower number of turns the copper losses will decrease, even though the total average
turn length increases with volume. However, a larger core size almost always leads to more core losses, as is
shown by eq. (3.16). Thus, a trade-off between a low number of turns and a small core will most likely result
in the optimal inductor design with respect to efficiency, if the core and copper losses are comparable.
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Parallel diode selection
As can be seen from the reverse recovery charges of table 3.2 and table 3.3 when evaluated using eq. (3.9), the
reverse recovery losses can play a significant role in the total converter losses. Next to the reverse recovery
losses, the internal body diodes of the MOSFETs have a significant forward voltage drop, which can be as high
as 4.5 V (SCTH35N65G2V-7AG) for the HV switches and 1.5 V (STH310N10F7-2) for the LV switches. Especially
on the LV side, the high currents flowing through the body diodes in combination with the forward voltage
drop, will again lead to an increase of losses. To reduce these losses, the minimum search script is extended
with an option to add parallel diodes. Especially Schottky barrier diodes and SiC diodes are of interest, due
to their low or non-existing reverse recovery losses. The selection of HV diodes are listed in table 3.5 and for
the LV bridge in table 3.6.

Table 3.5: The selected diodes for the HV bridge.

MPN Forward voltage Vreverse Qrr Cjunction

LSIC2SD065D06A 1.85 V 650 V 0 C 30 pF
FFSB1065B-F085 2.4 V 650 V 0 C 35 pF

STPSC20065-Y 1.65 V 650 V 0 C 100 pF

Table 3.6: The selected diodes for the LV bridge.

MPN Forward voltage Vreverse Qrr Cjunction

123SPC100A 0.87 V 100 V 0 C 950 pF
APT30SCD120S 2.1 V 100 V 135 nC 130 pF

FFSB3065B-F085 2.4 V 100 V 0 C 300 pF

DC blocking capacitor selection
The choice for the best DC blocking capacitors has been made a posteriori, since it depends on the optimal
value of the leakage inductance. Once this was known to be 25 µH, as will be shown in table 3.7, the total
capacitance could be selected.
The goal is to have the resonance frequency of the LC circuit, consisting of the DC-blocking capacitor and
leakage inductance, to be at maximum 20 % of the switching frequency. In practice, 10 % of the switching
frequency is a good design goal. If the resonance frequency would be higher, it would have an impact on the
steady state operation of the converter, since it can influence the voltages and currents within one switching
cycle.
So, the minimum capacitance that is needed can be found by using:

CDC ,mi n = 1

Lk
(
2π f0

)2 , (3.19)

where f0 is the target resonance frequency of the LC network. A leakage inductance of 25 µH and a resonance
frequency of 10 kHz results in a capacitance of 10 µF. To determine what capacitors are suited, the voltage rat-
ing should be known. As an estimation of the maximum voltage that can be expected, the following formula
can be used:

VC ,max = k ·p2
IL,RMS

2π fsCDC
, (3.20)

where k is a safety factor, which is chosen to be 2 here. For the inductor RMS current a worst case simulation
is done in LTSpice, which is for VHV = 437 V and VLV = 42 V. The simulated maximum IL,RMS of 12.5 ARMS ,
with an additional 40 % of margin, leads to a current capability requirement of 17.5 ARMS . Filling in eq. (3.20)
gives a voltage amplitude of 7.9 V.
The final selection for the DC capacitors is a process of finding available capacitors and checking the current
ratings for them. This is not of interest for this thesis, and thus the final design is given, which is an imple-
mentation of 3x R60DF4330506AK added in parallel. These 3.3 µF film capacitors have a voltage rating of 40
Vac and 63 Vdc, which is more than sufficient. The reason to use 3 parallel capacitors is to stay within the
current capabilities of the capacitors, which are fairly low at 100 kHz.
Finally, the same worst case simulation has been run with the designed capacitors in place. The results are
shown in fig. 3.3.
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Figure 3.3: LTspice simulation waveforms of the series DC blocking capacitor in steady state for VHV = 437 V and VLV = 42 V with PLV =
2500 W. The blue trace is the capacitor voltage and the red trace is the (total) capacitor current.

It can be seen that from this worst case scenario the capacitor voltage reaches peaks of 4 V, with an amplitude
of 2.6 V. The peaks are induced from switching of the HV bridge. With the capacitor in place, any DC bias
current is removed from the transformer. From the simulation the capacitor RMS current is 12.5 ARMS . Re-
calculating the expected voltage amplitude using eq. (3.20) with safety factor k = 1, IL,RMS = 12.5 ARMS gives
an amplitude of 2.8 V, verifying the equation with the simulations.

3.2.2. Implementation of the minimum search script
The minimum search script will run through all possible combinations of the converter design, given its
inputs. Then, the average efficiency over all operating points of each design is compared to the maximum
obtained average efficiency so far. By doing so, the outcome of the script is the optimal DAB converter design
for SPS modulation with respect to efficiency. The operating conditions are defined by the HV and LV bus
voltage range, at a constant power level. The HV bus swing for the 90 % operating region is from 312 V to 416
V, and the LV bus swing is from 42 V to 57.4 V. The transferred power level is kept constant at ± 2.5 kW.
The input parameters from which the script runs all combinations will be discussed individually. The min-
imum and maximum values will be given over which a sweep will be executed. The step size between the
two limits is made variable and is adjusted, if necessary, based on the outcome of the script. When the script
gives a certain optimal converter design, the limits of all parameters will be narrowed down and the step size
is decreased, until the script converges to a single optimal design.

Transformer turn ratio n
The transformer turn ratio has a large impact on the total converter operation, because it changes the voltage
transfer ratio M , which has a direct influence on the ZVS region. The range for the transformer turn ratio is
from n = 5 to n = 7. These limits are determined by calculating the minimum and maximum voltage transfer
ratio for each n. When the range of n would be increased further, M will not reach unity for any operating
point, which means that the converter design is not able to achieve ZVS over a large range of operating points.

Leakage inductance Lk

The leakage inductance has a range from Lk = 5 µH up to Lk = 27.3 µH. The upper boundary is determined
by calculating the maximum possible leakage inductance while still being able to transfer 2.5 kW. It is derived
in Appendix A.2 and given as:

Lk ≤ min(VHV )min(nVLV )

8 fs Pmax
. (3.21)

Filling in the converter specifications with VHV = 260 V, VLV = 42 V and n = 5 leads to a maximum allowable Lk

of 27.3 µH. The lower boundary of Lk is set at 5 µH and not lower, since a very low Lk reduces the ZVS region
of the DAB considerably [21].
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MOSFETs, inductor designs and diodes
From the list of selected MOSFETs, inductors and diodes, the script takes one and runs all the iterations
needed to make all possible combinations. When a design is found that is more efficient than the previous
most efficient design, the used MOSFET, inductor and diode are stored. At the end, the optimal MOSFET,
inductor and diode can be given as an output of the minimum search script. For the diodes, there is an addi-
tional option to not include a diode at all and use the body diodes of the MOSFETs instead.

Number of parallel switches
For both full bridges, it is possible to implement the switches with multiple parallel MOSFETs. In the mini-
mum search script a distinction is made for the number of parallel switches per bridge, meaning that the LV
bridge can have a different number of parallel MOSFETs than the HV bridge.

3.3. Minimum loss design
Using the described set-up and the designed and selected components from section 3.2, the minimum search
script has been implemented. The script runs in MATLAB, making it convenient to display loss maps and
do performance analyses. The most important output of the script is the optimal efficiency design of the
converter power stage. The results for the 90 % operating region are summarized in table 3.7.

Table 3.7: Outcome of the minimum search script for SPS modulation over the 90 % operating region.

Item Value
Average efficiency ηav g 98.67 %
Peak efficiency ηpk 99.14 %
Transformer turn ratio n 6
Leakage inductance Lk 25 µH
HV MOSFET UJ3C065030B3
Number of parallel HV MOSFETs Npar,HV 2
LV MOSFET CSD19536KTT
Number of parallel LV MOSFETs Npar,LV 3
Most efficient inductor design ETD39-3F3
Parallel diode on HV side LSIC2SD065D06A
Parallel diode on LV side 123SPC100A

As can be seen from the results, the average power stage efficiency is 98.67 %, with a maximum efficiency of
99.14 %. All the efficiencies at the operating points have been saved and are visually presented by means of
a contour plot. The maximum efficiency is obtained for an input voltage of 378.8 V and an output voltage of
57.4 V, as can be seen from fig. 3.4.
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Figure 3.4: Contour plot showing the DAB power stage efficiency for the 90 % operating region with SPS modulation at a power of
P = 2.5 kW. The peak efficiency is depicted with a green star, which reaches 99.14 % for VHV = 378.8 V and VLV = 57.4 V.
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The script is run again for a power of P =−2.5 kW, which results in the graph as seen in fig. 3.5
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Figure 3.5: Contour plot showing the DAB power stage efficiency for the 90 % operating region with SPS modulation at a power of
P =−2.5 kW. The peak efficiency is depicted with a green star, which reaches 98.96 % for VHV = 350.7 V and VLV = 57.4 V.

As expected, the total converter efficiency is generally highest for high voltages, since that results in lower
currents and thus lower conduction losses. Additionally, the expectation that conduction losses will dominate
is confirmed by the high number of parallel MOSFETs for the LV bridge. Per switch, 3 MOSFETs are equipped
in order to reduce the conduction losses. However, for high LV bus voltages and low HV bus voltages there is
a large dip in efficiency. Similarly, there is a visible line that divides the efficiency map in two. This has to do
with one of the bridges losing ZVS, which will be elaborated on in section 3.3.2.

3.3.1. Sensitivity analysis
With the optimal efficiency in place, now a trade-off between efficiency, component count and reliability
(AEC-Q101 rating or not) can be made which is shown in table 3.8. For this analysis, the number of parallel
MOSFETs was fixed for each run leading to the average efficiencies for those specific MOSFETs and number
of parallel MOSFETs. The results are only shown for the positive power transfer (P = 2.5 kW).

Table 3.8: Effect of the number of parallel MOSFETs on the total converter efficiency.

NparHV NparLV HV MOSFET LV MOSFET ηavg,90%region ηavg,100%region

1
1

SCTH90N65G2V-7
IPT020N10N3ATMA1

98.29 % 98.09 %
2 98.51 % 98.37 %
3 CSD19536KTT 98.56 % 98.41 %

2
1

UJ3C065030B3
IPT020N10N3ATMA1

98.36 % 98.16 %
2 98.58 % 98.44 %
3 CSD19536KTT 98.67 % 98.49 %

It can be seen that the difference between 1 or 2 parallel HV MOSFETs is limited, on average only 0.07 % (for
the 90 % operation region). The difference for LV MOSFETs is larger though, with the difference between 1 or
2 parallel MOSFETs being 0.22 % on average. Between 2 and 3 parallel LV MOSFETs the difference is 0.05 %
on average, which also includes a change in MOSFET. From this sensitivity analysis the decision is made to
go on with 1 parallel HV MOSFET and 2 parallel LV MOSFETs, resulting in an average total efficiency of 98.51
% for the 90 % operation region. The selection is made bold as can be seen in table 3.8.
The selected switches are non-automotive MOSFETs. The SCTH90N65G2V-7 actually has an automotive
rated version, which is the SCTH100N65G2-7AG. The higher reliability because of the AEC rating, makes it
attractive to implement in the DAB converter. The same holds for the LV bridge, where the best automotive
rated alternative would be the IAUT300N10S5N015ATMA1. The best candidate is the non-automotive rated
IPT020N10N3ATMA1, but the additional reliability of an AEC rated MOSFET might make the small decrease
in efficiency worth it. A comparison of the above is shown in table 3.9, where the best performing automo-
tive rated MOSFETs are used in different combinations. The same has been done for a negative power flow,
however, only the positive power flow results are shown here.



3.3. Minimum loss design 37

Table 3.9: Effect of an automotive rated MOSFET on the total converter efficiency.

HV MOSFET NparHV LV MOSFET NparLV ηavg,90%region ηavg,100%region

SCTH90N65G2V-7 1
IPT020N10N3

2 98.50 % 98.37 %
SCTH100N65G2-7AG 1 2 98.42 % 98.30 %

SCTH90N65G2V-7 1
IAUT300N10S5N015

2 98.49 % 98.36 %
SCTH100N65G2-7AG 1 2 98.41 % 98.30 %

As can be seen from table 3.9, the effect of selecting automotive rated MOSFETs is very limited on the total
converter efficiency. The biggest difference can be seen when the HV MOSFET is swapped to the SCTH100N65G2-
7AG, which still is only 0.08 % on the 90 % operating region. The final conclusion is to go for both the automo-
tive rated switches on the HV and the LV side, which has been made bold in table 3.9. The gain in reliability
outweighs the loss in efficiency in this case. The resulting efficiency plot over the 90 % operating range after
these sensitivity analyses can be seen in fig. 3.6 for a positive power transfer and in fig. 3.7 for a negative power
transfer.
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Figure 3.6: Contour plot showing the DAB power stage efficiency for the 90 % operating region for the design after trade-offs at a power
of P = 2.5 kW. The peak efficiency is depicted with a green star, which reaches 99.14 % for VHV = 371.7 V and VLV = 57.4 V.
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Figure 3.7: Contour plot showing the DAB power stage efficiency for the 90 % operating region for the design after trade-offs at a power
of P =−2.5 kW. The peak efficiency is depicted with a green star, which reaches 99.14 % for VHV = 360 V and VLV = 57.4 V.
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3.3.2. MOSFET losses

For the switch losses, a contour plot has been made as well, similar to the graph that was shown in fig. 3.4, but
now for losses instead of efficiency. This has been done separately for both the HV bridge and the LV bridge,
as can be seen in fig. 3.8a and fig. 3.8b, respectively.
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Figure 3.8: MOSFET losses for the optimal DAB converter design according to table 3.7 at an output power of PLV = 2.5 kW. (a) shows
the total HV bridge losses and (b) the total LV bridge losses.

As can be seen from fig. 3.8a, the HV switch losses remain fairly constant but change with increasing currents
(when the voltages get lower). For the LV bridge switch losses though, there is a considerably increase in
losses above a certain line. This is the boundary of ZVS for the lagging LV bridge, where the bridge goes into
hard switching for operating points above the line, as can be seen in fig. 3.9.
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Figure 3.9: Hard switching region, depicted as LVhardsw, of the LV full bridge at a power of P = 2.5 kW.

For the LV bridge, depicted in fig. 3.8b, the overall losses are higher than for the HV bridge. This is as expected,
since the LV switches need to handle high currents. These high inductive currents are the reason that the
total losses increase when the voltage transfer ratio M differs from unity. This can be seen in the bottom right
region of fig. 3.8b, where the losses increase again, while there is no hard switching of the LV bridge. The hard
switching of the LV full bridge occurs in the top left region, which is where VHV is high, as can be seen in
fig. 3.9. Here, only an analysis has been shown for a positive power transfer. It was found that for a negative
power transfer, again the lagging bridge experiences hard switching, in that case the HV bridge. For both
bridges this hard switching introduces additional losses.
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3.3.3. Magnetics losses
For the inductor a similar loss plot can be made as has been done for the switches. The inductor losses consist
of the core losses and the conduction losses. The loss map is shown in fig. 3.10.
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Figure 3.10: Inductor losses for the optimal DAB converter design at an output power of PLV = 2.5 kW.

As can be noticed from the inductor loss map, there are very limited losses for most operating points. Only
when the voltage transfer ratio M significantly differs from unity, then the inductor losses start to increase.
This is due to the large peak currents that result from a varying M , which induces high peak flux densities that
negatively influence the total core losses, as shown by eq. (3.16).
The transformer losses are larger as compared to the inductor losses, as is shown in fig. 3.11a. Next to that, the
RMS current through the transformer, and thus through the inductor too, has been plotted, as can be seen in
fig. 3.11b.
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Figure 3.11: (a) Transformer losses for the optimal DAB converter design according to table 3.7 at a power of PLV = 2.5 kW and (b) the
RMS current through the transformer for different operating points.

3.4. Conclusion
In this chapter a minimum search script has been developed based on loss models for the converter com-
ponents. Using these models, an initial selection of switches and inductors has been made. By using the
minimum search script and an elaborate trade-off analysis afterwards, an optimal converter design was pre-
sented with an average efficiency of 98.41 % over the 90 % operating range for P = 2.5 kW. For P = −2.5 kW
the average efficiency was 97.87 %. To further improve on the presented results, a more profound under-
standing of the DAB zero voltage transitioning is needed, after which an improved modulation scheme can
be implemented to further decrease the conduction losses of the DAB converter.





4
DAB Converter Modulation

Now that it was shown that the DAB converter experiences additional losses for the wide HV and LV bus volt-
age ranges, the operation principle and modulation strategy of the DAB has to be investigated further. The
origin of the ZVS capability of the DAB and the current flow during transitioning will be analyzed in sec-
tion 4.1. Then, alternative modulation schemes are shown in section 4.2. After that, an optimal combination
of modulation schemes will be discussed in order to improve total converter efficiency, which will be done
in section 4.3. Using this optimal combination, a new version of the minimum search script of section 3.2 is
discussed right after in section 4.4, where the new component choices are shown. Finally, the resulting plots
and loss maps will be discussed in section 4.5.

4.1. ZVS transition

Before the operation principle of the modulation methods can be analyzed in detail, the zero voltage transi-
tioning of the DAB needs to be investigated. The primary reason that SPS modulation is not efficient over the
whole operating range of the converter is because of hard switching. Soft switching capabilities will be lost
when the voltage transfer ratio, as defined by eq. (2.12), significantly differs from the transformer turn ratio
n, as was shown in fig. 2.13. To analyze what happens in the period shortly before switching, a closer look
at the currents in switching region I and region II will be given. The voltage waveforms and inductor current
for SPS modulation have been depicted once again in fig. 4.1 together with the instantaneous HV bus input
power. Here, only the positive power direction will be described, for the reverse power transfer direction the
exact same steps apply.

From the figure it can be seen that for region I the voltage vab(t ) is equal to VHV and the voltage vpq (t ) is
−nVLV , in accordance with eq. (2.4) and eq. (2.5). During period I the inductor current changes sign, meaning
that a reversal of the current direction is achieved. After t1, the current is positive and the voltages vab(t ) and
vpq (t ) are VHV and nVLV , respectively.

41
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Figure 4.1: Region definition of the waveforms of the simplified DAB converter using SPS modulation, including converter power as
supplied by the HV bus.

Based on this descriptive analysis, the current flow of the DAB converter can be derived. The current flow for
region I and region II can be seen in fig. 4.2a and fig. 4.2b.
It can be seen that during period I, switch pair S1 and S4 as well as pair S6 and S7 are conducting current.
The diodes parallel to the switches model the intrinsic body diode of the MOSFETs, meaning that current
sharing between the transistor and its parasitic diode occurs if the current direction is correct. Additionally,
the switches in the figures do not represent one single switching device, such as one MOSFET. The switches
can be implemented by using multiple devices in parallel.

For period II, the switch pair S6 and S7 are turned off and switch pair S5 and S8 are activated, as can be seen
in fig. 4.3.
In between switching period I and II, the resonant transition of the DAB takes place. Before the ZVS transition
itself is explained, it should be mentioned that between the switching periods a dead time has to be incor-
porated. Since the real DAB converter does not consist of ideal switches with an infinite response time, dead
time is needed. Real switches like MOSFETs have a finite turn-on and turn-off time. When there is no blank
time between two switching periods, during which none of the switches receive a gate voltage, the possibility
of shorting a leg arises. Dead time prevents overlapping of the turn-on of the lower leg switch and turn-off of
the upper leg switch and vice versa. Without dead time, both switches will be on at the same time, effectively
shorting the DC bus. Without proper control, massive current spikes can be the result, leading to damage of
all components without proper protection. To prevent this from happening, dead time is introduced. The
ZVS transitioning that is explained in this section will assume a proper dead time control. In fact, the ability
of the DAB converter to have ZVS comes from the current flows during this dead time.

During the transition period the remaining energy in the leakage inductance Lk ensures that the parasitic ca-
pacitances of the switches that will turn on are discharged, and the parasitic capacitances of the switches that
are turned off get charged. As an example, the LV bridge is considered here. The resonance takes place during
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(a)

(b)

Figure 4.2: (a) The current flow, depicted with a blue conduction path, during period I for a negative inductor current and (b) for a
positive inductor current.

the dead time between the switching action of the bridge. Without this dead time, there is the possibility of
shorting the LV side. At the moment that all switches of the LV bridge are open, the current commutation
takes place, as is shown in fig. 4.4.

In order to simplify the analysis, the transformer is taken out of the circuit and the voltage of the LV bridge is
nVLV . All further LV quantities are referred to the high side and it is assumed that during the transition period
the HV and LV bus voltages are constant. Additionally, the parasitic capacitances of the switches and (op-
tional) parallel diodes have been depicted as one parallel capacitors. The dotted lines represent the current
flow that ensures the proper charging and discharging of these capacitors.
As stated before, during the dead time at t1 in fig. 4.1, the remaining inductor current ensures a soft turn-on
for switch pair S5 and S8. At the end of switching period I the inductor current is positive and switch pair
S6 and S7 need to turn-off. Because of the present inductor current, the switches need to break this current,
resulting in hard switching. As the gate voltage of switches S6 and S7 drops, the current through them starts to
decrease. The current through an inductor cannot be interrupted instantaneously and therefore an alterna-
tive current path has to be present. This alternative path runs the current via the parallel capacitors as shown
in fig. 4.4. The inductor current is split into one path running via the capacitors across S5 and S7, and one
path via the parallel capacitors of S6 and S8.

The result of this alternative current path is that the parallel capacitors of S5 and S8 are discharged. If the
top of all depicted capacitors in fig. 4.4 is set to be the positive terminal, it can be seen that the current is
flowing out of the positive terminals of the capacitors across switches S5 and S8, thereby discharging them.
These capacitances were blocking the full LV bus voltage before, thus the stored energy is carried away by the
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Figure 4.3: The current flow during period II.

Figure 4.4: The current flow during the transition from period I to period II.

current flow. In a similar way, it can be seen that the current direction for the parallel capacitors of S6 and S7 is
charging those capacitors. Since these switches were conducting during period I, there is no stored energy in
the capacitors. Considering the fact that similar switches and devices will be used to implement all LV bridge
switches, it can be concluded that the current of the inductor fully discharges the capacitors across S5 and S8,
and fully charges the parasitic capacitance of switches S6 and S7.
At the end of this energy exchange, there might still be remaining energy in the inductor, meaning that the
current still has to flow. Now, the diodes D5 and D8 will carry this current, thereby clamping the voltage
across switches S5 and S8 to zero1, respectively. When the gate signal of these switches rises, the switches
will be turned on with zero voltage, resulting in a soft turn-on, thereby eliminating otherwise accompanied
switching losses.

4.2. Alternative modulation schemes
As shown in detail in section 2.2.3 there is a limited region in which ZVS can be realized. This region is de-
fined by means of SPS modulation, having only one parameter to manipulate. SPS is the most straightforward
and most used modulation scheme [5, 8, 36, 37]. Alternative modulation schemes are extended phase shift
modulation [38], triangular current mode modulation [39], triple phase shift modulation and optimal mod-
ulation [40], which is a combination of slightly adjusted versions of aforementioned modulation schemes.
Each modulation method will be discussed individually in order to get a thorough understanding of the opti-
mal modulation method, which will be implemented in the final converter.

1In reality, the voltage across the switch will not be clamped to zero, but to the forward voltage drop of the diode. Depending on whether
an external parallel diode is placed, this voltage drop will be smaller than when the internal body diode of the MOSFETs is used for this
purpose. The turn-on losses will not reduce to zero completely, but will be negligibly low.
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4.2.1. Extended phase shift
The first modulation method is the extended phase shift (EPS) modulation. The difference with SPS modu-
lation is that it does not require the duty cycles of both bridges to be 0.5. Instead, the leading bridge can be
operated with a duty cycle smaller than 0.5, leading to a three-level voltage output of that bridge as can be
seen in fig. 4.5 for vab(t ).

I II III IV VIV I

I II III IV VIV I

Figure 4.5: The waveforms of the DAB converter for EPS modulation, including HV bus power and gate signals for the leading HV bridge.

The leading bridge is able to create three voltage levels as defined by:

vab(t ) =


+VHV , for t0 ≤ t < t2

0, for t2 ≤ t < 1
2 Ts

−VHV , for 1
2 Ts ≤ t < t5

0, for t5 ≤ t < Ts

(4.1)

With this additional degree of freedom, one of the downsides of regular SPS modulation is tackled: reverse
power flow [38]. When the instantaneous power as delivered by the HV bus is calculated by multiplying vab(t )
with iLk (t ) for the case of SPS, the pink waveform of fig. 4.1 is the result. The shaded area shows the total en-
ergy that flows back into the HV bus during half a switching cycle. This power is essentially not being delivered
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to the LV side, however, it contributes to the total converter losses. Since this power is delivered by the HV bus
and then retrieved again, it contributes to the total converter losses without delivering additional transferred
power. With EPS modulation, the amount of energy that flows back into the source has dropped significantly,
as can be seen in fig. 4.5. Here, the shaded area underneath the instantaneous HV side power is reduced due
to the additional voltage level that the leading bridge can output.

A consequence of the additional voltage level is that there are more switching periods when compared to SPS
modulation. Despite the additional period, the amount of switching for each switch remains the same. Be-
fore, with SPS, the 4 switches S1-S4 were divided into two switching pairs; S1 with S4 and S2 with S3. Then,
both switching pairs would have to turn on once and turn off once per switching period. For the implemen-
tation of EPS, new switching pairs are made: S1 with S2 and S3 with S4. Instead of simultaneously switching
both switches of one pair on and off, the switches of a switching pair are switching inverted. This means that
when S1 turns on, S2 turns off and vice versa. Switching pair S3 and S4 will be controlled in a similar way. By
controlling the switching pairs in such a way, a short in one of the bridge legs is prevented.
In order to obtain the third voltage level of the HV bridge, a phase shift between the rising edge of S1 and
S3 is introduced, as shown in fig. 4.5. The phase shift can be expressed as the difference between t0 and t1.
To realize vab(t ) to be zero, both HF transformer inputs on the HV side need to be clamped to either the
positive or the negative bus. In switching period II, the terminals a and b are both clamped to the positive
bus, thereby resulting in a voltage difference of 0 V. For period III, both terminals are clamped to the negative
voltage bus, again resulting in 0 V over the terminals a and b. By implementing this strategy, the same amount
of switching actions per total switching period Ts are needed as for SPS modulation.
With a similar number of switching moments, the total switching losses decrease for the EPS modulation.
Similarly, the reduction of circulating power flow reduces the conduction losses too [41]. For that reason, EPS
outperforms SPS when considering converter efficiency.

4.2.2. Triangular current mode
Another popular modulation scheme is triangular current mode (TCM) modulation as introduced in [39]. The
name of this modulation scheme comes from the waveform of the inductor current iLk (t ), which is shaped as
a triangle as can be seen in fig. 4.6.
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Figure 4.6: The waveforms of the DAB converter for TCM modulation with gate signals for the leading HV bridge.

The key advantage of this modulation scheme is that the inductor current returns to zero at the moment that
the LV bridge switches. Having zero current switching (ZCS) is of interest,since switching off high (inductive)
currents will lead to excessive switching losses due to parasitic inductances in the device packages [29].
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The main operating principle of TCM is that the total energy that is stored in the inductor in period I, between
t0 and t1, is retrieved again in period II, between t1 and t2. It can be seen that TCM is only possible when the
amplitude of vab(t ) is not equal to vpq (t ), or in other words, when VHV is different from nVLV .
Only then, a voltage difference is present over the inductor and its current will change. At time instance t1

the HV side bridge switches off and reduces the voltage to zero. This switching happens with ZVS, since the
conditions for ZVS are met as derived in section 2.2.3. However, for the HV turn-on at t0, switching losses are
present,since there is no exchange of energy as discussed in section 4.1 due to zero inductor current at t0.
For period II, when vab(t ) is reduced to 0 V, the inductor current starts decreasing until it reaches 0 A. Then,
the LV switches change state such that the voltage vpq (t ) becomes zero.
After period II, a third period is introduced, in which no energy transfer is present. Here, the voltage over the
leakage inductance is zero. The length of this period depends on the required power transfer and the voltages
of both buses of the converter. When a high power is demanded, period I and II will be extended until period
III is non existing. Besides the power transfer, period III is also influenced by the voltage transfer ratio M .
When M >> 1, the inductor current will increase rapidly during period I. Because of this increased current
slope, the required amount of transferred energy from HV side to the LV side is obtained earlier than when M
is close to 1. Consequently, period I will be significantly shorter, with a slight increase of period II due to the
higher inductor peak current at t1. The total duration of period III will still decrease.

It can be concluded from this descriptive analysis that TCM modulation cannot satisfy all operating points.
When either the required power is too high and/or the voltage transfer ratio approaches unity, TCM does not
function anymore. Still, TCM provides advantages over regular SPS. The first and foremost being that the LV
switching losses are reduced significantly. Secondly, the transformer RMS currents are reduced considerably
when compared to SPS modulation [9]. However, to transfer a similar amount of power as SPS for a given
operating point, the peak current of TCM increases, leading to higher component criteria [41].

4.2.3. Triple phase shift
Another modulation scheme that is often used is the triple phase shift (TPS) control [5]. As the name suggests,
this modulation scheme adds another level of freedom to the control of the converter, compared to EPS and
TCM. Apart from the phase shift of the leading bridge and the phase shift between the two bridges, with TPS
the phase shift of the lagging bridge can also be controlled. Adding another level of freedom also increases the
complexity of the control [9]. However, with the use of the additional degree of freedom, the total converter
efficiency for all operating points can be improved [42]. The typical waveforms for TPS modulation are shown
in fig. 4.7.
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Figure 4.7: The waveforms of the DAB converter for TPS modulation.
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As can be seen, the waveform of the inductor current looks somewhat similar to the current waveform for
SPS modulation. The difference between the two mainly has to do with switching period IV. Here, for TPS,
the current will be kept at a constant negative value, thereby enabling ZVS for the leading bridge, which is
the HV bridge in this case. Similarly, during period VIII the inductor current will be a constant positive value.
Again, ZVS of the HV bridge is possible since the constant value of the inductor current is controlled to be
larger than the minimum current needed for ZVS, as defined in section 2.2.3.
For TPS, three parameters can be controlled to modify the current waveform as desired. First, the duty cycle
of the leading bridge can be controlled, which happens at t2 in fig. 4.7. Second, the duty cycle of the lagging
bridge can be adjusted, to alter the moment when both bridges are switched to 0 V, depicted as t3. Finally, the
phase shift between the two waveforms can be adjusted by altering the moment when the lagging bridge has
its rising edge.
So, the additional degree of freedom gives full control over the operation and thus performance of the con-
verter. This means that the highest efficiency can be obtained by integrating TPS modulation, at the cost of
a more complex control. It should be noted that TPS can lead to EPS and SPS for certain operating points.
Similarly, EPS can sometimes be operated SPS, since the duty cycle of the leading bridge can be put to 50 %.
SPS is the most restrictive modulation strategy, with the simplest control of all of them.

4.3. Optimal modulation
The modulation schemes so far have been alternatives to the basic SPS modulation scheme. The main reason
for implementing different modulation schemes is that SPS causes high peak and RMS currents through the
leakage inductor and transformer windings, together with a limited ZVS region, as shown in section 3.3. The
alternative modulation methods as briefly introduced in sections 4.2.1–3 all have advantages and disadvan-
tages. Additionally, they have an optimum operating range, in which these modulation methods outperform
other modulation schemes. To optimally make use of the previously introduced modulation techniques, an
optimal modulation scheme is introduced in [40]. The principle of this optimal scheme will be explained and
implemented.

The main objective of the optimal modulation scheme is to minimize the inductor current iLk as much as
possible. The magnitude of this inductor current is directly correlated to the conduction losses of the total
converter. Since the conduction losses are one of the major contributors to the total converter losses, as long
as ZVS is maintained, it is important to reduce the inductor current to a minimum.
In order to do so, three parameters can be controlled. These three parameters are the duty cycle Dab of the
HV bridge, the duty cycle Dpq of the LV bridge and the phase shift ϕ between the two bridges. The operating
ranges of these control parameters are given by:

0 <Dab ≤ 1
2

0 <Dpq ≤ 1
2

− 1
2 ≤ϕ/π ≤ 1

2

(4.2)

The ranges of these parameters hold for both directions of power transfer. The duty cycles cannot exceed 0.5
(or 50 %). Regarding the phase shift, smaller values than − 1

2 and larger values than 1
2 are possible to achieve,

however, they lead to excessive losses [5].
The control parameters as listed by eq. (4.2) are the outcome of the optimal modulation scheme. They are
computed based on the operating point of the converter, given by a unique combination of VHV , VLV and
PLV , in case of positive power transfer. For a specific operating point there is one modulation scheme that
results in the highest converter efficiency for that point.
In theory, a control strategy can be employed that computes what modulation scheme is the best for a given
point and execute it. This approach is feasible for steady state operation when the converter has a set opera-
tion point. However, when one of the bus voltages or power setpoint changes, a new control strategy could be
needed to get the highest converter performance. This can lead to a step change of control parameters Dab ,
Dpq and ϕ, which is generally undesirable. Such jumps in parameters can lead to unstable behavior.
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To overcome this problem, an optimized closed form control solution 2 can be derived. The advantage is that
the control parameters will not have discrete steps when switching between modulation schemes, but are
rather a piecewise continuous function. This simplifies the control and transition between schemes signifi-
cantly [9]. The change of parameters for different modulation strategies is shown in fig. 4.8a, where the three
control parameters are displayed for an increasing power level. For the converter that has to be designed in
this thesis, it is more interesting to look at a sweep of voltages, since the power will be kept constant. This can
be seen in fig. 4.8b, where the control parameters are shown for different HV bus voltages. From the graphs it
can be seen that the control parameters have no jumps or steps when transitioning between two modulation
schemes.
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Figure 4.8: The control parameters of the optimal modulation scheme for (a) changing LV side power with VHV = 260 V and VLV = 55 V
and (b) changing HV bus voltage with PLV = 2.5 kW. The DAB converter parameters are Lk = 25 µH, n = 6 and fs = 100 kHz.

In order to create the optimal modulation that leads to the control parameters as seen in fig. 4.8, it needs to
be known in what area which modulation method should be active. First, small adjustments have to be made
to the previously introduced EPS modulation, called optimal transition mode [9], which will be introduced in
section 4.3.1. Together with standard SPS modulation and TCM modulation, a final modulation scheme can
be composed, focused at increasing total converter efficiency by aiming at minimum conduction losses [40].
This will be discussed in section 4.3.2.

4.3.1. Optimal transition mode

Optimal transition mode (OTM) modulation, as introduced by [9], is similar to the earlier discussed EPS mod-
ulation, however, the way the duty cycle of the bridge is calculated is different. Additionally, OTM ensures a
seamless transition to SPS and TCM modulation, resulting in the plots as seen in fig. 4.8.

The principle of OTM is similar to EPS: only one of the two bridges will have a reduced duty cycle, which is
less than 0.5. The other bridge continuous to operate with a duty cycle of 0.5. Next to that, the phase shift
between the two bridges can be controlled as an additional parameter. To determine what bridge has to be
operated with a 50 % duty cycle, several conditions apply. First of all, standardization variables are introduced
to reduce the complexity of formulae, as defined as follows:

2A closed form expression is a mathematical expression that only contains standard operations, such as multiplications, additions etc.
In this context it does not contain any differentiation, integration or limit.
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Vr e f Arbitrarily selected reference voltage

Zr e f = 2π fs Lk Reference impedance

Pr e f =V 2
r e f

/
Zr e f Reference power

Vab =VHV
/

Vr e f Normalized voltage of the HV side

Vpq = nVLV
/

Vr e f Normalized voltage of the LV side

PLV = PLV
/

Pr e f Normalized LV power

Dab Duty cycle of the HV bridge

Dpq Duty cycle of the LV bridge.

Next, a transformation of variables is needed to standardize the computation of the duty cycle of the bridges
[40]: [

V1 V2 D1 D2
]={[

Vab Vpq Dab Dpq
]

for Vab ≤Vpq[
Vpq Vab Dpq Dab

]
for Vab >Vpq .

(4.3)

Now that the new variables have been introduced, the inequality V1 ≤V2 always holds, reducing the amount
of formulae needed to describe the modulation scheme.
As mentioned before, one of the duty cycles is always clamped to 0.5, where the other duty cycle is lower than
that. The full bridge that has the duty cycle of 0.5 is determined as follows:

D1 = 1
2

D2 < 1
2 .

(4.4)

From the combination of conditions given by eq. (4.3) and eq. (4.4), six possible waveforms can be sketched.
All of the derived possible combinations are given in fig. 4.9 and numbered accordingly.

4.3.2. Modulation scheme distribution
The combination and transition points of the three different modulation schemes that will be implemented,
being TCM, OTM and SPS, needs to be determined. As mentioned before, every modulation scheme has its
optimal operation point. A combination of these schemes leads to a minimized inductor current iLk , thereby
reducing the overall conduction losses of the converter.
Since the control parameters Dab , Dpq andϕ cannot be analytically found, an analysis has been done in [40],
where a numerical search is used to to find the best modulation scheme for a range of operating points. From
that analysis the optimal operating range of the three modulation schemes has been determined.

TCM
For low power ranges TCM is the preferred method up to a certain maximum power, labelled with P∆,max . As
explained in section 4.2.2, there is a maximum power that can be achieved with TCM. This maximum power
can be computed using the maximum power as given in [39] for VHV < nVLV :

P∆,max = V 2
HV

(
1−2τbl ank fs

)2 (
nVLV −VHV

)
4Lk fs nVLV

(4.5)

where τbl ank is the dead time between switching. Under the assumption that the DAB uses ideal switches,
the blanking time can be made 0. Rewriting the equation based on the introduced standardized variables is
done in Appendix A.3 and results in:

P∆,max = π

2

V 2
1

(
V2 −V1

)
V2

(4.6)

Up and until this power level is achieved, TCM can be utilized as the optimal modulation scheme. As can
be seen from eq. (4.6), the maximum power of TCM is also dependent on the voltages V1 and V2 and conse-
quently the voltage transfer ratio M . For that reason, TCM is still optional in the higher power regions, where
M is not close to unity.
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Figure 4.9: Schematic representation of different waveform options for OTM modulation for positive power flow, with a leading HV
bridge. For (a)-(c) it holds that Vab >Vpq , resulting in Dpq = 0.5. For (d)-(f) it can be seen that Vab ≤Vpq , resulting in Dab = 0.5.

OTM
When the operating power exceeds the maximum power of TCM for a given operating point, OTM will be
used as the modulation scheme. For OTM, one of the bridges will be clamped to a duty cycle of 0.5, which will
naturally happen when TCM reaches its maximum power. This has been shown in fig. 4.8, where, depending
on the HV and LV bus voltages, one of the bridges its duty cycle reaches the maximum value. After this, OTM
seamlessly takes over and the other control parameters will continue to vary depending on the operating
point.
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SPS
The final modulation scheme is SPS, which has both bridges operating at the maximum duty cycle. The re-
maining control parameter that can be adjusted is the phase shift between the two bridges. For given HV bus
voltages, the phase shift will increase with increasing power. For a given power, the phase shift will decrease
with increasing M , as can be seen in fig. 4.8b. Eventually, OTM can take over from a certain limit and one of
the bridges its duty cycle will be reduced.

4.4. Implementation of the optimal modulation scheme
With the three modulation schemes and their distribution being discussed, the implementation into the min-
imum search script will be described. The working principle of the minimum search script is not changed,
however, the control parameter computation has become more complex, as is shown in section 4.4.1. Addi-
tionally, the calculation of the inductor current waveform adds another level of complexity to the total optimal
modulation implementation, which is discussed in section 4.4.2. Finally, in section 4.4.3 a new component
selection will be made based on the new specifications that follow from the new modulation scheme.

4.4.1. Calculation of the control parameters

Before the inductor currents can be calculated, the operation mode needs to be known. As discussed in sec-
tion 4.3.2, there is a distribution that ensures that the most efficient modulation scheme will be implemented.
The first selection is done based on the operating power. Given a certain VHV , VLV and PLV (still, positive
power transfer is assumed here), P∆,max can be computed. When the normalized operating power, PLV , is
lower than P∆,max , triangular current mode will be used. When PLV is higher than P∆,max , OTM and/or SPS
will be implemented. The formulae to calculate the control variables for OTM and SPS are the same, but for
TCM different formulae apply. This is shown and derived in [40] and will be explained in this section. Before
the calculation of the control parameters can start, an important difference in terms of the phase shift ϕ has
to be noted. In [40], the phase shift time, Tϕ =ϕ/

2π fs , is defined as the difference between the middle of the
duty cycle of the leading bridge, and the middle of the duty cycle of the lagging bridge, as shown in fig. 4.10.
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Figure 4.10: The definition of the phase shift time Tϕ as used in further formulae, shown for OTM-1.

In this thesis, the variable Tq is introduced to define the phase shift in a similar way as for SPS, where the
phase shift was defined as the difference between the rising edge of the leading bridge and the rising edge
of the lagging bridge. Later, with the calculation of the inductor current, Tq will be used over Tϕ, as will be
shown in section 4.4.2. Additionally, the gate driver signal generation requires less computation steps, since
Tq is the exact delay that should applied between the rising edge of S1 and S5.

PLV ≤ P∆,max

In principle, TCM will be used for all operating points, unless the operating power is larger than the maximum
power for TCM (given the operating conditions). If that is not the case, then the control variables Dab , Dpq

and ϕ can be calculated using [40]:



4.4. Implementation of the optimal modulation scheme 53

ϕ=π · sgn
(
PLV

)√√√√V2 −V1

2V 2
1 V2

∣∣PLV
∣∣

π

D1 = |ϕ|
π

V2

V2 −V1

D2 = |ϕ|
π

V1

V2 −V1
.

(4.7)

For the TCM control parameters, both duty cycles are smaller than 0.5, resulting in a free wheeling period,
indicated as period III in fig. 4.6. When PLV increases, D1 and D2 will increase, resulting in a decreasing pe-
riod III. When PLV = P∆,max , D1 reaches 0.5 and period III is no longer present as the free wheeling period.
Additionally, when the operating voltages of the converter change, P∆,max could be lowered until D1 reaches
0.5, thereby transitioning into OTM modulation.

PLV > P∆,max

For all operating points where TCM is not sufficient to deliver the power, OTM and SPS will be implemented.
The calculation of the control variables for OTM is computationally heavy. The full expression to compute
D2 is listed in Appendix A.4. Here, the resulting final expressions for the control parameters will be given,
resulting in [40]:

D1 = 1
2

D2 = 1
4

(
2
p

e7 −2
p

e8 −e1
)

ϕ=π · sgn
(
PLV

)
·
1

2
−

√√√√D1 (1−D1)+D2 (1−D2)− 1

4
−

∣∣PLV
∣∣

πV1V2

 ,

(4.8)

where e1, e7 and e8 are intermediate variables used in the calculation of D2, as given by Appendix A.4. For
certain V1 and V2, D2 will get larger than 0.5, as can be seen in fig. 4.11.
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Figure 4.11: The calculated control variables for OTM for a full sweep over VLV with VHV = 346 V.

It can be seen that in this case for large VLV the duty cycle of the HV bridge goes over 0.5, reaching up to 0.52.
This duty cycle is not possible, and therefore the duty cycles will be limited to 0.5. In [40] the power is being
calculated at which this happens, using a computationally heavy numerical solver. However, in this thesis the
transition from OTM to SPS is implemented by a simple minimum statement:

D2 = min
( 1

4

(
2
p

e7 −2
p

e8 −e1
)

,0.5
)

. (4.9)
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The exact power at which OTM transitions to SPS is not of interest for the operation of this converter. The
control variables have a seamless transition between the two modes, and therefore the implementation given
by eq. (4.9) is sufficient.

4.4.2. Calculation of the inductor current
In order to generate loss maps for the optimal modulation scheme, the loss models require the new RMS
currents. For SPS modulation, a formula to determine I1 and I2 was derived. However, the derivation of such
a formula for all possible waveforms of the three modulation schemes will quickly get complex. Instead, an
alternative method is implemented, that makes use of the slope of the current waveform and the time of a
switching region. The method will be worked out for one particular case of the OTM scheme: OTM-1. For the
other remaining cases and schemes the same approach will be implemented.
First, the slopes of all switching regions has to be determined. All possible slopes can be listed according to:

diLk

d t
=



0 for Vab = 0, Vpq = 0
VHV

Lk
for Vab > 0, Vpq = 0

−VHV
Lk

for Vab < 0, Vpq = 0
−nVLV

Lk
for Vab = 0, Vpq > 0

nVLV
Lk

for Vab = 0, Vpq < 0
VHV −nVLV

Lk
for Vab > 0, Vpq > 0

VHV +nVLV
Lk

for Vab = 0, Vpq < 0
−VHV −nVLV

Lk
for Vab < 0, Vpq > 0

−VHV +nVLV
Lk

for Vab < 0, Vpq < 0

(4.10)

To calculate the absolute increase in current for each period of the waveform, next to the slopes, the duration
of each period has to be known. Since there are many possible waveforms with different slopes and periods,
only one per modulation scheme will be worked out. The principle of the other waveforms is similar and can
be derived using the same steps.

TCM
To analyze the waveforms of the TCM modulation, a zoomed version with important parameters is shown in
fig. 4.12.

I II III

Figure 4.12: Zoomed half period waveforms for TCM modulation.

Because of the half cycle symmetry in steady state operation, the displayed waveform has been reduced, since
for the negative half cycle the results will be similar. As an example, at iLk (t0) = iLk

( 1
2 Ts

)
and iLk (t1) =−iLk (t4),
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where t4 can be seen in fig. 4.6. The conditions for each period as defined by fig. 4.12 have been summarized
in table 4.1.

Table 4.1: Operating conditions for TCM modulation.

Property Region I Region II Region III

Slope of inductor current VHV −nVLV
Lk

−nVLV
Lk

0

Duration of region TD2 TD1 −TD2
1
2 Ts −TD1

Peak inductor current I1

Using the values derived in table 4.1, the absolute difference in current per region can be calculated, by mul-
tiplying the slope of the inductor current with the duration of the region. Then, I1 is known for TCM and the
RMS current can be calculated by using eq. (3.1).

OTM-1
In a similar way, the currents for OTM-1 can be derived. First, a zoomed version of the waveform is shown in
fig. 4.13, in which the current points and important times are made visible.

I II III IV

Figure 4.13: Zoomed half period waveforms for OTM-1 modulation.

As can be seen from the figure, for OTM the alternative phase shift variable can be used, where the alternative
phase shift time can be expressed as:

Tq = 1
2 TD1 +Tϕ− 1

2 TD2 . (4.11)

For all OTM waveforms under positive power transfer eq. (4.11) is valid. However, when power is transferred
from LV side to the HV side, TD1 and TD2 should be swapped. Again, the conditions for each period as defined
by fig. 4.13 have been summarized in table 4.2.

Table 4.2: Operating conditions for OTM-1 modulation.

Property Region I Region II Region III

Slope of inductor current VHV +nVLV
Lk

VHV −nVLV
Lk

−nVLV
Lk

Duration of region Tq TD1 −Tq
1
2 Ts −TD1

Peak inductor current I2
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Now that the slope and duration of each period are known, the difference in current per period can be calcu-
lated. For OTM-1, the peak inductor current I2 can be calculated by:

I2 =
Ipp

2
= |∆iLk 1|+ |∆iLk 2|+ |∆iLk 3|

2
, (4.12)

where ∆iLk 1−3 are the change in current for each period. Equation 4.12 is valid because of the symmetry of
the waveforms. For other OTM waveforms a similar approach can be followed by replacing I2 in eq. (4.12) by
the respective peak current of that waveform.

SPS
Finally, a similar approach to SPS modulation will be done in this part, starting with the zoomed waveforms
in fig. 4.14. For SPS there are two different waveforms, depending on VHV and VLV . For consistency, the
waveforms that will be discussed here are for VHV > nVLV , labelled as SPS-1. For SPS-2, where VHV < nVLV ,
and SPS-3, where VHV = nVLV , a similar approach can be used as described below.

I II

Figure 4.14: Zoomed half period waveforms for SPS-1 modulation.

For SPS it holds that Tϕ = Tq as can be seen from the figure. Additionally, TD1 = TD2 , meaning that the duty
cycle of both bridges is 0.5. From fig. 4.14 the operating conditions can be extracted and are summarized in
table 4.3.

Table 4.3: Operating conditions for SPS-1 modulation.

Property Region I Region II Region III

Slope of inductor current VHV +nVLV
Lk

VHV −nVLV
Lk

0

Duration of region Tq
1
2 Ts −Tq 0

Peak inductor current I2

The values of I1 and I2 are calculated in the same way as for the other switching schemes, rather than using
eq. (2.10) and eq. (2.11), to keep the implementation in the minimum search script standardized. Instead of
defining a different way to calculate the currents for SPS, the same method can be used as for TCM and OTM.
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4.4.3. Component selection
Since the new modulation schemes result in different current levels for all components, the MOSFET se-
lection and inductor designs have been updated compared to the ones in section 3.2.1. The newly chosen
MOSFETs will briefly be introduced together with an overview of their specifications. After that, the new in-
ductor designs will be shown, after which they can be implemented in the minimum loss script.

MOSFET selection
Now that a different modulation scheme has been implemented, different MOSFETs can be added to the
selection of table 3.2. The adjusted HV MOSFET requirements are listed in table 4.4. Simultaneously, the
requirements for the LV MOSFETs have been updated according to the new modulation schemes. The LV
bridge MOSFETs will remain the Si variants, since at the moment of writing there are no competitive SiC
switches available for that voltage level.

Table 4.4: The updated selection criteria for the HV and LV bridge MOSFETs. These values are calculated for Lk = 25 µH and n = 6.

HV bridge LV bridge
Qualification AEC-Q101
Technology SiC Si
Max. operating voltage [V ] 437 57.4
Min. breakdown voltage [V ] 610 100
Max. RMS current [ARMS ] 8.5 51
Max. peak current [A] 20.6 124

When comparing table 4.4 with table 3.1, it can be seen that both the RMS currents as well as the peak cur-
rents have dropped due to the new modulation schemes. This reduces the device stress and may lead to
different trade-offs for the variables of the minimum search script. Using the listed requirements, additional
HV MOSFETs are selected and added to the existing list. The new ones are listed in table 4.5. The selection of
LV MOSFETs has not changed and can therefore still be found in table 3.3.

Table 4.5: The selected additional SiC MOSFETs for the HV bridge.

MPN Rds,ON,max Qg Vgs,max Vdss Coss Qrr

SCT3040KLHR 52 mΩ 107 nF 22 V 1200 V 122 pF 115 nC
E3M0065090D 90 mΩ 30.4 nF 15 V 900 V 60 pF 150 nC

NVHL080N120SC1 162 mΩ 56 nF 20 V 1200 V 120 pF 212 nC

Updated inductor designs
For the inductor design, the same strategy is used that was discussed in chapter B. With the updated RMS and
peak currents, the new designs are listed in table 4.6.

Table 4.6: The specifications of the three newly designed series inductors.

Core size Number of
turns n

Air gap length lg Core volume Ve Average turn
length lturn

Operating
point Bmax

ETD39-3F3 20 2.5 mm 11500 mm3 69 mm
250 mTETD44-3F3 15 1.9 mm 17800 mm3 77 mm

ETD49-3F3 12 1.5 mm 24000 mm3 85 mm

4.5. Minimum loss design
The minimum search script from section 3.2 has been updated with the new formulae for control parameters
and the new current calculation method. Furthermore, the databases with different MOSFETs and inductor
designs have been filled with the newly selected and designed components.
It should be mentioned that two parameters were eliminated from the minimum search script: Lk and n. The
leakage inductance and transformer turn ratio were discussed and communicated to the magnetics partner,
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meaning that they could not be changed anymore. The specifications that were given are the ones from SPS
modulation. Lightyear wanted to test the DAB first with SPS only. So, therefore, to keep the results of OTM
modulation as realistic as possible, the same transformer and inductor design will be used as for SPS. In that
way, Lightyear can implement OTM modulation without requiring a new inductor and/or transformer in the
future.
The final outcome of the minimum search script for Lk = 25 µH and n = 6 is summarized in table 4.7. Here,
the 90 % operating region is used.

Table 4.7: Outcome of the minimum search script for the optimal modulation over the 90 % operating region.

Item Value
Average efficiency ηav g 98.0 %
Peak efficiency ηpk 98.98 %
Transformer turn ratio n 6
Leakage inductance Lk 25 µH
HV MOSFET E3M0065090D
Number of parallel HV MOSFETs Npar,HV 2
LV MOSFET SUM70030E-GE3
Number of parallel LV MOSFETs Npar,LV 3
Most efficient inductor design ETD39-3F3

From a first comparison with the results for SPS modulation as given in table 3.7, it can be seen that the
average efficiency of the power stage has decreased. The average efficiency went from 98.67 % to 98.0 %. The
reason for this is that the optimal modulation does not optimize for ZVS region, only for minimum inductor
current. However, not all operating points have a similar decrease in efficiency. For SPS modulation only, the
efficiency was fairly low for high HV bus voltages as was shown in fig. 3.4. Now, the high efficiency area has
been increased, but a band of lower efficiency remains within the OTM-1 modulation region, as can be seen
in fig. 4.15. For a more detailed discussion of the results, the same efficiency plots and loss maps will be given
for the optimal modulation as have been shown in section 3.3 for SPS modulation only.

4.5.1. Overall converter efficiency
First, the overall converter efficiency will be discussed. It is shown in fig. 4.15 for positive power transfer and
in fig. 4.16 for negative power transfer.
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Figure 4.15: Contour plot showing the DAB power stage efficiency with optimal modulation at an output power of PLV = 2.5 kW. The
peak efficiency is depicted with a green star, which reaches 99.32 % for VHV = 375.2 V and VLV = 57.4 V over the 90 % operating region.

From a first observation, it can be seen that there are many visible areas throughout the contour plot. Before,
with SPS modulation, only one clear line was visible, which is the line from which one of the bridges loses ZVS.
However, for fig. 4.15 the lines have a different origin, namely the division between the different modulation
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Optimal efficiency map for optimal modulation [%]
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Figure 4.16: Contour plot showing the DAB power stage efficiency with optimal modulation at an output power of PLV =−2.5 kW. The
peak efficiency is depicted with a green star, which reaches 98.92 % for VHV = 351.7 V and VLV = 57.4 V over the 90 % operating region.

schemes. This has been made visible in fig. 4.17, where the boundaries of the modulation schemes have been
made visible for positive power transfer.
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Figure 4.17: The boundaries of the different modulation schemes for PLV = 2.5 kW.

It can be seen that for high HV bus voltages and low LV bus voltages TCM is the modulation scheme that
results in lowest inductor currents. For the remaining area, OTM-1 is the dominant modulation scheme. A
small band of SPS is still present, as well as a corner where OTM-4 is used.
As was mentioned before, this optimal modulation design does not optimize the ZVS region of the DAB. This
can be clearly seen from the hard switching region of fig. 4.17. This hard switching band, for positive power
transfer, is even larger than the one for SPS. This is one of the drawbacks of the optimal modulation strategy.
Together with the fact that it is computationally heavy, as can be seen from the formulae in section A.4, makes
OTM less attractive for this converter implementation.
However, when the power transfer is negative, so when power flows from the LV side to the HV side, it can be
seen that there is little to no hard switching. The average efficiency for negative power using OTM is 98.34
%, as opposed to the 97.79 % for SPS modulation. So, for negative power transfer the optimal modulation
outperforms SPS significantly.

4.5.2. MOSFET losses
When the total switch losses per bridge are plotted, fig. 4.18a and fig. 4.18b are the result.
From fig. 4.18a it can be seen that the losses in the HV switches have increased in the area where hard switch-
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Figure 4.18: Switch losses for the optimal DAB converter design according to table 4.7 at an output power of PLV = 2.5 kW. (a) shows the
total HV bridge losses and (b) the total LV bridge losses.

ing occurs. In the region where there is no hard switching, the switch losses are comparable to the ones of
SPS modulation. Another observation is that the transition from SPS to OTM-1 is also visible in the HV switch
losses plot. The same is true for the transition from OTM-1 to TCM. The change in modulation scheme leads
to a decrease in switching losses, since no hard turn-on and turn-off switching occurs anymore.
For the LV bridge, the switch losses have increased too, again because of the hard switching that takes place.
It can be seen that the hard switching area for the LV switches is slightly smaller than for the HV switches. This
is also visible in fig. 4.15, where the line with 98 % efficiency is located. Above that line, first the HV bridge
loses ZVS, leading to a small decrease in efficiency. When the input voltage is increased further, the LV bridge
goes into hard switching too, thereby lowering the total converter efficiency even more.
Where for the HV bridge the transition between SPS and OTM-4 was not visible, in the switch losses plot of
the LV bridge this boundary is clearly visible. The reason is that the duty cycle of the LV bridge is changed
when transitioning from SPS to OTM-4, whereas the duty cycle of the HV bridge stays 0.5. In a similar way,
the transition from SPS to OTM-1 is only visible in the HV bridge switch losses, since that duty cycle changes.
The duty cycle of the LV bridge remains constant at 0.5.

4.5.3. Magnetics losses
The inductor losses have been calculated with the updated designs and are shown in fig. 4.19.
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Figure 4.19: Inductor losses for the optimal DAB converter design according to table 4.7 at an output power of PLV = 2.5 kW.

As can be seen, the overall inductor losses are very limited. Still, the optimal modulation scheme has reduced
the inductor losses significantly. In fig. 3.10 the maximum losses reached up to 5 W, for OTM the losses have
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decreased by 20 % to only 4 W max. In absolute watts that might seem negligible, but in percentage the
difference is substantial. This will also be visible in the transformer losses, as is shown in fig. 4.20a. Next to
that, in fig. 4.20b, the RMS current through the transformer and inductor is plotted.
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Figure 4.20: (a) Transformer losses for the optimal DAB converter design according to table 4.7 at a power of PLV = 2.5 kW and (b) the
RMS current through the transformer for different operating points.

When comparing the RMS current through the transformer using optimal modulation to the RMS currents
using SPS modulation in fig. 3.11b, it can be clearly seen that the RMS currents have been reduced by roughly
10 %. This decrease in RMS current results in a larger decrease in conduction losses, since these losses depend
quadratically on the RMS current. The transformer losses have been decreased by approximately 15 % when
looking at the area with high HV bus voltages and low LV bus voltages.

4.5.4. Conclusion
As was shown in this section, optimal modulation has some advantages and disadvantages when compared
to SPS modulation. Since it is only focused at decreasing the inductor and transformer RMS currents, it does
not account for ZVS capabilities. Therefore, under positive power transfer, a significant hard switching region
was obtained, whereas for SPS modulation this region is smaller.
Even though for positive power SPS modulation is the preferred method, for negative power OTM outper-
forms SPS, as was shown in average efficiencies and by comparing fig. 3.7 to fig. 4.16. This increase in average
efficiency comes at the cost of additional complexity, as well as lower performance for positive power transfer.
So, SPS will be the modulation method that is used for the rest of this thesis. The efficiency requirements set
by Lightyear are met using SPS, however, more performance could be achieved by implementing OTM and
focusing on increasing the ZVS range under positive power transfer.





5
Control of the DAB Converter

With a thorough investigation of the DAB converter in place, the control has to be written. To this end, first
a converter model has to be derived that models the dynamic behavior of the DAB converter. This model
will be used to design a controller that controls the power at any given operating condition. The dynamic
model of the DAB is discussed in section 5.1 after which the controller implementation is given in section 5.2.
Finally, in section 5.3 the derived controller is simulated, tuned and the results are shown. In this chapter,
SPS modulation is used to operate the converter, which will simplify the derivation and analysis of the model.
SPS modulation has excellent performance and simplicity compared to the optimal modulation as derived in
chapter 4.

5.1. Dynamic DAB model
The DAB converter operation as discussed in section 2.2.2 is not yet presented in a way that control can
be written for it. To this end, the dynamic behavior of the DAB should be derived. In literature, there are
generally two groups of dynamic modelling present: models with state-space averaging and models with a
fundamental power flow analysis [43].
With state-space averaging, the different states of the power converter are analysed and eventually averaged
into one state-space model. In literature, many examples of such dynamic models can be found [44–46].
The main difference between the presented models is what state variables are used for the model. The lack
of proper explanation why those specific variables have been used makes the presented models difficult to
compare. Additionally, the models are computationally complex when the accuracy of the model needs to be
high.
The alternative, fundamental power flow analysis, results generally in less complex models. To get to the
model, the assumption is made that the fundamental components of waveforms inside the converter are
sufficient to create a dynamic model. The higher order harmonics are disregarded and considered not to
contribute to the operation of the converter. Thus, the model will lack accuracy, especially across a large vari-
ation in operating conditions (input and output voltages in the case of the DAB).
In this thesis, a different strategy is followed, as is presented in [43]. The dynamic model that will be derived
is based on the different harmonics present in the converter. Generally, it follows the derivation of funda-
mental power flow analysis, however, there is the option to easily include more or less harmonics to tune
the accuracy and complexity. To obtain this model, first the DAB converter operation has to be written in
terms of harmonics, using the Fourier transform. Then, the relevant number of harmonics is investigated
and validated.

5.1.1. Harmonic model of the DAB converter
The basis of the operational principle of the DAB converter can be built around the switching patterns of
the full bridges, which creates a voltage over the transformer leakage inductance. In turn, a current will be
induced which eventually leads to power being transferred between the bridges. First, a single switching leg
is investigated, which can then be extended to the full bridges of the DAB. A schematic representation of a
switching leg is shown in fig. 5.1a.

63
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(a) Schematic of a switching leg.

S1 Vout

0 0
1 +VDC

(b) Switching state table of the single leg.

Figure 5.1: Schematic representation and switching table of a single switching leg.

The switches in a single leg are switched complementary, meaning that when the top switch S1 is closed, the
bottom switch S2 will be opened. The output of the switching leg, Vout , will thus change between +VDC and 0
V. Since the bottom switch will always switch complementary to the top switch, the behavior of the complete
switching leg can be simplified by only considering the switching pattern of the top switch S1. This can be
summarized in a table, as shown in fig. 5.1b.

Now, the single leg can be extended with another single leg, creating four possible states, which can be seen in
fig. 5.2a and fig. 5.2b, respectively. There, the figure and table have been simplified by substituting the bottom
switches by the inverted signal of the top switch.

(a) Schematic of a full bridge.

S1 S2 V1 V2 Vout

0 0 0 0 0
0 1 0 +VDC −VDC

1 0 +VDC 0 +VDC

1 1 +VDC +VDC 0

(b) Switching state table of the full bridge.

Figure 5.2: Schematic representation and switching table of a single switching leg.

Now, the table of fig. 5.2b can be simplified into one formula:

Vout =VDC · {S1 −S2} , (5.1)

where S1 and S2 are the logic signals, representing the states of the switches of the corresponding switching
leg. Now, the logic function can be extended to include time into the equation. With time added, one formula
can describe the complete function of the full bridge. First, the switching states are redefined as:

Sk (t ) ∈ {0,1} , where k = 1,2, ... (5.2)

The output of the full bridge can now be described as

vout (t ) =VDC · {S1(t )−S2(t )} . (5.3)

With this expression for the output voltage of a full bridge, the voltages across the leakage inductor of the DAB
converter can be expressed. The simplified circuit of the DAB converter is repeated here for convenience in
fig. 5.3, where the transformer is added as well.
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n:1

Figure 5.3: Simplified circuit of the DAB converter.

Using the same convention as fig. 5.3, the voltage over the complete transformer (including leakage induc-
tance) can be described as:

vab(t ) = vHV (t ) · {S1(t )−S2(t )}

vcd (t ) = vLV (t ) · {S3(t )−S4(t )}
(5.4)

Here, the full bridge on the LV side is made up of half bridges S3 and S4. In order to facilitate a power transfer
from one bridge to the other, the waveforms of vab(t ) and vcd (t ) are phase shifted.
Now that the principle operation is described in appropriate terms, the dynamic equations describing the
behavior of the DAB can be derived. For now, only positive power transfer is considered, which means that
the HV bus is seen as input and the LV bus as output. The exact same derivation can be followed for negative
power transfer.

First, the output capacitor behavior is of interest, since it is an important part of the dynamic equations. Its
voltage can be described as

d vLV (t )

d t
= iC (t )

CLV
. (5.5)

To determine the capacitor current, a current loop is evaluated at the LV bus, resulting in:

iC (t ) = iLV (t )− iLV bus (t ), (5.6)

where iLV (t ) is the current flowing from the LV full bridge to the LV capacitors and iLV bus (t ) is the current
flowing to the LV bus, or in this case the output current. This current is measurable by a current sensor, but
the current before the output capacitors, iLV (t ), is not. It is dependent on the switching states of the LV bridge
as well as the current through the leakage inductor. Therefore, it can be calculated, since it simply follows the
amplitude of the inductor current, as has been summarized in table 5.1.

Table 5.1: Switching state table for iLV (t ).

S3 S4 iLV(t)
0 0 0
0 1 −iLk (t )
1 0 +iLk (t )
1 1 0

Now, using the table, an expression for the currents can be made:

iLV (t ) = iLk (t ) · {S3(t )−S4(t )} . (5.7)

Next, an expression for the inductor current iLk (t ) has to be derived, which is done using a Kirchoff voltage
loop (KVL) in fig. 5.3, where the internal resistance of the leakage inductor is also taken into account:

vab(t )−n · vcd (t )−RLk · iLk (t )−Lk
diLk

d t
(t ) = 0. (5.8)

Since the switching functions are described as instantaneously changing signals, the resulting system de-
scription of eq. (5.8), which is continuous, forms a mixed-mode dynamic system. Such a system consists of
both continuous and discrete signals and is complex to solve and interpret.
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To overcome this issue, the discrete switch equations, as defined by eq. (5.2), can be expressed into Fourier se-
ries using a Fourier transform. By doing so, the switching functions are made continuous and the expression
of the dynamic operation of the DAB converter can be easily solved.
The Fourier series of a waveform is essentially the summation of the dominant waveform at a certain funda-
mental frequency together with its harmonics. In mathematical terms, any signal can be expressed as a series
of sinusoids as [6]:

f (x) = a0

2
+

∞∑
k=1

{ak cos(kx)+bk sin(kx)} , (5.9)

where ak and bk are the harmonic coefficients and are expressed as:

ak = 1

π

∫ π

−π
f (x)cos(kx) dx, k ≥ 0 (5.10a)

bk = 1

π

∫ π

−π
f (x)sin(kx) dx, k ≥ 1. (5.10b)

Using the Fourier transform on a square wave signal with 50 % duty cycle and an amplitude of 1 results in
[47]:

Si = 1

2
+ 2

π

∞∑
k=0

sin([2k +1]{ωs t −αi })

[2k +1]
, i = 1,2,3... (5.11)

whereωs is the switching frequency of the switch in radians per second andαi is the delay of the phase of the
waveform with respect to a reference waveform.
According to the Fourier theory, if more harmonics are added to the summation, the resulting Fourier se-
ries representation will get closer to the original signal. This has been made visible in fig. 5.4, where more
harmonics result in a better match with the ideal square wave.
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Figure 5.4: Ideal square wave signal approached by Fourier series with different number of harmonics.

Now, each switching signal can be written in the same form as eq. (5.11). Additionally, the infinite summation
has been replaced by a finite summation that includes N harmonics. The results from eq. (5.11) give rise to
the idea that the waveforms can be approximated accurately enough by only including N harmonics. This
results in:

S1 = 1

2
+ 2

π

N∑
k=0

sin([2k +1]{ωs t })

[2k +1]
(5.12a)

S2 = 1

2
+ 2

π

N∑
k=0

sin([2k +1]{ωs t −π})

[2k +1]
(5.12b)
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S3 = 1

2
+ 2

π

N∑
k=0

sin
(
[2k +1]{ωs t −ϕ}

)
[2k +1]

(5.12c)

S4 = 1

2
+ 2

π

N∑
k=0

sin
(
[2k +1]{ωs t −ϕ−π}

)
[2k +1]

, (5.12d)

where ϕ is the phase shift between the two bridges of the DAB converter in radians.

5.1.2. Number of included harmonics
As shown before, the square wave as produced by the switches can be approximated by the Fourier series,
which includes up to N harmonics. There is a trade-off to be made between the complexity of the final
dynamic model and the accuracy of the model. Including more harmonics will lead to a better representation
of the actual signal, however, the complexity of the dynamic model will increase. For that reason, the optimal
number of harmonics will be investigated in this section.
Since the main objective of the DAB converter as designed in this thesis is to transfer a certain amount of
power, the accuracy of the model is validated by looking at the transferred power. The power transfer be-
tween the two full bridges of the DAB can be expressed in a similar summation of harmonics as the switches.
Then, the transferred power for N included harmonics can be compared to the actual transferred power. The
number of relevant harmonics will be increased up till the point that the accuracy of the dynamic model is
high enough to be used, without getting too complex.
To start, first the voltages across the transformer terminals, vab(t ) and vcd (t ), need to be expressed in har-
monics. The switching functions of eq. (5.12) can be used for this, which can be substituted into eq. (5.4),
leading to:

vab(t ) =VHV · 4

π

N∑
k=0

sin([2k +1]{ωs t })

[2k +1]
(5.13)

vcd (t ) =VLV · 4

π

N∑
k=0

sin
(
[2k +1]{ωs t −ϕ}

)
[2k +1]

. (5.14)

For an inductive transmission line, connected to two voltage sources on each end, the power transfer is given
as [6]:

Ptr ans f er =
V1V2 sin(δ)

ωL
, (5.15)

where V1 and V2 are the RMS voltages of the sinusoidal voltage sources, δ is the phase difference between
the waveforms and L is the line inductance of the transmission line. For the DAB converter the exact same
transmission principle applies, since it consists of similar voltage sources, connected through an inductive
connection. For the DAB that inductive connection is formed by the leakage inductance of the transformer.
Taking the RMS voltage of eq. (5.13) and eq. (5.14) and combining it with eq. (5.15), results in:

PD AB ,har moni cs =
8

π2

nVHV VLV

ωs Lk

N∑
k=0

{
1

[2k +1]

1

[2k +1]

sin
(
[2k +1]ϕ

)
[2k +1]

}
, (5.16)

where n is the transformer turn ratio. Now, to determine the power transfer accuracy for a certain N amount
of harmonics, the computed power is compared to the analytical expression for power transfer as was given
by eq. (2.2), which is repeated here for convenience:

PD AB ,anal y ti cal =
nVHV VLV

2π2 fs Lk
ϕ

(
π−ϕ)

. (5.17)

The resulting transferred power difference for a given HV bus voltage, LV bus voltage, leakage inductance,
switching frequency and phase shift are given in table 5.2.
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Table 5.2: Difference in computed power transfer between the analytical expression of eq. (5.17) and the harmonics expression of
eq. (5.16).

Number of harmonics N Difference in power
0 -3.66 %
1 0.81 %
2 -0.28 %
3 -0.12 %
4 -0.08 %
5 0.03 %

From the results of table 5.2 it can be seen that for N = 3 a point of diminishing returns is achieved. Increasing
the number of significant harmonics further will result in a insignificant increase in accuracy, at the cost of
more complexity. An error of 0.12 % in power, which corresponds to 3 W at its operating power of 2500 W, is
determined to be negligible. Therefore, the number of included harmonics will be N = 3.

5.1.3. Final harmonic model
With the number of harmonics in place, the complete model can be constructed. First, the switching func-
tions of eq. (5.12) have to be substituted into the converter equation given by eq. (5.8), which has been ex-
tensively described in [43]. Rearranging the terms and solving for the derivative of the LV bus voltage results
in:

d vLV (t )

d t
=−iLV bus (t )+ 8n

CLV π2

N∑
k=0

1

[2k +1]2

VHV

|Z [k]|
{

cos
(
[2k +1]ϕ−θz [k]

)− nvLV (t )

|Z [k]| cos(θz [k])

}
, (5.18)

where Z [k] =
√

R2
Lk

+ ([2k +1]ωs Lk )2, which is the magnitude of the (AC) impedance, and where θz [k] =
atan

(
[2k+1ωs Lk

RLk

)
, which is the phase of the AC impedance between the two DAB full bridges.

This non-linear model still needs to be linearized such that a state-space model can be created. This lin-
earization is done around the typical operating point to which a small disturbance is added. In this case, the
change in LV bus voltage is determined based on its current LV bus voltage, LV bus current and phase shift.
Linearization leads to [48]:

d
(
VLV0 +∆VLV0 (t )

)
d t

≈ f
(
VLV0 ,ϕ0, ILV bus0

)+ ∂ f

∂VLV

∣∣∣∣
0
∆VLV (t )+ ∂ f

∂ϕ

∣∣∣∣
0
∆ϕ(t )+ ∂ f

∂ILV bus

∣∣∣∣
0
∆ILV bus (t ) (5.19)

Solving these partial differential equations gives the final linearized model [43]:

d∆VLV (t )

d t
= A∆VLV +Bϕ∆ϕ+Bi∆ILV bus (5.20a)

A =− 8n2

CLV π2

N∑
k=0

cos(θz [k])

[2k +1]2 |Z [k]| (5.20b)

Bϕ = 8nVHV

CLV π2

N∑
k=0

sin
(
θz [k]− [2k +1]ϕ0

)
[2k +1] |Z [k]| (5.20c)

Bi = −1

CLV
(5.20d)

Note that the change in LV bus current ∆ILV bus is seen as a disturbance, whereas ∆VLV is chosen as the state
variable and ∆ϕ functions as the input of the model.
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The importance of the correct choice of the number of included harmonics can be proven once again. The
calculation of the Bϕ term changes with changing phase shift ϕ. This has been made visible in fig. 5.5, where
it is shown that higher order harmonics still contribute to the converter operation.
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Figure 5.5: Influence of the higher order harmonics on the Bϕ term for changing phase shift ϕ.

Another conclusion that can be drawn from fig. 5.5, is that the model will only be accurate around its lin-
earization point at a given phase shift (ϕ0). For a small step change in the phase shift, the model will closely
resemble the real converter, however, for large variations in the phase shift, the model becomes inaccurate.

5.2. Controller implementation
With the model of the DAB converter in place, the controller design can be created. The controller will have
one parameter that it can adjust, which is the phase shift in case of SPS modulation. The goal of the controller
is to obtain a certain constant power output of the DAB converter, given any operating point. Since on both
ends of the DAB converter a battery is placed, the voltage of the HV bus and LV bus is given. In order to be
able to transfer power, the voltage of that bus should be increased slightly over the steady state voltage of the
battery. In that way, the battery will be charged and thus power is transferred. Again, only the positive power
transfer is described. Because of the symmetry of the DAB converter, the exact same steps can be taken to
design the controller for negative powers.
With this descriptive analysis in place, it becomes clear that the controller can be simply implemented by
a closed loop negative feedback design. The output voltage has to be measured and can be fed back to the
input of the controller, which will adjust its outputs to the plant accordingly. This closed loop system is shown
in fig. 5.6.

Controller Plant

Figure 5.6: Schematic representation of a closed-loop controller implementation.

As can be seen, a certain voltage reference for the LV bus is given at the input. Then, the current output voltage
is subtracted from it, feeding the voltage error into the controller. The controller will adjust the phase shift ϕ
as such that the LV bus voltage will converge towards the reference voltage.
So far, no reference voltage is known yet, since the converter has to operate based on a power setpoint. There-
fore, a slightly different approach is followed in this thesis, which makes use of the reference power and actual
power output of the converter. Then, that power error is divided by the expected LV bus current, which results
in the voltage error on the output of the converter. This has been made visible in fig. 5.7.
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Controller Plant

Figure 5.7: Schematic representation of the implemented closed loop system.

As can be seen, the control loop of fig. 5.6 has been altered to be able to control the DAB based on its power
output. The reference current ILV ,r e f is obtained by dividing the reference power PLV ,r e f by the battery volt-
age. This leads to a theoretical current that should be obtained to transfer the desired power into the battery.
The actual regulating part of the controller, C (s) in fig. 5.7, is implemented using a PI-controller. The PI-
controller is deemed sufficient since the derived DAB model of section 5.1 is a first order SISO system. The
integrating part of the controller is required to reduce the steady state error to zero. Finally, a saturation block
is added to prevent the phase shift of becoming too large. The limits for the saturation are − 1

2π and + 1
2π. The

implementation of the controller can be seen in fig. 5.8.

Figure 5.8: Implementation of the regulator C (s), using a PI-controller and saturation block.

5.3. Tuning of the controller
Now that the controller has been designed, it should be tuned. First, to get an indication of the PI controller
tuning, the derived DAB models will be simulated and roughly tuned using the automatic Simulink PID Tuner
App. Then, a functional model of the designed DAB converter will be build, on which the controller will be
validated and fine-tuned. The simulation time for the full model will be extremely long compared to the
simple model that will be derived in this section. The complexity of all the switching actions and parasitics
makes it good practice to get an initial tuning using the model as derived in section 5.1.3.

5.3.1. Initial tuning of the PI controller
For the tuning, first the DAB model has to be made. This has been done by calculating the converter param-
eters as given by eq. (5.20) using the parameters of table 5.3.

Table 5.3: DAB converter parameters for the calculation of the DAB model for positive power transfer.

Parameter Value
N 3

VHV 378 V
fs 100 kHz

Lk 25 µH
RLk 20 mΩ

n 6
ϕ0 0.136 π

CHV 360 µF
A -6.66

Bϕ 2.90 ·105

Bi -2.78 ·103

The resulting parameters for the positive power transfer model can now be put into a transfer function. To do
so, a Laplace transform has to be applied to eq. (5.20). For simplicity, the influence of the load current change
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∆ILV bus will be left out of the equation, since that greatly simplifies the design of the controller. The load dis-
turbance contribution, weighted by Bi , is accounting for sudden load disturbances. For this DAB converter,
both ends of the converter terminals will be connected to batteries. This means that the converter will not
face abrupt load changes, since the batteries will provide the required power. This validates the removal of
the Bi term for an initial PI tuning. However, for a converter design where no batteries are present to compen-
sate for sudden load disturbances, this Bi term cannot be omitted. The PI controller cannot respond quickly
enough to provide the necessary energy during an abrupt load change. Therefore, either the output capacitor
banks should be made sufficiently large to counter the first voltage spike or sag, or the controller should be
adjusted to counter for sudden load changes. This can, for instance, be done by using a feed-forward path for
the load current disturbance, as presented in [43].
Applying the Laplace transform to eq. (5.20) results in:

s ·∆VLV (s) = A∆VLV (s)+Bϕ∆Φ(s). (5.21)

Rearranging the terms gives the plant transfer function

G(s) = ∆VLV (s)

∆Φ(s)
= Bϕ

s − A
. (5.22)

In Simulink, a closed loop model has been built according to fig. 5.6. A reference voltage is given to the model,
which the PI controller tries to regulate to. The set-up can be seen in fig. 5.9.

Figure 5.9: Implementation of the PI tuning loop.

The automatic tuner of Simulink is set to reach steady state within 5 ms when applying a step function. This
5 ms is required for the DAB converter to be able to quickly respond to little variations in voltage on the
bus. Even though the batteries will stabilize most of the transients, the bus voltage will still change when, for
example, the motors are regenerating and store the energy into the batteries. Such voltage fluctuations might
introduce an unwanted nonzero transformer current if not handled appropriately. This can lead to saturation,
which should avoided to ensure proper behavior of the converter and prevent damage to the components.
After the automatic tuning the resulting PI parameters are Kp,pos = 3.0 ·10−3 and Ki ,pos = 1.7, with the corre-
sponding step response as shown in fig. 5.10.

Figure 5.10: Start-up response of the converter model for positive power transfer.

It can be seen that there is an overshoot, which will be fine-tuned in the complete converter model. A small
overshoot is allowed, however, care should be taken not to damage any of the components.
The exact same procedure has been followed for the negative power direction, where the resulting PI variables
are Kp,neg = 5.4 ·10−3 and Ki ,neg = 0.5.
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5.3.2. Fine-tuning of the PI controller
With the initial tuning of the converter in place, the full-scale DAB model is built to finalize and verify the
tuning of the PI controller. It has been built in Simulink according to the components as chosen in section 3.3,
which can be seen in fig. 5.11.

Figure 5.11: Implemented Simulink model of the designed DAB converter with control loop.

A reference power is given as an input for the model, which is set to 2500 W. Then, depending on the direction
of the desired power transfer, either the positive power control loop or the negative power control loop is
activated. The phase shift from either of the two is given to the corresponding gate drivers, which will then
lead to a change in power of the complete converter.
To simulate the eventual behavior of the microcontroller which will control the DAB, a discrete implemen-
tation of the control loop has been made. The frequency of the control loop is set at 1 kHz, which is a good
middle ground between processor load and converter operation. This analysis has been carried out by an
external company, which writes the software for the microcontroller for Lightyear. They did the analysis for
the microcontroller that will be equipped for the prototype of this converter, which is the S32K144 of NXP.
They calculated a microcontroller utilization of 23 % with the control loop operating at 1 kHz. This leaves
enough overhead to schedule other tasks, such as communication, sensor readout etc. A lower control loop
frequency will result in slower response of the converter with less computational load for the microcontroller.
However, the slower dynamic response of the converter results in poor transient behavior.
Another effect that should be taken into account is the discrete steps in phase shift that the microcontroller
can realize. The microcontroller its clock frequency of 80 MHz means that it can realize up to 800 steps in one
switching cycle. Thus, the minimum step size for a phase shift it can realize is 12.5 ns. As a safety factor and
to leave some headroom for the microcontroller, a factor 4 is applied, which limits the minimum phase shift
step to 50 ns. This has been implemented in the discrete time step block in the detailed converter model as
seen in fig. 5.11.
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The response of the final converter implementation has been tuned to provide a fast response to changes
without any overshoot, as can be seen in fig. 5.12 for positive power and in fig. 5.13 for negative power.

Figure 5.12: Start-up behavior of the DAB converter for P = 2.5 kW, VHV = 378 V, VLV = 50.4 V, Kp,pos = 3 ·10−3 and Ki ,pos = 3.

Figure 5.13: Start-up behavior of the DAB converter for P =−2.5 kW, VHV = 378 V, VLV = 50.4 V, Kp,neg = ·10−4 and Ki ,neg = 0.5.

As can be seen from the figures, the power out of the converter reaches the target without overshoot within 7
ms. Since the converter is designed to deliver 2.5 kW of power, overshoot may put too much stress on com-
ponents. Therefore, the initial PI parameters have been changed until the desired response was achieved.
Without the initial tuning parameters, time consuming trial-and-error tuning would have been necessary,
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since the automatic tuning tool does not work for the full-scale implementation. The new controller param-
eters are given in table 5.4.

Table 5.4: Final PI controller parameters for positive (subscript pos) and negative (subscript neg) power direction.

Parameter Value
Kp,pos 3 ·10−3

Ki ,pos 3
Kp,neg 5 ·10−4

Ki ,neg 0.5

5.4. Conclusion
In this chapter a model has been derived to describe the dynamic behavior of the DAB converter. After-
wards, the model was used to provide initial tuning for a controller design, which was implemented using a
PI controller, with separate control loop for different power directions. Finally, the controller performance
was fine-tuned and eventually verified using a detailed Simulink model of the designed DAB converter.



6
Conclusion and recommendations

The goal as stated at the beginning of this thesis was to investigate, design, simulate and build a prototype of
an isolated bidirectional DC-DC converter for an automotive application. The most important design criteria
was to have the design optimized with respect to efficiency, one of the key components in the development
of the Lightyear One. One peculiarity of the converter requirements was that it had to be optimized for one
specific power level.

With the goal of having an average efficiency of at least 94 % over all operating points for the 90 % operating re-
gion, first a topology study was performed. Here, all converters that satisfied the requirements were listed and
compared. Eventually, the three most promising candidates have been selected, which were the dual active
bridge converter, the LLC resonant full bridge converter and a two stage converter with a buck-stage at the
HV side. These three candidates were then analyzed further, explaining the operating principle and showing
their advantages and disadvantages. A specific focus was placed on the regions where zero voltage switching
could be achieved. It was shown that the DAB converter was the best topology given the requirements and
operating conditions for the converter design. A small adjustment was added to the original DAB topology,
which was the addition of a DC blocking capacitor in series with the leakage inductance of the transformer. In
that way, potential saturation of the transformer will be prevented when there is a slight unbalance in applied
voltage to the transformer.

Then, a loss model was created for the DAB topology based on the single phase shift modulation. Before
the exact losses per component could be calculated, first the operating currents were determined. Following
that, corresponding loss models were made for all components. It was shown that the LV switches would
switch at high peak currents that would induce losses even when ZVS was obtained, and therefore a separate
loss model was implemented. Afterwards, a minimum search script was created that evaluates all possible
component combinations based on a provided database of suitable components. The user can simply select
a list of, for example, MOSFETs that meet the requirements, after which the script will generate the set-up of
components that leasd to the highest average power stage efficiency.
With the outcome of the script, the converter with highest possible efficiency is created, which resulted in
an average efficiency of 98.67 % for an operating power of 2.5 kW and an average efficiency of 97.79 % for
an operating power of -2.5 kW. Next, a sensitivity analysis was done to investigate the loss in efficiency when
less parallel MOSFETs were placed, as well as implementing automotive rated MOSFETs. The final converter
design equipped one MOSFET per switch for the HV bridge and two parallel MOSFETs per switch for the LV
bridge. Additionally, the choice was made to go with the automotive rated MOSFETs, leading to an average
power stage efficiency of 98.41 % and 97.87 % for positive and negative power transfer, respectively.

Even though the average efficiency of the power stage is already up to the requirements, it was thereafter
investigated whether the converter operation can be more optimized in terms of efficiency by equipping dif-
ferent modulation methods. Three potential candidates were introduced: triangular current modulation,
extended phase shift modulation and triple phase shift modulation. It was shown that a combination of tri-
angular current modulation, single phase shift modulation and extended phase shift modulation can reduce
the RMS current of the inductor and transformer. The reason of interest is that when ZVS is achieved, the
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DAB converter mainly suffers from conduction losses, which are quadratically correlated to the RMS cur-
rents. Results showed that even though the RMS current dropped by as much as 10 % for the most operating
conditions, the total converter losses for positive power transfer increased. The reason was that the optimal
modulation scheme resulted in a hard switching region, whereas SPS modulation only had a smaller hard
switching region. For the negative power transfer though, the average efficiency was improved from 97.87 %
to 98.34 %. This was not enough to implement the optimal modulation, as it greatly increased the complexity
of the converter, without many benefits.

Lastly, the control of the DAB converter has been written. To this end, first a dynamic model was derived,
which makes use of a harmonic model. The eventual system was a simple, linear first order equation, of which
the complexity and accuracy was directly influenced by adding additional harmonics. It was shown that
including more harmonics would increase the accuracy of the model, but there was a point of diminishing
returns.
With the dynamic model in place, a controller was designed for it. The controller implementation was done
using a PI controller. It was then tuned using the derived DAB model, after which a detailed converter model
was created in Simulink. The PI controller parameters were fine-tuned on this detailed model and a adequate
response was obtained that can be implemented on the first prototype of the converter.

As a final remark, a lot of work has been put into the realization of a prototype PCB for the DAB converter,
which was one of the original goals of this thesis. Due to the COVID-19 outbreak, manufacturers and suppliers
of parts closed their doors, with long lead times as a consequence. The control of the converter dropped in as
a replacement for all the planned validation measurements and analyses. However, the work on the prototype
PCB is briefly shown in Appendix section C.2, together with screenshots of the PCB.

6.1. Recommendations
Due to the delays because of COVID-19 and therefore elimination of the validation steps in this thesis, these
are the obvious next steps for this project. The prototype is ready to be ordered and once assembled and
arrived, the work of this thesis can be validated. All the work has already been extensively simulated in both
LTSpice and Simulink using detailed models, however, actual measurements will verify the calculations and
efficiency outcomes in this thesis.

Furthermore, more research should be done into increasing the ZVS region of the designed DAB converter.
Especially in combination with the optimal modulation as derived in chapter 4 will result in even higher
efficiencies over the whole operating range. One interesting idea is to add so-called AC-link commutation
inductors, as introduced in [17]. Small inductors are added to the terminals that connect the AC-link to the
bridges. Effectively they increase the commutation current that is present in the leakage inductor during the
dead time of the switching cycle. By doing so, the ZVS limit is raised, as can be seen by considering eq. (2.18).

Another topic that should be improved is the control of the converter. In this thesis a simple controller is
presented that performs acceptably for the prototype implementation. However, many improvements can
be made to it. The first one being an adaptive PI controller. As was explained in chapter 5, the harmonic
model and its corresponding tuning are only accurate around the linearization point of the model. One can
easily derive multiple models for the converter using the presented method, and get an initial tuning for the
corresponding models. These Kp and Ki parameters can then be stored in a lookup table. Then, based on
the operation conditions of the converter, these P and I variables can be loaded to ensure a similar response
(similar rise times for example) under all converter conditions.
Secondly, a simple feed forward implementation can be added to eliminate the influence of the disturbance
of the current ∆ILV bus .
Lastly, an inner control loop should be added that monitors the DC bias current through the transformer. This
can be implemented by a high-speed current sensor in the circuit, which measures and compares the positive
and negative amplitude of the transformer current. When these are not the same, a DC bias is present, which
should be countered by adjusting the voltage waveforms. With this addition, together with the DC-blocking
capacitor, transformer saturation will not occur.
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A
Derivations

This chapter contains the details of derivations that have been used in this thesis. Rather than placing the
derivations in the text, they are explained step-by-step in this chapter.

A.1. RMS currents
In order to calculate the RMS currents through the inductor in buck mode, the currents of the inductor have
to be split into two separate currents: the continuous current IL,mi n and the time varying triangular waveform
iL,r i ppl e (t ). In formula form this means that

iL(t ) = iL,r i ppl e (t )+ IL,mi n (A.1)

The waveforms can be seen in fig. A.1.
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Figure A.1: Ideal inductor current waveform of a buck converter.

Now, according to the definition of RMS (root-mean-square), we can define:

I 2
L,RMS = avg

[(
iL,r i ppl e (t )+ IL,mi n

)2
]

= avg
[

i 2
L,r i ppl e (t )

]
+2IL,mi n ·avg

[
iL,r i ppl e (t )

]+ I 2
L,mi n

(A.2)

We know that for a triangular waveform the RMS value can be expressed as:

IRMS = i (t )p
3

(A.3)

By making use of eq. (A.3), and realizing that the average value of iL,r i ppl e (t ) can be expressed as

avg
[
iL,r i ppl e (t )

]= IL,max − IL,mi n

2
(A.4)

From here, eq. (A.2) can be rewritten as:

I 2
L,RMS =

(
IL,max − IL,mi n

)2

3
+ IL,mi n · (IL,max − IL,mi n

)+ I 2
L,mi n (A.5)
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Now, by defining Ipp = IL,max − IL,mi n eq. (A.5) can be simplified to:

I 2
L,RMS = 1

3
I 2

pp + Ipp · IL,mi n + I 2
L,mi n (A.6)

Finally, by substituting IL,mi n = IL,av g − 1
2 Ipp gives

I 2
L,RMS = 1

3
I 2

pp + Ipp

(
IL,av g − 1

2
Ipp

)
+

(
IL,av g − 1

2
Ipp

)2

(A.7)

which can be simplified into:

I 2
L,RMS = 1

12
I 2

pp + I 2
L,av g (A.8)

By taking the root of both sides, delivers the final expression for the RMS current through the inductor of a
buck converter in CCM:

IL,RMS =
√

1

12
I 2

pp + I 2
L,av g (A.9)

A.2. Maximum leakage inductance
Starting off with the transferred power of the DAB for SPS modulation, as described by eq. (2.2):

P = nVHV VLV

2π2 fs Lk
ϕ

(
π−ϕ)

. (A.10)

First, a substitution is introduced to simplify the derivation:

α= nVHV VLV

2π2 fs Lk
. (A.11)

The only control parameter of the DAB for SPS is the phase shift ϕ. The maximum achievable power that is
transferred can thus be found by deriving eq. (A.10) with respect to ϕ, resulting in:

dP

dϕ
=α(

π−2ϕ
)

. (A.12)

Then, by equating the derivative of the power to zero, a maximum or minimum can be found. This results in:

2αϕ=απ, (A.13)

which then can be rewritten into

ϕ= 1
2π. (A.14)

With eq. (A.14) a local peak is found, meaning that when ϕ= 1
2π, the maximum power transfer of the DAB is

found. Combining eq. (A.14) with eq. (A.10) results in:

Pmax = nVHV VLV

8 fs Lk
. (A.15)

eq. (A.15) describes the maximum transferable power for a DAB converter, given a certain operating point
(combination of VHV and VLV . Then, in order to find the maximum leakage inductance Lk,max that still
enables to transfer a certain desired power Pdes , eq. (A.15) can be rewritten into:

Lk,max = n ·min(VHV )min(VLV )

8 fs Pdes
. (A.16)
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A.3. Maximum TCM power
The maximum power transfer for the triangular current mode modulation has been given in [39] and can be
expressed as:

P∆,max = V 2
HV

(
1−2τbl ank fs

)2 (
nVLV −VHV

)
4Lk fs nVLV

. (A.17)

In order for this formula to be used with the introduced standardized variables in section 4.3.2, it needs to be
rewritten. First, the blanking time τbl ank is put to zero, since the DAB converter is still assumed to be ideal in
the analysis of the modulation methods. This results in:

P∆,max = V 2
HV

(
nVLV −VHV

)
4Lk fs nVLV

. (A.18)

Now, by substituting Zr e f = 2π fs Lk into eq. (A.18) gives

P∆,max = V 2
HV

(
nVLV −VHV

)
2
πZr e f nVLV

. (A.19)

Then, the voltages have to be normalized by dividing them by the reference voltage Vr e f . Inserting the nor-
malized voltages according to

VHV =V1 ·Vr e f

nVLV =V2 ·Vr e f

(A.20)

results in:

P∆,max = π

2

V 2
1 V 2

r e f

(
V2Vr e f −V1Vr e f

)
Zr e f V2Vr e f

. (A.21)

When the resulting formula is rearranged, the following is obtained:

P∆,max = π

2

V 2
1

(
V2 −V1

)
V2

V 2
r e f

Zr e f
= π

2

V 2
1

(
V2 −V1

)
V2

Pr e f . (A.22)

Finally, Pr e f can be brought to the left hand side, resulting in the normalized maximum power and the final
formula:

P∆,max = π

2

V 2
1

(
V2 −V1

)
V2

(A.23)
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A.4. Formulae to calculate control variables for OTM modulation
The formulae that will be given in this section are the result of calculations done in [40]. For completeness,
they are listed below, since the interim values have been used in this thesis work and are needed to compute
D2 for OTM modulation.

e1 =− 2V 2
1 +V 2

2

V 2
1 +V 2

2

(A.24)

e2 =
V 3

1 V2 + |PLV |
π

(
V 2

1 +V 2
2

)
V 3

1 V2 +V1V 3
2

(A.25)

e3 =8V 7
1 V 5

2 −64
|PLV |3
π3

(
V 2

1 +V 2
2

)3

− |PLV |
π

V 4
1 V 2

2

(
4V 2

1 +V 2
2

)(
4V 2

1 +13V 2
2

)
+16

P 2
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π2 V1

(
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2

)2 (
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)
(A.26)

e4 =8V 9
1 V 3

2 −8
|PLV |3
π3

(
8V 2

1 +V 2
2

)(
V 2

1 +V 2
2

)2

−12
|PLV |
π

V 6
1 V 2

2

(
4V 2

1 +V 2
2

)
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π2 V 3
1 V2

(
4V 2

1 +V 2
2
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8V 2

1 +5V 2
2

)

+
(
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(A.27)

e5 =
2V 6

1 V 2
2 +2 |PLV |

π

(
4V 2

1 +V 2
2

)[
|PLV |
π

(
V 2

1 +V 2
2

)
−V 3

1 V2

]
3V1V2

(
V 2

1 +V 2
2

)(
e4

) 1
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(A.28)

e6 =
4
(
V 3

1 V 2
2 +2V 5

1

)
+4 |PLV |

π

(
V 2

1 V2 +V 3
2

)
V1

(
V 2

1 +V 2
2

)2 (A.29)

e7 =
(
e4

) 1
3

6V 3
1 V2 +6V1V 3

2

+ e2
1

4
− 2e2

3
+e5 (A.30)

e8 =1

4

(
−e3

1 −e6p
e7

+3e2
1 −8e2 −4e7

)
(A.31)



B
Inductor design method

For the series inductor design, a method has been used that calculates the inductor parameters based on the
circuits magnetic reluctance. It is an iterative process that assumes that the core material and inductance are
known. First, a brief introduction to magnetic circuits is given, from which basic formulae are derived. Then,
the operating point of the inductor can be selected, followed by the calculation of the total air gap length.
Finally, the iterative process is described.

B.1. Introduction to magnetic circuits
To start with, the magnetic circuit has to be analyzed. To this end, a typical magnetic circuit for an inductor
with air gap is depicted in fig. B.1.
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(a) (b)

Figure B.1: Magnetic diagram for an inductor with air gap depicted as (a) a structure and (b) a equivalent circuit. Φ is the flux through
the structure and R the reluctance of the magnetic circuit.

As can be seen from the figure, the physical structure of the inductor can be represented in a schematic circuit.
The current through the wire wrapped around the magnetic core induces a magnetic flux, Φ. This flux flows
through the core and air gap and experiences some resistance, called reluctance. Different materials have a
varying reluctance as can be seen in the equivalent circuit. The complete core has a reluctance Rcor e and the
air gap has a reluctance Rai r . The product of the turn ratio n and the current through the wires i (t ) is known
as the magnetomotive force, or MMF in short and can be expressed as

F =Φ ·R = n · i (t ). (B.1)

For the magnetic flux it is known that it can be described as the product of the magnetic field and the area
that is perpendicular to the magnetic field. In fig. B.1 this area has been depicted as Ae , which is the effective
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area of the core, given by the manufacturer of the core in the datasheet. Mathematically this can be expressed
as

Φ= B · A. (B.2)

Now, the inductance of the inductor can be expressed as

L = n2

Rtot
, (B.3)

where Rtot is the total reluctance of the magnetic circuit. In the case of the circuit depicted in fig. B.1 it is the
sum of Rcor e and Rai r . Combining eqs. (B.1–3) and rewriting them leads to

Li = nB A, (B.4)

which is the basic equation that will be used for the further calculation of the inductor parameters.

B.2. Operating point
Now that the basic magnetic formulae are known, a first iteration can be made to get the inductor variables.
Based on the design of the DAB converter, a specific value of Lk will be desired. Together with this first
constraint, a core material should be chosen. Depending on the operating conditions, such as temperature,
saturation characteristics and frequency, one core material can be more suitable than others.
For this inductor design, 3F3 has been selected due to its low losses at the operating frequency. It has one of
the lowest losses for the core materials that fall in the 100 kHz region [49]. Combined with its high permeabil-
ity, 3F3 is selected as the basis of the inductors.
Using the core material, a maximum operating point on the B-H curve can be selected. The selection of
this maximum magnetic flux density, Bmax , should be chosen such that saturation of the core is prevented.
For the DAB converter, saturation of the core is possible, since no DC coupling capacitors are placed near
the transformer. For that reason, a large margin is used for the selection of the maximum operating point.
Moreover, a low Bmax automatically leads to a low power dissipation, as can be seen from the datasheet of
the core material [50]. The operating point is chosen to be Bmax = 250 mT, which is significantly lower than
the saturation point of Bsat ,3F 3 ≈ 440 mT.
Using the selected operating point, the core permeability, µcor e , has to be determined. The permeability of a
core is not constant and depends on the operating point. Therefore, an average µcor e is used and calculated
according to

Bmax =µcor e Hmax , (B.5)

where Hav g is the average magnetic field strength for the operating point Bmax . From the datasheet, it can
be seen that for Bmax with a temperature of 25 °C, the average can be computed as Hav g = 50−18

2 = 34 A/m.
Using this value in eq. (B.5) gives a core permeability of µcor e = 7.35 ·10−3 H/m.
From here, a certain core will be selected to demonstrate the calculations. When a new core is selected, the
same steps can be taken from here. For now, the ETD44-3F3 is selected as a first size [51]. The required
number of turns can now be computed by rewriting eq. (B.4). Rewriting the equation results in

n = Limax

Bmax Ae
= 19 ·10−6 ·35

0.25 ·173 ·10−6 ≈ 15.4. (B.6)

Obviously, it is not possible to have a non integer amount of turns, so it is rounded up to the nearest integer,
which is 16 in this case. The additional winding will eventually result in a slightly lower Bmax , since the other
variables of eq. (B.4) are fixed.
The last step is to check whether the number of windings fit inside the core. Usually, in the datasheet of the
core the appropriate bobbin is given, which is the plastic spindle that is used to wind the windings around.
Depending on the total outer diameter of the winding that will be used, the number of windings can fit inside
the chosen core or not. A simple, yet very conservative method to see whether the number of turns fit, is to
divide the width of the winding area of the bobbin by the outer diameter of the winding:

Nwi d th =
⌊

lw

do

⌋
, (B.7)
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where Nwi d th is the number of full windings that fit in the width of the bobbin, lw is the length of the winding
width and do is the outer diameter of a winding. The bc indicates that the outcome of the division is rounded
down to the closest integer. In a similar way, this is done for the winding height:

Nhei g ht =
⌊

lh

do

⌋
, (B.8)

where Nhei g ht is the number of full windings that fit in the height of the bobbin and lh is the height of the
bobbin in which the windings can be placed. Finally, by multiplying the outcomes of eq. (B.7) and eq. (B.8),
the total number of windings that fit in the total winding area of the bobbin can be calculated.
As indicated before, this is a very conservative method, since the conductor of which the winding is made
usually is a round wire. Rather than stacking the windings on top of each other, they can be placed slightly
offset of each other, as has been shown in fig. B.2, which results in a more efficient use of the winding area.

Figure B.2: Cross section view of the winding area utilization, showing the conservative method on the left and the realistic method on
the right. The orange circles are the conductors, the grey bounds the bobbin walls and the red background shows the unused area.

To this end, a more precise method can be used to estimate whether the windings fit inside the windings area
of the bobbin. This method is described in [26] and will be briefly discussed such that the application can be
used.
First, the total area of the round conductor needs to be known. Assuming that the outer diameter is known,
this can be easily calculated. Then the total cross sectional area that is occupied by the windings is:

Awi nd = n · Acond , (B.9)

where Acond is the cross sectional area of the conductor (including isolation material). Then, this area is
compared with the total available area in the bobbin. To compensate for the unused area in between the
windings, a factor, Ku , is introduced, which is called the window utilization factor. For a simple inductor, the
value of Ku is approximately 0.4. Then, the following inequality has to be valid in order for the windings to fit
in the selected core:

KuWa ≥ n Awi nd , (B.10)

where Wa is the winding area of the bobbin.

B.3. Air gap length
Next is to determine the length of the air gap. To this end, the total reluctance needed to ensure a certain
inductance can be computed, using eq. (B.3). The total reluctance is then found to be Rtot = 162

/
19 ·10−6 ≈

13.5 ·106 H−1.
As explained before, the total reluctance of the magnetic circuit is the sum of the reluctance of the core and
that of the air gap. The reluctance of the core can already be determined now that a specific core has been
selected. The equation for reluctance, where core variables have been used, is known as

Rcor e = le

µ0µr Ae
, (B.11)

where le is the effective length of the path of the flux through the core, µ0 is the permeability of vacuum, µr

is the relative permeability of the core material. In eq. (B.5) the product µ0µr has been written as µcor e . This
results in a total core reluctance for the ETD44-3F3 core of Rcor e = 103·10−3

/(
7.35 ·10−3 ·173 ·10−6

)≈ 81·103

H−1.
To obtain the air gap reluctance, a simple subtraction of the total reluctance minus the core reluctance results
in Rai r ≈ 13.4 · 106 H−1. Using eq. (B.11) and using µr = 1 for air, the total air gap length is found to be
lg =Rai r ·µ0 ·173 ·106 = 2.9 mm.
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A small remark should be made regarding the length of the air gap. Because of the presence of an air gap,
fringing effect might introduce severe losses. Flux fringing is the effect that near the air gap the magnetic field
lines tend to turn outwards. In the presence of a metal object within these field lines, eddy currents will be
induced, resulting in high additional losses. Care should be taken that the single air gap does not become
too large. Since the windings will be placed around the air gap for an ETD core, the flux fringing can lead to
excessive copper losses. As a rule of thumb for a uniform air gap, there should be no windings placed within
a distance of lg from the air gap [52].
This limits the maximum reasonable air gap, since the bobbin has a finite thickness. As an example, if the
bobbin wall thickness is around 2 mm and there is a small gap of 1 mm between the wall of the bobbin and
the core material, the length of the air gap should not exceed 3 mm in order to prevent additional copper
losses due to the fringing effect. Alternatively, one could place a non-magnetic spacer before starting to wind
around the bobbin. By doing so, the winding area of the bobbin is reduced, however, a larger air gap and
reduced copper losses can be achieved.



C
Prototype design

As has been briefly touched upon in the introduction of this thesis, due to the COVID-19 situation the (orig-
inal) plans for this thesis were changed. Because of PCB manufacturers and component suppliers closing
down, the prototype could not be delivered in time. Therefore, the work done on designing and working
out a fully functioning prototype PCB was put to a stop. However, a lot of work has been put into realizing
this PCB, which is the reason that only the results will be shown in this appendix chapter. Together with the
component selection and design of the PCB, time was spent on designing a proper thermal system for the
converter, based on its losses. Again, this work does not contribute to this thesis anymore since it could not
be validated by measurements on the final prototype.

C.1. Thermal design of the converter
The thermal design is done using a linear model consisting of thermal resistances. First, the worst case losses
have to be determined. Then the thermal design can be analyzed for a specific MOSFET. To perform thermal
calculations, a Matlab script has been created.
The requirements from Lightyear as listed in section 1.2 that are of importance here, are the weight require-
ment of 5 kg and the requirement that either natural or forced convection can be used. In other words, no
liquid cooling is allowed for the converter to remain functional and within specifications of the components.
For the script, the following assumptions are used:

• SPS modulation will be used, with the converter parameters as listed in table 3.7 and the MOSFETs as
selected in table 3.9.

• The area for heat transfer from the HV SiCFET to the solder is 119 mm2 (12.2 x 9.75 mm die size).

• The area for heat transfer from the LV SiFET to the solder is 81 mm2 (10.1 x 8 mm die size).

• The area for heat transfer from the top layer of the PCB onwards for the HV SiCFETs is 400 mm2, as-
suming a 20 x 20 mm copper heat spreader in copper layer 1. For the LV SiFETs it is 169 mm2, assuming
a 13x13 mm heat spreader. The sizing of the heat spreader is made 2-3 times the size of the die size,
which is the optimum. Any larger would not lead in improved heat spreading performance [53].

• A thermal interface material (TIM) with a thermal conductivity of 7 W/mK will be used between PCB
and casing.

• A 0.1 mm thick layer of thermally conductive glue with a thermal conductivity of 1.8 W/mK will be used
between the casing and heatsink.

• A natural convection heat sink will be used with a 200x300 mm footprint and a thermal resistance of
0.3 K/W.

• The maximum allowed PCB temperature is 120 °C.

• The ambient air temperature around the enclosure of the converter is 65 °C at maximum.
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The goal of the thermal design is to show that the maximum temperatures will not exceed the 120 degrees
PCB limit. Since this is a prototype, no in-depth simulations will be done, only a simple proof-of-concept
calculation. First, a design is made using a large heatsink with natural convection.

C.1.1. Maximum power loss
In table C.1 the maximum power loss is shown, which is calculated using the minimum search script. The
numbers are the cumulative power loss for all components belonging to that category.

Table C.1: Maximum power loss for the designed DAB converter per component for both power directions.

Component Power loss at P = 2.5 kW Power loss at P = -2.5 kW Maximum (rounded)
HV SiCFETs 14.5 W 72 W 72 W

LV SiFETs 56.9 W 31 W 57 W
Transformer 18.1 W 21.7 W 22 W

Inductor 6.42 W 8.12 W 8.2 W
DC blocking capacitors 0.88 W 0.943 W 1 W

PCB traces 6.58 W 7.05 W 7.1 W

It can be seen that the largest losses occur in the switches. A one dimensional schematic overview of the
thermal circuit for one single MOSFET is given in fig. C.1. For the calculations an 8-layer PCB is assumed,
with a copper thickness of 35 µm and a FR4 thickness of 200 µm (based on an 8-layer PCB from Eurocircuits).
The heat of the MOSFETs will be transferred through the PCB to the casing, to which a heatsink is mounted.
Additionally, throughout the PCB vias will be added to transfer the heat of the MOSFET(s) to the heatsink at
the other side of the PCB. The number of required vias will be calculated in the next sections.

Layer	2:	Copper	(35	µm)

Layer	3:	FR4	(200	µm)

Layer	17:	Thermal	interface	material	(0.5	mm)

Layer	0:	Rth,j-c

Layer	18:	6063	aluminium	housing	(3	mm)

Layer	20:	Heat	sink

Layer	4:	Copper	(35	µm)

Layer	5:	FR4	(200	µm)

Layer	6:	Copper	(35	µm)

Layer	7:	FR4	(200	µm)

Layer	8:	Copper	(35	µm)

Layer	9:	FR4	(200	µm)

Layer	10:	Copper	(35	µm)

Layer	11:	FR4	(200	µm)

Layer	12:	Copper	(35	µm)

Layer	13:	FR4	(200	µm)

Layer	14:	Copper	(35	µm)

Layer	15:	FR4	(200	µm)

Layer	16:	Copper	(35	µm)

Layer	1:	Solder	paste	(100	µm)

Layer	19:	Thermally	conductive	glue	(0.1	mm)

Figure C.1: One dimensional schematic representation of the thermal circuit for one MOSFET (not to scale).

C.1.2. HV SiCFETs thermal design
For the HV SiCFETs the largest losses occur for negative power transfer. Assuming that only the HV and LV
MOSFETs, the transformer and the inductor need to transfer heat to a heatsink, the total losses of the HV
SiCFETs are a fraction of 72 / 159.2 = 0.45 of the total losses for negative power flow. To provide an estimation
on the performance of the heatsink, this fraction of 0.45 will be assigned to the cooling of the HV SiCFETs,
meaning that only 11.3 % of the heatsink is assigned to one individual HV SiCFET.
The cooling performance is not sufficient without vias. Therefore, the maximum allowable number of vias is
implemented in the 20x20 mm area. For the vias a plating thickness of 20 µm is assumed, with a minimum
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distance of 0.25 mm between via holes (rules from Eurocircuits [54]). The via outer diameter (including plat-
ing) to be used to determine the number of vias in an area should be the actual via diameter plus 0.1 mm,
which accounts for the tooling size for the hole drilling.
Now, the thermal resistance of one via can be determined, using:

Rth,vi a = lPC B

kCu Avi a
, (C.1)

where lPC B is the total PCB thickness, and thus the length of one via, kCu is the thermal conductivity of
copper and Avi a is the total area of copper of the via. So, only the contribution of the copper plating of the
via is considered, since the contribution of the air inside the via is negligible. To get the total copper area per
via, it can be simply calculated by:

Avi a = 1

4
π

(
d 2

vi a −
(
dvi a −2dCu,vi a

)2
)

, (C.2)

where dvi a is the outer diameter of the via (incl. copper) and dCu,vi a is the copper plating thickness per via.
Using eq. (C.1), the equivalent thermal resistance for the maximum amount of each via size within the 400
mm2 has been calculated and can be found in table C.2. To determine the maximum number of vias in an
area, this calculator has been used (with a triangular pattern).

Table C.2: Equivalent thermal resistance for different via hole sizes.

Via outer diameter [mm] Drill size [mm] Number of vias in 400 mm2 Rth,eq [K/W]
0.3 0.4 1033 0.24
0.4 0.5 765 0.23
0.5 0.6 608 0.24
0.6 0.7 480 0.25
0.7 0.8 378 0.27

It can be seen that the optimal via diameter is 0.4 mm, which will be used for the HV SiCFETs. Note that the
vias will also lie in the die area of the MOSFET. Those via holes need to be filled with resin. Using the 765
vias, in combination with the power dissipation of one SiCFET of 18 W and a 0.113 part of the total heatsink,
leads to a maximum junction temperature of 128 °C, with a maximum PCB temperature of 120 °C. The total
thermal resistance from junction to ambient is 3.5 K/W. The equivalent resistor network for one individual
MOSFET with thermal resistances per layer is shown in fig. C.2.

C.1.3. LV SiFETs thermal design
A similar approach as for the HV SiCFETs has been followed for the LV switches. The maximum power loss
for the LV SiFETs happens during positive power transfer, leading to 57 W of losses. This is approximately 36
% of the total losses, meaning that for each LV MOSFET 4.47 % of the heatsink is reserved in the calculations.
The optimal via diameter analysis for 169 mm2 is shown in table C.3.

Table C.3: Equivalent thermal resistance for different via hole sizes.

Via outer diameter [mm] Drill size [mm] Number of vias in 400 mm2 Rth,eq [K/W]
0.3 0.4 418 0.58
0.4 0.5 314 0.57
0.5 0.6 247 0.58
0.6 0.7 188 0.62
0.7 0.8 161 0.62

From the table it can be seen that the lowest Rth,eq can be achieved with a via size of 0.4 mm and 314 vias.
Eventually, the maximum junction temperature for the LV MOSFET will be 123 °C and the maximum PCB
temperature is 120 °C. The total thermal resistance from junction to ambient is 8.12 K/W. The resistor network
for one individual MOSFET can also be seen in fig. C.2.
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Figure C.2: Equivalent resistor network with thermal resistance per layer for one single HV and LV MOSFET.

C.1.4. Conclusion
With the simplified thermal model in place, it can be seen that the converter is able to maintain within the
maximum temperatures, even for the worst case scenarios. The resistor network model does not take thermal
mass into account and as such can not be used to simulate transient temperature behavior. It does give
insight in the maximum steady state temperature of all devices for the given operating point.

C.2. PCB design
Screenshots of the final PCB design can be found below. The details about the design process as well as
detailed component selection for auxiliary circuits, such as measurement circuits, microcontroller circuits,
hardware protection circuits etc. will not be given in this thesis, as they fall out of the (adjusted) scope of this
work. The top view of the PCB can be seen in fig. C.3 and the bottom view in fig. C.4. Finally, there is a 3D
render that shows the PCB and its components in space, which can be seen in fig. C.5.
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Figure C.3: Top view of the designed prototype PCB. The red planes are the top layer of the 8-layer PCB.

Figure C.4: Bottom view of the designed prototype PCB. The blue planes are the bottom layer of the 8-layer PCB.



92 C. Prototype design

Figure C.5: Three-dimensional view of the designed prototype PCB. The yellow block is the inductor placeholder, the red block the
transformer placeholder.



Bibliography

[1] R. Robinson and S. R. Tummalapalli, “Plugging into the future; electrifying the global automotive indus-
try,” Deloitte Insights, Dec 2018.

[2] Lightyear, “Specifications.” Jul 2019. [Online]. Available: https://lightyear.one/lightyear-one/.
[Accessed: 17-Apr-2020].

[3] T. Inc., “Model 3.” http://www.tesla.com/model3, Nov 2019.

[4] A. J. van der Ham and M. G. L. Roes, “A distributed maximum power point tracking system for solar
electric vehicles,” in 2017 19th European Conference on Power Electronics and Applications (EPE’17 ECCE
Europe), 2017.

[5] B. Zhao, Q. Song, W. Liu, and Y. Sun, “Overview of dual-active-bridge isolated bidirectional dc–dc
converter for high-frequency-link power-conversion system,” IEEE Transactions on Power Electronics,
vol. 29, pp. 4091–4106, Aug 2014.

[6] N. Mohan, T. M. Undeland, and W. P. Robbins, Power Electronics. Converters, Applications and Design.
John Wiley and Sons, Inc, third ed., 2003.

[7] D. W. Hart, Introduction to Power Electronics. USA: Prentice Hall PTR, 1996.

[8] R. W. A. A. De Doncker, D. M. Divan, and M. H. Kheraluwala, “A three-phase soft-switched high-
power-density dc/dc converter for high-power applications,” IEEE Transactions on Industry Applica-
tions, vol. 27, pp. 63–73, Jan 1991.

[9] F. Krismer, Modeling and Optimization of Bidirectional Dual Active Bridge DC-DC Converter Topologies.
PhD thesis, ETH Zurich, 2010.

[10] M. B. Gerber, “On packaging techniques for a high power density dc-dc converter,” Master’s thesis, Rand
Afrikaans University, Dec 2001.

[11] R. L. Steigerwald, “A comparison of half-bridge resonant converter topologies,” IEEE Transactions on
Power Electronics, vol. 3, pp. 174–182, Apr 1988.

[12] Y. Shen, H. Wang, A. Al-Durra, Z. Qin, and F. Blaabjerg, “A structure-reconfigurable series resonant dc–dc
converter with wide-input and configurable-output voltages,” IEEE Transactions on Industry Applica-
tions, vol. 55, pp. 1752–1764, Mar 2019.

[13] R. P. Twiname, D. J. Thrimawithana, U. K. Madawala, and C. A. Baguley, “A new resonant bidirectional
dc–dc converter topology,” IEEE Transactions on Power Electronics, vol. 29, pp. 4733–4740, Sep 2014.

[14] S. Jalbrzykowski, A. Bogdan, and T. Citko, “A dual full-bridge resonant class-e bidirectional dc–dc con-
verter,” IEEE Transactions on Industrial Electronics, vol. 58, pp. 3879–3883, Sep 2011.

[15] T. Jiang, J. Zhang, X. Wu, K. Sheng, and Y. Wang, “A bidirectional llc resonant converter with automatic
forward and backward mode transition,” IEEE Transactions on Power Electronics, vol. 30, pp. 757–770,
Feb 2015.

[16] I. Batarseh, “Resonant converter topologies with three and four energy storage elements,” IEEE Transac-
tions on Power Electronics, vol. 9, pp. 64–73, Jan 1994.

[17] J. Everts, Modeling and Optimization of Bidirectional Dual Active Bridge AC–DC Converter Topologies.
PhD thesis, KU Leuven, 2014.

93

https://lightyear.one/lightyear-one/
http://www.tesla.com/model3


94 Bibliography

[18] K. Siebke and R. Mallwitz, “Operation mode analysis of the cllc resonant converter,” in 2019 IEEE 13th
International Conference on Compatibility, Power Electronics and Power Engineering (CPE-POWERENG),
pp. 1–6, April 2019.

[19] J. Jung, H. Kim, M. Ryu, and J. Baek, “Design methodology of bidirectional cllc resonant converter for
high-frequency isolation of dc distribution systems,” IEEE Transactions on Power Electronics, vol. 28,
pp. 1741–1755, April 2013.

[20] Z. Lv, X. Yan, Y. Fang, and L. Sun, “Mode analysis and optimum design of bidirectional cllc resonant con-
verter for high-frequency isolation of dc distribution systems,” in 2015 IEEE Energy Conversion Congress
and Exposition (ECCE), pp. 1513–1520, Sep 2015.

[21] A. Rodríguez, A. Vázquez, D. G. Lamar, M. M. Hernando, and J. Sebastián, “Different purpose design
strategies and techniques to improve the performance of a dual active bridge with phase-shift control,”
IEEE Transactions on Power Electronics, vol. 30, pp. 790–804, Feb 2015.

[22] A. Hillers, D. Christen, and J. Biela, “Design of a highly efficient bidirectional isolated llc resonant
converter,” in 2012 15th International Power Electronics and Motion Control Conference (EPE/PEMC),
pp. DS2b.13–1–DS2b.13–8, Sep 2012.

[23] H. Ramakrishnan, Bi-Directional, Dual Active Bridge Reference Design for Level 3 Electric Vehicle Charg-
ing Stations. Texas Instruments Incorporated, Jun 2019.

[24] F. Xue, R. Yu, and A. Q. Huang, “A 98.3 % efficient gan isolated bidirectional dc–dc converter for dc micro-
grid energy storage system applications,” IEEE Transactions on Industrial Electronics, vol. 64, pp. 9094–
9103, Nov 2017.

[25] G. Guidi, M. Pavlovsky, A. Kawamura, T. Imakubo, and Y. Sasaki, “Improvement of light load efficiency
of dual active bridge dc-dc converter by using dual leakage transformer and variable frequency,” in 2010
IEEE Energy Conversion Congress and Exposition, pp. 830–837, Sep 2010.

[26] R. W. Erickson and D. Maksimoviç, Fundamentals of Power Electronics. USA: Kluwer Academic Publish-
ers, second ed., 2004.

[27] VISHAY SILICONIX, Power MOSFET Basics: Understanding Gate Charge and Using it to Assess Switching
Performance, Feb 2016.

[28] International Rectifier, A More Realistic Characterization of Power MOSFET Output Capacitance Coss,
Oct 2004.

[29] F. Krismer, S. Round, and J. W. Kolar, “Performance optimization of a high current dual active bridge
with a wide operating voltage range,” in 2006 37th IEEE Power Electronics Specialists Conference, pp. 1–7,
Jun 2006.

[30] P. Haaf and J. Harper, Understanding Diode Reverse Recovery and its Effect on Switching Losses. Fairchild
Semiconductor Europe, 2007.

[31] New England Wire Technologies Corporation, “Litz design.” Jan 2020. [Online]. Available: https://
www.newenglandwire.com/traditional-litz-wire-theory/. [Accessed: 20-Feb-2020].

[32] C. P. Steinmetz, “On the law of hysteresis,” Transactions of the American Institute of Electrical Engineers,
vol. IX, pp. 1–64, Jan 1892.

[33] K. Venkatachalam, C. R. Sullivan, T. Abdallah, and H. Tacca, “Accurate prediction of ferrite core loss with
nonsinusoidal waveforms using only steinmetz parameters,” in 2002 IEEE Workshop on Computers in
Power Electronics, 2002. Proceedings., pp. 36–41, Jun 2002.

[34] Automotive Electronics Council Component Technical Committee, AEC-Q101 Failure Mechanism Based
Stress Test Qualification for Discrete Semiconductors in Automotive Applications. Automotive Electronics
Council, Sep 2013.

[35] M. Pavier, A. Woodworth, A. Sawle, R. Monteiro, C. Blake, and J. Chiu, “Understanding the effect of power
mosfet package parasitics on vrm circuit efficiency at frequencies above 1 mhz,” 2003.

https://www.newenglandwire.com/traditional-litz-wire-theory/
https://www.newenglandwire.com/traditional-litz-wire-theory/


Bibliography 95

[36] S. Inoue and H. Akagi, “A bidirectional isolated dc–dc converter as a core circuit of the next-generation
medium-voltage power conversion system,” IEEE Transactions on Power Electronics, vol. 22, pp. 535–542,
Mar 2007.

[37] S. Inoue and H. Akagi, “A bidirectional dc–dc converter for an energy storage system with galvanic isola-
tion,” IEEE Transactions on Power Electronics, vol. 22, pp. 2299–2306, Nov 2007.

[38] B. Zhao, Q. Yu, and W. Sun, “Extended-phase-shift control of isolated bidirectional dc–dc converter for
power distribution in microgrid,” IEEE Transactions on Power Electronics, vol. 27, pp. 4667–4680, Nov
2012.

[39] N. Schibli, Symmetrical Multilevel Converters with Two Quadrant DC-DC Feeding. PhD thesis, EPFL
Lausanne, 2000.

[40] F. Krismer and J. W. Kolar, “Closed form solution for minimum conduction loss modulation of dab con-
verters,” IEEE Transactions on Power Electronics, vol. 27, pp. 174–188, Jan 2012.

[41] Y. Wang, S. W. H. de Haan, and J. A. Ferreira, “Optimal operating ranges of three modulation methods
in dual active bridge converters,” in 2009 IEEE 6th International Power Electronics and Motion Control
Conference, pp. 1397–1401, May 2009.

[42] F. Krismer and J. W. Kolar, “Efficiency-optimized high-current dual active bridge converter for automo-
tive applications,” IEEE Transactions on Industrial Electronics, vol. 59, pp. 2745–2760, Jul 2012.

[43] D. Segaran, Dynamic modelling and control of dual active bridge bi-directional DC-DC converters for
smart grid applications. PhD thesis, RMIT University, 2013.

[44] F. Krismer and J. W. Kolar, “Accurate small-signal model for the digital control of an automotive bidirec-
tional dual active bridge,” IEEE Transactions on Power Electronics, vol. 24, pp. 2756–2768, Dec 2009.

[45] A. R. Rodríguez Alonso, J. Sebastian, D. G. Lamar, M. M. Hernando, and A. Vazquez, “An overall study of
a dual active bridge for bidirectional dc/dc conversion,” in 2010 IEEE Energy Conversion Congress and
Exposition, 2010.

[46] G. D. Demetriades and H. Nee, “Dynamic modeling of the dual-active bridge topology for high-power
applications,” in 2008 IEEE Power Electronics Specialists Conference, pp. 457–464, 2008.

[47] D. Segaran, B. P. McGrath, and D. G. Holmes, “Adaptive dynamic control of a bi-directional dc-dc con-
verter,” in 2010 IEEE Energy Conversion Congress and Exposition, pp. 1442–1449, 2010.

[48] K. George, “Design and control of a bidirectional dual active bridge dc-dc converter to interface solar,
battery storage, and grid-tied inverters,” Master’s thesis, University of Arkansas, Dec 2015.

[49] Ferroxcube, “Power conversion.” 2018. [Online]. Available: https://www.ferroxcube.com/
en-global/ak_material/index/power_conversion#6. [Accessed: 28-Feb-2020].

[50] Ferroxcube, 3F3 Material Specification, Sep 2008.

[51] Ferroxcube, ETD44/22/15 - ETD cores and accessories, Sep 2008.

[52] S. Zurek, “Flux fringing.” Jun 2019. [Online]. Available: http://www.encyclopedia-magnetica.com/
doku.php/flux_fringing. [Accessed: 28-Feb-2020].

[53] Z. Qin, Thermal Management, lecture slides EE4515. TU Delft, May 2019.

[54] Eurocircuits, “Pcb design guidelines – drilled holes.” Jan 2020. [Online]. Available: https://www.
eurocircuits.com/pcb-design-guidelines-drilled-holes/. [Accessed: 29-May-2020].

https://www.ferroxcube.com/en-global/ak_material/index/power_conversion#6
https://www.ferroxcube.com/en-global/ak_material/index/power_conversion#6
http://www.encyclopedia-magnetica.com/doku.php/flux_fringing
http://www.encyclopedia-magnetica.com/doku.php/flux_fringing
https://www.eurocircuits.com/pcb-design-guidelines-drilled-holes/
https://www.eurocircuits.com/pcb-design-guidelines-drilled-holes/

	List of Figures
	List of Tables
	Introduction
	Introduction to Lightyear
	Thesis context
	Thesis goals and scope
	COVID-19

	Report structure

	Topology
	Isolated bidirectional converters
	Non-(half)bridge switch configuration converters
	Bridge-based converters without resonant tank
	Bridge-based converters with resonant tank
	Multi-stage converters
	Conclusion

	Dual active bridge converter
	Simplified circuit
	Operation principle
	ZVS region

	LLC converter
	Simplified circuit
	Operation principle

	Two stage converter
	Buck operation
	Boost operation

	Selected topology
	Adjustment to the dual active bridge converter

	DAB Converter Loss Model
	Loss models
	Calculation of the inductor current
	Loss model of the switches
	Loss model of the magnetics
	Loss model of the DC blocking capacitor

	Minimum search script
	Component selection
	Implementation of the minimum search script

	Minimum loss design
	Sensitivity analysis
	MOSFET losses
	Magnetics losses

	Conclusion

	DAB Converter Modulation
	ZVS transition
	Alternative modulation schemes
	Extended phase shift
	Triangular current mode
	Triple phase shift

	Optimal modulation
	Optimal transition mode
	Modulation scheme distribution

	Implementation of the optimal modulation scheme
	Calculation of the control parameters
	Calculation of the inductor current
	Component selection

	Minimum loss design
	Overall converter efficiency
	MOSFET losses
	Magnetics losses
	Conclusion


	Control of the DAB Converter
	Dynamic DAB model
	Harmonic model of the DAB converter
	Number of included harmonics
	Final harmonic model

	Controller implementation
	Tuning of the controller
	Initial tuning of the PI controller
	Fine-tuning of the PI controller

	Conclusion

	Conclusion and recommendations
	Recommendations

	Appendices
	Derivations
	RMS currents
	Maximum leakage inductance
	Maximum TCM power
	Formulae to calculate control variables for OTM modulation

	Inductor design method
	Introduction to magnetic circuits
	Operating point
	Air gap length

	Prototype design
	Thermal design of the converter
	Maximum power loss
	HV SiCFETs thermal design
	LV SiFETs thermal design
	Conclusion

	PCB design

	Bibliography

