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Stellingen
behorende bij het proefschrift
INTO DEEP SUBMICRON:
a simulation perspective
door
Serban Bruma

. De ”event-driven” aanpak hoort tot de essentie van de natuur, terwijl ”global

equations” alleen in onze geest bestaan.

Naarmate de afmetingen van transistors verder in het submicron gebied door-
dringen, stagneert de performance verbetering als gevolg van de verzadiging
van de carrier velocity.

. "Level transparency” is de sleutel tot system-on-chip simulatie.

. "Het ikoon van de dode ster

Komt langzaam aan de hemel op.
Zij was, en was toch niet te zien,
Nu we haar zien, is ze verdwenen.”
< <M. Eminescu, Aan de ster>>

. In dichtbevolkte systemen tellen de interacties tussen de individuen veel

zwaarder als de individuele deugden.

Als we ideeén konden communiceren in plaats van woorden, zou elk cultureel
onderscheid verdwijnen.

Software is voor computers wat onderwijs is voor mensen. Wat een netwerk
is voor computers is de omgeving voor mensen.

Het grootste probleem dat het informatietijdperk met zich brengt, is het fil-
teren van de ruis.

Het belangrijkste gevolg van het bestuderen van razend ingewikkelde zaken is
dat we inzicht verwerven in eenvoudige, fundamnentele problemen.

Het laten maken van ”stellingen” is een onderzoek naar de geestesgesteldheid
van de promovendus na voltooiing van het promotiewerk.
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Propositions
accompanying the thesis
INTO DEEP SUBMICRON:
a simulation perspective
by
Serban Bruma

. The ”event-driven” approach is in the very essence of nature, while ”global

equations” exist only in our minds.

. When down-scaling into the deep submicron regime, the saturation of carrier

velocity brings performance improvement to a halt.

. "Level transparency” is the key to system-on-a-chip simulation.

. ”"The icon of the now dead star

Slow in the sky it rises;
She was, while we could not see her,
Now that we see, she’s vanished.”
< <M. Eminescu, To the star>>

. In densely populated systems what matters are the interactions between indi-

viduals rather than the particular virtues of each individual.

. If we could communicate through ideas instead of words, cultural borders

would disappear.

. Software is for computers like education for human beings. What a network

is for computers, is the society for the people.

. The main problem brought by the information age is filtering the informational

noise.

. The main consequence of studying intricate matters is that we will be able to

handle simple, fundamental matters.

The ”propositions” are a sanity check of what is left of the spirituality of the
Ph.D. candidate after years of research.
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Abstract

The increasing demand for more processing capability has brought the CMOS tech-
nology into the deep submicron era. To integrate complex systems on the same chip
designers have to manage the diversity and the complexity of the deep submicron
circuits during the design process.

This thesis describes research on efficient analysis of complex, large-size deep
submicron CMOS circuits. The diversity aspect of the problem calls for the usage
of one single simulation algorithm for the multiple abstraction levels involved in
system description. The complezity aspect of the problem calls for a minimal,
compact model for the components.

We show that the event-driven approach, based on local modeling and global
signaling, is a better alternative for efficient multi-level simulation than an equation-
based approach. The piecewise linear approach, which is based on diode states and
thus satisfies the one-algorithm demand for multi-level simulation, falls short in
what concerns the computational efficiency.

We use a compact, piecewise linear model for the static behavior of the
deep submicron MOS transistor. This collapsible current source model, is minimal
to explain the transistor level operation of the CMOS circuits. Beside this, we
use a compact model based on average capacitors to capture the terminal charge
variations in the MOS structure for large-signal dynamic operation.

We prove that this compact way of modeling the static and dynamic operation
of a deep submicron MOS transistor is an analytically sound method as far as
the waveform estimations and power consumption for a digital CMOS circuit are
concerned.




vi ABSTRACT

We achieve efficient analysis of complex, large-size deep submicron CMOS
circuits by using this compact model of the MOS transistor in the framework of an
event-driven simulator. We present a special VHDL package which we developed to
capture continuous aspects of CMOS circuit operation in an event-driven simulator.

We practically use this approach to verify large circuits. We obtain a high
level of accuracy, comparable with the one achieved in the classical transistor level
modeling, however at considerably lower price in terms of computation. Qur ap-
proach opens the way to multi-level simulation, i.e., digital gate-level descriptions
can coexist with analog-like transistor-level descriptions inside the same event-

driven simulation kernel.

Keywords: deep submicron, multi-level simulation, level transparency, event-

driven, piecewise linear, collapsible current source model, average capacitors model,

CMOS




Acknowledgments

The research presented in this thesis was carried out in the Circuits and Systems
group at the Delft University of Technology.

At this occasion I would like to express my gratitude to a number of people
that were of great help during my research. First of all, my supervisor Ralph Otten,
for support and guidance towards the completion of this thesis. I do appreciate the
freedom and trust that I was granted, as indispensable ingredients for my accom-
plishments. Reinder Nouta encouraged me with the VHDL-MOS approach. Nick
van der Meijs and Arjan van Genderen gave their advice on various aspects of the
CAD tools. Patrick Groeneveld and Viorica Simion generously offered their sup-
port in the early stages of my research. Jack Glas, with his rigorous time planning,
acted as an efficiency example. Jan Nieuwstad helped me to set-up a Linux machine
for typesetting this thesis. Aard Wiersma, as student, thoroughly exercised with
the final approach. My gratitude goes also to Marion de Vlieger for ensuring the
smooth functioning and the good spirit of the group.

T would also like to thank all my colleagues from Philips Research for support
and help towards finishing this thesis.

Finally, I would like to thank my parents for continuous encouragement and

Cezar Bruma for fraternal support. This book is dedicated to them.

Serban Bruma
Netherlands, September 2000




viii ACKNOWLEDGMENTS



Chapter 1

Deep submicron
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Three decades ago the digital CMOS emerged as a robust technology. At
that time the theoretical framework was ripened: boolean algebra and sequential
processing of digital data were matured concepts. The CMOS technology offered
fertile ground for the implementation of the digital abstraction. It was a robust
technology due to the large built-in noise margin.

The design effort was considerably lower because designers could much easier
manipulate the digital abstraction than operate with a concept that would take into

account the analog operation of the circuits.

1.1 Evolution of technology

During the last three decades these technological and economical advantages of
the CMOS technology had a major contribution to the boost of the semiconductor

industry, making it following the predictions of the Moore’s [1] law.
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In the last few years the pressure put by the demands of the new information
age made people doubt of the capacity of the once so-good CMOS technology. The
ever increasing demand for more processing power translated into two issues: (1)
higher processing rates, and (2) more processing capability per silicon unit area.

Engineers believed that by down-scaling the dimensions of the MOS transis-
tor they would reach both goals, therefore it would be possible to integrate more
functionality on a given silicon area and at the same time improve the performance’.

This can be seen from the following line of reasoning. By scaling-down the
MOS transistor length, the current capability per unit width improves with some
factor. The gate area reduces and as a consequence the capacitive load of the driver
may decrease. Moreover, by scaling-down to a certain extent the transistor width
the performance improves still considerably. Therefore, with the length and the
width scaled-down, one can obtain both a more efficient utilization of the silicon
area and a better performance.

The delay of the gate is roughly defined by:

1y~ (Cgare/W) - Vop
Ipsar/W

(1.1)

where Cgarg is the switched capacitive load, W is the MOS transistor width,
Ip sar is the saturation current of the transistor, and Vpp is the supply voltage.
By scaling down the transistor length, an improvement in the current capability
Ip,sar/W can be obtained. In the overall scaling effort, the specific gate capaci-
tance Cgargp/W = C,; L turns out to a first approximation to be constant, as C,,,
the gate oxide capacitance per unit area, increases by reducing the thickness of the
gate oxide and L, the effective channel length, decreases. The supply voltage Vpp
must decrease with the down scaling, based on power considerations. Concluding,
the gate delay diminishes, i.e., improves, by shrinking the technology.

One might believe that down sizing can infinitely go on, however, as explained
in the next sections, there are essential limiting factors.

In the situation of ideal down scaling, the same area of silicon would sell at
a higher price due to more added value, which stems from: (1) the possibility to
physically integrate more processing capability, which actually was the initial aim,
and (2) the increased complexity of the systems that could be integrated on one

IIn this context performance is equivalent to speed.
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chip. The latter was the direct consequence of the possibility to have hundreds of
millions of transistors on a deep submicron chip. Therefore the deep submicron
technology marks the dawning of the system-on-a-chip era.

However, nothing comes from free. To extend the validity of the Moore’s
law further into future engineers have to solve a lot of problems. What could be
considered just side-effects in the beginning proved to be the limiting factors in
deploying new technologies.

The challenges that have to be dealt with in the deep submicron technology
can be classified in three categories:

o effects on devices,
o effects on interconnect,
o induced consequences at system design level.

The first category directly relates to the shrinking of the dimensions of the active
devices. The second category includes effects which are indirect consequences of
shrinking the feature size all over the chip, including the interconnect. The last
category came into reality when designers later realized that in their methodol-
ogy for system-on-a-chip design they will have to deal with the increased system
complexity, as well.

1.2 Devices

The deep submicron effects at device level arise from the fact that all the three

dimensions of the transistor have been shrunk-down.

1. In our view the most important limiting factor? in the down-scaling is the
saturation of the drive current as a consequence of the saturation of the carrier
velocity [2]. The immediate implication is that the device performance, measured
as delay time, does not improve anymore with the down-scaling.

At very short channel length, most carriers travel at a maximum saturated

velocity, vsq:, through the channel, which nearly eliminates the influence of the

2We do not deny another important limiting factor, namely the poor scaling of the interconnect
performance. While the down-scaling of the active device dimensions is the originally desired
action, the down-scaling of the interconnect appeared as a consequence of the former.
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channel length on the saturation current. A more suitable expression of the drain

saturation current for this limiting case is:
Ip,sar = WvsatCoz(Vas — Vin) (1.2)

This expression makes clear that the drain saturation current is independent of
the channel length. Moreover it shows a linear dependence on the gate voltage
drive. These characteristics contrast with the behavior of the classical long channel
MOS, where the drain saturation current does depend on the channel length and
the dependence is proportional to the square of the gate voltage drive. Apart from
showing the forthcoming limitation of the deep submicron technology, equation (1.2)

hints at how to build a compact static model for the deep submicron device.

We present the theoretical background and the derivation of the equation
(1.2) in Chapter 3 and the implication on the limitation of the performance increase
of the deep submicron devices in Chapter 9. We explain how we exploited the linear
dependency to obtain computationally efficient model implementations for the deep

submicron transistor in Chapter 4 and in Chapter 7. ]

2. Another issue that requires special attention in deep submicron circuits is the
power dissipation [3]. Even if the total active capacitance to be switched per unit
of area stays constant with the down-scaling, it turns out that the power dissipation
of the chip increases because of the increased operating frequency. The most efficient

method to reduce the power consumption is to reduce the supply voltage, as
P=aCV3pf (1.3)

where « is the switching activity factor, C is the switched capacitance, and f is the
operating frequency. Vpp cannot be reduced anymore as to preserve the already

fragile noise margin.

One can find an accurate estimator for the switching activity factor, provided
that he has an efficient model and an efficient method to simulate the power con-
sumption. We present such a model incorporating the static as well as the dynamic
behavior of the deep submicron transistor in Chapter 3 and in Chapter 6. We state
the need for level transparency when simulating complex circuits and consider one

such simulation method in Chapter 2. O
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3. At short channel length another phenomenon looms large in the deep submicron
technology. Its effect is the decrease of the MOS transistor threshold voltage as
the distance between source and drain becomes shorter. This effect requires special
consideration during device design, because it makes visible the subthreshold current
contribution to the total power consumption. Process tolerances cause statistical
deviations of the channel length across different dies, therefore the designer must
ensure that the threshold voltage does not become too low for the device with the
shortest channel length on the chip.

To keep this short-channel effect under control, gate oxide thickness is
reduced nearly in proportion to channel length. This reduction is necessary for the
gate to retain more control over the channel than the drain does. Thin oxide raises
then serious concerns about leakage due to direct tunneling of the current through

such an extremely thin layer [4, 5]. O

1.3 Interconnect

Interconnect wires are responsible for the communication on the chip. To take
advantage of the scaled-down dimensions of the active devices, wiring pitches are
dropping rapidly and at about the same rate as the gate length. This means that
both the wire width and the wire spacing are scaled down. Deep submicron intercon-
nect effects, among which the most important are the RC delay, the cross-coupling
noise, and the electromigration, rise a variety of problems to process engineers,

circuit designers, and CAD tool developers.

1. The most commonly cited deep submicron interconnect problem is the rising
RC delay [6], or the long-wire delay problem [7]. The increased line resistance is
the main reason behind the increased wire delay in deep submicron.

Wiring resistance scales inversely with the wire’s cross sectional area. To
keep resistance from increasing too quickly, two approaches can be taken: (1) scale
the line height at a slower rate than the wire width, and (2) use better conductors
for the on-chip interconnect.

Wiring capacitance is also increasing in scaled down processes due to the
higher interconnect densities in modern chips. As a reduced packing density is not
an option in deep submicron, the only method to reduce the wiring capacitance is

to use a material with a lower dielectric constant than the silicon dioxide, material
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commonly known as a low-k material.

Apart from the technological solutions, i.e., an increased interconnect aspect
ratio and materials with higher conductivity, also circuit level solutions are possible.
Various techniques have been developed to improve the communication on the chip,
such as buffer insertion, shielding, differential signalling. Yet the interconnect tends

to dominate the speed performance on a deep submicron chip. O

2. As mentioned earlier, one way to reduce the resistance has been to slowly scale
line thickness, resulting in taller, thinner wires. These high aspect ratio interconnect
tracks have a detrimental side effect in that they result in a large amount of coupling
capacitance. With an aspect ratio greater than one, lines tend to have more coupling
capacitance to neighboring wires in the same layer than to upper and lower wiring
layers, which effectively serve as ground planes.

This increased coupling capacitance is what makes the cross-coupling noise
an issue for deep submicron interconnects. It comes in two distinct forms: cross-
coupling delay and crosstalk. The cross-coupling delay means a delay deterioration,
as the total load capacitance of a gate is no longer a constant value, due to the
Miller effect [6].

For the deep submicron technology, the increased coupling capacitance be-
tween adjacent wires and the reduced supply voltage are erosion factors for the
fragile noise margin. They enable the undesired analog aspects to permeate the
digital circuitry operation, endangering the originally robust digital abstraction.

Simulating deep submicron circuits such that to capture this effect, calls for
a transparent way to model both digital and analog behavior and also compact way
so that devices and interconnect can be included in the same analysis. We believe
that the modeling and simulation approach presented in this thesis is very suitable

for this purpose. O

3. Beside the beneficial effect on the wire resistance, better conductors also have
the advantage of increased resistance to electromigration effects. Electromigra-
tion is a reliability problem associated with large current densities. The large current
physically moves metal ions down the wire, resulting in opens in the line or shorts to
adjacent wires. By using copper in place of the traditional aluminum, the electro-

migration lifetime until failure can be increased up to two orders of magnitude [8].
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1.4 Complexity

An inherent implication of the reduced feature size in the deep submicron technolo-
gies is the availability of hundreds of millions transistors on one chip. This opens
the possibility to integrate very complex systems on the same die, but also rises the
challenge of managing the complexity of such systems during the design process.
In the last years engineers realized that the growth enabled by the deep submicron
technology is slowed down by the design productivity gap. This means that
the pace at which systems-on-a-chip (SOC) can be designed is not quick enough to
exploit all the integration capabilities of the new technologies.

Lately engineers talk about system-on-a-chip design methodologies as being
the only way to develop huge systems on a single silicon substrate in a short design
cycle. Nowadays, such a methodology begins at system level through planned reuse
[9] of functional components including programmable processors, mixed signal func-
tions, and software. In long term designers will continue to move their design efforts
to higher levels of abstraction. Designing better architectures is what will generate
the next large advance in systems-on-a-chip design [10].

Designers must make architectural decisions at system level: IP3 selection,
hardware/software partitioning, performance analysis, and functional verification.
At the moment there are several EDA tools dealing with these issues. The evaluation
of power and timing at system level is preferred to transistor level. The current
transistor level tools are indeed more accurate, but not fast enough to handle large
designs.

Managing the complexity in an efficient way calls for (1) compact models,

and (2) one single algorithm for multi-level simulation.

Our approach to compact modeling for the deep submicron device allows us
to verify large circuits at a high level of accuracy, comparable with the one achieved
in the classical transistor level modeling, but at considerably lower price in terms of
computation. Yet, the most important contribution that our work brings to system
design is the possibility to co-simulate, co-verify mized circuits. The key is the
level transparency in modeling and simulation of complex systems-on-a-chip, notion
which we introduce in Chapter 2, we reconsider in Chapter 5, and then estend in

an original manner in Chapter 7.

3Intellectual Property
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1.5 This thesis

This thesis describes our research work on modeling and analysis of large size deep
submicron CMOS circuits. From all the challenges that have been mentioned to-
wards the end of Section 1.1 we give an answer only to those which can be ap-
proached from circuit level.

Such an approach would incorporate the most important limiting factor in the
down-scaling — the saturation of the drive current. It would allow us to accurately
estimate the power dissipation of the deep submicron circuits. It would provide a
way to include both digital and analog behavior under the same paradigm, so that
devices and interconnect can be included in the same analysis; this might be used
in dealing with cross-coupling noise. It would certainly provide the means to deal
with part of the problems raised by the increased complexity of the systems-on-a-
chip, i.e., the efficient verification of large circuits at high level of accuracy and the
co-simulation/co-verification of mixed digital/analog circuits.

In Chapter 2 we state the need for level transparency for the efficient simula-
tion of systems-on-a-chip, i.e., circuits with large size and with descriptions across
different abstraction levels, as digital and analog. We introduce a candidate mod-
eling and simulation framework based on a classical simulation approach.

In Chapter 3 we analyze the fundamental implications of reducing the MOS
transistor length into the deep submicron regime. We contrast the static behavior
of the short channel transistor to the one of the long channel transistor, presented
for reference in Appendix B. We propose a compact static model for the deep
submicron transistor, model which is minimal for the explanation of the transistor
level operation of the CMOS circuits.

We realize that this MOS transistor model, as implied by the deep submicron
reality, is well fitted with the simulation framework introduced in Chapter 2. We
show how the model is implemented in this simulation framework in Chapter 4.

In Chapter 5 we address modalities for dynamic simulation. Reconsidering
the need for efficient simulation we point out another modeling and simulation
framework, which comes out to be best fitted with our need.

We complete the modeling of the deep submicron MOS transistor in Chap-
ter 6 where we discuss the dynamic operation and we derive an analytically sound
model for the large-signal terminal charge variations.

In Chapter 7 we discuss the implementation of the compact models, static
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and dynamic, in the simulation framework from Chapter 5. Here we propose a
simulation package with a larger applicability area than for CMOS. We devise a
methodology to calibrate the models for accurate power and waveform estimation.

In Chapter 8 we indicate from a pragmatic perspective how our modeling
and simulation approach would have to be used for the efficient analysis of large,
complex systems. On a couple of test designs, we assess the accuracy and the
efficiency of our approach. In this chapter we also summarize our findings and final
thoughts regarding efficient modeling and analysis of large deep submicron circuits.

In Chapter 9 we comment on the future trend of down-scaling, from the point
of view of the achievable performance increase.

In Appendix A we present some methods used for solving the linear com-
plementarity problem that we mentioned in Chapter 2. In Appendix B we shortly
present the classical concept of the long-channel MOS transistor operation. Here
the reader can find some prerequisites for Chapter 3. In Appendix C we recall some
basic VHDL language concepts that we use for the presentation in Chapter 7. In
Appendix D we recall the main design and implementation issues of the phase-lock
loop, used as a demonstration vehicle in Chapter 8.

The book also contains a list of bibliographic references regarding the physics
and operating principles of the deep submicron MOS transistor, piecewise linear and
event-driven simulation paradigms, modeling languages, and related subjects in the
Bibliography chapter. Further, the Glossary explains the abbreviations, acronyms,

symbols and a couple of terms frequently used throughout this book.
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Chapter 2

Level transparency

Contents
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2.2 Directmethods. . ... ................... 14
2.3 Local linearization . . . . ... ... ..... cie ... 15
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2.5 A piecewise linear approach . . ... ........ ... 18
2.6 Onealgorithm ........................ 23

Deep submicron technologies promise the possibility to integrate very com-
plex systems on a single chip. The equivalent transistor count for such systems-on-
a-chip is huge, in the order of one hundred million. The manipulation of a system
of such size during various design phases, such as simulation or verification, cannot
always be performed at transistor level as a whole, because of the overwhelming
complexity. Moreover, the amount of detail produced by simulations at that level
is rarely manageable, and therefore hardly useful.

As a result, large parts of the system have to be represented at several levels
of abstraction, i.e., gate level, register level, behavioral or higher. However, some
smaller parts of the system, where continuous aspects of the operation cannot be
abstracted into a logic description, remain to be represented at transistor level only.

Consequently, a system-on-a-chip simulation approach has to accommodate

multiple levels of abstraction. In this way:
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o the simulation becomes feasible, as the more abstract representations are more

compact, demanding less computational resources;

o the degree of detail of a transistor level representation is provided at the places
where needed;

e the simulation is precise enough, as the more abstract levels ensure a realistic

signal environment for the transistor level.

A straight solution would be to use separate level-specific simulation engines,
and to have these engines communicate with each other. The computational ef-
ficiency of such a solution depends heavily on the communication speed between
processes at different levels. Hence, it would be best if we could have a common
modeling language for all descriptions and a single algorithm to manipulate these
descriptions. In this way, one engine would be sufficient for the system-on-a-chip
simulation, provided that acceptable efficiency can be achieved. The capability of
a simulation engine to use one single algorithm for manipulating multiple levels of

description is called level transparency.

2.1 System description

At a specified hierarchical level a system is defined as a union of components which
interact according to some topological and numerical rules. The system communi-
cates with the environment through stimuli and responses. Each component has
an intrinsic operation, reflected in a set of constitutive relations. In general, each
component “inherits” the structure of the system it is part of, in the sense that each
component may be regarded as a union of subcomponents which are interacting ac-
cording to a set of topological rules, and that for each component one may define an
environment to communicate with (see Figure 2.1). At the lowest level of hierarchy
the system consists of atomic components that are no further decomposed. Atomic
components are primitive systems which are described completely by constitutive
relations.

The rules of interaction between components together with the individual
behavior of each component give the functionality of the system. In the general
case of a non-linear system both the components and the interactions between

them are described by non-linear relations.
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Environment

Figure 2.1: Component interaction inside a system. Each component C; is a union
of subcomponents C;;. The arrows indicate interactions.

When the lumped circuit approximation is valid® the topology of an electrical
system is well described by Kirchhoff’s voltage and current laws. The branch volt-
ages are related with the node voltages via the Kirchhoff voltage law. The Kirchhoff
current law is an electric charge conservation law: the exchange of charge between
the components connected to a node is done in a conservative way, i.e., the amount
of charge which enters a node is the same as that which leaves it. Associating the
flow of charge with the electric current, Kirchhoff current law states that the sum
of currents which enter a node must be equal to the sum of currents leaving that
node. Both, Kirchhoff current law and Kirchhoff voltage law, are of a linear nature
and thus the topological equations for an electrical system are linear. In the case of
a lumped electric circuit each atomic component is described by a dependency, the
constitutive equation, between its terminal currents and voltages. This dependency

is often of a non-linear nature.

1This depends on the size of the atomic components, their physical distance and the transients
(frequencies) in the circuit.
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2.2 Direct methods

It appears that a lumped electric circuit is completely specified if we know the
constitutive equations of each component and the topology of the system (how the
components interact). In order to simulate such a circuit, direct methods seek to

solve two problems:

1. aggregate the constitutive equations according to the topology into some sort

of global description, and

2. find a way to manipulate this global description, as for any input stimuli one

should be able to compute the system response.

The latter task is performed by solving for a sequence of time points a set of equa-
tions that represent the behavior of a non-linear resistive network. This set has the

form

fl(x7y1?y2$'”1yn) =

f2(x’y1ay27"'7y ) =0
i (2.1)

f(x,y)=0

fn(xvyhy?: oo )yﬂ) =0

where f is a vector of functions, x is the stimuli vector, and y is the response vec-
tor. The contents of the system response, y, is dependent on the particular method
(nodal, tableau, modified nodal) used to build (2.1). Each function f;(x,y) is a
linear combination (topological equations) of possibly non-linear functions (consti-
tutive equations), thus f; is in general non-linear in x and y. The set (2.1) describes
a non-linear algebraic set of equations. Apart from special cases, usually of small
size, the solution of this set cannot be obtained in a closed form and computer
techniques are used to solve for y.

This poses two problems, namely how to represent the non-linearities in a
computer, and how to solve the set of equations. The two are of course not unrelated.
Methods using the analytic properties of the non-linear functions need access to the
Jacobian matrix or have the capability of approximating all partial derivatives. An
elementary method for multidimensional problems that works well for finding a root
is the Newton-Raphson method provided a sufficiently close guess of the solution

is available. Otherwise one has to resort to globally more convergent methods,
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which are without exception much more complicated. Fortunately, the way time-
continuous circuit simulation is organized, that is from time point to sufficiently
close time points, makes it easy to satisfy that condition, and therefore Newton-
Raphson procedures are in the core of the the most popular transistor level circuit
simulators since the seventies.

2.3 Local linearization

For a given stimuli vector x the Newton-Raphson method produces in an iterative
way a sequence of vector values y°, y!, ... y¥ y**1 ... which converges to the
exact solution y*. y? is the initial guess and is usually taken to be the solution of
the previous stimuli set. As the computing resources are limited, infinite sequences
cannot be afforded; a certain y* will be declared the approximate solution if it
satisfies given accuracy requirements (absolute and/or relative error less than some
imposed values).

We will describe briefly the k-th iteration step: build y**! starting from
y¥, for fixed input stimuli x. For the duration of the current iteration process the
contribution of the fixed x can easily be absorbed in the constant part of f. Consider
the Taylor expansion of f(y) around y*:

0f1 0f1
_ k _ ok e —
hy)= A+ o et 1R . yk(yn Yn) + -
B )
BE) =509+ 2 oy b 2
Oy lyk Oyn ly* (2.2)
Ofn Ofn y
_ k P S T i _ ok
foly) = fuly™) + o a v et B0 lm =) £

With the assumption that the terms which contain higher order partial
derivatives can be neglected, the Taylor expansion (2.2) can be written in terms
of only the first order differences:

frpe(y) = £(3") + M| . (y - ¥*) (2.3)
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The function fy,y« represents the local linearization of f in the vicinity of y¥. The
matrix M contains the first order partial derivatives of each component of the vector

function f and is called the Jacobian matrix of the system.

on| on| . oh

dy1ly  Oyzly Oyn ly
o, g, - 3

M|y — yl y 3!’-? Y yn Yy (24)
o m e
dyily Oy ly Oyn ly

y**+1 is found as the formal solution of fy,«(y) = 0:
ykil = v~ Millykf(yk) (2.5)

The solution (2.5) is not practical for computer manipulation because it involves
the inversion of the Jacobian. A better way to find y**? is to consider the Newton-

Raphson equation:
Ml - Ay* = —£(y%) (26)

Using the LU-factorization method one solves (2.6) for the correction Ay*. The

result of the k-th iteration step becomes:
yk+1 — yk + Ayk (27)
Thus, one Newton-Raphson iteration step consists essentially of two actions:

1. solve the Newton-Raphson equation (2.6) using linear algebra methods, and

2. update the approximate solution according to (2.7).

The calculation of f(y*) requires virtually no effort once the constitutive equations
and topological equations are known. By contrast, the calculation of the Jacobian
matrix M|y« requires the existence of the partial derivatives 'g%|yk and then the
capability of manipulating and calculating them. The Newton-Raphson procedure
involves at each iteration step the local linearization of the function f in the vicinity

of yx.
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2.4 Locally linear systems

One important limitation of the classical Newton-Raphson algorithm as recognized
above is that information about the system’s Jacobian M is not directly embedded
in the system function f. Overhead is added during the simulation process in order

to make this information available.

A substantial simplification of the Newton-Raphson algorithm becomes pos-
sible if the constitutive equations of the system components are locally linear, i.e.,
inside each operating region the relation between stimuli and response is linear,
where an operating region is defined by certain ranges for the terminal currents and
branch voltages. The union of the operating regions has to cover the whole op-
erating range of the component. When gathering the linear topological equations
with the locally linear constitutive equations one obtains a piecewise linear system
function fpr,(x,y). For a specific global operating region [ the system function is
given by:

fLy) =M1y —wi—-w (2.8)

The system matrix M; and the source vector w; are constant throughout a linear
operating region [, but change with the operating region; w is the independent
source vector (here enters x). M, and w are assembled from the system Kirchhoff
current law and Kirchhoff voltage law and from the component piecewise linear

constitutive equations.

The application of the Newton-Raphson algorithm to find the solution of
fpL(y) = O follows the same main steps as before, but now with the additional
advantage that during the iteration step k the Jacobian of the system is identical

with the system matrix:

_ Ofpr,

k
M By

=M, (2.9)
For a piecewise linear system the Jacobian is implicitly stored with the topological
equations and the piecewise linear constitutive equations, and is updated at each
iteration step together with the system matrix.

Let us consider in some detail iteration step k: starting from y* with the rep-

resentative point situated in a piecewise linear region [, solve the Newton-Raphson
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equation which now reads
M, - Ay* = —f5, with ffp =M -y*—wf-w (2.10)

and find out the correction Ayk.

If the calculated next iteration point §¥+1 = y* + AyX stays within the same
linear region [, then we are done: %511 is the exact solution of the piecewise linear
equation system.

If §%*1 exceeds the limits of the current linear region, then the step has to
be reduced by weighting Ay¥ with t¥ < 1, such that the point

y*t1 = yk 1tk AyE (2.11)

is on the border between the region [ and a neighbor region I’. This is the result of
the k-th iteration step.

The next iteration step starts from the neighboring linear region I with yktt
as the starting point and is concerned with the solution of the updated Newton-
Raphson equation: My - Ay*+t! = —f5}1. My is the updated system matrix in the
new linear region and fi; ! is the updated system function in the new linear region.

Where the general Newton-Raphson algorithm performs a local linearization
on the system equation at each iteration step, the piecewise linear variant of the
Newton-Raphson algorithm runs on an already locally linear equation. This means
that for the piecewise linear case no extra information about the system Jacobian
is needed, as the Jacobian is implicitly stored with the topological equations and
the constitutive equations. The Newton-Raphson algorithm finds in the general
form an approximate solution, while in the piecewise linear form it finds the exact
solution of the equations; there is however the error due to the linearization during

modeling.

2.5 A piecewise linear approach

As in the general case (see Section 2.1) each circuit entity is described by a map-
ping from the space of input variables (stimuli) to the space of output variables
(responses). The core idea of the PL concept is to approximate this application

by a concatenation of linear segments. The input space is divided into a number
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of regions: inside each region the output variables depend linearly on the input
variables. Changing of region is reflected in changing coeflicients in the linear de-
pendency. The linear topological equations and the linear constitutive equations
inside each region are combined with a linear description of the regions. Hyper-
planes are used as boundaries for regions. In this way we obtain what is called
polytopes - regions expressed in terms of linear equations. This technique based on
a linear dependency inside each linearly characterized region is called the piecewise
linear technique.

The piecewise linear modeling problem for a generic entity can be formulated

in the following manner. Given:
1. a partition of the input space X into a set of adjacent convex polytopes P;,

2. a mapping F from the input space X to the output space Y continuous along
every boundary which separates the polytopes, and

3. a linear dependence of the output vector y on the input vector x inside each
polytope P;

find a global analytical representation for J suitable for computer manipulation.
An elegant solution to this problem is the implicit global piecewise linear
technique based on diode states [11], that we adopt in the remainder of this section.
It is a mechanism to keep track of the operating region for the piecewise linear
Newton-Raphson approach, with the aid of the so-called diode variables. The ap-
proach based on diode states emerged from a network perspective, with the ideal
diode as representation for the basic nonlinearity. An ideal diode (see Figure 2.2a

for notations and characteristic) operates in one of two states:

» conducting (any positive current implies a zero bias voltage), when it repre-

sents a closed connection between its terminals, or

e blocking (a zero current is prescribed for any reverse voltage), when it repre-

sents an open circuit between its terminals.

A circuit composed of linear components (sources and resistors) and ideal diodes, is
suggested in Figure 2.2b. When the input is changed the diodes might switch state
and the topology of the circuit changes accordingly. For each possible combination of
diode states the circuit has a certain topology with linear components, and therefore

a linear transfer function.
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Figure 2.2: Ideal diode a) current-voltage convention and characteristic b) relation
to a PL circuit

More precisely, each polytope P; is associated with a diode state S;. The
state of the diodes depends (not necessarily uniquely) on the input. The output is
a function of the input and the diode state: y = F(x,S(x)). When x crosses the
boundary from P; to P; the diode state changes from S; to S; and the coeflicients
of the linear mapping should change as well.

The problem can thus be decomposed into:

1. find a state S(x) of the diodes corresponding to the input vector, and

2. find the output vector y by using the linear output mapping corresponding
with the solution of S(x).

This formulation is called the diode state model of the piecewise linear system
[12] and is represented in Figure 2.3. The diode state S may be encoded with the
diode vectors u and j. Diode vectors are orthogonal and nonnegative. The diode

state S becomes a function of diode variables u and j, and remains an implicit
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PL mapping

~» Diode state equation

Y
s
B

Figure 2.3: Diode state model for a piecewise linear system

function of the input vector x.

S=8(u,j) with u=ux), j=jx)

(2.12)
u™-j=0,u>0,j>0

The introduction of the additional variables u and j enables the compact analytical
representation:

y=A-x+B.-u+f (2.13a)
j=C-x+D-u+g (2.13b)
ul-j=0,u>0,j>0 (2.13¢)

where A, B, C, and D are matrices and f and g are column vectors. This is the
most general piecewise linear description and was proposed by Van Bokhoven [13].

Relation (2.13a) is called the linear input-output mapping, equation (2.13b)
is the diode state equation, and the set (2.13c) represents the complementary con-
straints. Relations (2.13b) and (2.13c) form together the so called linear comple-
mentarity problem. This problem [14] has been identified in a broader context: for a

given source vector q find the orthogonal nonnegative vectors w and z that satisfy:
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w=M-z+q.
With x in the polytope P*, for which u = 0, the input-output relation reads
simply:

y=A x+f (2.14)

The description (2.13) is then called the natural representation for the specific poly-
tope P*. When the input vector leaves that specific polytope P* at least one compo-
nent of vector u, say ug, becomes positive and relation (2.14) is not valid anymore.
However, the piecewise linear mapping (2.13a) is valid across the entire input space.
If we now interchange ji and wuy in relation (2.13b) - an operation called pivoting
— and we transform (2.13a) to reflect this change, we obtain another natural repre-
sentation valid in the newly entered polytope. This is the core idea of the so-called
“path-following algorithms” for solving the linear complementarity problem. Var-
ious algorithms have been developed to solve the linear complementarity problem

(see Appendix A).

In the representation (2.13) the diode state equation reflects the geometry of
the input space. The hyperplanes are defined only in terms of the input variables.
Such a hyperplane equation reads as Cy, - X + gx = 0. This description is suited
when the input space is divided into polytopes by full hyperplanes only and the
mapping is continuous over changing the polytope. In those cases the diode state
equation (2.13b) is easily obtained by inclusion of hyperplane equations.

From a modeling point of view it may be more convenient to consider the
input-output space for the boundary equations. In terms of input space variable
we may end up with half-hyperplanes or piecewise hyperplanes. If the result is a
full hyperplane in terms of input and output variables, then we can use a slightly
modified version of (2.13):

0=I-y+A-x+B.-u+f (2.15a)
j=D-y+C-x+I1-u+g (2.15b)
uT.j=0,u>0,j>0 (2.15¢)

In (2.15b) the diode state equation is written in the input-output space, or
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in other words the boundary hyperplanes are defined in terms of both x and y.
The equation of such a hyperplane is Dy, -y + Cx« - X + gx = 0. jx and uy are the
complementary variables supposed to change when the representative point in the
x-y space crosses this boundary.

2.6 One algorithm

Any network that can be modeled by linear components and ideal diodes, can be
handled by simulators that can solve the ensuing linear complementarity problem.
Once inside the polytope the problem is reduced to solving a set of linear equations.
It is not important what level of abstraction has been modeled: the components
can be switches, transistors, gates, etc. As long as they conceptually fit in the
framework of (2.13), the same algorithm can be used to find an operating point
that satisfies the constraints and the input-output mapping.

In that sense piecewise linear simulators can be considered level transparent,
although the requirement to obtain suitable piecewise linear models for every non-
linear component at every level should not be deemed simple and facile. Also,
automatically “zooming” in and out by changing local levels is far from simple.
But, once every component is represented in the framework at the adequate level
of detail, the same simulation engine can do the job. Unlike methods with Newton-
Raphson iterations in the kernel storage or calculating the Jacobian matrix is not

necessary, and global convergence to an existing operating point is much better.
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Chapter 3

Transistors in the limit
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Any simulator for electronic circuits should be capable of including and han-
dling amplifying devices, i.e., a signal imposed at the input of that device should
appear amplified (or restored) at the output. This is the so-called triode operation,
invented at the beginning of last century and catalyzing the creation of the largest

industry ever during that century.

A triode has at least three terminals: an input terminal, the gate, an out-

put terminal, the drain, and a common terminal, the source!

. They come in two
types, n-type and p-type triodes. The operational principle is to create and sustain
mobile charge carriers in the current path between drain and source by bringing
an opposite charge on the gate, close to that path. The number of carriers can be

controlled by the amount of charge. Under the influence of an electric field created

IThe naming conventions depend on the triode realization: vacuum tubes have grid, anode and
cathode, while bipolar junction transistors have base, collector and emitter.
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by potential difference between drain and source, carriers can form a current be-
tween those terminals. In n-type triodes the carriers are predominantly negatively
charged (electrons), while in p-type triodes they are positively charged. Triodes
can be classified according by the way they prevent carriers from flowing into the
gate [15].

The discussion in this thesis is limited to triodes that are built by a three layer
structure: a conducting gate, separated from an extrinsic semiconductor channel
by a thin isolator. The well-established theory of these so-called MOS-transistors
for relatively long distance between drain and source is summarized in Appendix B.
Here we are interested in the behavior for relatively short distances between those
terminals, but still long enough to maintain the same operational principles.

In the n-type MOS transistor positive charge should be moved to the gate
electrode to attract negative mobile electrons in the channel. This requires a min-
imum amount of charge on the gate, but from then on, the more charge is on the
gate, the more mobile electrons are available for the device current. Under ideal
operating conditions the gate is perfectly isolated from the conducting channel and
the positive charge moves in and out of the gate without losing any charge to else-
where in the device. The gate charge attracts an equal amount of mobile charge of
opposite sign, that can be used for current under the influence of the drain-source
field, which cycles through the closed loop of load circuitry and power supply. The
device current flows in a thin surface sheet of the silicon.

In a scaled-down technology the MOS transistor suffers from both short-
channel and narrow-channel effects [16, 17]. Complex models, exhaustive in cap-
turing the MOS transistor operation, are presented elsewhere in the literature [18].
Here we will focus on a modeling approach which is compact and still reflects the
essential physical operation.

The channel length scales-down at a faster rate than the supply voltage.
As a consequence, the longitudinal electric field in the channel increases with the
technology generation and the charge carriers travel at a velocity closer to the
saturation velocity. It is an hypothesis of this thesis that velocity saturation is the
overwhelming effect on the current drive of transistor, an hypothesis that has to be
tested.

If not further specified: “transistor” means n-type MOS-transistor. The
names of the channel contacts, drain and source, is with reference to the circuit

configuration, and not as usual, with reference to the flow direction of the carriers.




3.1. IMPACT OF VELOCITY SATURATION 27

They are denoted D and S respectively. G denotes the gate. B stands for the bulk,
the fourth terminal of the real device.

3.1 Impact of velocity saturation

To study the relative impact of the drift velocity saturation effect [19] on transistor

behavior we consider two modeling experiments.

1. Suppose that the charge carriers in the transistor channel are allowed to ap-
proach a higher saturation velocity than imposed by the actual material of the
channel.

1.2 ]
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Figure 3.1: Current drive vs. saturation velocity (vsq: & 100000[m/s]).

We would obtain this situation by increasing the saturation velocity param-
eter v, in the detailed deep submicron transistor model from [18]. The simulation
results in Figure 3.1 show that the current drive I s47/W is affected by velocity

saturation, and in such a way the smaller v,,; the smaller the current drive.
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2. We take two transistor models:

e the same detailed deep submicron transistor model, complete with all the
effects which may have an influence on the current drive, including the velocity

saturation effect, and

e the first-order charge sheet model enhanced with only the velocity saturation

as short-channel effect.

Comparing the current drive Ip sar/W at various channel lengths L for both mod-
els (Figure 3.2) shows that the velocity saturation effect is dominant over other
short-channel effects, in what concerns the current drive of a deep submicron tran-

sistor.

0.4 T T T T T T

0.3 7
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Figure 3.2: Current drive vs. channel length a) detailed model b) compact model

These two experiments show not only that velocity saturation has a significant
effect on the transistor current drive, but that it is the dominant factor affecting

the transistor current drive when the channel length gets shorter. We therefore
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re-derive the model equations of the transistor, but not with constant mobility as
in Appendix B, but with the commonly used dependency on the electrical field.

3.2 Model equations

In a channel with high longitudinal electric field the drift velocity (vq) of the carriers
no longer obeys the simple linear dependency expressed by:

dy dVes
lva] = plEy| = p dys >y i for Vps > 0 (B.20a)
A, dv
= g = dZS for Vps < 0 (B.20b)

where C' is an arbitrary point with strong inversion in the channel. As the electric

field is increased, |vg4| exhibits a saturation tendency, i.e., there is a |vg|ma, barrier
which cannot be passed regardless how strong the electric field. A commonly used
empirical approximation [20] for the drift velocity is:

o VPV _ |E|
Amaz T BB~ “1+El/|E]

lval = (3.1)
where p is the low field surface mobility of the carriers, |E| is the magnitude of the
longitudinal electric field, and E, = Jv—dllz”ﬂ is the critical field. The saturation of the
drift velocity with the electric field as predicted by (3.1) is presented in Figure 3.3.
The saturated drift velocity is given by:

Usat = |Ud|ma1- = /~L|Ec| (32)

As in the long-channel case we state that the current conduction through the channel
is possible if at least one end of the channel is in strong inversion.

The transistor is said to be in forward conduction when the drain is biased
to a higher potential than the source, i.e., Vps > 0. Normal operation requires
that both contact-to-substrate np junctions to be reverse biased: Vgp > 0 and
Vpbe > 0.

When both ends of the channel are in strong inversion (B.19) for forward
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Figure 3.3: Drift velocity vs. longitudinal electric field

conduction with velocity saturation effects becomes:

|E| dVes
— 2 with |E| &
T+ 15l/|5 BV =5

Ip = W|Q1|,u for Vps > 0 (33)

After some manipulations we find:

Ip
Ipdy = (WW1Q1| - £)dVes(y) (3.4)
With the inversion layer charge given by:
Qi1(y) = —Cox (Vs — Vr(Vss) — (1 + 8)Ves(y)) (B.22)

the drain current in forward triode operation for a short-channel transistor becomes:

Vis
w  (Vas—Vr)Vps—(1+ 5)—2—

Ip = /J/"L_Coz

for Vps > 0 and Vpg < Vps, sar

(3.5)
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Lﬂsat . . . .
where Vy = is a parameter which accounts for velocity saturation effects.

Expression (3.5) is valid as long as Ip keeps increasing with Vpg, i.e., for Vpg
below a certain value Vpg gar. The validity limit of (3.5) is found by setting the
first derivative of the drain current with respect to Vg equal to zero:

14+ 6V32
Vas = Vo + (1 +0)Vps + ——-25 o (3.6a)

Vo 2
Vbs =V 1+ ———— 1 .6b
DS, SAT o(\/ +1+5 Vo ) (3.6b)

The value of the saturation current is found to be:
5% 146

Ip, sar = Mfcw —Vbs, sar (3.7)

Equation (3.6a) can be seen as the separation between the forward saturation
and the forward triode regions of a short-channel transistor. The Vg value at which
the current saturation occurs for a given Vg is lower than the value in the long
channel situation.

Reverse conduction is possible when Vsp is assigned a positive value. Sim-
ilar to forward conduction, reverse conduction of a short channel transistor shows
triode and saturation operating regions when Vpg is decreased from zero down to
a sufficiently large negative value, with Vs fixed above the threshold voltage. The
triode covers a part of the situation with strong inversion at both ends of the chan-
nel, namely the part with small Vps magnitudes. The saturation covers the part
with higher Vpg. For Vgg > Vr the source end of the channel is in strong inver-
sion, as appears from the discussion preceding (B.16) about the threshold voltage.
Expression (B.22) for the inversion layer charge at the strong inverted points C in
the channel is also valid for Vg < 0. For reverse drain-to-source bias Vpg < 0 the
drain end of the channel will be in deeper strong inversion than the source end. For

reverse triode conduction with velocity saturation effects expression (B.19) becomes:

|E] dVes
—  with |E| = -
1+ |E|/|E| 1Bl dy

fD = —W|Q1|/.L for VDS S 0 (3.8)

Integrating over the channel length one may find the drain current in reverse triode
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operation for a short-channel transistor:

V2
W ((Vas = Vr)Vs — (1 +8)—22)
Ip = u—C. 2

D H L ox

(3.9)

The validity of (3.9) extends up to the separation between reverse triode and re-
verse saturation (Vps < 0 and Vps > —Vsp, sar). In the (Vsp,Vep) plane the
separation equation is:

1+48V3,
Vo 2

Vep ZVT(VDB)+(1+5)VSD+ (3.10)

Vsp, sar is found as the solution of (3.10). Vz(Vpp) defines the onset of the strong
inversion at the drain end relative to Vgp. According to (B.16), Vr(Vpp) relates
to Vr(Vsg) by

Vr(Vpe) = Vr(VsB) + 6Vps (3.11)

and the expression for Vsp, sar becomes:

2 Vos—Vr—(1+0)Vps
= -1 .
Vsp, sat o(\/l + T 0 ) (3.12)

The separation equation (3.10) between reverse triode and reverse saturation may

be rewritten in the (Vpg, Vgs) plane as:

1+6V3g
Ves =V, — 3.13
GS T+ Vo 2 ( )
For Vps < —Vsp, sar the transistor is in reverse saturation and the drain current
is given by:
REV W _ 146 )
Ip sar = —#—CL oz o Vb, sar (3.14)

For a short channel transistor there are two flavors of reverse conduction,

depending on the Vgs magnitude: (1) if Vgg > Vp first reverse triode and then
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reverse saturation is encountered when decreasing Vpg from zero down to negative
values, and (2) if Vgs < Vr first non-conduction and than reverse saturation is
encountered for a similar excursion of Vpg.

Table 3.1 presents a summary of the equations derived in this section.

3.3 Scaling down

In Section 3.1 we showed the dramatic impact of velocity saturation on the satu-
ration current when devices get very short, and consequently Vg very small. Fig-
ure 3.2 showed the increase in current drive capability with shorter channel length,
which is repeated in Figure 3.4a. Other effects can, of course, be read from the
relations (3.6b) and (3.7), but one aspect becomes very explicit if we look at the

mathematical limit of the latter equation:
lim Ip sar = WusatCos(Vas — Vr). (3.15)
Vo—0

The quadratic dependence of the saturation current on Vgs — Vr observed (and
derived) for long-channel transistors, supposedly changes into a linear dependence
when the channel is short. This can already be observed with devices for Vgg > 2Vp
that are still 1um.

A semi-empirical expression has been proposed in [21] to capture that phe-

nomenon. It is the so-called a-power law for the drain saturation current:
Ip, sar o< (Vas — Vr)®. (3.16)

The drain saturation current is considered proportional to the a-power of the gate
drive Vs — Vir, where both, o and the proportionality constant, depend on L. This
implies for a given length a linear relation between the logarithm of the relative

saturation current and the logarithm of the relative gate voltage above the threshold:

Ip, sar Vas — Vr
log—r7— = a log =57 (3.17)
SIESEAT VaRgF -Vr

This makes it easy to obtain evidence for the validity of the formula (3.16), and
to establish the value of o graphically, and observe how it evolves with decreasing
channel length. The latter is presented in Figure 3.4b where the slope of the charac-
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teristic on a log-log plot equals a: when scaling a long channel down to a very-short

one, the o coeflicient moves from two towards one.

0.5 AL I L B N ' T 7]
L =[5.00801um
I ] Q. — 5.0um, o = 1.84
=01lpum, a =1l
/
04 [ 10 !
£ I & I
= i
©n
E 0.3 I £
= = i
B %
< - a i
W ~
2
0.2 [ L
VEEF = Vp 4+ 1.0V
1 1 | L | Il | 1 | 1 | 1 1 | L
0 02 04 06 08 1 1
a) L[pm) b)  (Vos = Vr)/(VEEF —Vp)

Figure 3.4: The forward saturation current: a) current drive improvement with
down-scaling b) variation of the & coefficient with the channel length. The extreme
cases of a long (& = 2.0) and short (e = 1.0) channel are given with thin dashed
lines.

Yet another aspect can be uncovered by the study of Figure 3.5 where the
operating regions of forward conduction are given in the (Vpg,Vgs) plane next
to Ip vs. Vpg characteristic. In the (Vpg,Vas) plane we show the separation
line between the forward saturation and triode operating regions for three values
of the Vp parameter, 0.1V, 1V, and 10V, values which correspond to a very-short,
short, and long channel, respectively. Note the relative positions of point S and of
point L, to see that in the case of shorter channels the current saturates at smaller
Vps, sar. £sat+ denotes the region with the additional pairs (Vgs, Vps) for short-
channel devices as compared with the long-channel device. In the Ip vs. Vpg plane
we see that the onset of saturation occurs the earlier the shorter the channel length.

All operating regions are considered in Figure 3.6, including reverse conduc-
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a) VDs[V]
Figure 3.5: Forward conduction for long (Vo = 10V), short (Vy = 1V') and very short
(Vo = 0.1V} devices with dashed, dotted and full lines respectively: a) boundary

between triode and saturation b) Ip vs. Vpgs characteristic

tion and no conduction at all. While the separation between non-conducting and

forward /reverse saturation remains invariant under Vp-variation, the triode region
is getting smaller with decreasing V. Both, forward and reverse saturation moves
further to smaller voltages as the transistor length is scaled down [22], taking the

fsat+/rsat+ regions away from the triode regime. Eventually the triode contribu-
tion to the large signal conduction of a transistor may be disregarded for very-short

channel length.
The above discussions and illustrations highlight three effects of down-scaling

transistors on their Ip gar:

1. the saturation current gets larger,
2. the dependence of I, sar on Vgs — Vp becomes more and more linear ,

3. saturation voltages get lower and lower, reducing the triode region to almost
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VO:[O.I 1101V

|
A

Figure 3.6: Operating regions in the (Vpg, Vas) plane for long (Vy = 10V), short
(Vo = 1V) and very short (Vy = 0.1V) devices. The separating curves are given
with dashed, dotted and full lines respectively. Only the separation between triode
and saturation is affected by down-scaling.

nothing.

Two effects are clearly seen in the Ip vs. Vpg characteristics for various chan-
nel lengths in Figure 3.7. The forward drain saturation current becomes larger, and
is reached at lower voltages, while in reverse saturation the drain current depends
almost linearly on the drain-to-source voltage?, as the length of the transistor goes
deeper into the submicron region. The other effect appears in the characteristic fam-
ily for a very-short transistor (Figure 3.8). The gate-source voltage is varied with

steps of 0.5V which produces equidistant parallel lines in both saturation regions.

2The change of convexity for the reverse part of the characteristic appears more clearly on a
normalized characteristic.
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0.5

0
g
<
g —0.5
=) V=23V, Vgp=2-5V
-1 V0=[0 0.11101v
7
-1.5r -~
'
, A 1 L . —
-2 -1 0 1 2
VDS[V]

Figure 3.7: Ip vs. Vpg characteristic for various lengths including the limiting case

The current saturation for a deep submicron transistor is caused by two con-
current mechanisms: (1) the pinch-off saturation mechanism, which is inherited
from the long-channel operation, and (2) the drift velocity saturation mechanism,
which is specific to the short-channel operation. By scaling down the transistor
length, the second mechanism becomes dominant in the settlement of the cur-
rent saturation and the characterization of the operating regions suffers important

changes.

3.4 Saturated velocity

For the situation when the drift velocity of the charge carriers in the channel gets
rapidly into saturation with the longitudinal electric field, we may deduce in a fast
manner the equation governing the transistor model. The basic assumption here is

that the drift velocity vg is equal to the saturation velocity vy, for all situations
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Figure 3.8: Ip vs. Vps characteristic family for a very-short channel transistor

when conduction is possible (strong inversion present at least at one end of the
channel).
By substituting vq = vset and |Q;| = |Q7| = Cox[Ves — Vr(Vsp)] in the

general expression for the drain current
Ip = -W|Qi|va (B.19)
we obtain directly the current in forward conduction:
157 = v WCou[Vas — Vo (Vsn)l, (3.18)

identical to the mathematical limit in equation (3.15). In reverse conduction the
strongest inversion is at the drain end of the channel. With |Q;| = |QF| =
CozlVas — Vo (Vsg) — (1 + §)Vps] it follows from (B.19) that the drain current
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in reverse conduction is:
I5? = 0,4 WCou Vs — Vo (Vi) — (1 + 8)Vps] (3.19)

For the case when neither the source end nor the drain end of the channel
is strongly inverted (Vas < Vr(Vsg) and Vgp < Vo (Vpg)) no current will flow

through the channel (Ip = 0). We gather the above three considerations into one

equation:
VsatW Coz(Vas — Vr) if Vgs > Vr and Vps > 0
. Vaes = Vr
IDz 0 lfVGSSVT andVDSZ—W
Ves — Vr

_vsatWCoz [VGS - VT - (1 + 5)VD51 if VDS S mm(O, )

1+4
(3.20)

where Vi = Vr|y,z=0 is considered a constant?.

3.5 Piecewise linear transistor models

The main feature of the model derived in the previous section is that the essential
non-linearities of the device are localized: Vps = 0, and Vs = Vg, Vps > 0,
and Vgg = Vi + Vps,Vps < 0. Elsewhere the device behaves completely linear:
a current source with linear dependency on Vs — Vr in forward saturation, and
a current source with linear dependency on Vgs — Vi parallel with a constant
resistance in reverse saturation. The triode region is reduced to a vertical line
segment in the Ip vs. Vpg characteristic on the axis where it follows any forced
current between the two saturation currents. A family of characteristics is given in
Figure 3.9.

The deep submicron transistor is thus reduced to a current source that col-
lapses when in triode operation [15]. In essence, with suitable (traditional) reference

changes, there are only two different conduction regimes:

3For the deep submicron technologies, as the circuits are operated at reduced supply voltages,
it is legitimate to neglect the body effect; the threshold voltage Vi is considered independent on
the source-to-substrate bias voltage Vgp.
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0.5

VSB:Z.SV
VGS=[—2.5:0.5:2.5]V

-1.5

Figure 3.9: Ip vs. Vpg characteristic family for Vo =0

1. a current source regime where Vpg > 0 and Ips = max{k(Vgs — Vr),0}

2. a collapsed source regime when the current imposed on the device is less than

Ips = max{k{Vgs — Vr),0}; the drain-source voltage is zero then,

where D is the channel terminal with the higher voltage.
Such a device is called a collapsible current source and simulators of

deep submicron circuits better support such a device.
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Chapter 4

Collapsible current sources
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In Chapter 3 we derived, based on the analysis of the device operation with
velocity saturation as dominant effect, a compact transistor model. It is known as
the collapsible current source model, because in the triode region the drain and the
source terminals are considered to be fused together, i.e., the equivalent current
source is collapsed.

The collapsible current source model is the minimal model necessary to ex-
plain the transistor level operation of the CMOS circuits. Being minimal and com-
pact, it is exactly what we need for the efficient simulation of large size circuits.!

This model is a large signal piecewise linear model for the transport current
of a deep submicron MOS transistor. In the following we derive its implementation

in the piecewise linear equations framework from Section 2.5.

LWith a huge number of devices, one needs compacts models in order to kecp the circuit analysis
tractable.
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4.1 Definition

The collapsible current source is a device with three terminals G, D, and, S and
characterized by its transconductance k, and its threshold Vr. The operating regions
are characterized in a compact form as

NC Ip=0 if Vgs < Vpr and Vgp < Vr;

FS Ip=k(Ves—Vr) if Vpg > 0 and Vgg > Vp;

RS Ip= —k(VGD —Vr) ifVps<0 and Vop > Vi

T Vps =0 if Vgs > Vr and

—k(Vas — Vr) < Ip < k(Vgs — Vr).

Vps represents the drain-to-source voltage, Vo s represents the gate-to-source
voltage, and Ip represents the current in the drain terminal (identical to the trans-
port current I't). Figure 4.1a shows how the input vector x and the output vector y
are assigned. x has two components z; = Vpg and z3 = Vgs. y is one-dimensional
and represents the current in the drain terminal Ip.

@
|
I~
T
L
G
R
8
|
5

z1 = Vps o>

Figure 4.1: a) Symbol and notations for the collapsible current source b) Plot of
y vs. x; with x5 as parameter, according to Eq. (4.1) for the collapsible current
source
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The relation between y, 21, and x5 can be written as:

0 ifzg —Vpr <0and —z1 + 29 — Vp <0,
y=A k(z2 — V1) if o — Vp >0 and z; > 0,

(4.1)
—k(—.’L‘l +z,—Vr) f—z14+a23—Vp>0andz; < 0,

z; =0 if ——k‘(.’L‘z —VT) <y < k(:vg - VT) and o — Vpr > 0.

The input space X is divided into three polytopes as shown in Figure 4.2. The

T2
4 FS:y=k{zs—Vr)
1 = 0
RS :y=—k(zy — 21 — V) 2y — Vi
z1
>
NC:y=0

—x1+ 22—~V =0

Figure 4.2: Partition of the input space (control voltage plane) in polytopes (oper-
ating regions)

boundaries of these polytopes are composed of halflines. In Figure 4.3 we show how
the x vs. y space is partitioned into polytopes.

The hyperplane H; is defined by the concurrent lines [; and [; given by:
y=0 ;=0

I and s
—Z'1+-T2—VT:0 y~k‘(w2_V’]‘):0
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Figure 4.3: Partition of the input-output space in polytopes

and has the equation:

Hy: y+kzy—kzo+kVr=0 (4.2)
Similarly, H> is defined by the lines /3 and I4

y:O 171:0
13 and l4
o —Vpr =0 y+k($2—VT)=O

and has the equation:
H2 : -y - k'.’L'Q + kVT =0 (43)

The polytope indices are binary coded according to the rule: P where

a(u1)o(uz)’

o(u) = 1 for w > 0 and o(u) = 0 for u < 0. The polytopes (operating regions) are
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described by the relations:

+kxy —kxo + kVp >0

Py = NC v R B (4.4a)
—y—kxa+kVy >0
+ kxy —kxs + kVr >0

P, =FS v T R TR (4.4b)
—y —kxs+ kVr <0
+ kxy — kxzs + kVr <0

P, = RS y ! w2 T (4.4c)
—y—kxs +kVr >0

+ kzy — ko + kVp <0
P;=T v T A TR (4.4d)
—’y—kl‘2+kVT <0

We choose the diode state variables such that u = 0 in Pg. In the form of
the equation set (2.15) the collapsible current source is described by:

o= ()0 ) (7)) ()40
= (o (k) (Z) (o) (2) + (hvr) 5
= (e o) (7)o ) () o)

In the polytope P2 the diode state variables take the values j; = 0, us = 0;
the PL segment y = —k(—z1 + 22 — V) has, according to (4.5), the equivalent
representation:

0=y +bu
v (4.6)
uy = —y —kzy + kxy — kVp

It follows that b, = 1/2.

In the polytope P; the diode state variables take the values u; = 0, jo» = 0
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the PL segment y = k(ze — V) is then equivalent to:

0=y+bu
Y T 02Uz (4.7)
ug =y + kxy — kVp
It follows that by = —1/2.
The representation of the collapsible current source is therefore:
I Uy
0={1)y+(0 0 +13 -3 +0
e o) (") -0 ")+
j1 1 kE -k I 1 0 Uy kVT (48)
j2 -1 0 —k T2 01 U2 kVT
\uT-jZO,u>0,j>0

In Table 4.1 the correspondence is given between the current polytope, the
name of the region according to the collapsible current source, the pivoting events,
and the device equation. The polytope Pg is considered the natural representation.

| Polytope/Region Pivoting event ] Device equation |
Po/NonConducting none y=0
P, /ForwardSaturation ug = pl.2 y = k{zy — V1)
P, /ReverseSaturation u; = pl.1 y = —k(z2 — x1 — Vr)
P3/Triode u; = pl.1 and ug = pl.2 1 =0

Table 4.1: Operating regions of the collapsible current source

The set (4.8) is further translated in Table 4.2 in terms of nodal voltages
(Vp, Vg, Vs) and terminal currents (Ip, Ig, Is).
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Di Gi Si Dwv Gw Sv pll plL2 1
zero.1 1
zero.2 1 1
zero.3 | 1 172 -1/2
pl.1 1 k —k 1 kVr
pl.2 -1 -k kK 1 EVy

Table 4.2: Tabular representation of a collapsible current source

4.2 Algorithmic requirements

With the diode state model of Section 2.5 in mind it is pretty straightforward to
devise algorithms that switch diodes one at the time very much like you expect
such a network to behave. In a description according to the equations (2.13) this
corresponds with pivoting on a diagonal element in D. We will illustrate this with
the circuit of Figure 4.4a. The input vector x = (z; = vpgs,z2 = vgs) is varied

Ve

Figure 4.4: Test circuits for pivoting a) NC - FS - RS - NC b) NC - T

according to the path: (V,.,0) — (Vi,V}) = (=V, Vi) — (=Vi,—V.) with
Vi > Vr. This means that the collapsible current source will be non-conducting

initially, i.e., the collapsible current source is in NC. The equations written as in
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the set (2.13) read:

Y= '—%’lu +%’U,2
= ki —kzy +iuy +iupy +EkVp
J2= —kzy +iuy +iuz +kVr

where u = 0. This remains so when increasing zo until it reaches the threshold
voltage Vr. At that moment j; becomes zero. The operating region of the collapsible

current source becomes then FS with corresponding natural representation:

y= kze -—uy +jo —kVr
= kx +j2
Uy = 2kzs —uy +2j2 —kVp

In terms of diode states the diode associated with the complementary pair (uz, j2)
“switched” and has now j» = 0, while initially us = 0. Increasing z, further does

not move the collapsible current source into a different operation region.

Unfortunately, not all changes in x can be handled by an algorithm that
searches for single pivots on the diagonal, and thus allows only one diode to change
state. We will see this when we decrease x; from its current value of V.. When
z1 = 0, j; becomes zero, but the diagonal element in the corresponding row is zero
as well. So we have to take a non-diagonal pivot, interchange j; with jp so that
the latter can take positive values to compensate for the decreasing ;. But with
jo increasing, u; has to be 0, because of the complementarity constraint. So, also
the pivoting exchanging us with u; has to be performed. The coefficient of u; in
the bottom row is non-zero. The collapsible current source changes abruptly from
region F'S to RS which is to be expected when the drain-source voltage is forced to

change sign. This newly entered region corresponds with the natural representation:

Y= kxq —kxy -—-h +usg +kVr
Jo=  —kz +71
up = —2kzy +2krs —ux +2j1 —2kVr

The transition from FS to RS is thus only possible if we perform two pivoting
operations in the same step. Decreasing z; further to —V, does not require any
pivoting. If we now decrease z, while keeping z; fixed at —V. another pivoting

operation is required when —2kz; + 2kzs ~ 2kVr becomes 0, which implies that
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has reached z; + Vp. To decrease z any further u; has to be exchanged with jq,
variables associated with the same diode. The collapsible current source is in NC
again.

Another difficulty that straightforward piecewise linear simulators might en-
counter is when the current through the drain terminal of a collapsible current
source is forced to be below the value of the saturation current corresponding with
the present value of the gate-source voltage, i.e., ip < k(Vgs — V). This can occur
in the circuit of Figure 4.4b. The variable y can hardly be the output variable,
since its value is forced by the fixed current source. So, for the moment we do not

distinguish input and output, and we start from the NC-region:

0= - +%u1 ‘_%UQ
= Iegt +kry —kzz Hu +kVr
Jo= —lent —kxa +uz +kVr

If uy were zero, than its complementary variable j» cannot be positive, because
—Iopy — kxo + kVp < 0. Interchanging jo and uy assumes the collapsible current
source in the FS-region:

0= Iezt —kl'g +uy —jQ +k?VT
1= Ilept +kxy —kzs +uy +kVr
up = logt +kxy +j2 —kVr

This cannot be true with u; and js both zero, even if 21 takes a positive value to

balance the second equation. So, we also interchange j; and u;, to obtain the set:

0= —kzy +j1 —J2
up = —lewt —kri +kzo +5 —kVr
Uy = Ie:z:t +k$2 +.72 _kVT

Now x; can be zero, while u; and uy take positive values. This is the triode-region,
where Vpg is zero and the drain current can have any value up to k(Vgs — V), and
thus also I.,;. Two diagonal pivots yield the natural representation of the feasible
region T.
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4.3 Transistors as collapsible current sources

As pointed out in Chapter 3, a transistor becomes more and more a collapsible cur-
rent source when the channel length approaches zero. Well before this limit other
assumptions underlying the modeling will no longer be sustainable. The very con-
cept of mobility and the mechanism of drift are just two examples. Yet, the graphs
in Figure 3.7 and 3.8 show already behaviors close to that of a collapsible current
source. Note however that these graphs are obtained by reducing the channel length
while keeping the drain-to-source voltage quite high. This makes the field strength
quite high, hence the high speed of the carriers. At more realistic voltage differ-
ences the characteristic would exhibit the limit behavior at much smaller channel
lengths, lengths that are not manufacturable yet. At finite length saturated carrier
velocities will not be reached before Vpg reaches L x E.,., and at L = 0.1um this
might still come close to 0.1V in p-type transistors.

None of this is of much concern as long as interconnect dominates delay.
As technology is scaled down this will only come closer to reality, but simulating
where interconnect is not taken into account or indeed negligible, using the pure
collapsible current source model for transistors will result in noticeable deviations
in timing when compared to simulators using detailed models such as in [18].

Apart from being the mathematical limit of a model derived from physics,
the collapsible current source model had the salient feature of compactness and
linearity. The former is an absolute must for simulating systems-on-a-chip, and the
latter gave us access to a one-algorithm approach and therefore level transparency.
We therefore would like to retain these features, when modifying the model for time
accuracy in today’s circuits.

The modification consists of considering the triode region represented on the
I-V characteristic by an oblique linear segment instead of a vertical one.

As we will see, this modification brings no additional computational com-

plexity with respect to the pure model.

4.4 Modified collapsible current sources
This modified model has the operating regions characterized by:

e Ip =0 if both Vgs and Vgp are less than Vr;
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e [p is a linear function of Vg — Vr or Vgp — Vr whichever of them is greater

than the other and positive, and the transistor is in the saturation region;

e Ip is a linear function of Vpg if Vgg — Vr or Vgp — Vi is positive, and the
transistor is in the triode region;

The analytical formulation is given in (4.9) and corresponds to the I-V char-
acteristic from Figure 4.5. One extra model parameter has been introduced, k1,
which has the significance of the large signal output conductance in the triode re-
| gion. The parameter k2 has the same meaning as k in Section 4.1.

0 if —z1+x—Vp<O0and z, - Vp <0
kz(ﬂ')z—VT) if zo — Vp > 0 and ~k1.'1,‘1+k2(.’L'2—VT)<0
kyxzq if — kyx1 + kao(za — V) > 0 and

y= (4.9)

—kixy — k2(—£L‘1 + Ty — VT) <0
—kz(—ﬂfl + 29 — VT) if —kixy — kz(—l‘l + X9 — Vj) > 0 and

-y +x2—Vpr >0

g
O(:L‘Q—VT

Figure 4.5: Plot of y vs. z; with z, as parameter, according to Eq. (4.9)

The input space X is divided into four polytopes as shown in Figure 4.6. From

the same considerations as before the representation in the x — y space is useful to
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T2
—-kix1 — kg(—$1 + 5 — VT) =0 A —kix1 + koo — koVpr =0

FS:y=k{zs—Vr)

RS:y=—k(z2 ~z1 — V1) y— Vi

—= 1

NC:y=0

—x1+ 22 —Vr=0

Figure 4.6: Partition of the input space (voltage plane) in polytopes (operating
regions)

derive the diode state equations. The lines that define the polytope boundaries are

presented in Figure 4.7.

H, is given by the concurrent lines

Yy = 0 kll'] = k2($2 - VT)
l] and lz
—r1+x2—Vpr=0 y:kZ(:rZ_VT)
The equation of H, is:
ki —k
! 2y+m1—xg+VT=O (4.10)

kiko




4.4. MODIFIED COLLAPSIBLE CURRENT SOURCES 55

Figure 4.7: Partition of the input-output space in polytopes

H, is given by the concurrent lines

=0 =kz
;37 and 1,7 "7
X9 — VT =0 (k‘] - kz)x] + kQ.’Bz - k2V1‘ =0

The equation of H is:

ki1 — ko

J— po— 40
ks y—z2+Vr=0 ( 11)

The two hyperplanes H; and H, divide the input-output space into four

polytopes. We use the same convention for the polytope indices of Section 4.1. The
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polytope equations are:

4z —224+Vr >0
P, = NC Ryt oo+ (4.12a)
_ﬁl%—'lc_z—y_x2+VT>0
Mebryt oy —20+Vr >0
P, =FS e (4.12b)
——l—zklkzy—.’l,'g—i—VT(O
bikey 2y — Vr <0
P, = RS kYO T2 T (4.12¢)
—k1k22y—$2+VT>0
+z1—224+Vr <0
Py=T Yo -t Vr (4.12d)

—hEy —my + VP <0

We write the natural implicit representation for the polytope Py, where y = 0.

-

The PL representation of the modified collapsible current source is:

0=(1)v+(0 o) () + (s -ts) | )+ (o)

T9 U2
ji= (%) y+ (1 “1) 2 + (1 0) z; + (VT> (4.13)
iy = (_%) y+ (0 —1) Z + (0 1) Z; + (VT)

We observe that the representation (4.13) of the modified model has the same

number of diode state variables as the representation (4.8) of the pure model.

4.5

Choosing a simulator

Circuits that contain collapsible current sources pose special demands on simula-

tors. Although they fit perfectly in the piecewise linear approach to modeling, being

the most compact formulation of the triode operational principle, the matrices they

produce in the diode state model (2.13) can disqualify many renowned algorith-
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mic circuit analysers. Diagonal pivoting and principal pivoting, in spite of several
modifications, were found to be inadequate, whereas complementary pivoting as
conceived by Lemke, and variants thereof processed all cases we confronted them
with (see Appendix A). The conclusion is the ability to use the pure collapsible
current source in circuits to be simulated hinges on the availability of such a solver
for the linear complementarity problem.

The meodified collapsible current source retains much of the salient features
of the pure collapsible current source: it is as compact and equally suited for an
approach based on piecewise linear modeling. Its main diminution is that it is
not backed by a rigourous mathematical or physical derivation, and the additional
parameters have to be established by careful calibration. This, of course, is not of
any practical significance, since it is always wise to determine model parameters
for every new technology by extensive measurements and simulations. Besides, the
above objections against simpler path followers to solve the linear complementarity
problem may well have vanished largely.

In circuitry where transistors are connected with negligeable interconnect re-
sistance it even turned out to be necessary to use well-calibrated modified collapsible
current sources to get the timing results close to what well-proven simulators with

full-blown transistor models predict.
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Introducing time
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The discussion up to now has been limited to resistive circuits, meaning that
every change in stimuli will be translated instantaneously into changes in the node
voltages and branch currents, and their values only depend on the momentaneous
values of the stimuli. Previous values may be helpful for fast convergence, but the
new values are independent of what happened before. This is not realistic, because
there will always be storage of energy in practical circuits. A change in excitation
can cause a redistribution of the stored and added energy. The new state of the
circuit therefore does not only depend on the new values of the stimuli, but also
on the distribution of stored energy. In circuit models with lumped elements this
energy is assumed to be stored in capacitors and inductors. A capacitor can hold

electric charge. The branch current satisfies

. dg
S

when the branch holds a capacitor. The relation with the branch voltage for a
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voltage-controlled capacitor is through the incremental capacitance:

Cv) = %

~—

The state of an inductor is determined by the flux ¢(t) and the voltage over an

inductor obeys

_do
V=

while we use the incremental inductance to obtain the branch current:

L(i) = d‘fg).

This is how the tme variable enters the description of lumped electric circuits.
A change in the input stimuli will generally require an update in the response of
the system with a certain time delay. This inertia of the system is due to the above
memory-like elements. Lumped circuits can be described by a combination of non-
linear algebraic and ordinary differential equations. The latter can be given in the
form

x = F(x) (5.1)

where x stands for an unknown voltage or current. To solve a set of ordinary
differential equations we need to know the initial conditions. For the above set of
first-order equations the values of all components of x at ¢ = 0 must be given.
Numerical methods have to be applied to solve such a system (approximately)
by computer. From the available methods, circuit analysis programs apply almost
invariably the approximation of the derivative through integration rules.
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5.1 Time discretization

An obvious approximation for the derivative is

ﬂ ~ z(tnt1) — z(tn)
dt tnrt —tn

The quantity ¢,,1 — t, is called the time-step and often shorted to h. Substitution
in the equation set (5.1) leads to

F (x(tnnn) — 3 x(tnsn) + () = 0 (5.2)

which is a non-linear algebraic equation in the components of x,1, because x(t,,)
are constants. Focussing on a single branch with a dynamic element, for example a

capacitor, shows the meaning of this reduction more clearly:

dv 1. v(tng1) — v(tn) 1 . C C

Pl - 5 = ai(tnﬂ) = i(tnyp1) = Hv(tnﬂ) - ﬁv(tn).
Since v(t,) is known at time ¢, ; the dynamic branch is transformed by time dis-
cretization into a current source of intensity —%v(tn) and an internal conductance
of %

That is the conceptually simple end sound idea behind time discretization:
reducing the simulation of a dynamical circuit to a sequence of simulations of re-
sistive circuits. The formula (5.2) is just an example of how such a reduction can
be carried out. There are numerous other methods, each with its own advantages
and disadvantages. Choosing should be done on the basis of accuracy, efficiency
and stability. The former two are largely a trade-off: more accurate methods often
require more computational effort. Stability imposes more subtle constraints, often
limiting the possibilities for the other two.

Accuracy is to measure the difference between the calculated solution and
the exact one. With the latter generally unknown this criterion becomes unfeasible.
One therefore resorts to local truncation errors: the difference between the calcu-
lated solution and the exact next value if the values up to the previous time-point
were exact. Of course, this difference depends on the method, the circuit and the
stimulus. We say that a method is of the order q if the local truncation error is zero
when the solution is a polynomial of the order q.

High order can be achieved by using the values and derivatives at several
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time-points, current and previous ones, i.e., by using multistep methods, among
which linear multistep integration methods are the most popular (formula (5.2) is
an example). In general they read like

P
3 (@j(taji1) + Bob - (ta—js1)) = 0.
j=0

Circuit simulators that use direct methods favour implicit methods (by # 0),
because, beside transforming the circuit at a time-point into a non-linear circuit,
they have other desirable properties like charge conserving and exhaustive domain
of dependence?.

Putting it together for linear multistep formulae: the local truncation error
is in general

LTE. .+ ~ C-hit! (k+1)

nt1 ~ (T"’—l)—'xn (5.3)
where C depends on the method, k is the order of the formula and z**1) denotes
the (k + 1) derivative. The order constrains however for a fixed p the choice of
coefficients. The higher the required order, the more constraints leaving less freedom
for other quality aspects such as stability. Once the constraints become conflicting,
only increasing the number of steps, and thus the complexity of the formula, can
achieve the required order.

So in order to achieve accuracy, we have to choose small time steps and
consequently solve the whole set of algebraic equations many times, or use complex
formulae which use several values from the past and create more complex resistive
networks. On top of that stability demands attention.

Stability roughly implies that differential equation with bounded solutions
should yield bounded values at the different time points when subjected. Analysing

a simple equation, such as the test equation
z=-Xr; z(0)=1; A€C Re(A)>0

learns that this depends on the modulus of h - A. If for every size of h the series
of values produced by a given integration method stays bounded, then the method

1For small enough h the formula affects the same set of variables as the exact solution.
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is called A-stable. Unfortunately, there are no linear multistep formulae of order
higher than 2 that are A-stable so that truncation errors of in the order of A% cannot
be avoided. Weakening the requirement by bounding |arg(})] , i.e., |arg(\)| < «
allows formulas that might have order 6. These methods are called A(a)-stable or
stiffly stable. All other methods have at best an additional upper bound on the
step size.

Stiff stability is important in circuit simulators because circuits lead in prac-
tice to stiff sets of differential equations, if not by design, then because of relatively
small parasitics. The size of uniform time step should be small enough in order
to correctly capture the evolution of the system variables which have the fastest
time variation. This means that all system variables, including those latent or with
slow variation in time, will be updated at the same high rate given by the size of

the uniform time step. These *

‘redundant” updates make the uniform time step
integration method computationally inefficient.

Simulators therefore apply dynamic time-step control. It is aimed at keeping
the accuracy within a given tolerance while minimizing the number of time points,
that is the number of resistive circuits to build and to evaluate. This is usually
achieved by monitoring the estimate for the local truncation error (5.3). Under
some assumptions about how errors accumulate, a maximal step size can be derived.
Stability may require a smaller stepsize though. Increasing the step-size after fast
“parasitic” phenomenae have died out, may wake them up because b - A with A
indicating the rate of change of these phenomenae, is moved outside the stability
region. Another reason why stiffly stable integration methods are required in a

simulator based on direct methods.

5.2 Multirate integration

Application of multistep methods, with or without accuracy-driven time-step con-
trol, discretize all system equations identically, and the time-step must be small
enough so that the fastest changing variable can be represented with the required
accuracy. The efficiency would often be greatly improved, if it were possible to
have different discretizations for several subsets of the system equations, using the
largest time-step that can accurately handle the circuit variables associated with
each subset. Large-scale circuits often exhibit a considerable amount of latency, i.e.,

many circuit variable are inactive for most of the time-points. Numerical integra-
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tion methods that allow for different time-steps for the variables in the equations
are called multirate integration methods®.

The more successful multirate method in circuit simulation is to decompose
the circuit and solve the subsystems independently. The integration method can
use the preferred time-step for each part, thereby achieving full multirate behav-
jor. Transistors that are constructed to have the current into the gate independent
from the voltages at the other terminals are particularly helpful in decomposing
the system.? It is then possible to break the equation set into blocks so that if the
blocks are solved in the proper order, a good approximating solution for the entire
system can be obtained. An acyclic network of gates, solved in topological order
from primary inputs to primary outputs, each time using the earlier solutions, is a
standard example for successful application of this approach. The observation that
this kind of single sweep through the equation system is in essence one iteration of
a Gauss-Seidel relaxation algorithm directly applied to the set of differential equa-
tions, led to a new approach to circuit simulation, called waveform relazation [23].
The unknowns, however, are rather elements of a function space (waveforms) than
real variables.

5.3 Event-driven simulation

The variants of time discretization discussed up to now have been developed for
the time domain simulation of transistor-level circuits. Event-driven time-step con-
trol emerged for time domain simulation of gate-level circuits [24]. The concept
is based on scheduling changes in signals for specified time points. These changes
are called events and their time of occurrence is determined by the inner operation
of the system components, i.e., the time step between two consecutive evaluations
of a component depends on the local activity in the system. Parts with slow time
variation will operate with a large time step, while parts with fast time variation
will operate with a small time step. If there is no activity to propagate, then the
time step can be virtually infinite.

20ne way to achieve multirate behavior is to abandon implicit multistep integration methods
that inherently require the global solution of the ensuing set, and use semi-implicit methods. These
take an A-stable method and use a relaxation scheme to solve the generated algebraic equations.
3Ideal MOS transitors have this property. Ideal means the absence of the so-called Miller
capacitances, usually caused by gate-drain overlap, so that no feedback from drain to gate occurs.
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In an event-driven simulator? each component of the system is regarded as
a standalone process which interfaces with the other components and/or with the
environment through signals. What is specific to the signals from an event-driven
perspective is that each change in value for such a signal is associated with an event
at a certain simulation time. Another specific characteristic of such a signal is then
by necessity its discrete nature: the fact that the values the signal takes are from a
finite and discrete set of values.

Transactions are scheduled (new values are put on the driver of a signal) for
future simulation times according to a specific delay mechanism. At the current sim-
ulation time the transactions which are still on the signal driver and which predict a
different value for the signal than the current one will become events. Because of the
discrete nature of the signals and the event scheduling mechanism, activity in the
system propagates to sharply specified time instants. Besides, activity propagates
only to parts of the system which are fed by active signals.

Communication inside a system is realized by passing signal events between
components. The functionality of each component is described according to its
constitutive equation just as in the approaches using direct methods, but now em-
ploying the event scheduling mechanism.

A generic event-driven simulation flow is given in Figure 5.1 [27]. The sim-
ulation time is advanced to the next time for which transactions are pending; this
becomes the current simulation time. Next, the simulator retrieves from the event
list the events scheduled to occur at the current time and updates the values of
the active signals. The fanout list of the active signals is then traced to locate
the activated elements. This process parallels the propagation of changes in the
behavioral conception of the circuit. The evaluation of the activated elements may
result in new transactions. These are scheduled to occur in the future according to
the delays associated with the operation of the elements. The simulator inserts the
newly generated transactions in the event list. The simulation continues as long as

there is logic activity in the circuit; that is, until the event list becomes empty.

4Event-driven simulators use input description languages such as the VHDL language [25] or
the Verilog language [26]. The discussion in this section makes use of the VHDL terminology. The
general setup for the simulation of a non-linear electrical system from Section 2.1 is maintained
here.
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Advance simulation time

\
Determine current events STOP

Update values

Propagate events

Evaluate activated elements

Schedule resulting transactions

]

Figure 5.1: A generic event-driven simulation flow

5.4 Multi-level simulation capabilities

Assume that the network contains components described at various abstraction
levels Ly, Ly, etc. Traditional simulators based on direct method have to gather
functionally related components from one level, say L, into a larger component at a
higher hierarchical level, say L,. By applying in a recursive way the above technique,
one finally gets the topological and constitutive equations of the global network.
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By using this setup the steps needed to simulate the operation of a component

positioned lowest in the hierarchy are:

1. build in a bottom-up manner the system description,

2. solve the global system equation, and

3. get the results for the specified (atomic) component.

These three steps are presented in Figure 5.2.

(2) solve the system equation

R

L,

CE

(1) build bottom-up the system equation

Ly CE

CE

TE

CE

(3) get the results for a specified component

Figure 5.2: Simulation over levels of hierarchy from the perspective of flat direct

method

Such an approach is based on flattening the hierarchy of the system under

consideration in one equation set (Kirchhoff laws and constitutive equations). Some

drawbacks of this all-in-one-equation approach are emphasized hereafter. Firstly,

the manipulation of one single equation becomes prohibitively expensive for large
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systems, in terms of memory consumption and especially in terms of run time.
Secondly, for each update of the system status the whole system equation must
be solved once again. The locality of the activity, which is to be encountered at
large in digital systems, is not at all exploited because of the flattened hierarchy.
Thirdly, and not least important, the equation-based approach, although it offers the
utmost accurate solution, is a singular approach, in the sense that it cannot easily
communicate with higher abstraction level simulation approaches (gate, behavioral,
or algorithmic).

Figure 5.3 shows conceptually how components from different hierarchical

Event list for signals

Ly CE [&-.. 5 CE (J

Figure 5.3: Simulation through many levels of hierarchy from the perspective of the
event-driven approach

levels interact with each other in the event-driven paradigm. Signal events are ex-

changed between components situated at any level in the hierarchy via the universal
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event list for signals. In this way not only the communication between components
at the same level, but also the communication between components at any different
levels in the hierarchy, becomes possible while keeping the representations of the
components separated.

For monitoring the time evolution of a system, an event-driven simulator
replaces the numerical integration methods of the direct methods with an event
scheduling mechanism.

In the event-driven simulation approach, the constitutive equations of the
components are kept by construction separated from the topological equations. The
latter are distributed over the signals which interconnect the components.

In summary, the event-driven approach offers the following:

e Level transparency is enabled in a natural way. Components at various levels
of abstraction (transistor, gate, and register transfer level) described in a sin-
gle description language are accommodated within an event-driven simulator.

This allows the usage of a single simulation algorithm.

e Simulation efficiency is considerably enhanced, because a single algorithm
provides for enhanced simulation speed, and the locality of the signal activity
is now exploited: instead of re-evaluating the overall system state at each
update, only one part, the activity channel, is re-evaluated.

o Simulation of large and complex systems becomes possible. The problems

related to the manipulation of large equation sets are eliminated.
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Chapter 6

Transistor inertia
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The theory of transistor operation is the theory of charge distribution and
redistribution in the transistor structure. The power supply terminals determine
fixed energy levels for the charge carriers, the logic circuitry modifies through the
control signals the energy levels of the carriers in its nodes. If a conducting path
exists between two regions with different energetic levels, then a net flow of charge
carriers will occur from the region with higher energy towards the region with lower
energy. Incorporating all consequences of semiconductor physics into the models for
simulation will definitely kill the compactness and efficiency that we set as a goal
for simulation of systems-on-a-chip. Compromising between model compactness
and simulation accuracy is a delicate task that required a lot of effort in the past
decades, an effort that has been amply rccorded in literature and is adequately
summarized in [16].

In spite of the incredible switching speeds feasible today, the lumped circuit

approximation is still justified: the sizes are of course important, but assuming that
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all electromagnetic phenomena are isolated from other parts of the system except
through terminal connections. This means that the charge conservation law applies
to the device, i.e., total charge neutrality.

6.1 Quasi-static approximations

For the static operation the constant terminal voltages determine the charge dis-
tribution inside the transistor structure. Flow of charge due to potential and/or
concentration gradient along a conducting path, is of course possible, but the total
charge inside a volume is constant in time, i.e., the charge amount that enters the
volume is equal to the charge amount that leaves the volume. This static flow of
charge is called transport current (I7) and has been the object of study in Chap-
ter 3. For the static case the terminal voltages completely determine the charge
distribution and the transport current.

When the terminal voltages vary in time, transistors will exhibit inertia,
because charges cannot be redistributed instantaneously. In theory, we have to
know the exact charge distribution at a certain moment and the imposed terminal
voltages from then on, to determine the momentary charge distribution. This is
however a fairly complicated process, as detailed studies have shown in the past
[28], too complicated to be used in simulation except for the smallest configurations
in todays systems-on-a-chip. The devices on these chips are relatively fast, so it
might be that a very common assumption in transistor modeling is still justifiable,
namely that the charge distribution at any moment is completely determined by
the actual terminal voltages at that moment. This assumption is called the quasi-
static assumption [16]. It can only be valid when the terminal voltage variations
are slow enough, and with the impact of interconnect in deep submicron circuits,
this is likely to be so.

In the following treatment we assume quasi-static operation, meaning that
the charge distribution is a function of the terminal voltages. Total charge inside a
volume can vary when a net flow is exchanging charge between the volume and its
exterior. A charge current is associated with this charge flow. Beside the transport
current (derived by analyzing the static situation), the quasi-static analysis of the
transistor has to deal with these charge currents that redistribute charge in response
to variations in the terminal voltages. The charge current through a terminal is a

measure for the rate of change of the charge associated with that terminal over the
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time.

The operation of the transistor inside a digital circuit can be regarded as a
large-signal operation. Usually the terminal voltages make full transitions between
the negative and the positive supply rail voltages and consequently the operation
point of the transistor crosses the borders between non-conducting, triode, and sat-
uration regions. Even if at the end of a switching cycle the voltage on a terminal is
clamped one threshold voltage away from a supply rail voltage, large-signal opera-
tion is still present. The large-signal operation implies that the charges associated
with the terminals show large and strong non-linear variations with the terminal
voltages when changing the operating region or even inside the same operating re-
gion. (Consider only the case of the drain inversion layer charge in triode region
versus the gate-to-bulk voltage.) The attempt to model the charge variations with
capacitors is laborious in order to be successful; the result is non-linear capacitors
(small-signal capacitors dependent on the operating point) and is incorporated in
very detailed models [29].

Our aim here is to propose a compact dynamic characterization for the tran-
sistor operating under full swing conditions, suited for the fast and accurate ma-
nipulation of large transistor circuits. Recalling the premises of the quasi-static

operation we proceed to an algebraic formulation:

qp = qo(vpB,vcB,VsB) (6.1a)
9¢ = 4c(vpB,vGB,VsB) (6.1b)
qs = as(vpB,vaB,VsB) (6.1c)
9 = 4B(vpB,vGB,VsB) (6.1d)

In (6.1) all the variables reflect large-signal (total) quantities with time variation.
The charge associated with each terminal depends on the voltage drops across the
MOS structure; the set of three independent voltages vpp, vep, and vsp, with
the bulk as the common reference, has been chosen to enact this dependency. The
functions qp, qa, qs, and gqp are identical to those which give the static charge
distribution.
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The charge conservation law is enforced by imposing

gp+9c+qs+qe =0 (6.2)

at any time instant during the device operation. It is important to recognize the
three causes of charge inside a fabricated transistor structure: (1) intrinsic, related
to the mechanism of inverting the semiconductor surface; (2) stray overlap, due to
the technological overlaps between the gate contact, on one side, and the drain,
source, and bulk regions, on the other side; and (3) stray reverse-biased junction,
due to the pn junctions from the diffused contacts on the inverted channel to the
bulk material.

From these three charge contributions, only the second one, the overlap, may
be modeled with constant linear capacitors [28]. The other two contributions are
strongly dependent on the terminal voltages. The charges contributed through
the intrinsic operation mechanism of the transistor may be accurately calculated
starting from the following integrals:

L, Ly, L T
qr = W/ qdy, qp= W/ —qrdy, qs= W/ (1 - —=)grdy, (6.3)
0 0 L 0 L

L L
g =W / gedy, and gg=W / qpdy. (6.4)
0 0

As the charge densities per unit area, q'X, are strongly dependent on the operating
region, it appears that the result of the integration will inherit the same dependency.
The small-signal intrinsic (trans)capacitances, each defined as the charge sensitivity
to a terminal voltage, appear to be dependent on the operating point. The charges
contributed by the reverse-biased junctions are obeying the basic theory of the
abrupt pn junction: they depend on the physical parameters of the junction and
have a polynomial variation with the reverse bias.

The time derivative of the total charge of a terminal defines the charge current

associated with that terminal. The charge currents associated with the transistor
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terminals are spelled out as:

, dgp ) dge

ipe = 4 i6o = 4 (6.52)
dgs dgp

isc dt 1BC dt (6 51 )

From the static operation! of the transistor it was recognized that only for the drain

and source terminals we have transport current.

Charge-wise the transistor terminals may be divided into two classes:

¢ terminals which only accumulate charge, G and B;

¢ terminals which accumulate charge and pass charge over to the other terminal

from the same class, D and S.

Charge accumulation is related to the charge current and charge passing is related

to the transport current. The total terminal currents appear to be:
ip =17 +ipc i¢ =igec (6.6a)
i = —ip +isC 1B = iBC (G-Gb)

v is the large-signal transport current and is equal under the quasi-static assump-
tion to the static transport current I7 calculated using the static formulation with

the instant terminal voltages instead of the static voltages.

In Figure 6.1 we indicate where the terminal charges are located and how the
charge and transport currents combine to give the total drain/source current. The
drain/source charge current, is tributary to the charge in the corresponding charge
region. According to the actual tendency of the terminal voltages, the amount of
charge inside a charge region is increased or decreased.

! The transistor is considered to operate under normal biasing conditions: both source-to-bulk
and drain-to-bulk junctions are reverse biased.
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ipC,
DCR

SCR
isc

Figure 6.1: a) Localization of the terminal charges in the transistor structure;
b) Channel region representation with transport current ir and charge currents
ipc, tsc. The charge currents may be regarded as contributing charge to the
drain/source charge regions (DCR/SCR).

6.2 Modeling large-signal charge variations

Consider an arbitrary CMOS circuit and mark all the devices connected with at least
one terminal to the positive supply rail (Figure 6.2). Assume that for each terminal
i from the accumulation-only class the charge variation Aql(l) over a certain time
interval [0, is known, and also that for each terminal j from the accumulation-
and-pass class the charge variation Aq(.z)

j
time interval [0, 7] are known. With this information one may calculate the charge

and the transport current zg )](t) over the

supplied by the power source to the digital circuit in the time interval [0, 7] as:

T
Agop =3 A + 527 + 5 / i (t)dt (6.7)
i J J
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Figure 6.2: Representative p transistors connected to the positive supply rail (1)
with an accumulation-only class terminal (2) with an accumulation-and-pass class
terminal

The energy consumption of the digital circuit may be further calculated as:
T T
E = / (ui)dt = VDD/ idt = Vpp - Aqsup (6.8)
0 0

It is sufficient to know the charge variation and the transport current asso-
ciated with each of the device terminals connected to the positive supply rail to

obtain the energy consumption over a time interval.

Take the case of a p-transistor connected only with the bulk to the positive
supply rail? depicted in Figure 6.3a. Assume that for each switching event (gen-
erated by the switching of at least one input) the other terminals are large-signal
active, i.e., they undergo well-defined large-signal voltage swings: Avpgp, Avgp,
and Avgp. Assume also that a method is available to evaluate the corresponding
terminal charge variations: Agp, Aqg, and Agg (each Agy is the effect of the

large-signal voltage variations on all the active terminals).

We may model the large-signal charge variation associated with an active

terminal with an average (large-signal) capacitor connected between that terminal

2Just think of p-transistor in a nor2 cell, connected on the drain-end to the output terminal of
the cell. First is switched off the other p-transistor is switched off, then the one under consideration.
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Figure 6.3: p-transistor operating under large-signal conditions a) A complex
switching event b) Dynamic modeling using average capacitors around the static
model

and the bulk. The value of the average capacitor is given by:

Cxp = , with X = [D,G, S]. (6.9)

In Figure 6.3b we show how the p-transistor operating in full swing condi-
tions has been modeled with average capacitors (accounting for the dynamic charge
variations) added to the static model (accounting for the transport current con-
trolled by the terminal voltages). It appears that the model satisfies inherently
the charge conservation law (6.2), as each average large-signal capacitor has one
terminal connected to the bulk.

Two particular situations may occur: (1) besides the bulk there is an addi-
tional terminal (usually the source) connected to the supply rail, and (2) during a
switching event the voltage of a floating terminal does experience none or insignifi-
cant variation.

In both situations there is charge variation, but no voltage swing. The latter
situation is considered not of interest for the large-signal capacitance calculation
and a different switching event has to be selected for this calculation.

In the first situation the definition of an average capacitor associated with the

extra terminal connected to the supply rail is no longer possible (Avx g = 0). Can
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Figure 6.4: p-MOS transistor with both the bulk and the source terminals connected
to the positive supply rail a) Large-signal digital operation b) Dynamic modeling
with a reduced set of average capacitors

we model the other charge variations by average capacitors to estimate the charge
supplied by the power source? With reference to Figure 6.4, the charge supplied
to the circuit via the transistor under consideration is calculated for the case with
exact modeling as:

T
Aqsup = AqB + AqS + / iT(t)dt (610)
0

and for the case with large-signal capacitors as:

T
Adouy = Adp + / ir(t)dt (6.11)
0

In both cases there is charge conservation: Agg + Ags = —(Agp + Agg)
and Agp = —(Agp + Agg). By construction the large-signal charge variations are
identical in both situations, i.e., Agp = Agp and Agg = Agg. Assuming that the
transport current for the average capacitors model has the same time evolution as
for the exact model, i.e., ip(t) = ip(t):

Agsup = AGsup (6.12)
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We have just proved the following:

Lemma. The average capacitors approach gives the same estimate for the energy
consumption as the exact approach, if the time-evolution of the terminal voltages

and of the transport current are identical in both approaches.

The assumption that the transport current for the average capacitors model
has the same time evolution as for the exact model is violated for at least two rea-
sons: (1) the static model we use with the average capacitors predicts a slightly
different transport current compared with the exact static model, even when the
terminal voltages are the same; and (2) the terminal voltages for the average ca-
pacitors model are slightly different from those for the exact model, even when the

same static model is used. We can formally express this two-side error as:

iT(t) =ir (’UDB(t),’UGB(t),’USB(t)) (6.138,)
~ir(vps(t),vap(t), vsa(t)) (6.13b)
~ it (Ups(t), Tes(t), Uss(t)) = ir(t) (6.13¢)

The approximation in (6.13b) is due to the the collapsible current source model
linearizations and the approximation in (6.13c) owes to the constant average capac-
itors modeling. We will claim that the errors introduced by these approximations

stay within reasonable limits.

Claim 1. The average capacitors approach is within 5% error for the energy con-

sumption estimation when compared with the exact approach.

Claim 2. The average capacitors approach is within 5% error for the timing esti-
mation when compared with the exact approach. Also the waveforms for the average
capacitors approach are good approzimations for those obtained with the exact ap-

proach.

Both claims are supported by the experimental results to be presented in Chap-
ter 8.
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6.3 Evaluating large-signal charge variations

Up to now we assumed the availability of a method to evaluate the large-signal
charge variations inside a transistor. Now we present such a method.

Consider a transistor connected with the bulk to the appropriate supply rail
and with the drain, gate, and source to active nets. Let A be the initial state and B
the final state of a digital switching event, i.e., at the times ¢4 and tp the terminal
voltages reach a steady state. For generality we accept that all the active terminals
of the transistor under consideration experience large-signal voltage sweeps during
the A—B transition.

Our goal is to find quantitative expressions for the total charge variations
Aqé"’B , Aqé_’B , and Aqg—’B . In the quasi-static assumption the charge variations
depend only on the initial and final terminal voltages; the charge variations are
independent on how the transition between A and B is performed.

By differentiating (6.1) we find the small-signal charge variations due to

small-signal terminal voltage variations:

dqp Jdap Jap
= d d —d 6.14

dgp I vpB + Bog vep + Buse USB ( a)
dqa dq qc

dgg = d d d .14b

96 =75 Upp + Bug veB + GuaplvsB (6.14b)
8qs aQS Jqs

dgs = dvpg + dvgp + dvsp (6.14C)
B BvG 81)53

dqx
Each quantity 3 represents the sensitivity of the charge associated with the X

Vy B
terminal, ¢x, with respect to the voltage on the Y terminal, vy g. These sensitivities

have the dimension of a capacitance and depend on the actual bias point:

dax
81)y B

= fxv(vpB,vaR,vsB)-

dax X
= is named capacitance and Cxy £ —- with X # Y is named

N é)vXB VY B
transcapacitance. Relations (6.14) inherit the fact that the charge associated with

Cxx

one terminal is determined by all the terminal voltages.
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We may calculate the total charge variations during the A—B state transition

by integrating (6.14) between the generic points A and B:

B 9 B 9 B o

AqA—}B / a0 dvpp —I—/ 4o dve +/ a0 dvgp (6.15&)
4 Ovpp 4 Ovgs A Ovss
B 9 B 9 B9

AqA"B / de dvpp + dc dvgs +/ de dvgp (6.15Db)
4 Ovps 4 Ovgas A Ouss
B 9 B 9 B 3

AqA%B / as dvpp + as dvep +/ as dvsg (615(5)
A 81)1)3 A 8vGB A BUSB

As we recognized earlier, Aq4~? depends only on the initial and final states. To ren-
der the integral calculations easier, we may choose a particular path between A and
B passing through the intermediate states C and D which satisfy t4 < t¢c <tp <t»B
and AvAZC = Avig© =0, AvEgP = AvSgP =0, and AvBg? = AvBg P =0.
In this particular situation the terminal voltages execute their large-signal swings
not overlapping in time throughout the interval [t 4,tp], but separately: vpp in the
interval [ta,tc], vgp in the interval [te,tp], and vgp in the interval [tp,tp]. The
set (6.15) is rewritten for this particular case as:

¢ a D 5 B 9

Agh~B = I o + / I ves + / I vss (6.16a)
A 8’UDB C a’UGB D 81;53
ca D 3 B 9

Agh™B = 9 ops / I ves G 1vss (6.16b)
4 Ovpp ¢ Ovgs p Ouvse
¢ 9 D a B a

Aqg—)B = / as dvpp + ﬁd’UGB -I-/ as dvsp (6.160)
A 8vDB C 6UGB D (9’033

For the transistor under consideration, we have:

Statement. The charge sensitivities with respect to the terminal voltages (small-
signal capacitances and transcapacitances) are easy to deduce once the y-parameters

at a certain frequency are known.
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Figure 6.5: Experimental setup for the measurement of the yy-parameter

Support for the statement. For the calculation of we consider the experimen-

q
dvyp
tal setup of Figure 6.5 where all terminals except Y are AC-grounded. The necessary
DC-biasing is not shown. A small-signal AC-voltage v, with frequency f is applied
at terminal Y and the small-signal short-circuit charge current i,. is measured at

terminal X. In the time domain we have the following dependency:

dgx  Oqx dvyp  Oax dvy,

e X _ : - Y 6.17
’ dt vy m dt Ovyp dt ( )
Relation (6.17) is spelled out in the frequency domain as:
0 Im
ax  Im(yxy) (6.18)

0vy3 o 27rf

Yxy is the high-frequency complex parameter that relates the complex current I
in terminal X to the complex voltage V, at terminal Y, in the conditions of the

above setup.

I
V_X £ Yxy = Re(}'xy) +7- Im(yxy) (6'19)
¥IVi=0k£y

O
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Figure 6.6: Static CMOS inverter and input/output waveforms during normal op-
eration

With the y-parameters available from high frequency measurements, we have
reduced the charge variation calculations to simple numerical integrations.

6.4 Dynamic characterization of an inverter

Figure 6.6 shows the connection of the p- and n-transistors in the static inverter
configuration and the input/output voltage waveforms for a high-to-low switching
event. At times ¢4 and ¢p the voltage signals have stabilized at the 0 or V, levels.

We are going to follow in some detail the calculation of Agf};# for the n-transistor.

Example. Agp calculation for the n-transistor in the inverter configuration.

As stated on page 81, the drain charge variation during the A — B transition
does not depend on the series of intermediate states between A and B. We choose the
intermediate state C as in Figure 6.7 in order to decouple the gate voltage variation

from the drain voltage variation and thus render an easy integral calculation. T'wo
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Figure 6.7: Decoupled input/output voltage waveforms used for the calculation of
large signal charge variations

steps are taken for the integration:

A ¢ )lvpB=VoD and € — B V0B (Vbp \(0)

vep = (0, Vpp) veB = Vpp

The drain charge variation becomes:

¢ dqp B dqp
Agh B = dvgp + / dv
D.n a4 Ovgs vGn o ovpg P

€ Im(yaq) B I'm(yaa)
= e —'d
/A 2r f e + /c onf PP

f is the frequency at which the RF-parameters yqgy and yqq have been tabulated as
functions of the static point voltages Vgp and Vpp. O

Similar calculations may be carried out for Aqé;{B, Aqﬂ;B, and Aqé;B.

As the voltage variations for each active terminal are known and well defined, the




86 CHAPTER 6. TRANSISTOR INERTIA

C~'GB, —_— 1 ~
’ ——I —Cbsyp
IN o—o ——————— QUT
1 —_I ——Cbpsn

Copm
L S0

Figure 6.8: Complete model for a CMOS inverter using large-signal average capaci-
tors for the charge variations and collapsible current source models for the transport
currents

dynamic characterization of the inverter is completed by setting

A—B A—B
=~ _ AqD,n éGB AqG,n
DBin = 7A-3-F m= A58
AvGyr Avpy
B A—B
bl Aqu G A‘ZG;
DByp = A=B GB,p = A58
Avgpr Avpy

In Figure 6.8 we show how the average capacitors are to be connected around
the static models of the transistors in order to obtain accurate power consumption

and waveform estimations.

6.5 Average capacitors

We considered the dynamic operation of the MOS transistor in digital circuits. We
proposed to model the large-signal terminal charge variations with average capaci-
tors. For this analysis we assumed quasi-static operation.

We observed that the charges associated with the MOS transistor terminals
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have a non-linear dependency on the potentials on all four terminals. Therefore, to
build a compact dynamic model for the MOS transistor we proposed to use average
capacitors. We proved that modeling of charge currents with large-signal average
capacitors is an analytically sound method in what concerns the power consumption
and waveform estimations for a digital CMOS circuit.

We described a practical method to calculate the average capacitances start-
ing from the RF-parameters of the MOS transistor.
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Chapter 7

One language, one algorithm
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The investigations from the previous chapters for an efficient system-on-a-
chip simulation approach have revealed the following necessary items: (1) a com-
pact, minimal model for the transistor, consisting of the piecewise linear formulation
for the static behavior and of the average capacitors formulation for the dynamic be-
havior, and (2) an efficient simulation method, based on the event-driven paradigm.
The efficiency of the event-driven simulation method stems both from the usage of
one single algorithm for manipulating descriptions at multiple levels of abstrac-
tion and from the combination of local modeling with global signaling. At present,
event-driven simulators can accommodate system components described at gate,
register, or higher levels. One more item is needed to reach a consistent approach
for system-on-a-chip simulation: (3) a package to capture the transistor level opera-
tion of a system component, and accepting as input the same event-driven modeling

language that is used for the higher abstraction levels.




90 CHAPTER 7. ONE LANGUAGE, ONE ALGORITHM

In principle, the modeling concept that we will follow here should be feasible
for implementation in VHDL [25], Verilog [26], or any other hardware description
language accepted as input language by an event-driven simulator. Here we use the
VHDL language (see Appendix C for some language concepts) because its feature of
strong typing offers the user the freedom of defining own types. The VHDL package
that we propose is targeted at capturing continuous aspects of circuit operation in

an event-driven simulator, a concept originally meant for discrete circuits.

7.1 Voltage and current events

In general, the event-driven operation of a system is rendered by the sequential
evolution of each system variable through values from a finite discrete set. A sys-
tem variable changing from one to another value in the set is associated with an
event at the calculated moment of time. The interaction between any two system
components, from the same or from different abstraction levels, is modeled by event
passing.

In order to capture the continuous behavior of an electrical system within an
event-driven simulator, voltages and currents have to be taken into consideration.
An enumeration type, named VL, is defined for replacing the continuous voltages,
and a real type, named MC, is provided for the currents.

The discrete voltage levels are equally spaced between the ground and the
power supply limits. The spacing (GAP) between the voltage levels determines the
voltage resolution. An example of the VL type declaration is given in the first part
of Figure 7.1.

The currents are allowed to take values inside a real interval, by defining a
real type for currents. The same goes for currents through a current controlled
device. The currents through a voltage controlled device will however have discrete
values, given the discrete VL type. An example of the MC type declaration is shown
in the middle part of Figure 7.1.

The two types VL and MC are combined into a record type called TERM. Each
port of an entity is of the type TERM. Because a terminal of a device is either voltage
or current controlled, the mode of a port must be “inout”. Consequently the types
VL and MC are of a “resolved” kind. The type declaration for TERM is given in the

VL stands for voltage Levels, while MC stands for Mos transistor Current.
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last part of Figure 7.1.

1}

constant VDD : real :
constant GAP : real :

2.7;
VDD/8.0;

\ type VL_unres iS ()0;’;11’)21’:3:,14;’;57’;6)’)7:’18));
subtype VL is resolve_VL VL_unres;

i type MC_unres is range -1.0 to +1.0;
subtype MC is resolve_MC MC_unres;
type TERM is record
v : VL;
i MC;
end record;

Figure 7.1: VHDL code used to declare the VL, MC, and TERM types

To keep the model implementation task manageable, we have to be aware of

the controlled nature of the various circuit level components.

e The static MOS transistor is a voltage controlled device: the terminal volt-
ages completely determine the terminal currents; or using event terminology:
a voltage event on any terminal generates a transaction on each terminal

current.

e The capacitor is a current controlled device: a current event on its variable

terminal schedules a voltage transaction on that terminal.

e The electrical net is implemented as a stand-alone component: it has voltage
controlled terminals to interface with voltage controlled devices, and current

controlled terminals to interface with current controlled devices.

o The resistor is a voltage controlled device: voltage events on any terminal

generate current transactions.
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7.2 Constitutive processes

Transistor The modified collapsible current source model is characterizable by
two parameters: the threshold voltage Vi and the width of the submicron transistor
W, which modulate the strength of the equivalent current source. This model
is voltage controlled, as the terminal voltages completely determine the terminal
currents. The Vgg vs. Vpg control voltage plane is divided into four operating
regions (non-conducting, forward-saturation, reverse-saturation, and triode) by four
half-lines with a common intersection point, as shown in Figure 4.6 on page 54.
The VHDL implementation of the collapsible current source model is based
on a table look-up method. The terminal voltages determine the operating region
and the drain current is calculated accordingly. The behavior is confined inside one
process which is sensitive to voltage events on the four terminals. Each voltage
event triggers the calculation of the actual operating region and the process ends

up assigning new values to the terminal currents. O

Linear capacitor Average linear capacitors were introduced in Chapter 6 for the
compact modeling of large signal charge variations in the MOS transistor struc-
ture. Essentially, these linear capacitors are virtually grounded, i.e., from the two
terminals only one can experience potential variations.

The voltage across the capacitor is proportional to the time integral of the
current through the variable terminal. So the capacitor is a current controlled
device. Yet, although the voltage across the capacitor is quantized due to the VL
type the model keeps track internally of the continuous variation of the voltage
on the capacitor. The integral is calculated incrementally. Current integration
over time can be translated into event language as that at each integration step a
transaction is put on the voltage driver for a future time (with a certain time delay).

Assume that during actual simulation the current through the variable ter-
minal gets imposed a new value. The time delay needed for the voltage on the

capacitor to reach the next voltage level is then calculated by:

[next_voltage_level — continuous_voltage|
|new_current|

time_delay = capacitance x (7.1)

Note that if the current variation through the capacitor were to be precise, then

the timing of the voltage events would be precise too.
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What should the delay type be for the assignment to the voltage signal of
the variable terminal? Transport delay is not the right choice, because an existing
scheduled transaction is not removed when a new transaction is put on the driver of
the voltage signal after the already existing one. Were the delay of transport type
then the prediction of the capacitor voltage would be in error. The problem is less
severe for the inertial type of delay, when an already existing transaction is removed
by the new transaction scheduled for a later time, except for the case when the two
transactions schedule the same voltage level. To completely solve the problem, the
enumeration type VL has been enhanced with an exceptional item dedicated only
to removal purposes. This item was baptized >X’ and in Figure 7.2 we indicate

the intended usage sequence. The time constant infinity has a relatively high

pinl.v <= ’X’ after infinity;
-- other sequential statements
pinl.v <= next_level after delay;

Figure 7.2: Assigning values to the variable terminal voltage of a capacitor

value, usually not encountered for normal delays. It may be assigned the highest
representable time value for the available simulator (time’high). The first inertial
delay signal assignment says that all existing transactions will be removed from the
driver of the signal, given that none has scheduled a value of X’ and all are sched-
uled earlier then infinity elementary time units from now on. The second inertial
delay signal assignment finds only an >X’ scheduled after infinity elementary time
units. The next_level transaction scheduled after delay will remove the existing
X’ transaction, as the former appears before the latter. After these two signal
assignments have been executed, only the desired next level transaction will be

present on the driver of the signal. O

7.3 Topological processes

The individual components have to be glued together in order to obtain the electric
circuit functionality. The abstraction for the “glue” is called electrical net. Its

function is to enforce Kirchhoff’s laws: voltages around a loop of nets add to zero
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(Kirchhoff voltage law), and currents entering a net add to zero (Kirchhoff current
law). Kirchhoff voltage law has the under-laying assumption that all the terminals

connected to a net have the same potential.

Supply net The supply net is meant to model the connection of device terminals
to constant voltage sources. It has a constant potential, imposed by one privileged
terminal, where the voltage source is connected. A supply net has one current
controlled terminal and one or more voltage controlled terminals.

The operation of the supply net, described in event terminology is:

e cach voltage event on the current controlled terminal is replicated over all its

voltage controlled terminals (Kirchhoff voltage law), and

e cach current event on any of the voltage controlled terminals triggers the
calculation of the current through the current controlled terminal as the sum
of the currents through the voltage controlled terminals (Kirchhoff current

law).

With this approach to modeling the power supply nets, it is straight forward
to obtain the current consumption of a cluster of gates: each gate has its power
supply net and there is one extra power supply net for the cluster, which adds the
individual current consumptions of the gates. O

Capacitive net The capacitive net has one or more capacitor variable terminals
connected to it and can be extended with other capacitive net(s). The potential on
a capacitive net can float between the ground and the supply potential limits.

A capacitive net has one or more current controlled terminals and one or
more voltage controlied terminals. The current controlled terminals are meant
for connecting to capacitors or capacitor-like devices, while the voltage controlled
terminals are meant for connecting to voltage controlled devices (e.g., transistors,
resistors).

The normal operation resembles that of the supply net. A voltage event on
any current controlled terminal is replicated over the voltage controlled terminals
(Kirchhoff voltage law). A current event on any voltage controlled terminal triggers
the summation of the currents through the voltage controlled terminals, followed
by the weighted distribution of this sum current to the current controlled terminals
(Kirchhoff current law).
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A major difference between this capacitive net and the supply net is the be-
havior during the initialization phase. This has been adapted to allow for correct
manipulation of multiple capacitors and capacitor-like devices connected to a ca-
pacitor net. This situation occurs when the user wants to fan-out the signal from
the output of a gate to an arbitrary number of load gates. This is equivalent to
distributing the total charge/discharge current available from the output to the var-
lous capacitances connected to the ground or to the power supply lines. But the
output does not know a priori which one will be the external capacitive load. A
solution based on the event driven paradigm was identified (see [30]); it allows a
correct waveform estimation at the output of a gate for any loading conditions and

the distribution of this waveform to all the supplied inputs. 0

7.4 Model calibration

In Chapter 3 a compact PL model was presented for the transport current through
the channel of a deep submicron MOS transistor, namely the collapsible current
source model. Then, in Chapter 6 a compact model was introduced for the large
signal charge variations in the MOS transistor structure, model which makes use
of average linear capacitors. To obtain accurate simulation results (waveforms,
delay, power) when using these models with any of the simulation approaches from
Chapter 2 or from Chapter 5, the designer has to carefully calibrate the parameters
of the models. For the modified collapsible current source model one should set
adequate values for ki, ks, and Vr and for a MOS transistor operating in a certain
configuration one should “fix” the corresponding average capacitors to appropriate
values.

From the user point of view the modified collapsible current source model
has one design parameter, W-the width of the transistor, and one process param-
eter, Vr-the threshold voltage. For a given technology the model-developer should
determine the values of k; and k; based on W and Vr.

In Chapter 3 it was shown that in the saturation region as well as in the triode
region the current scales linearly with the transistor width (the Ip = f(Vps) |Ves=ct
characteristic scales in amplitude linearly with W). Moreover, the separation be-
tween the operation regions in the Vzs vs. Vg control voltage plane is independent
of the transistor width (see Figure 4.6 on page 54). From either of these two facts

one may see that the large signal conductances k; and k; are proportional with W.
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START

\

Fix the large signal capacitances

Fix Vo and estimate k2 based on the

Ipsar = f(VGS)lVDs=VDD characteristic

Estimate € based on the
Ip = f(Vps)|vgs=ct characteristic

\
Tune ko using the circuit type A

Tune 6 using the circuit type B

Accuracy
satisfied?
STOP : Tune

Figure 7.3: Iterative procedure for the collapsible current source model calibration
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Consequently, the specific large signal conductances defined as
K1 =ki/W and Ko = ko /W (7.2)
are technology constants. Their ratio is also a constant:
K1 = ko, with 6 a technology constant. (7.3)

We remark that from the model-developer point of view it is convenient to
use k2, 0, and Vr as model parameters. These parameters are to be deduced for a
nominal width (W = 1um) transistor. Transistors of any width are then calibrated
automatically.

Figure 7.3 presents an iterative procedure for calibrating the static and the
dynamic compact models associated with a MOS transistor. From charge conser-
vation considerations, once the capacitor values for the transistors are calculated
according to the methodology presented in Section 6.3, these values should be kept
fixed during the calibration procedure.

Next, the Vi value is fixed based on the Ip sar = f(Vas)|vps=vpp charac-
teristic; using the same characteristic the value of k, is estimated. The correlation
parameter ¢ is then estimated based on the Ip = f (VDs)|vgs=ct characteristic
family.

The k2 parameter is responsible for the current in the saturation region. Its
value is best tuned in a switching configuration where the effect of x5 is maximized
with respect to the effect of x;. Such a configuration is a simple inverter driven by
a fast input transition; we call such a configuration a type A circuit.

The x; parameter is responsible for the current in the triode region. Its value
is best tuned in a switching configuration where the effect of x; is maximized with
respect to the effect of k3. Such a configuration is where a series connection of
transistor channels appears in the N- or the P-block of a CMOS gate, e.g., a NAND
or a NOR gate; we call such a configuration a type B circuit.

With charge conservation satisfied by construction and accurate timing ob-
tained by the above calibration procedure, one is assured of an accurate power
consumption estimation when using the proposed approach.

The proposed calibration procedure may be performed having as reference
either the simulation results obtained with complete, detailed modcls (as available

with the SPICE simulator) or the direct measurements on fabricated test circuits.
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In either situation the calibrator has to do static and transient measurements on
a few conveniently chosen circuits. Then, the calibrated models are guaranteed to

perform well in all situations.

7.5 Using the VHDL-MOS package

This section shows through a simple example how the VHDL-MOS components
are to be put together. A static CMOS inverter is presented in Figure 7.4. At the

vdd-net:netsup cC —
ve vC Ve ve
mos2:
. _ 1 pmos R )
capip: capop:
cap * * | cap
. cc ve e ccC
=, in-net:nefcap ve ve out-net:netcap . cc
. e o
capin: capon:
cap ] mosl: cap
nmos
r—{ve V€ vss-net:netsup ve ve ve ce

Figure 7.4: VHDL-MOS schematic of a CMOS inverter

schematic level the major difference when compared with traditional representations
is the emphasis on electrical nets as separate components. A dot on a capacitor
symbol indicates the variable terminal, while a dot on a capacitive net symbol
represents the reference (first) voltage controlled terminal.

Figure 7.5 shows some simulated waveforms for the inverter. The input volt-
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Figure 7.5: Simulated waveforms for a falling transition at the input of a static
CMOS inverter obtained using the VHDL-MOS package; the SPICE reference ap-
pears in dashed line.

age is provided from the output of another gate and the output is loaded with
a similar gate. The voltage waveforms have step transitions between the discrete
voltage levels, hence the “analog-like” attribute. Both the input and the output
voltage waveforms have clear analog features, e.g., finite and variable equivalent
slope during the transitions.

The third waveform shows another important feature of the VHDL-MOS
package: the capability to accurately simulate the power consumption of the MOS
gates. The current through the power supply connection appears as a step-wise
waveform also, because of the voltage discrete naturc. But, as the current is of a

continuous type, the width of the current step is not uniform.
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The approach that we proposed so far in this thesis opens the perspective for
efficient analysis of large systems that have components described at multiple levels
of abstraction.

We will consider experimental results regarding the usage of the presented
modeling and simulation approaches on a couple of submicron CMOS circuits.

The models that we used are the following:

1. for the static behavior of the deep submicron MOS transistor, the modified

version of the collapsible current source model (see Section 4.4);

2. for the dynamic behavior of the deep submicron MOS transistor, the average
capacitors model (see Section 6.2).

As a reference to compare our results with, we used the SPICE simulator [31],
i.e., a circuit simulator with detailed models. We used the same generic circuit

description to obtain first the SPICE description, and then the cvent-driven and
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the piecewise linear ones, respectively. For the event-driven description we have
used the VHDL language as proposed in the IEEE Std. 1076-1987 [25] and the
VSYSTEM simulator [32]. For the piecewise linear description we have used the
NDML language [33] and the PLATO simulator [34].

8.1 Libraries

We began our experiments by describing at circuit level a complete logic library,
consisting of inverters, NAND gates, NOR gates, various types of latches and flip-
flops, transmission gates, and tristatable buffers. For each element of this logic
library we have created two new descriptions, apart from the SPICE description:
one for the event-driven simulation using the VHDL-MOS package, and one for the
piecewise linear simulation using the NDML language. This is presented in Figure
8.1. At this stage, after verifying the functionality of each element, we calibrated

Logic cell library

VHDL-MOS
description

Piecewise linear
SPICE description
description

Figure 8.1: Various descriptions of each element of the logic library

the model parameters using the methodology that we devised and presented in
Section 7.4. As a fit criteria we used the timing of the cells. We minimized the
timing difference in comparison with the SPICE based models. Examples showing
the difference between the waveforms obtained with our models and those obtained

with the SPICE model are shown in Figure 7.5 and in Figure 8.2.
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Figure 8.2: Simulated waveforms for a static CMOS inverter using the PLATO sim-
ulator; the SPICE reference appears in dashed line.

8.2 Complex digital circuits

To evaluate the performance of our modeling approaches we have built more complex
test circuits based on this logic library. We translated each such test circuit to three
descriptions corresponding to the three versions of the library. We performed the
comparison in terms of timing and power consumption accuracy, and simulation
efficiency (CPU run-time). The results of the former comparison are presented in
Table 8.1 and Table 8.2, while those of the latter in Table 8.3 and Table 8.4.

We considered two classes of complex designs: adders and multipliers [35].
The Csaxx circuits are carry select adders on 4, 8, 16, and 32 bits. The arrayxx
and treexx circuits are 4x4, 8x8, and 16x16 bits multipliers, with array and tree
architectures. These tables present the accuracy of the delay and power estima-

tions obtained with the event-driven and piecewise linear modeling approaches. As
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VHDL-MOS accuracy PLATO
8 levels 28 levels accuracy
[ Circuit || Delay | Power || Delay | Power || Delay | Power
Csad 0.29% | 1.21% || -2.98% | 3.92% || 0.54% | 1.52%
Csa8 0.09% | 1.36% || -2.63% | 3.50% || 0.23% | 1.90%
Csal6 0.95% | 1.74% || -1.93% | 2.33% || 0.49% | 2.33%
Csal32 1.29% | 1.39% || -1.36% | 1.711% || 0.33% | 1.55%

Table 8.1: Delay and power estimation accuracy relative to SPICE for the carry
select adder

VHDL-MOS accuracy PLATO

8 levels 28 levels accuracy
[ Circuit | Delay [ Power [| Delay | Power || Delay | Power
Arraydx4 7.85% | 5.80% || 4.51% | 7.17% || 3.42% | 6.66%

Array8x8 10.12% | 7.42% || 5.73% | 7.97% || 4.39% | 6.81%
Array16x16 || 10.69% | 9.03% || 5.85% | 8.62% || 4.45% | 7.05%
Treedx4 11.15% | 5.38% || 5.68% | 7.25% || 3.91% | 6.86%
Tree8x& 9.17% | 5.80% || 6.67% | 6.61% || 4.38% | 7.34%
Treel6x16 6.35% | 7.77% || 2.29% | 7.59% || 3.77% | 6.80%

Table 8.2: Delay and power estimation accuracy relative to SPICE for various mul-
tiplier architectures

reference we used the estimations obtained with SPICE. We performed the delay
measurements according to the 50/50 method and we considered the power con-
sumption proportional with the time integral of the current through the voltage
supply. We did the experiments with two different resolutions for the voltage vari-
ables: 8 and 28 levels. The simulation results show that the modeling approach
that we took has a very good accuracy: the delay and power are estimated typically
within a 5% error margin, independent of the size of the design.

Regarding the simulation efficiency we see that the transistor-level event-
driven simulation approach is better, offering more than 10 times reduction in the
CPU time compared to SPICE (at best 32 times). The speed-up factor increases with
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the size of the circuit, as an event driven simulator takes advantage of the locality
of the activity in a digital circuit. Furthermore, a reduction in the resolution of the
VHDL-MOS package from 28 discrete voltage levels down to 8 brings a simulation
speed-up factor of 3 to 4, as in the plot presented in Figure 8.3. The accuracy loss
due to the reduction in the number of voltage levels is acceptable: less than 3%.

35 T T T T

25 [

15

CPU time][s]
|

! 1 1 1 1
0 3 10 15 20 25 30

# of levels

Figure 8.3: Influence of the number of discrete voltage levels in the VHDL-MOS
package on the simulation time

A state-based piecewise linear simulator will be slower than the electrical level
simulators on electrically modeled circuits and also slower than digital simulators

on digitally modeled circuits [36].
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VHDL-MOS speed-up factor
| # of levels [[ Csad | Csa8 | Csal6 | Csa32
28 levels 249 | 3.74 4.72 7.80
8 levels 8.13 | 847 | 12.60 | 25.44

Table 8.3: VHDL-MOS simulation speed-up factor relative to SPICE for the carry
select adder

VHDL-MOS speed-up factor

Array Tree
| # of levels | 4x4 | 8x8 l 16x16 | 4x4 I 8x8 | 16x16
28 4.07 7.76 | 14.49 3.78 4.35 | 13.02
8 10.17 | 21.28 | 31.95 || 11.44 | 16.88 | 29.93

Table 8.4: VHDL-MOS simulation speed-up factor relative to SPICE for various
multiplier architectures

8.3 Mixed analog/digital circuits

In this subsection we will present the results of our experiments in the simulation
of more analog-like structures using the VHDL-MOS package. We have chosen
for a charge pump phase-lock loop [37] due to its good mix of digital and analog
structures. An implementation of such a loop is presented in Appendix D. The
operating principles of the charge pumps, the starved-current inverter ring oscillator,
and the loop filter, which are true analog blocks, recommended it as a test case
situated at the interface between digital and analog circuitry.

Our main goal was to observe the behavior of the loop, i.e., the output digital-
like signal of the starved-current inverter voltage-controlled oscillator, in the two
operation modes of the loop: acquisition and tracking.

We mapped each component block of the diagram presented in Figure D.1
on page 153 in terms of cells from the VHDL-MOS library. Then we simulated
the loop using as simulation parameter the number of discrete voltage levels which
defines the resolution of the VHDL-MOS package.
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A remarkable difference noticeable in the output of the voltage-controlled
oscillator in comparison with a SPICE simulation was in the tracking mode. A
sample of the continuous time simulation is presented in Figure D.10 on page 159.
This difference shows up as hops of the output frequency of the voltage-controlled
oscillator between two discrete values. This is presented in Figure 8.4.

5-0j 1 M1 M —W”PTTWTWTTF_
po L A 1 g A )

Time[ps]

Figure 8.4: Output waveform of the voltage-controlled oscillator, as simulated with
the VHDL-MOS package with 28 voltage levels

We explain this by the fact that in our modeling approach any node volt-
age is discretized on a finite number of levels. Hence, the control voltage of the
voltage-controlled oscillator can only take values from a finite set, the one that we
define when setting the resolution of the VHDL-MOS package (in the case pre-
sented in Figure 8.4 there is a resolution of 28 voltage levels). Accordingly, the
output frequency of the voltage-controlled oscillator can take a finite number of
discrete values.

Therefore, for any frequency of the input reference signal which is different
from the discrete frequencies that could be generated via simulation by the voltage-
controlled oscillator, the frequency of the output signal of the phase-lock loop hops
between the two neighboring upper and lower discrete frequencies'. This is visible
on the waveform in Figure 8.4 as the alternation of two different frequencies.

We can reduce the frequency error at the output of the simulated loop by

!When the loop is locked the phase difference should also be zero.
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increasing the number of discrete voltage levels in the VHDL-MOS package. How-
ever, the price paid for this is a linear increase in the simulation time, as presented
in Figure 8.3.

To simulate such analog behavior as in a phase-lock loop, the piecewise linear
approach has been shown to be more suitable [38]. The reason lays in the continuous
way of modeling the currents, as well as the voltages. O

Our experiments showed that our approach, i.e., event-driven simulation us-
ing the VHDL-MOS package, as well as the piecewise linear approach are suitable
for simulating digital circuits with a good accuracy. The former showed a better
performance in computation efficiency in comparison with the latter.

For large digital circuits we observed from the experiments that we carried out
with the VHDL-MOS package that the run time improvement factor in comparison
with a continuous-time SPICE simulation increases with the size of circuit. We
can explain this through the fact that, due to the locality of signal propagation,
only reduced portions of the circuit are activated for simulation. Furthermore,
more analog behavior is encountered, slower the simulation runs, as more event
scheduling has to take place.

Our approach turns out to capture very well the analog aspects of the large-
signal digital operation of CMOS circuits. We could see that the errors introduced
by it for modeling small-signal analog behavior cannot be always neglected. The
accuracy in such a situation can be improved at an increased cost in the simulation

time.

8.4 Conclusions

With this section we round up the suite consisting of exploration, modeling, sim-
ulation approach, calibration, and implementation, aiming at efficient transparent

mixed-mode analysis of large deep submicron digital CMOS circuits.
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With the research presented in this thesis we gave an answer to some of the
challenges raised by the forthcoming deep submicron CMOS technologies. We were
concerned with the modeling and analysis of large size, complex deep submicron

circuits and focused on the circuit level aspects.

Our event-driven approach to deep submicron device modeling and analysis
allows us to verify large circuits at a high level of accuracy, comparable with the
one achieved in the classical transistor level modeling, but at considerably lower
price in terms of computation. The simulation efficiency of our approach stems
from local modeling combined with global signaling between the modeled entities.
Yet, the most important contribution that our work brings to system design is
the possibility to co-simulate, co-verify mixed circuits. The key is a transparent
modeling approach between transistor level, gate level, or other higher levels of
abstraction.

Approach We decided what framework has to be used for efficient multi-level
simulation. We built up a large-signal compact, minimal model which captures the

static as well as the dynamic behavior of the deep submicron MOS device.

We stated in Chapter 2 the need for level transparency when simulating
multi-level deep submicron digital systems. Level transparency implies the usage

of one single simulation algorithm for an improved simulation efficiency.

For the equation-based simulation approach we identified that the piecewise
linearization improves the simulation efficiency. We found that the piecewise lin-
ear approach based on diode states satisfies the one algorithm demand for level
transparency.

We addressed the dynamic simulation of large systems in Chapter 5. We
analyzed what variant of the time discretization method is the most computationally
efficient. In our view the event-driven simulation approach, based on local modeling
and global signaling, is the most convenient framework for the multi-level simulation
of large digital deep submicron CMOS circuits. It enables in a natural way the
efficient transparent simulation of systems with components described at various

levels of abstraction.
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We analyzed the implications of scaling-down the MOS transistor length on
the DC characteristic in Chapter 3. We showed that the most impact of scaling-
down the channel length on the MOS transistor behavior is to be attributed to the
drift velocity saturation effect. We proposed a compact model for the transport
current of a MOS transistor operating in large-signal digital conditions.

We investigated the effects of velocity saturation on the static behavior of
the MOS transistor. When the length comes down in the deep submicron range,
the drain saturation current becomes rather linear with the gate-to-source voltage
and the saturation current increases while the saturation voltage decreases. In
the control-voltage plane there is loss in the extent of the triode region for gain
in the extent of the saturation region. For a deep submicron MOS transistor the
saturation of the drain current owes to the pinch-off mechanism, inherited from
the long channel operation, and to the drift velocity saturation mechanism, specific
for the short channel operation. For a very-short length transistor, the current
saturation owes mostly to the velocity saturation and the triode region may be
eventually disregarded.

We concluded Chapter 3 with the proposal of the Collapsible Current Source
Model as the ultimate model for a deep submicron MOS transistor. This is a large-
signal piecewise linear, compact model and thus suited for the simulation of large

digital circuits.

We explored the modeling of the large-signal dynamic operation of digital
CMOS circuits in Chapter 6. Here we proposed a compact model and then proved
its analytical soundness. We modeled the large-signal terminal charge variations
with average capacitors, assuming quasi-static operation.

We observed that the charges associated with the MOS transistor terminals
have a non-linear dependency on the potentials on all four terminals. Therefore, to
build a compact dynamic model for the MOS transistor we proposed to use average
capacitors.

The charge accumulation inside the MOS transistor structure is associated
with the charge currents. We proofed that the modeling of charge currents with
large-signal average capacitors is an analytically sound method in what concerns the
power consumption and waveform estimations for a digital CMOS circuit. Finally,
we described a practical method to calculate the average capacitances starting from
the RF-parameters of the MOS transistor.
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Implementation Based on the proposed modeling concepts we then proceeded
to the implementation of the compact global model of the deep submicron MOS
transistor. We showed in Chapter 4 how the implementation was actually done
in the piecewise linear framework. We presented in Chapter 7 our original way to
implement circuit level models inside an event-driven simulator. We assessed then
in Chapter 8 the accuracy and the efficiency of these implementations.

Firstly we have shown how the static model translates into the piecewise
linear equations. Based on a geometrical interpretation of the input-output space
partition in operating regions, we have solved for the coefficients of the piecewise
linear equations.

Secondly, we developed a special package named VHDL-MOS, to model the
interaction of the MOS transistor with other circuit-level components. The core idea
was to declare dedicated signal types to mimic the analog voltages and currents. In
this way we managed to integrate models capturing analog aspects of CMOS circuit
operation in an event-driven simulator, originally meant for digital circuits.

We also presented a methodology to calibrate the composed static and dy-
namic model for the purpose of accurate power and waveform estimation.

At last we compared the two simulation approaches on a couple of test de-
signs, which we considered representative. Both approaches appeared to have a
good accuracy in estimating timing and power. The simulation approach based
on the VHDL-MOS package turned out to be computationally more efficient. Fur-
thermore, this package is meant to capture the analog aspects of the large-signal
digital operation of CMOS circuits. Its accuracy when simulating small signal ana-
log circuits is limited, unless traded off for CPU time. Still, the most important
advantage of the VHDL-MOS package approach is the following: it opens the way
to system-on-a-chip simulation, i.e., digital, gate or higher level, descriptions can
coexist with analog-like transistor-level descriptions inside the same event-driven

simulation kernel.
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Chapter 9

A deep submicron vanishing

point

By down-scaling the dimensions of the MOS transistors the engineers are aiming to
integrate more functionality on the same chip area and at the same time improve
the performance.

An important factor which contributed to the performance improvement
along many technology generations is the current drive Ip sar/W. As the cur-
rent drive improved with each technology generation, so did the performance (see
expression (1.1) for the time delay).

As the drift velocity approaches the saturation velocity, its field dependence
on the electric field will begin to depart from the linear relationship specific for the
low-field situation. A semi-empirical formula for the drift velocity of the charge
carriers is proposed in [39]:

VUsat
Vg = 7 (9.1
Eon
7

1+(

The saturation velocity vs,: can be considered in a first approximation the same
both for the holes and for the electrons. E, is the critical electrical field and the
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coefficient 1 varies with the type of charge carriers: for holes close to 1, while for

electrons close to 2.

Based on this formula we are going to derive a general linear dependency
between the drain saturation current and the drain-source saturation voltage of an
MOS transistor, dependency valid for all transistor length L and for both p- and

n-transistor types.

We recall here some starting point relations: (B.19) for the drain current,
ID = —W|QI|Vd (B.lg)
and (B.22) for the inversion layer charge:

Q1(y) = —Coz(Vas — Vo (Vsr) — (1+8)Vos(y)) (B.22)

For the drift velocity we use (9.1) with £ = %%5. The contact-to-source bias
Ves(y) at an arbitrary point C(y) in the channel is a monotonically increasing
function of y. The solution at the two ends of the channel satisfies the boundary
conditions: Vos(0) = 0 and Ves(L) = Vps. By substituting (B.22) and (9.1) into

(B.19) we obtain the following expression for the drain current in triode region:

VUsat

Ip = WCos(Vas — Vo (Vss) — (1+8)Ves(y)) T g (9.2a)
e\
(3]
W1+ e[ )] (9.20)

(En + EZ)"/"

For notational simplicity let us introduce the following notations: a = WCos(1+

8Vsat, b = Zaﬂj_&‘/z, c=E, I=1Ip, u="Ves(y), and V = Vpg. As comes out

from (9.2b) the drain current can be written as:

du/dy
[(du/dy)r + 1]

I=qa(b—u) (9.3)
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The above expression can be rewritten in the following form:
Iedy = [a"(b—w)" — "] "du (9.4)

which would allow us to find an implicit relation between the drain current (I)
and the drain-to-source voltage (V) in triode region by integrating (9.4) over the
channel length:

v
/ [a"(b—u)" — I"]l/ndu =cLI (9.5)
0

When the transistor switches from triode to saturation regime, the first derivative of

ar

the drain current with respect to Vps equals to zero, i.e., 5, = 0. Let us introduce

additional notations:
1/ v
J D)= [a"(b - — 1" a=cL  F(V,I)= / fuDdu  (9.6)
0
Relation (9.5) can be rewritten as:
F(V,I)=al (9.7)

Note that F(V, I) depends on V only, since I is uniquely determined by V: I = I(V).
If we now differentiate both sides of (9.7) we get:

OF OF 09I oI oI OF/0V

v el v “av oV a—oFjal (9.8)

We are looking for the curve I' in the I-V plane such that 2L = 0 for any (I,V) € T.
From (9.8) it comes out that g—‘I,(I,V) =0 if and only if 25(I,V) =0 on I'. As
follows from the definition (9.6) of F(V,I) we have

oF @ [V
=5 /O flu, Ddu = F(V, 1) (9.9)

Thus, the curve I is given by f(V,I) = 0. This means that

I=a(b-V) (9.10)
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on I', which follows from (9.6).
We found that for the general case the triode-saturation separation is given
by the linear relation:

I= WCoxUsat[VGS -Vr~ (1 + (5)V] (911)

Expression (9.11) can be seen as the separation between triode and saturation re-
gions in the I-V plane.

The drain current in triode region is the implicit solution of equation (9.5).
For a p-device the charge carriers in the channel are holes, and, as mentioned before
the 7 coefficient takes values close to 1. In that case an explicit expression for the
drain current is easily derived. For n € (1, 2] it leads to 3-functions and it is better
to use numerical software [40].

In Figure 9.1 we show for the p-transistor case the linear relation (9.11)
between the saturation current and the saturation voltage together with the triode
part of the I-V characteristic families for various technology generations. We observe
that:

o for the long (5um) channel technologies the saturation voltage Vps,sar is
Ves = Vr

W, while

bounded above by

e for the very-short (0.054m) channel technologies the saturation current per

unit width, or current drive, is bounded above by v44:Coe(Vas — Vr).

This maximum achievable current from a transistor is not directly dependent on
the channel length L. We also remark that, in the quest for higher speed through
the relative increase of the current drive by down-scaling of the transistor length,
there is an inherent limitation.

We show in Figure 9.2 the situation for an n-transistor, ie., n = 2. We
additionally observe that, for a given technology generation, the current drive of
an n-transistor comes closer to the v44¢Coe(Vas — V) upper boundary than the
current drive of a p-transistor.

We showed that due to the velocity saturation effect the current drive does
not anymore improve significantly by scaling the transistor dimensions below a
certain limit. Not only that the current drive improvement saturates, but also the

capacitive load that a gate has to drive increases relative to the gate strength (as
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Figure 9.1: 1-V characteristic families and the triode/saturation separation for var-
ious technology generations for the p-transistor case

another detrimental effect of the interconnect lateral capacitance). In an attempt to
keep improving the performance with the down-scaling, one may scale the transistor
width at a slower pace than its length, but this would affect adversely the transistor
density on the chip.
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Figure 9.2: I-V characteristic families and the triode/saturation separation for var-
ious technology generations for the n-transistor case

It isin the sense of this discussion that we predict a “deep submicron van-

ishing point” on the technology road-map.
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The linear complementarity problem is, for a given p x p-matrix M and vector

q with p components, to find vectors w and z such that

w—-Mz=q (A.1a)
w>0,z>0 (A.1b)
wl.z=0 (A.lc)

if such a solution exists. A solution is (w,z) is called a complementary feasible
solution, and it is a complementary basic feasible solution if one variable of each
complementary pair (w;, z;) is in the basis.

The problem is NP-complete in the strong sense !, so that we cannot expect

'Proven apparently by S.J.Chung in 1979 “A note on the complexity of LCP: the LCP is NP-
complete” Report No 79-2, Department of Industrial and Operations Engineering, University of
Michigan, Ann Arbor,Mi, U.S.A.
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a polynomial-time algorithm solving the problem for all M, q . Many methods from
mathematical programming, however, can be applied. For the problem can be cast
in a minimization problem with a concave objective function, into a zero-one bilinear
programming problem and of course into linear integer programming problems. The
latter opens up several solving techniques when M possesses particular properties.
When M is positive semideﬁnite, it can be solved in polynomial time, but in the
piecewise linear approach to simulation circuits almost never produce matrices from
such a restricted class.

Simulators do not use any of the above formulations or techniques. They
use almost invariably a simplex type of pivoting methods for solving linear comple-
mentarity problems. Since they follow a path from simplex to neighboring simplex
they are called path followers [36]. Under certain non-degeneracy assumptions these
algorithms are guaranteed to find a complementary feasible solution for matrices
M that satisfy certain properties. In practice, they are known to work well even

when these assumptions are violated.

A.1 Path followers

Path followers modify the set defined in A.1 by introducing an artificial parameter

a fixed positive vector e and a scalar X:

w—-Mz-)de=q (A.2a)
w>0,2>0,2>0 (A.2b)
wl.z=0 (A.2c)

that initially gets the value max;{—g;} which makes z = 0, w = q+ \e a starting
solution?. If q is nonnegative we immediately have a solution with A = 0. Otherwise
we try to drive A to zero through a sequence of pivots while satisfying A.2 all the
time. If successful we obtained a solution to A.l.

Path followers find at most one solution, and in a sense mostly one close to

the simplex it started from. This is a desirable property, because we are mostly

2 Although there are some efficiency arguments to make a smart choice for the vector e > 0, in
proofs e is assumed to be the vector of all ones.




A.l. PATH FOLLOWERS 121

interested in only that solution since perturbations from time-step to time-step are
not expected to be very big.

Other facts that make path followers the preferred solvers in piecewise linear
simulators are that

1. for a large class of matrices they either find a solution or indicate non-

existence®

2. the pivoting is explicit and explainable in terms of circuit behavior,

3. although they might in theory perform a large part of the exponentially many
pivot possibility, they usually finish in a very small number of steps.

Conceptually the simplest algorithm [41] works with only positive diagonal
pivots. An interpretation of the algorithm is that it changes diode states one by
one. It tries to do this in such a way that X is decreased. ) is only so far decreased
until a variable in the basis becomes zero. This means that a boundary of a simplex
has been encountered. In order to decrease A further a positive diagonal element
should be found. In that case a pivot on that element is performed, and the path
is continued. If A reaches zero, a solution has been found. If X is not zero and no
positive diagonal pivot can be found the algorithm aborts. This does not happen
when the matrix M has only positive principal minors: in that case this simple
algorithm always finds the unique solution. For other matrices it may abort also
when there is a solution. Several attempts to modify this diagonal pivoting algorithm
so that negative pivots can somehow be used to allow A to increase temporarily,
extends its potential, but insufficiently to be practical for circuit simulation.

Another straightforward idea with the diode state model of Chapter 2 in
mind is to extend the linear multiport of Figure 2.2b with ideal diodes one by one.
During the process we try to keep the components of the initially 0-vector Cx + g
nonnegative to solve (2.13b) and (2.13¢) for a given input vector x. This is in
essence equivalent to a path follower known as principal pivoting an algorithm due
to Cottle [42]. It is guaranteed to find the solution when all principal minors are
positive.

The algorithm of the next section, called complementary pivoting and origi-
nally due to Lemke [43], serves our purposes better and will therefore be described
in more detail.

3In jargon: “they process the linear complementarity problem for that class”.
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A.2 Complementary pivoting

The best known path follower for linear complementarity problem is an algorithm

due to Lemke, successively streamlined and improved into the following steps:

0. if q > 0 then
e (w,z) = (q,0) is a complementary basic feasible solution,
e stop

else,

e organize the equation set A.2 in a tableau, columns: w,z, A
o let —qy := max;{—q¢;}
e pivot at row f and column A
o let yy := 2y
e goto 1

1. Let ¢; be the updated column under yy
if c;< 0 then goto 4.
else, q is the updated right-hand side,
i.e., the values of the variables in the basis
Zfciy > 0}
e if the basic variable at row r is A then goto 3

dr — min.
o let ony v= min; {

else goto 2

2. the basic variable at row r is w; or 2;, [ # f.
e pivot at row r and the column of ys
o if z; left the basis then y; = w;
else yy:=2z.

return to 1

3. e pivot at row r and the column of y;
e return the complementary basic feasible solution

e stop
4. ray termination: stop

When the algorithm ends in 4 there is no solution to the set (A.1) and it finds
a ray {(w,z,\) — yc|y > 0} of which all elements satisfy (A.2). Here is (w,z,A) an
almost complementary basic feasible solution associated with the last tableau, and
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c a vector of zeros, but —1 in the row of y; and cy in the rows of variables in the
basis.

As stated before, complementarity pivoting cannot successfully handle every
linear complementarity problem, but it is to date the method that can process the
widest class of matrices M. This class has been proven to include:

1. matrices of which the principal minors are positive [42],

the algorithm will find the unique solution.

2. matrices that are copositive-plus? [43],

the algorithm finds a complementary feasible solution if it exists;

if no solution exists, the algorithm terminates in ray termination.

3. matrices that are the sum of a symmetric copositive-plus matrix P and a
copositive matrix C [44]:

if g+Px—CTy >0, y > 0 has a solution x € R*, y ¢ R}

the algorithm will terminate with a complementary basic feasible solution

Unfortunately it is not possible to characterize all matrices that arise in piece-
wise linear simulation, in such a way that conclusive statements can be made about
the existence of solutions. Neither can be said for which class exactly complementar-
ity pivoting processes the problem. The above statements are in fact only sufficient
conditions. Assuming that only such matrices should be given to a complementary
pivoting algorithm is overly pessimistic, though in the thesis, Chapter 4, we show
that straightforward diagonal pivoting does not work for simple networks with col-
lapsible current sources. We also experienced that a well-researched simulator such
as PLANET [38] cannot handle pure collapsible current sources® It is therefore rec-
ommended to use a path following type of linear complementarity problem solver
that can handle an as wide as possible class of matrices, and that is to the best
of our knowledge the above complementary pivoting algorithm, primarily based on

the work of Lemke, or one of its variants.

4A matrix M is copositive if xTMx > 0 whenever x > 0. It is said 1o be copositive-plus if in
addition x > 0 and xTMx = 0 implies that (MT + M)x0.

SPLANET uses a simpler algorithm as its core solver for resistive networks, a modified version [45]
of the early result of Katzenelson [41].
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A.3 PLATO

In our experiments we have chosen for PLATO [34], a simulator based on piecewise

linear modeling. Its salient features are:
1. a variant of complementary pivoting to solve resistive networks,
2. multi-rate integration techniques to exploit the circuit’s latency,
3. sparse matrix update techniques for efficiency.

The complementary pivoting algorithm is a variant of the one in the previous
section and is due Van de Panne [46]. It solves the same class of linear complemen-
tarity problems, but it uses only block pivots, where a block is a principal submatrix
of M. The implementation in PLATO is such that either a block pivot is performed
with pivots local to a leaf cell in the stored hierarchy, or all pivots are on the di-
agonal of separate leaf cells. The block matrix structure, reflecting the original
hierarchy is thus preserved [47].

The use of multi-rate integration can potentially save a lot of computation
time, because the computational effort can be restricted to the active parts of the
circuit. Latent parts can be left alone or integrated with large time steps.

Sparse updating schemes prevent solving large linear systems as happens in
more conventional direct methods.

It shares with other simulators based on piecewise linear modeling the excel-
lent global convergence properties and the level transparency which inherent to the

uniform modeling concept and the flexible addition of macro models.
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Long channel static operation
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B.1 Transistor structure

The basic structure of an n-channel MOS transistor is shown in Figure B.1. From
up to down we may identify: the gate (G) metalization and terminal, the gate oxide
layer of thickness t,;, the p-type bulk! semiconductor, the drain and source n*-
type diffusions, the drain (D) and source (S) metalizations and terminals, and the
bulk (B) metalization and terminal. The voltage sources Vsg, Vos, and Vpg shown
with their polarities provide on the four terminals of the structure the necessary
potentials for normal operation. B is the reference terminal, while G is the control

terminal.

1 As usually, the terms “bulk”, “substrate”, and “body” are used with the same meaning.
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Vas

Figure B.1: Longitudinal cross section through an n-MOS transistor structure

In general, for a perfect structure and for a fixed Vsp, the operation is as
follows. For zero Vgpg there is no conducting channel between the drain and the
source diffusions; the structure is equivalent with two pn junctions connected back-
to-back. For positive Vgp values electrons will be attracted at the bulk surface
and holes will be driven away from the surface deep into the bulk. For sufficiently
high Vg there will be an electron channel at the semiconductor surface, which
makes possible the electric conduction between drain and source. It is customarily
to consider that the channel comes into existence for Vgg values above a threshold
Vr. The external Vgpg controls the existence of a surface conducting n-channel
between the drain and the source diffusions, and influences the channel properties
as soon as this exists. A flow Ip of electrons from source to drain may be observed
when the potential difference Vpg is applied.

The length L of the channel has an important impact on its electrical be-
havior. While for a long MOS transistor the channel may be modeled as a resistor,
for a deep submicron length MOS transistor the channel may be assimilated with

a current source. In the following section we will review the classical theoretical
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approach for the static operation of the long channel MOS transistor.

Before proceeding to the study of the fairly complex four-terminal MOS tran-
sistor structure, we will examine the simpler two- and three-terminal structures.
Basic operation principles are recognized for these simpler structures, and then
they are combined to obtain the global four-terminal operation [4, 16, 17, 48]. The
surface potential and inversion layer charge notions are introduced with the two-
terminal structure, and the so called “body effect” is recognized through the study
of the three-terminal structure. After these preliminaries, a closed form expression
for the current through the four-terminal structure is deduced.

B.2 Capacitors

The two-terminal MOS structure (also called the MOS capacitor) is presénted in
Figure B.2; it consists of the gate metalization, the gate oxide, the substrate semi-
conductor, and the substrate metalization. 1., denotes the voltage drop across the

gate metalization

¢0$ ¥ F r M_W
= d_'_'n - S I gate oxide
Ve o
s Qs
™~ substate (bulk)

oms

B substrate metalization

Figure B.2: Cross section through the two-terminal MOS structure

oxide and 1), is the voltage drop across the semiconductor surface.

Two “parasitic” effects will produce a voltage drop across the semiconductor
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even when the externally applied Vgp is zero: (1) Because of technological im-
perfections, electric charge is trapped in the oxide and at the oxide-semiconductor
interface. An effective interface charge, denoted by Q, and positive in most sit-
uations, is assumed to be located at the oxide-semiconductor interface. Q, may
be assimilated with a preexisting voltage-drop across the oxide of value —Qo /Cos-
(2) Due to different Fermi levels in the semiconductor and in the bulk metalization,
a contact potential ¢prs will develop at the substrate contact. To bring back the
semiconductor into neutrality, Vi must be assigned the flat-band voltage expressed
by:

Qo
Cox

Vre = dms — (B.1)

For an arbitrary Vgp the potential balance across the two-terminal structure is:

VG’B = "pow + "ps + ¢MS (B2)

The voltages applied to this capacitor-like structure determine the accumulation
of electric charges on both sides of the gate oxide. Q¢ is the charge on the gate
metalization and Qg is the charge in the semiconductor under the oxide; together
with Q, these charges must add up to zero for overall charge neutrality:

QG + Qo + QS =0 (BS)

We will study how the substrate condition is influenced by the external gate-to-
bulk voltage Vgp. Firstly a qualitative discussion is made, followed by quantitative

expressions for the interest variables.

For Vg equal to Vrp we have the flat-band condition as discussed above.
s = 0 and no excess charge appears at the surface of the semiconductor, Qg = 0.
Consider Vg p values below Vrpg: the negative change in Vg g determines a negative
change in ;. 15 < 0 and holes will accumulate at the surface of the semiconductor,
Qs > 0. The semiconductor surface is said to be in accumulation. Assume Vgp
values above Vppg: 1, will have a positive change relative to the flat-band situation,
¥s > 0 and holes will be driven away from the semiconductor surface, Qs < 0.
Depending on the ¢, magnitude, the source of the negative charge at the semicon-

ductor surface is different. (Keep in mind that in the neutral p-type substrate the
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holes are the majority charge carriers, with reference to the intrinsic type of semi-
conductor where both electrons and holes are present in equal concentrations.) For
Vep not much above Vg, at the surface the hole concentration will be still higher
than the electron concentration; the semiconductor surface is said to be in depletion
and the negative charge Qs is mainly due to the uncovered ionized acceptor atoms
with the concentration Ng4.

The depletion region will reach an end for a sufficiently high Vg when the
surface hole concentration will become equal to the surface electron concentration;
this marks the beginning of the inversion condition. For even higher Vgp the
electron concentration at the surface will reach the impurity concentration N4; the
thin semiconductor sheet at the surface will behave like an n-type semiconductor
with an equivalent impurity concentration N2 = N,. This marks the on-set of

the strong inversion, with the corresponding situation captured in Figure B.3. In

Ve >> Vip
<+

Qs < 0:inversion layer \Q
B

and ionized acceptors

Figure B.3: Strong inversion condition at the substrate surface

inversion, the mobile inversion layer charge Q; adds to the fixed depletion region
charge Qpg:

Qs =Qr+@s (B.4)
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From a quantitative point of view, it is important to delimit in terms of 1,
the on-set of the strong inversion condition at the substrate surface. We make use
of the energy bands representation [49, 19] for the electrons in the semiconductor
crystal, shown in Figure B.4a. In the intrinsic semiconductor crystal the electron

Q . Z
E¢
EF,n
Q¢F,n
————————————————————— Er
q¢F‘,p
Er,
Ey
a)

Figure B.4: Energy bands representation for the semiconductor crystal a) The
position of the various energetic levels b) Energy bands bending at the p-type semi-
conductor surface due to the applied surface potential ¥s = 2¢r

energy is confined inside energy bands. The last two populated bands are the valence
band and the conduction band, which are separated by the so called band-gap. Ev
designates the upper limit of the valence band, E¢ the lower limit of the conduction
band, and Ep; the middle of the band-gap. Ep; is called the intrinsic Fermi level.
In the extrinsic p-type semiconductor the acceptor impurities give an energetic level
E4 inside the band-gap, below Ep; and close to Ev. Conversely, in the extrinsic
n-type semiconductor the donor impurities give an energetic level Ep above EF;
and close to Ec. The impurity energetic level gives the Fermi level for the extrinsic

semiconductor.

If the surface potential is positive (with the neutral bulk as reference), then
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the energetic levels at the surface will lower from the corresponding ones in the
neutral bulk. Thus, for a positive ¥; the bands structure will bend downwards, as
shown in Figure B.4b; the amount of bending is proportional to the applied surface
potential. One may observe that for ¥ = ¢ the Fermi level at the surface is in
the middle of the band-gap, situation equivalent with the intrinsic semiconductor;
this marks the beginning of the inversion condition. For 1, = 2¢r the Fermi level
at the surface reaches the position that it would have in an n-type semiconductor
with Np = N4 (i.e., with a g¢r quantity above Er;); this defines the on-set of the
strong-inversion condition.

We will approximate the inversion layer charge and the depletion region
charge, as functions of the surface potential. The electron concentration at the
surface ngyrfece can be related to the surface potential 15, and to the intrinsic
concentration n; or the impurity concentration Ny4:

(Ys—¢F)/ bt (B.5a)

Nsurface = 14 €
~ Nyel¥s—20r)/d: (B.5b)

By solving the Poisson’s equation for the substrate, a general closed form expression
for Qg is found:

Qs = —(Fv/Na) due=be/90 4, — gy + €265 /01 (gye0e/9 — b, — )

In inversion where ¥, > ¢ the above equation is approximated by:

Qs = —(F\/NA)Vts + ¢re(¥e=200)/9c  where F = \/2qes; (B.6)

The inversion charge @y is located in a very shallow layer at the semiconductor
surface, where the inversion condition is met. The thickness of the inversion layer
is very small when compared with the depth of the depletion region. A widely used
approximation called the charge sheet approximation is then possible: the inversion
layer has a negligible thickness and all the inversion charge is concentrated in a
surface sheet?. The theory of abrupt n*p junctions can be used here; the surface

potential v plays the role of the junction bias. @p, the depletion region charge,

°The charges are reported as charge density per unit area; the capacitances are reported as
capacitance per unit area.
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can be approximated by:

Qs = ~Fv/Nav/is (B.7)

Combining (B.4) with (B.6) and (B.7), an approximate closed form for the inversion
layer charge is obtained:

Q1 = —F\/No(V s + ¢re¥s=208)/0c — /1) (B.8)

|Q1l, |@sl, and their sum |Qg| are plotted versus 1, in Figure B.5. Also the limits
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Figure B.5: The inversion layer charge @, the depletion region charge g, and
their sum Qg vs. the surface potential 15 for the two-terminal structure

for various conditions at the substrate surface are marked.
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Remarks. It appears that up to the on-set of the strong inversion condition, the
inversion layer charge is negligible when compared to the depletion region charge.
Once the strong inversion condition is entered, Q; takes off exponentially.

Further, by considering the voltage balance equation (B.2), the charge bal-
ance (B.3) and (B.4), and the charge-voltage relations (B.7), (B.8) and

QG = Cowwoa: (Bg)

it is possible to deduce a closed form relation between Vgp and 1),:

0.8}
060
0.4}

0.2t

L

GB

Figure B.6: The surface potential 1, vs. the gate-to-bulk voltage Vg for the
two-terminal structure

QB(¥s) + Qu(¥s)
Cox

Vap = Vrp + 95 — (B.10)
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which in inversion may be approximated by:

Fy/Ny
Cow

Ve = Vip + 'ws + '7\/1/13 + ¢te(¢s*2¢lf)¢t where v = (B.ll)

The dependency expressed by (B.11) is plotted in Figure B.6 on the preceding page.

Remarks. Once the strong inversion condition is entered the surface potential s
has a very little increase above the 2¢r on-set value, no matter how large the applied
Ve is. With relation to Figure B.5 it appears that in the strong inversion situation

QB may be considered constant with Vgp.

We resume the study of the two-terminal MOS structure with an useful for-
mula which concerns the inversion layer charge. (@7 can be conveniently expressed
as the charge on one plate of the oxide capacitor when the equivalent voltage on
this capacitor is known:

Qr=~Coz(Vep — Vi — s — YV ¥s) (B.12)

B.3 Diodes

The conductive channel, which consists of the inversion layer at the substrate sur-
face, must be contacted in order to make use of its controllable electric properties.
This is achieved by means of contact diffusions, of the same type as the induced
channel (for a p-type substrate the extra diffusions are of n'-type). By adding
one more terminal to the two-terminal structure, the three-terminal structure (also
called the MOS diode) is obtained. This rather academic situation is presented in
Figure B.7; we will use this abstraction to examine how the condition of the sub-
strate surface is influenced by a positive voltage Vg applied between the contact
diffusion and the bulk®. We make use of the energy bands diagram for electrons,
presented in Figure B.8. At the substrate surface the Fermi level is set by the
nt-region to EF,. A positive Vop value will establish the Fermi level of the n*-

diffusion with a quantity qVop lower than the Fermi level in the p-substrate. In

3Negative Vop values are of no interest here, as they forward bias the ntp diode, and are
avoided during the normal operation. ‘
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diffusion

Figure B.7: Cross section through the three-terminal MOS structure

order to reestablish the equilibrium condition at the surface (similar to the Vop = 0
case), the potential of the surface (¢;) must be raised at the level of the potential
of the contact (i.e. with a Vg quantity). Thus, the ¢ = Vg situation for the
three-terminal structure is equivalent with the ¢, = 0 situation for the two-terminal
structure, in what concerns the condition of the semiconductor surface. All the re-
marks from Section B.2 remain valid with the provision that a positive shift with
a Vop quantity is considered for v,: ¢y = Vo + ¢ marks the beginning of the
inversion condition (Ngyurface = n;), while ¥, ~ Vo + 2¢r marks the on-set of the
strong inversion condition (Nsur face = Na).

The dependence of the condition at the substrate surface on the reverse
contact-to-substrate bias Vep is commonly called body effect. This effect stays
central for the operation of the long-channel MOS transistor.

B.4 Transistors

We begin the study of the four-terminal structure by stating some important points

which rely on the remarks from the previous sections. (1) For the large-signal
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y

Qs

Figure B.8: Energy bands representation for the three-terminal MOS structure for
the situation where surface potential ¥ = Vop + ér,p + ¢r,n makes possible the
conduction between the nt-contact diffusion and the surface of the substrate

operation of the MOS transistor, as is the situation in digital circuits, only the
strong inversion condition at the substrate surface is interesting in what concerns
the existence of a conducting channel. This is based on the observation that only
after 1, has been exceeded the Vo g + 2¢F barrier the inversion charge really builds
up at the semiconductor surface and establishes a fairly strong conducting path
between the drain and source diffusions. (2) Prior to the on-set of the strong
inversion, the inversion layer charge may be neglected when compared with the
depletion region charge. (3) After the on-set of the strong inversion condition, the
surface potential and the depletion region charge hardly increase with Vep. We
may consider for a strong inverted point C along the channel that ¢, = Vop + 2¢F
and Qp = —yv/Vop + 26F. (4) If none of the channel ends is in strong inversion
there is no conducting path from source to drain and the drain current is zero.




B.4. TRANSISTORS 137

Our objective is to deduce an approximate computationally efficient expres-
sion for the drain current. From the previous discussions we can infer that once
the terminal voltages are known, the drain current is uniquely determined by these
voltages. For the structure in Figure B.1 we consider an arbitrary fixed positive
Vsp value and a Vg value such as the source end of the channel is entered in strong
inversion. By varying Vpg from zero towards positive and negative values we first
study how the condition of the substrate surface changes near the drain and then

how the drain current depends on the drain-to-source voltage.

The (Vps, Vgs) voltage plane appears as a convenient place to delimit the
operating regions of the transistor. The on-set of the strong inversion condition at
the drain end of the channel is defined by:

VeB = Vrp +vV VDB + 208 + Vpp + 2¢r or with Vpg = Vps + Vg (B'13a‘)

=Vrp +9VVbs + Vsp + 265 + Vps + Vsp + 265 (B.13b)

The condition for the on-set of the strong inversion at the drain end in terms of
terminal voltages is then given by:

Ves = Vip + 7V Vps + Vsp + 265 + Vs + 2¢ 5 (B.14)

The on-set of the strong inversion at a point in the channel is modulated by Vgg
through the v coefficient; for this reason  has been named the body-effect coefficient.
We look now for a possibility to linearize the square-root term in (B.14). For
large-signal digital circuit operation one may choose a first order expansion of
the square-root term around large Vps and small Vsp. Specifically, for (Vpp,0) as

the origin point for the expansion we may approximate:

©1
V' Vps + Vsp +26r = /Vbp + 26F + m(VDS - Vbp)

P2

o
0Vop + 205
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The coefficients ¢; and @, are fitting coefficients* chosen for a low approximation
error. The condition for the on-set of the strong inversion at the drain end can be

linearized as:

1 P2
Vos = V, Vop + 265+ =—————(VDs—Vop)+ ;———=V:
os = Ve +7(VVop + 200+ g iVos —Von) e Von)

+ Vps + 2¢F

At the source end the condition for the on-set of the strong inversion can be obtained
by taking Vps = 0 in the relation (B.14):

Ves =Vep + 7V Vse + 2¢F + 2¢F (B.15)

and further linearized in a similar manner to:

P1 Y2
Vas =V Vi 2 sV N TS T
GS FB+’)/( DD+ ¢F+2\/m( DD)‘I’QW SB)
+2¢rF

The Vg value at the on-set of the strong inversion at the source end is customarily
named the threshold voltage of the MOS transistor and is denoted with V. The
threshold voltage is defined in connection with the source terminal and depends on

the source-to-bulk voltage Vgp through the body-effect coefficient ~:

¥1 P2
Vi =V, Vi 2 —_— (V] —V,
r=Vre+7(v/VoDp + ¢F+2 VDD+2¢F( DD)+2 Vs 50, $B)
+ 2¢F (B.lﬁ)

The separation between the operating regions of the MOS transistor in the control-

voltage plane (Vpg, Vis) has been identified for the long channel case with the set

4The fitting coefficients have approximately the same value: ¢ 2 @3.
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(B.17) of two straight lines:

Vas = VT(VSB) + (1 + 5)VD5 (B.17‘d)
Ves = Vr(Vsp) (B.17b)
here & ~ i tant coefficient f iven technol d
wnere = ————— 1§ & cOnstant coe 1en’ Oor a given tecnnolo Yy all
72\/ Vop + 2¢F 8 &

Vr(Vsg) is given by (B.16).

Equation (B.17a) separates the region with- from the region without-strong
inversion at the drain end, while equation (B.17b) defines a similar separation in
what concerns the source end. The set (B.17) has been plotted with Vgp as param-
eter for the allowable Vpg and Vs ranges in Figure B.9. The operating regions

Figure B.9: Separation of the operating regions for a long-channel MOS transistor
in the (Vpg, Vis) plane
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have been identified according to the presence and/or absence of the strong inver-
sion condition at the ends of the channel. If only one end is in strong inversion the
MOS transistor is said to be in the saturation region. If both ends are in strong
inversion the MOS transistor is said to be in the triode (non-saturation) region.
Finally, if neither end is in strong inversion the MOS transistor is said to be in
the non-conducting region. These denominations come from the ability to conduct
electric current in the specified regions.

We proceed now to the evaluation of the drain current under the assumption
that a continuum of strong inversion exists all the way from source to drain. We
aim for a general expression, valid for both positive and negative values of Vpg.
Figure B.10 presents an electron moving from source to drain with the velocity @
in an elemental transversal section of the channel; also shown are the local electric

field E(y) and the electric current I_D) . Applying the charge conservation law one

Figure B.10: An elemental section of the channel at the distance y(C) from the
source end

may find a global expression for the drain current:

d
Ip =WQva+ WD—de—I with D = (kT/q)p (B.18)

W is the transistor width, vy is the drift velocity of the carriers, and D is the

carrier diffusion constant. By neglecting the diffusion component of the current, an
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approximate® formula for the drain current is found:
Ip = -W|Qi|va (B.19)

For a long channel we are in the low longitudinal field case and the drift velocity

may be approximated as proportional to the magnitude of the longitudinal electric
field:

dbs _ dVes
lva) = plEy| = NFy_ = i for Vps > 0 (B.20a)
dibs dVq
S ;/; >~y d? for Vps < 0 (B.20b)

u is the low field surface mobility of the carriers in the channel. The approx-
imations in (B.20) were possible due to a previous approximation on page 135
that for any strong inverted point C in the channel the surface potential satisfies
¥s(y) = Vop(y) + 20r = Vos(y) + Vsp + 2¢r; it follows that dy,(y) ~ dVes(y)-
Recalling the expression (B.12) on page 134 for the inversion layer charge at point
C in the channel we find that:

Q1(y) = ~Coo(Vas — Ve — (Ves(y) + Vs + 2¢r) — v/ Ves(y) + Vsp + 26r)
(B.21)

Using for the linearization of \/Vcs{y) + Vsp + 2¢F the same technique as used
for the linearization of (B.14) on page 137 we obtain the following linearization for
the inversion layer charge:

Q1(y) = —Cox(Vas — Vr(Vsp) — (1 + 6)Ves(y)) (B.22)
The expression (B.19) for the drain current Ip becomes:

dVeg
dy

Ip = uW|Qy| (B.23)

with validity for both forward- and reverse-triode conduction. Integrating (B.23)

5This approximation is reasonable as long as the diffusion contributes a weak component to
the total drain current, as is the case in the strong inversion.
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over the channel length, with 0 and L as limits for y, and 0 and Vpg as limits for
Vs, we find the final formula for the drain current of a long channel MOS transistor

in triode region:

w V3
DS
Ip = ufcom ((VGS — VT)VDS - (1 + 5)T> (B.24)

Equation (B.24) is valid as long as the strong inversion condition is satisfied
at both ends of the channel, thus, according to (B.17) on page 139, for Vpgs <
Vbs, sat = (Vgs — Vr)/(1+6) and Vgg > Vp.

For Vps > Vps, sat the drain end in not anymore in strong inversion and the
drain current saturates at the value Ip sq¢ corresponding to Vps, set. The situation
when at the drain end the channel is not anymore in strong inversion is commonly
called pinch-off ; formula (B.22) on the preceding page predicts zero inversion layer

charge for the points of the channel where Ves > Vpg, sat.

For Vgg > V7 the conduction of a long channel MOS transistor can be

summarized in a compact manner:

w Vis\ .
Mfoow ((VGS - Vr)Vps — (1 + (5)7) if Vbs < Vps, sat and Vgg > Vr

w_, (Ves— Vr)?
B 3010

Ip =
if VDS 2 VDS, sat and VG’S 2 VT

(B.25)

with Vpg, sqt as solution for (B.17a) on page 139 and V given by (B.16) on page 138.

The Ip vs. Vpg characteristic family for a long channel MOS transistor is

presented in Figure B.11; one may remark that the separation between triode and

SFor Vs < Vp and with sufficiently negative Vpg as the drain end of the channel is in strong
inversion, the transistor is in reverse saturation; one may find that:
W (Vgs —Vr — (1+6)Vps)? Vs — Vr

Ip = —pu—2C, if Vgg < 'V, d Vps <
D IJ'L ox 2(1+6) I Vgs < VT an DS > 1+6
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Figure B.11: Ip vs. Vpg characteristic family for a long channel MOS transistor

saturation in the I-V characteristic plane is a parabola with the equation:

W 1+6

Ip, sat = ﬂfcow TVDS, sat (B-%)

B.5 Remarks

‘We conclude this appendix with two remarks concerning the conduction regime of
a long channel MOS transistor.

1. The separation between the triode and the saturation regions in the (Vps, Vas)

control voltage plane is a line segment, as has been shown in Figure B.9 on page 139.

2. The drain saturation current I D, sat has a parabolical dependence on the gate
drive (Vs — Vr), as comes out from relation (B.25).
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Appendix C

VHDL summary

VHDL!, as hardware description language, uses concurrency for modeling the way
real circuits behave. VHDL can be used for structural specification and/or for be-
havioral description of hardware [50, 51]. It can also be used for hardware synthesis
[52] if we use a subset of the language.

In the following we recap on some VHDL modeling concepts. As an example
we look at ways of describing a 4-bit register, shown in Figure C.1.

Using VHDL terminology, we call the module reg4 a design entity, and the
inputs and outputs are ports. Figure C.2 shows a VHDIL, description of the interface
to this entity. This is an example of an entity declaration. It introduces a name for
the entity and lists its input and output ports, specifying that they carry bit values
('0’ or °1’) into and out of the entity. From this we see that an entity declaration
describes the external view of the entity.

C.1 Elements of behavior

In VHDL, a description of the internal implementation of an entity is called an
architecture body of the entity. There may be a number of different architectures
bodies of one interface to an entity, corresponding to alternative implementations

that perform the same function. We can write a behavioral architecture body of an

IVHDL stands for VHSIC Hardware Description Language, where VHSIC stands for Very High
Speed Integrated Circuits.
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regd
— a0 q0 [—
— a1 ql —
— d2 qQ2 —
— d3 qQ3 —
—] en
—] clk

Figure C.1: A four-bit register module. The register is named regé4 and has six
inputs, d0, di, d2, d3, en, and clk, and four outputs, q0, q1, q2, and q3.

entity reg4 is
port(d0, di, d2, d3, en, clk: in bit;
q0, q1, g2, g3: out bit);
end entity reg4;

Figure C.2: A VHDL entity description of a four-bit register

entity, which describes the function in an abstract way. Such an architecture body
includes only process statements, which are collections of actions to be executed in
sequence. These actions are called sequential statements and are much like the kinds
of statements we see in a conventional programming language. The types of actions
that can be performed include evaluating expressions, assigning values to variables,
conditional execution, repeated execution, and subprogram calls. In addition there
is a sequential statement that is unique to hardware modeling languages, the signal
assignment statement. This is similar to variable assignment, except that it causes

the value on a signal to be updated at some future time.

To illustrate these ideas, let us look at a behavioral architecture body for the

reg4 entity, shown in Figure C.3. In this architecture body, the part after the first
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architecture behav of regé is
begin
storage: process is
variable stored_d0, stored_dl, stored_d2, stored_d3: bit;

begin
if en = ’1” and clk = ’1’ then
stored_d0 := d0;
stored_dl := di;
stored_d2 := d2;
stored_d3 := d3;
end if;

q0 <= stored_dO0 after 5 ns;
ql <= stored_dl after 5 ns;
g2 <= stored_d2 after 5 ns;
g3 <= stored_d3 after 5 ns;
wait on d0, di, d2, d3, en, clk;
end process storage;
end architecture behav;

Figure C.3: A behavioral architecture body of the reg4 entity

begin keyword includes one process statement, which describes how the register
behaves. It starts with the process name, storage, and finishes with the keywords

end process.

The process statement defines a sequence of actions that are to take place
when the system is simulated. These actions control how the values of the entity’s
ports change over time, i.e., they control the behavior of the entity. This process

can modify the values of the entity’s ports using signal assignment statements.

The way this process works is as follows. When the simulation is started,
the signal values are set to ’0’, and the process is activated. The process’s variables
(listed after the keyword variable) are initialized to ’0’, then the statements are
executed in order. The first statement is a condition that tests whether the values
of the en and clk signals are both ’1’. If they are, the statements between the
keywords then and end if are executed, updating the process’s variables using the
values of the input signals. After the conditional if statement, there are four signal

assignment statements that cause the output signals to be updated 5 ns later.
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When all of these statements in the process have been executed, the process
reaches the wait statement and suspends, i.e., it becomes inactive. It stays sus-
pended until one of the signals to which it is sensitive changes value. In this case,
the process is sensitive to the signals d0, d1, d2, d3, en, and clk, since they
are listed in the wait statement. When one of these changes value, the process is
resumed. The statements are executed again, starting from the keyword begin,
and the cycle repeats. Notice that while the process is suspended, the values in the
process’s variables are not lost. This is how the process can represent the state of

a system.

C.2 Elements of structure

An alternative way of describing the implementation of an entity is to specify how
it is composed of subsystems. We can give a structural description of the entity’s
implementation. An architecture body that is composed only of interconnected
subsystems is called a structural architecture body. Figure C.4 shows how the rega
entity might be composed of latches and gates. If we are to describe this in VHDL,
we will need entity declarations and architecture bodies for the subsystems, shown
in Figure C.5.

Figure C.6 is a VHDL architecture body declaration that describes the struc-
ture shown in Figure C.4. The signal declaration, before the keyword begin, defines
the internal signals of the architecture. In this example, the signal int_clk is de-
clared to carry a bit value (0’ or '1’). In general, VHDL signals can be declared
to carry arbitrarily complex values. Within the architecture body the ports of the
entity are also treated as signals.

In the second part of the architecture body, a number of component instances
are created, representing the subsystems from which the reg4 entity is composed.
Each component instance is a copy of the entity representing the subsystem, using
the corresponding basic architecture body. (The name work refers to the current
working library, in which all of the entity and architecture body descriptions are
assumed to be held.)

The port map specifies the connection of the ports of each component instance
to signals within the enclosing architecture body. For example, bit0, an instance of
the d_latch entity, has its port d connected to the signal 40, its port clk connected
to the signal int_clk, and its port q connected to the signal q0.
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bitO

d_latch
do q q 90
clk

bitl
d_latch
di1 d gq ql
clk

bit2
d_latch
d2 d q q2
clk

bit3
d_latch

d3 d q 93

gate clk

and2
en int_clk

Figure C.4: A structural composition of the reg4 entity

C.3 Mixed structural and behavioral models

Models need not be purely structural or purely behavioral. Often it is useful to
specify a model with some parts composed of interconnected component instances,
and other parts described using processes. We use signals as the means of joining
component instances and processes. A signal can be associated with a port of a
component instance and can also be assigned to or read in a process.

We can write such a hybrid model by including both component instances
and process statements in the body of an architecture. These statements are col-

lectively called concurrent statements, since the corresponding processes all execute
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entity d_latch is
port (d, clk: in bit; q: out bit);
end d_latch;

architecture basic of d_latch is
begin
latch_behavior: process is
begin
if clk = 1’ then
q <= 4 after 2 ns;
end if;
wait on clk, d;
end process latch_behavior;
end architecture basic;
entity and2 is
port (a, b: in bit; y: out bit);
end and2;

architecture basic of and2 is
begin
and2_behavior: process is
begin
y <= a and b after 2 ns;
wait on a, b;
end process and2_behavior;
end architecture basic;

APPENDIX C. VHDL SUMMARY

Figure C.5: Entity declarations and architecture bodies for the D-flipflop and two-

input and2 gate

concurrently when the model is simulated. An outline of such a model is shown

in Figure C.7. This model describes a multiplier consisting of a data path and a

control section. The data path is described structurally, using a number of compo-

nent instances. The control section is described behaviorally, using a process that

assigns to the control signals for the data path.
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architecture struct of reg4 is
signal int_clk: bit;
begin
bit0: entity work.d_latch(basic)
port map (d0, int_clk, q0);
bitl: entity work.d_latch(basic)
port map (d1l, int_clk, qi);
bit2: entity work.d_latch(basic)
port map (d2, int_clk, q2);
bit3: entity work.d_latch(basic)
port map (d3, int_clk, q3);
gate: entity work.and2(basic)
port map (en, clk, int_clk);
end architecture struct;

Figure C.6: A VHDL structural architecture body of the reg4 entity

1
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entity multiplier is
port (clk, reset: in bit;
multiplicand, multiplier: in integer;
product: out integer);
end entity multiplier;

architecture mixed of multiplier is
signal partial_product, full product: integer;
signal arith_control, result_en, mult_bit, mult_load: bit;
begin -- mized
arith_unit: entity work.shift_adder(behavior)
port map (addend => multiplicand, augend => full_product,
sum => partial product,
add_control => arith_control);
result: entity work.reg(behavior)
port map (d => partial_product, q => full_product,
en => result_en, reset => reset);
multiplier_sr: entity work.shift_reg(behavior)
port map (d => multiplier, q => mult_bit,
load => mult_load, clk => clk);
product <= full_product;
control_section: process is
-- variable declarations for control_section
begin -- control section
-- sequential statements to assign values to control signals
wait on clk, reset;
end process control_section;
end architecture mixed;

Figure C.7: An outline of a mixed structural and behavioral model of a multiplier



Appendix D

Charge pump PLL

The phase-lock loop that we used in our experiments to test the simulation capa-
bilities of our approach on mixed digital-analog circuits is taken from [53].

It is a charge pump type loop [37] used for clock signal generation and resyn-
chronization on a digital Sea-of-Gates chip. It is suitable for this application due to
the extended tracking range (useful during the testing and experimenting phase),
the frequency-aided acquisition (which contributes to a short acquisition time over
a wide range of reference frequencies), the low phase jitter of the output signal
due to the high-Z state of the pump, the relative simple implementation in digital
hardware, and the simple filter. The main blocks of such a loop are presented in
Figure D.1.

Reference
Signal Ph up (Volage) gulpult
~——==———t Phase / Frequency Charge Loop Gontrolled igna

Detector Pump Filter Oscillator
F down
Divider

/N

Figure D.1: Charge-pump PLL

The blocks of this loop with an essentially analog behavior are the voltage
controlled oscillator (VCO), the loop filter, and the charge pump. For the oscillator,

a ring oscillator type built with current starved inverters has been chosen. This is
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presented in Figure D.2. The functioning of such an oscillator requires an analog
approach because of the presence of current sources (the top row of p transistors
and the bottom row of n transistors), and of the current mirror (left-top).

m%%
T Y g T 0

Figure D.2: Ring oscillator with 5 cascaded current-starved inverters

A simple analytical model for the VCO, i.e., the control characteristic fre-
quency vs. control-voltage, was found through a simulation based approach. In the
linear model of the VCO operation in the vicinity of the static point (loop locked),
namely wose = wo + K, * Veir, the oscillator sensitivity (K,) and the free-running
frequency (wo) were found by performing the Taylor expansion of the polynomial
expression of the VCO characteristic, up to the first order term, in the desired static
point.

The charge pump is a voltage pump, presented in Figure D.3. A simplified

VoD
dv up

“"—4{>(>—D)—‘—Cl
10_filter

drv_down

DOWN : §

Figure D.3: Voltage charge-pump

physical model, equivalent to a current charge pump, is presented in Figure D.4,
with

I,.vp = (Vbp — Va)/Rswup and

I pown = Vi/Rsw_DOWN,

where I, y p is the pump charge current when the p transistors are in conduc-

tion, Iy pown is the pump discharge current when the n transistor is in conduction,
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Va is the voltage at the input of the loop filter, Vpp the power source voltage (drain
voltage), Rsyw uvp and Ry _pown are the resistances of the p and respectively n
transistors when in conduction. These two equations show very well the analog
approach needed for the charge pumps, impossible to mimic by a classical digital
simulation.

The phase detector gain (including the charge pump) is Ky = (Vod((s")) )= ;—;’r

charge down
va
RSWDOWN

Votage charge pump Current charge pump

Figure D.4: Models of the charge-pump

The loop filter is a passive RC series circuit, as presented in Figure D.5. This
also requires an analog approach when simulated. The loop was designed to operate
at a VCO frequency of 110 MHz, which requires a control voltage of about 2.1 V.

Id (s)
R2 . Ve(s) sz A _
(s) = = R2 = ,where z=— —— , T=R2C
Ve(s) 1d(s)
[

T

Figure D.5: Loop filter

The mathematical linear model (in the Laplace domain) of the PLL is pre-

sented in Figure D.6. Using the same notation as in [54], the transfer function of

P KoKg F(s)
the closed loop is: H(s) = GOT(SS)) = —ir—rry-
i I+ ==

With this type of filter, the loop is a type II, second order loop. It is stable
when the continuous-time approximation is valid (narrow bandwidth compared to
the input frequency), with zero static phase error.

The maximum value of the resistor is set by the condition that the —3 dB
bandwidth of the loop should be much lower than the rate of the input signal (the
reference):

Wre
w_gqB < 1=, where:
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| Kd : F(s) Kols
Gis) ! w ]
Resf%rr(‘s;ce ——————4 Phase / Frequency Charge |, ld(s} | Loop | Ve(s gl;gfgnee)d s), Output
ﬂd(s)I—IA Detector down | Pump : Filter Oscillator Signal
Divider
N
S
1/Nd

Bo(s) / Ve(s) =Ko/ s
Ve(s) /ld(s) = F(s)
Id(s) / Be(s) = Kd
Be(s) = Gi(s) - Bu(s)
Bd(s) / Bo(s) =1/ Nd

Figure D.6: Linear model of the loop.

w-3ap = K3E4 K,

K, =177.37 MHz/V,
Kq=1.96-10"* A/rad,

Ng =15

Ky = F(s — o0) = Ry,
Wref = 7.33 MHz,

which results in Ry < 18012.

The value of the capacitance C results from the condition ¢ =~ 0.707, which

KoKy
leads to C' = 9.565 nF for Ry = 180Q ({ = 24/ —¢—, from [54]).
KoKy
With this values, the natural frequency of the loop is: w, =\ —&— = fn =

262 kHz. The closed loop gain is presented in Figure D.7.

The phase/frequency detector and the frequency divider are pure digital cir-
cuits. They are presented in Figure D.8 and Figure D.9. The role of the delay
elements del-1 and del 2 in Figure D.8 is to avoid parasitic spikes at one output
(UP/DOWN) when the other output (DOWN/UP) is switching.

The frequency divider is similar to a PN generator. The dead lock detector
circuit eliminates the so-called all zero-s state of a PN generator (that is actually
0101 due to the buffers/inverters placed between flip-flops). The pulse generator
circuit detects the all ones state (which is 1010 for the same reason). The divider
factor is 2¥ — 1, N being the number of D flip-flops in the shift-register. Such a
configuration allows a high clocking rate, higher than what can be achieved by a
configuration using a ripple counter.

Figure D.10 presents several waveforms of the loop just reaching the steady

state (tracking with zero phase error). The loop was designed to generate a 110
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Magnitude Peak = 24.24 4B ¢ 8.72 dBr) at 1.633E+85 Hz
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Figure D.8: The phase / frequency detector.

MHz signal at the output of the VCO. One can see how the loop builds-up the
control voltage of the oscillator, in order to lock the VCO to the external reference.

When the loop is locked, the phase jitter due to the charge pulses may be too
large for some applications, even if the pulses are very narrow. (The control voltage
of the VCO presents ripple, instantaneous voltage jumps of Av, = I,Rs, which
produce frequency jumps of the VCO). This ripple can be reduced by reducing R,
(and accordingly increasing C), or by using a higher order filter to mitigate this
ripple. Such a filter is presented in Figure D.11. The loop is in this case a third




158 APPENDIX D. CHARGE PUMP PLL

Divider

divider

input x

dead lock
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. g pulse
|n§||11'l1:(:on generator
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Figure D.9: Frequency divider, by 15.

order, type II loop.

Gy Ve(s)
¢ where b=1+ &
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Figure D.11: Second order filter
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Figure D.10: Representative voltage waveforms in the loop v(10)=the reference
signal v(9)=the output of the divider (/16) v(8)=the ch_up output of the phase
detector v(7)=the ch_dw output of the phase detector v(4)=the control voltage of

the oscillator
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A/D

Analog to Digital (converter)
AC

Alternating Current
ASIC

Application Specific Integrated Circuit
CAD

Computer Aided Design
CCSM

Collapsible Current Source Model
CE

Constitutive Equation

CMOS transistor

Complementary Metal Oxide Semiconductor transistor

CPU

Central Processing Unit
D/A

Digital to Analog (converter)
DC

Direct Current
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DIMES

DSM

DSp

EDA

FS

HDL

HLD

HwW

1/0

Ip, sar

IEEE

1C

IP

KCL

GLOSSARY

Delft Institute of MicroElectronics and Submicron technology

Deep Sub-Micron

Digital Signal Processor

Electronic Design Automation

Forward Saturation (operating region of a MOST)

Hardware Description Language

High Level Description

HardWare

Input or Qutput

Drain SATuration current (of a DSM MOST)

Institute of Electrical and Electronic Engineers

Integrated Circuit

Intellectual Property

Kirchhoff’s Current Law
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KCVL

Kirchhoft’s Current and Voltage Laws
KVL

Kirchhofl’s Voltage Law
LCP

Linear Complementarity Problem
MC

MOS Current

MOS transistor

Metal Oxide Semiconductor transistor

MOS(FE)T

Metal Oxide Semiconductor (Field Effect) Transistor
N-R

Newton-Raphson
NC

Non-Conduction (operating region of a MOST)
NDML

Network Description and Modeling Language
NQS

Non Quasi-Static
PL

Piecewise Linear
PLL

Phase-Lock Loop
PLATO

Piecewise Linear Analysis TOol
QS

Quasi-Static
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RAM
Random Access Memory
RC
Resistor-Capacitor (delay)
RF
Radio Frequency
RS
Reverse Saturation (operating region of a MOST)
RTL
Register Transfer Level
SEMATECH
SEmiconductor MAnufacturing TECHnology
SIA
Semiconductor Industry Association
SoG
Sea-of-Gates (image)
SPICE
Simulation Program with Integrated Circuit Emphasis
SW
SoftWare
TE
Topological Equation
ULSI
Ultra Large Scale Integration
Vbp
Supply Voltage of a CMOS IC
Vbs, sar

Drain-Source SATuration Voltage (of a DSM MOST)
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VCO

VHDL

VL

VLSI

Voltage Controlled Oscillator

Very (High Speed IC) Hardware Description Language

Voltage Level

Very Large Scale Integration
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Samenvatting

De stijgende vraag naar meer computerkracht heeft de CMOS technologie in het
deep submicron tijdperk gebracht. Teneinde complexe systemen op een chip te
integreren moeten de ontwerpers kunnen omgaan met de diversiteit en complexiteit

van deep submicron schakelingen.

Dit proefschrift beschrijft het onderzoek naar de efficiente analyse van zeer
grote en complexe deep submicron schakelingen. Het aspect van de diversiteit
vraagt om het gebruik van een enkel simulatiealgoritme dat alle abstractieniveaus
van een systeembeschrijving aan kan. Het aspect van de compleziteit vraagt om een

eenvoudig en compact model van de deelschakelingen.

We laten zien dat de event-driven methode, die gebaseerd is op locale mod-
ellering en globale signalering, een beter alternatief is voor de efficiente simulatie
van diverse abstractieniveaus dan methodes die gebaseerd zijn op vergelijkingen.
De stuksgewijs-lineaire methode, die gebaseerd is op diodetoestanden en daarom
voldoet aan de eis van één algoritme voor meerdere abstractieniveaus, blijkt niet

erg efficiént in z'n berekeningen te zijn.

Wij gebruiken een compact, stuksgewijs-lineair model voor het statische
gedrag van de deep submicron MOS-transistor. Om de werking van schakelingen op
transistorniveau te kunnen analyseren is minstens dit zogenamde ”collapsible cur-
rent source” model nodig. Verder gebruiken we gemiddelde condensatorcapaciteiten
om de ”terminal charge” variaties in de MOS-transistor te modelleren in het geval

van dynamische groot-signaal werking.

We tonen aan dat deze compacte manier van modelleren van de statische en
dynamische werking van een deep submicron MOS-transistor een betrouwbare en
degelijke methode is voor signaalvormschattingen en vermogensopnaine van digitale

deep submicron CMOS-schakelingen.
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Onze analyse van zeer grote en complexe deep submicron schakelingen is
efficiént door het gebruik van dit compacte MOS-transistormodel in het raamwerk
van een event-driven simulator. We introduceren een VHDL package dat we ont-
wikkeld hebben om de continue werking van een CMOS-schakeling te representeren
in een event-driven simulator.

We hebben onze methode in de praktijk gebruikt om grote schakelingen te
verifieren. We verkrijgen zeer nauwkeurige uitkomsten, vergelijkbaar met de re-
sultaten van klassicke modellering op transistorniveau, maar er zijn veel minder
berekeningen nodig. Onze methode opent de deur naar simulatie op diverse ab-
stractieniveaus, d.w.z. digitale schakelingen kunnen tegelijkertijd met bijna-analoge

transistormodellen door een event-driven simulator worden verwerkt.

Keywords: deep submicron, multi-level simulation, level transparency, event-
driven, piecewise linear, collapsible current source model, average capacitors model,

CMOS










