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A High-Dynamic-Range Integrated Continuous-Time 
Bandpass Filter 

Gert Groenewold 

Abstract-An eighth-order Butterworth bandpass filter, op- 
erating at 100 kHz with a quality factor of 14.3, is presented. 
The filter features an optimized dynamic range, a large tuning 
range, and a small occupied chip area of 0.25 mm2 owing to 
very simple circuitry. Measurements show a very accurate re- 
alization of the desired transfer function, a high dynamic range 
of 62 dB, and a tuning range from 50 to 200 kHz. It is shown 
how the dynamic range can be improved to a theoretical max- 
imum if circuit simplicity is sacrificed. 

I. INTRODUCTION 
N nth-order integrated analog continuous-time filter A consists of a network of n integrators. Therefore, the 

design process of the filter comprises the design of the 
integrator and of the network configuration. Several dif- 
ficulties have to be coped with. One of these is the inac- 
curacy of component values. One overcomes this problem 
by making the filter electronically tunable and furnishing 
it with an automatic tuning circuit [ 11. The filter is made 
tunable by making the integrator tunable. 

This introduces another problem because in practice one 
sees that tunable integrators are nonlinear. This nonlin- 
earity gives rise to distortion and thus limits the maximal 
signal level the integrator can handle. This, in turn, limits 
the dynamic range-which is defined as the ratio of the 
maximal signal level to the minimal signal level that the 
circuit in question can handle-of the integrator, and thus 
of the filter. The minimal signal level is determined by 
the noise of the circuit, the maximal signal level by dis- 
tortion. 

To phrase it more exactly, distortion limits the distor- 
tion-free dynamic range of a circuit. The maximal signal 
level in the distortion-free dynamic range is the signal 
level where the level of the distortion products is equal to 
the noise level. If the maximal signal level is determined 
by clipping effects, one talks about dynamic range. In both 
definitions the minimal signal level is the noise level. The 
distortion-free dynamic range can never be larger than the 
dynamic range, and usually is some tens of decibels 

range that is large enough. Especially in the case of band- 
pass filters with a high quality factor Q, which is defined 
as the ratio of the central frequency to the bandwidth of 
the filter, (distortion-free) dynamic range is a problem, 
because it can be proven [2] that the dynamic range of a 
filter of this class is inversely proportional to its quality 
factor. Therefore in some applications one should do 
everything possible to optimize the dynamic range of 
bandpass filters. 

It is not difficult to show [3], [4] that the larger the 
supply voltages and the larger the capacitances that are 
available, the larger the dynamic range that can be ob- 
tained. In Table I an overview is given of the performance 
of MOSFET-based low-pass filters, as reported in litera- 
ture. An attainable fundamental maximum for the dy- 
namic range of the filters has been calculated from their 
respective transfer functions, total capacitance values, and 
supply voltages. These values are tabulated as DRopt. The 
difference between the maximal and the actual dynamic 
range is specified as DRdif. The latter value is a figure of 
merit for the filter realization in question. Comparing the 
filter realizations in Table I on the basis of this figure of 
merit, we see that op-amp filters are better than transcon- 
ductance filters. In practice, op-amp filters can be made 
to have a larger dynamic range than transconductance fil- 
ters, but from a strictly theoretical point of view this is 
not true [3], [4]. 

For (MOSFET-based) bandpass filters, similar results 
are summarized in Table 11. We see that the dynamic range 
of bandpass filters is lower than the dynamic range of low- 
pass filters, which could be expected from the Q depen- 
dence of the dynamic range mentioned above. 

It must be noted that the values for the dynamic range 
of the filters in Tables I and I1 have in some cases been 
recalculated to make a fair comparison possible. Dy- 
namic-range reductions by test-signal feedthrough have in 
all cases been discarded, and the output noise has been 
determined in a broad band (theoretically from - m  to 

smaller. 00). 
In this article we present an eighth-order Butterworth 

bandpass filter that has been realized in BiCMOS tech- 
nology. This filter was intended partly for the realization 

In many applications it is very difficult or even impos- 
sible to obtain a dynamic range or distortion-free dynamic 
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Supply 
Voltage 

(V) 

24 
10 
10 
5 
3 
8 
5 
8 
5 
5 
5 

10 

TABLE I 
AN OVERVIEW OF DYNAMIC-RANGE PERFORMANCES OF MOSFET LOW-PASS FILTERS FROM LITERATURE. I N  THE SECOND COLUMN, T STANDS FOR 

TRANSCONDUCTANCE-BASED FILTERS, A N D  0 FOR OP-AMP-MOSFET-C BASED FILTERS. DR IS THE DYNAMIC RANGE; SPECIFIED A R E  THE DYNAMIC 
RANGE OF THE FILTER, A FUNDAMENTAL OPTIMUM FOR THE DYNAMIC RANGE, A N D  THE DIFFERENCE BETWEEN THESE TWO 

Area 
Total (mm') 

(PF) chip filter 
Capacitance 

approx. 100 6.5 
197 4 
358 4 

28 1 0.66 
72 1 

14.5 0.63 
? 6 

1078 3.6 2.5 
73.5 0.3 
88.5 0.92 
4.6 0.32 

approx. 700 43 

Reference T / O  

T 
0 
0 
T 
T 
T 
T 
0 
0 
T 
T 
0 

Order 

5 
5 
5 
3 
3 
3 
7 
5 
5 
4 
2 
4 

DR 
(dB) 

filter opt dif 

85 
95 

100 
70 
63 
70 
61 
98 
70 
66 
75 
95 

I08 
I 04 
I06 
93 
94 
94 

? 
1 I O  
93 
95 
86 

112 

23 
9 
6 

23 
31 
24 

? 
12 
23 
29 
I 1  
17 

TABLE 11 
AN OVERVIEW OF DYNAMIC-RANGE PERFORMANCES OF MOSFET BANDPASS FILTERS FROM LITERATURE 

I 

TABLE 111 
THE DESIGN OBJECTIVES 

Total 
Capacitance 

288 
approx. 60 

? 
80 

Supply Voltage 
Order 
TY Pe 

Total Capacitance 
Central Frequency 

Bandwidth 
Q 

8 V  
8 

Butterworth 
80 pF 

2ir . 100 kHz 
2 r  . I kHz 

14.3 

so its nominal bandwidth is 27r - 7 kHz. Table I11 shows 
the design objectives of the filter. An additional design 
objective was to realize the filter with very simple circuits 
that occupy a small amount of chip area, but retain a high 
dynamic range. We chose for a transconductor approach 
because transconductors are simpler and occupy less chip 
area than op amps. A drawback of transconductors is that 
in practice they result in a smaller dynamic range than op 
amps can do. This is compensated by the fact that the 
filter network has been optimized with respect to dynamic 
range. This resulted in an eighth-order filter with a dy- 
namic range of 62 dB, occupying a chip area of only 0.25 
mm2. In short, the features of the filter are: 

simple circuitry, 
a small chip area, 
a large tuning range, 
a high dynamic range, 
an accurate realization of the transfer function. 

Year 

1978 
1983 
1985 
1988 
1989 
1990 
I990 
1991 
1991 
1991 
1991 
1991 

Area DR 
( m m 3  (dB) 

Q chip filter filter opt dif Year 

0.3 0.09 56 
14.3 1.1 0.25 62 83 21 

1984 
1988 
1988 
1992 

We proceed with discussing the tunable integrator cir- 
cuit that was applied. Then, after some remarks on the 
use of dynamic range optimal filter networks, an expla- 
nation is given of the design of the filter, using the inte- 
grator as a building block in a network that is close to the 
optimum. Measurements are discussed, and it is shown 
what the maximal dynamic range is of this filter, if not 
only the filter network has been optimized, but also the 
integrators. Conclusions follow. 

11. THE INTEGRATOR 
Fig. 1 shows the integrator we used. It consists of a 

transconductance stage and a capacitor. The kernel of the 
transconductor is transistor T , ,  which is biased in the 
triode region. The drain voltage of this transistor is kept 
to a constant value via T2. According to a simple model 
that relates the drain current Id of T, to its gate-to-source 
voltage Vg, and its drain-to-source voltage vds  [21]: 

Here W and L are the width and length of the transistor, 
respectively, p is the electron mobility, Cix is the oxide 
capacitance per unit area, V, is the threshold voltage, and 
6 is the bias-dependent parameter with a value of about 
0.12 in this context. For the 2.5-pm Philips BiCMOS pro- 
cess that was used, the transconductance factor pC& is 
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Vw, in which 

gnd 
Fig. 1 .  The integrator, which consists of a transconductance stage and a 

capacitor. 

45 pA/V for n-channel MOSFET’s, and 15 pA/V for 
p-channel MOSFET’s. To designate a parameter of a spe- 
cific transistor, we will add the index number of this tran- 
sistor as an extra subscript, as in I d ,  for Id  of T I .  

From ( 1 )  we see that if Vd, is constant, Id  has a linear 
relationship with V,,. The nonlinearity of this integrator 
comes into view if a more sophisticated model than the 
one employed above is used. It then appears that the 
mechanism referred to as “mobility reduction” is respon- 
sible for the nonlinearity and distortion [22]  The trans- 
conductance can be tuned via Vd,. This principle of using 
a gate-driven MOSFET operated in the triode region has 
been initiated by Pennock [ 2 3 ] ,  and has also been used by 
Wong [24], Steyaert et al. [ 1 5 ] ,  and Alini et al. [ 161. 

For maximizing the dynamic range of this stage, its 
noise production should be minimized, and its signal-han- 
dling capacity should be maximized. The signal-handling 
capacity is dependent on the bias voltages of the transis- 
tors. That is, the maximal peak-to-peak output signal 
voltage is equal to the supply voltage minus the drain- 
source voltage of TI minus the sum of the saturation drain- 
source voltages of T2 to T4. When these bias voltages are 
increased, the maximum output signal level decreases ul- 
timately to zero, so that the dynamic range also decreases 
to zero. 

The (double-sided) input-referred noise voltage spec- 
trum of the integrator is 

in which k is Boltzmann’s constant, Tis the absolute tem- 
perature, and G is the transconductance of the stage. This 
equation implicitly defines the noise factor 4 .  The defi- 
nition has been chosen such that the noise factor of a pas- 
sive conductor G is 1, so that in practice the noise factor 
of an integrator can never be made smaller than 1 .  An 
integrator with a fundamentally optimal dynamic range 
therefore has 4 = 1. The dynamic range of this integrator 
and of the filter are inversely proportional to 5. 

The noisy components in Fig. 1 are transistors TI and 
T4. A simple expression for the input-referred noise volt- 
age of these transistors is [21] 

S,,, = 2kT4 / G  (2 )  

(4) (1 + @V, 
Vg, - Vt 

a = l -  

in the triode region, and a = 0 in the saturation region. 
In theory, c has a value of 2 / 3 ,  but in practice larger 
values are found. The noise production of TI (with con- 
stant G) decreases if its drain-source voltage is increased. 
T4 supplies a bias current accompanied by a noise current. 
This noise current can be decreased if the drain-source 
voltage of this transistor is increased. In this way it can 
be seen that the noise factor and the dynamic range de- 
crease to zero if the drain-source voltages of TI and T4 
are decreased to zero. 

Apparently, for a maximal dynamic range, the drain- 
source voltages of TI and T4 must be neither very large 
nor very small, and optimal values can be found [ 3 ] ,  [4]. 
The saturation voltage of T3 (approximated by ( Vgs - VJ3)  
must be as small as possible to leave maximal headroom 
for TI and T4; a practical minimum before weak-inversion 
effects occur is 0.5 V. Further optimization yielded 1.3 V 
for Vd,,, 1.6 V for (V,, - Vt)47 and 4 V for V,,,, if the 
supply voltage Vsup is 8 V. With these values, ( 2 ) ,  and 
( 3 ) ,  assuming c = 2 / 3 ,  4 is found to be 5 .2 .  (Because in 
some cases an extra invertor must be added to realize a 
noninverting transfer, the effective noise factor increases 
to 6.6. This is further explained in Section IV.) The bias 
current is 15 PA. 

The bias voltages required by the integrator are gener- 
ated by the circuit in Fig. 2 .  The values for VsUp, V,,,,, 
and Vb/bias are nominally 8, 1.9, and 4 V, respectively. TI, ,  
in the bias circuit matches TI in the integrator, and TIM 
matches T4. In a quiescent situation, the current through 
the capacitor C should be zero, so the drain currents of TI  
and T4 should have equal magnitude. Because the drain 
currents of TI, ,  and T I M  are equal in magnitude, this is 
achieved if the drain currents of TI, ,  and T I M  match those 
of TI and T4, respectively. For TI this means that its ter- 
minal voltages must be the same as the terminal voltages 
of T l o l ,  so that, in a quiescent situation, the gate voltage 
of TI equals Vb/6ias. This gate voltage is set via the internal 
feedback in any filter that is built up with these integra- 
tors. Matching of the drain currents of T4 and T I M  is 
achieved by biasing these transistors with the same gate- 
source voltage. As these transistors are biased in the sat- 
uration region, their drain-source voltages do not need to 
be the same. The difference between Vbiasl and Vb/bias2 is set 
by the junction voltage V,, of Tlo3. If this junction voltage 
is larger than (approximately) V,, - V,, T4 is in satura- 
tion. Using a junction voltage of a bipolar transistor for 
this purpose is not conventional. Usually, a diode-con- 
nected PMOS transistor is used for this purpose. If this 
PMOS transistor matches T3, the drain-source voltage of 

( 1  + 6) T4 would match the drain-source voltage of T I M .  As-it is 
arranged here, the drain-source voltage of T4 is lower in 
magnitude. This has the advantage that the maximal sig- 
nal level at the output of the integrator is larger, so that 
the dynamic range is larger. 

S;~(W) = 2kT c ( (W/L)PC;x(Vgs - V,) 

( 3 )  
1 + a + a 2  

(1 - a2)(1 - a) 
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I H 

‘bias2 I 

Fig. 2. The bias circuit. 

The distortion-free dynamic range depends on the noise 
and distortion characteristics of the circuit. To guarantee 
distortion-free operation according to ( I ) ,  the drain volt- 
age of TI must be constant. The distortion properties of 
this stage depend on the measure in which this demand is 
met. As (1) has limited accuracy, measurements (pub- 
lished in [4] and to be published in [22]) show that even 
if this demand is met, distortion arises. These measure- 
ments match distortion measurements on this stage, so that 
we may conclude that the effects of spurious signal-in- 
duced voltage fluctuations on the drain of TI  are negligi- 
ble. 

The integrator has little distortion, and the distortion- 
free dynamic range was measured to be as high as 74 dB. 

The maximum input amplitude before clipping is 1 VeE. 
This makes the dynamic range 85 dB. 

111. THE FILTER NETWORK 

In the previous section the design of the integrator was 
described. This integrator is to be used in a filter network. 
The design of a filter network is discussed below. 

For the realization of any transfer function, many filter 
networks are possible. The dynamic range of the filter is 
dependent on the filter network that is chosen. It is pos- 
sible to design an optimal network that can be proven to 
give rise to an optimal dynamic range. These optimal net- 
works are quite difficult to realize, due to the many 
branches that are involved. Therefore, we use a simpler 
network that can be proved to come very close to this 
optimum. The theory on optimal dynamic range networks 
has been published elsewhere [2]; we suffice here by men- 
tioning the main results. 

A bandpass filter can be designed by performing a low- 
pass to bandpass transformation on a so-called low-pass 
equivalent filter. We start by designing a low-pass filter 
of the preferred type (Butterworth), with an order that is 
half the order of the bandpass filter we want to end up 
with. We choose a low-pass equivalent filter that is nor- 
malized, which means that it has a dimensionless band- 
width of 1 .  Let s” be the (dimensionless) Laplace operator 
for the normalized low-pass equivalent case, and s the 
Laplace operator for the bandpass case (with the dimen- 
sion of a frequency). Then the transformation that trans- 

forms this filter into the desired bandpass filter is 

S t /  = s 2  + U; 

sa, 
where wo is the central frequency of the bandpass filter, 
and U, is its bandwidth. The quality factor of the resulting 
filter is then 

U0 Q = -. 
U, 

It can be proved that if we start by designing a low-pass 
equivalent filter that is close to optimum, after low-pass 
to bandpass transformation we end up with a bandpass 
filter that is just as close to optimum [2]. An optimal net- 
work for the low-pass equivalent filter can be found by 
starting with some network that realizes the transfer func- 
tion that is wanted, and performing network optimization 
steps afterwards. 

Network optimization can be done in two ways: scaling 
and network transformation. Scaling is a network opera- 
tion that preserves the graph of the network, but it changes 
the branch values of the graph such that all the signal lev- 
els within the graph become equal. A network transfor- 
mation goes further and also changes the graph. In fact, 
network transformations include scaling operations. They 
can give rise to a graph that is badly realizable, due to its 
complexity. Therefore it is wise to start with a graph that 
is known to “behave well,” that is, it results in a near- 
optimal network after scaling so that further network 
transformations are unnecessary. 

The signal flow graph of the network that we have cho- 
sen for the low-pass equivalent filter is shown in Fig. 3 .  
The network consists of a cascade of two biquads. Each 
biquad contains two integrators, which are presented in 
the figure by the branches that are marked with 1 /sf’.  

One can prove [2] that, if this network is used, the dy- 
namic range of the resulting bandpass filter after scaling 
is 

(7) 

where Vmax,eff is the maximal effective (root mean square) 
value of the single-ended signals at the inputs or at the 
outputs of the integrators that are used in the realization. 
C is the total capacitance that is used in the filter. It can 
also be proved that the dynamic range belonging to an 
optimal network is 

This is only 0.6  dB above the dynamic range that is re- 
alized via the scaled cascade network, so that this network 
is very suitable. By ( 7 ) ,  with T = 300 K, C = 80 pF, 
V,,,ax,eff = 1 V, = 6.6 ,  and Q = 14.3, the dynamic range 
of the bandpass filter is 65.1 dB. The branch values of the 
scaled network are given in Table IV. 

The effect of the frequency transformation (5)  is that 



I 

1618 

4 1  4 3  

Fig. 3. The low-pass equivalent filter network: a cascade. The double 
primes are meant to indicate that this is a normalized low-pass equivalent. 

TABLE IV 
THE BRANCH VALUES OF THE 

NETWORK OF FIG. 3 AFTER SCALING 

branch value 

-0.3827 
- 0.7972 

1.0708 

1.2560 
- 0.3827 

- 0.9239 
-0.1301 

1.1260 
-0.9239 

1.1555 
1 .om0 

. : . transformation heqnency L! -“I/* 
Fig. 4. The frequency transformation (5) can be realized by replacing each 

integrator of the normalized low-pass equivalent filter by a biquad. 

each integrator branch with transfer function 1 /sf’ in the 
graph of Fig. 3 is replaced by a biquad with transfer func- 
tion 

SU 
b(s) = 

s2 + U;. (9) 

A signal flow graph of a suitable biquad is depicted in 
Fig. 4. In this way, a bandpass filter is a network of bi- 
quads. The design of the biquads and the filter is dis- 
cussed in the next section. 

IV. THE FILTER 
The biquads of Fig. 4 have been realized with two in- 

tegrators of the type shown in Fig. 1, and one inverter. A 
circuit diagram of the biquads is shown in Fig. 5. Two 
damping resistors of 200 Q are connected in series with 
the outputs to introduce high-frequency zeros that cancel 
parasitic poles. T5 and T9 of the inverter have been biased 
at a current that is 3.7 times higher than the bias current 
of the integrators. This has been done to reduce noise gen- 
eration. Due to the noise production of the inverter, the 
effective noise factor of the integrator increases to 6.6. 

The biquads must be mutually coupled, according to 
the signal flow graph of Fig. 3. For that purpose, an input 
and an output must be added to, or found in, the biquad. 

Fig. 5 .  The biquads consist of two transconductances of the type shown 
in Fig. 1 and an inverter. The capacitances are not shown in this figure, 
and must be connected to the outputs. 

From a theoretical point of view, the most logical way of 
adding inputs to the biquad is by adding transistors in par- 
allel to TI, T,, or TIo. The gates of these transistors can 
be used as extra inputs. The collectors of T2, T6, and TI, 
can serve as outputs. 

In practice, however, this scheme does not work. The 
transistors that must be added should be very long and 
narrow in order to realize the small transconductance val- 
ues that are involved. Therefore, these transistors would 
add parasitic poles to the circuit. A simulation shows that 
these poles are so dominant that the transfer function can- 
not be realized in this way. 

Therefore another method has been used. The inputs 
that are indicated in Fig. 5 are current inputs. If via a 
small series capacitance C.,, an input voltage Vi,, is ap- 
plied to input 1 in Fig. 5, as shown in Fig. 6, a current 
will enter this input. This current is proportional to the 
first derivative with respect to time of V,,,. This current is 
passed through T2, and integrated by the capacitor Ci that 
is connected to output 1. This voltage is inverted by the 
stage around T5 and T6, and integrated by the integrator 
around T,o. Thus the transfer function between input volt- 
age Vinl and the voltage VoUt2 at output 2 is 

This is a noninverting transfer function. If input 2 and 
output 1 are used instead of the other two, an inverting 
transfer function is obtained: 

More inputs can be obtained by connecting more capaci- 
tances to the two inputs. 

If in the filter network of Fig. 3 the integrators are sub- 
stituted by biquads with transfer functions b(s)  as in (9), 
a network of multiple-input biquads with transfer func- 
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“,,I 

I Ci ci I 
Fig. 6. The circuit of Fig. 5 used as a two-input two-output biquad. 

Col 1 CO12 C d 2  CO33 CO34 CO44 

in 4’ cb$jT;Tgf/--@l outl out2 outl out2 out1 out2 outl out2 out 

I 9.7 9.2 r I 9.1 9.1 I r 9.3 9.2 r r 9.2 lo r 
Fig. 7. The filter is a network of biquads of the type shown in Fig. 5. The capacitance values are in picofarads. 

Col, ca22 ca33 CO44 

out 

in-’ cbjj:~~r&yq-jr&~~r&/ _I 
out1 out2 outl out2 outl out2 out1 out2 

CO12 ca34 

I 9.7 9.2 I r 9.1 9.1 I r 9.3 9.2 I I 9.2 lo r 
Fig. 8.  The filter network of Fig. 7 modified to further reduce the influence of parasitics 

tions U; b (s) is obtained. This, with (10) and (1 l),  yields 

in the filter realization of Fig. 7. 
In simulations it appears that the transfer function still 

is slightly affected by parasitic poles in the couplings be- 
tween the biquads. The influence of these parasitics can 
be further reduced by modifying the circuit of Fig. 7. It 
can be proved that two cross-coupled capacitors C,,, and 
C,,, can be replaced by one capacitor Cay directly con- 
nected between two outputs of the two biquads involved, 
if these two capacitors have the same value. If the values 
of the two capacitors are unequal, the smallest of them 
can be connected between the outputs, if this value is sub- 
tracted from the largest coupling capacitor. This results 
in the filter of Fig. 8. When this network is simulated, it 
appears that the effects of parasitics has been reduced to 
an acceptable degree. 

The capacitors were dimensioned such that at each out- 
put of each biquad a total capacitance of 10 pF was situ- 
ated. A high degree of matching between the biquads is 
necessary. Therefore, the loading capacitances (of 10 pF) 
of each biquad were realized as a parallel connection of 
one 9.1-pF sandwich capacitor with nine 0.1-pF top-plate 

capacitors. The small capacitors could be earthed or con- 
nected to the input or output of another stage for coupling 
if wanted. In this way the total capacitance values are well 
matched. 

The bias voltages required by the circuit in Fig. 5 are 
generated by the circuit in Fig. 2.  The central frequency 
of the filter can be tuned with constant Q via Vtune. The 
bias lines of all the biquads were tied together and con- 
nected to one bias generating circuit. In this situation there 
is some crosstalk over the bias lines. It appeared in sim- 
ulations and measurements that this does not degrade the 
stopband damping very much. This crosstalk also has an 
influence on the passband shape of the filter, because it 
affects the intercoupling of the biquads. This influence 
also appeared to be small and acceptable. In situations 
where the crosstalk via the bias lines has too much effect, 
it should be eliminated. This can be done by furnishing 
each biquad with a separate bias generator. 

A chip photograph of the filter is shown in Fig. 9. On 
this chip the eighth-order filter, together with a second- 
order reference filter, are realized, but on the photograph 
only the eighth-order filter is shown. The chip area oc- 
cupied by this filter is only 0.25 mm2. Near the bottom of 
the picture, the 10-pF capacitors that each consist of a 
large capacitor together with nine small capacitors are 
clearly visible. 
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Fig. 9. The filter chip. 

V. MEASUREMENTS 
The supply current of the chip (the eighth-order filter 

together with the second-order reference filter) is 1 .OO 
mA. As the supply voltage is 8.0 V the power consump- 
tion is 8.0 mW. 

Fig. 10 shows the measured transfer function of the fil- 
ter, accurately representing the design objective. There is 
a slight tilt of 0.2 dB visible in the transfer function, and 
if necessary this tilt can be removed by giving each biquad 
its own bias generator, as was explained in Section IV. 
The stopband damping is 70 dB. 

The output noise voltage was measured to be 708 pV. 
Theoretically, this should be 553 pV [4]. The difference 
is ascribed to the fact that the constant c in (3) is 1.1 in- 
stead of 2/3.  

The maximal effective output signal voltage is 0.9 V by 
measurements. This is less than the 1-V maximal signal 
level of one single integrator. The difference is ascribed 
to a mismatch in bias voltages between the integrators. 
The dynamic range is therefore 62 dB, which is 3 dB less 
than predicted in Section 111. The distortion-free dynamic 
range is 47 dB. This was measured on the basis of third- 
order intermodulation distortion because, in a high+ 
bandpass filter, this is the most important distortion mech- 
anism. The tuning range is 50-200 kHz. 

VI. IMPROVING THE DYNAMIC RANGE 
There are several ways to improve the dynamic range 

of the filter that we have designed. In this section we will 
discuss them briefly and give a fundamental maximum for 
the dynamic range. From (7) and (8) one sees that the 
dynamic range increases if the total amount of capaci- 
tance or the maximal signal voltage is increased, or  if the 
quality factor of the filter is decreased. The maximal sig- 
nal voltage depends in most cases on the supply voltage, 
so the maximal signal voltage can be enlarged if the sup- 
ply voltage is enlarged. Because these methods to im- 
prove the dynamic range are trivial, we will assume that 
the total amount of capacitance, the supply voltage, and 
the transfer function of the filter cannot be changed. 

In this section we deal with dynamic range only. As a 
rule of the thumb, each improvement of 3 dB in dynamic 
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Fig. 10. The transfer function of the filter by measurements. In (a) the 
transfer function in a wide frequency range is shown, while (b) shows the 
passband in more detail. 

range gives rise to an improvement of 2 dB in third-order 
distortion-free dynamic range, but this is not always true. 
A more fundamental way of improving the distortion-free 
dynamic range is improving the linearity of the integra- 
tors, for which device modeling needs to be done [22]. 

One way to improve the dynamic range is network op- 
timization. It was pointed out in Section I11 that a maxi- 
mum of 0.6 dB can be gained in this way. 

More improvement can be obtained if the integrators 
are optimized. The amount of dynamic range that can be 
won this way depends upon which degrees of freedom one 
has. If one has the possibility of designing the MOSFET’s 
for this goal, better results can be obtained than with ex- 
isting MOSFET’s, as was our situation. Theory on opti- 
mal dynamic range integrators has been described else- 
where [3]. Here the main results for this practical situation 
are summarized. 

An improvement of 6 dB can be obtained by making 
the integrator differential, at the cost of more circuit com- 
plexity. This is shown in Fig. 11. The improvement is 
due to an increase of the maximal signal levels by 6 dB. 

The noise factor can be reduced by effectively elimi- 
nating the noise production by the bias current sources in 
the integrator. The integrator of Fig. 1 contains one bias 
current source that is realized with the MOSFET’s T3 and 
T4, and that produces noise. This gives rise to an increase 
in the noise factor, an increase that can be circumvented 
by using a complementary circuit as shown in Fig. 12. A 
similar thing has been done by Nauta [lo], [25], Nauta 
and Seevinck [ 111, and Park and Schaumann [ 191 for sat- 
uration-region transconductors. These saturation-region 
transconductors have better high-frequency potentials 
[lo], whereas this triode-region version can have a larger 
dynamic range [3], [4]. 

If the supply voltage is 8 V, an optimal value for the 
threshold voltage is about -0.17 V, with an optimal value 
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(a) (b) 

Fig. 11. A dynamic-range improvement can be obtained if the integrators are made differential (b) instead of single ended (a). 

v s u p o ~  

Fig. 12. A noise-producing bias current source in the integrator can be 
circumvented by using a complementary transadmittance stage. 
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Fig. 13. A MOSFET-C integrator. 

for the drain-source voltage of 1.5 V [3]. The noise factor 
is then 2.35 and, if the stage is used in a differential mode, 
the maximal differential signal amplitude is 5.1 V; assum- 
ing sinusoidal signals, this means a maximal effective sig- 
nal voltage of 3.6 V. With a capacitance of 10 pF, this 
gives rise to a dynamic range of 103 dB for the integrator, 
an increase of 14 dB when compared to the integrator we 
have used, but complementary transistors and MOSFET’s 
with a suitable threshold voltage must be available. By 
(7), the dynamic range of the filter would become 81 dB. 

There is an upper limit to the dynamic range, and this 
limit can be reached in several ways. One way is by use 
of a MOSFET-C integrator with optimized MOSFET’s. 
A MOSFET-C integrator is shown in Fig. 13. If the dif- 
ferential op amp in this integrator can drive its output rail 
to rail, and the threshold voltage of the MOSFET’s is -8 
V ,  the maximal single-ended input and output amplitude 
of the integrator is equal to half the supply voltage. The 
noise factor can be made equal to 1, and this gives, ac- 
cording to (7), rise to a dynamic range of 82.4 dB for the 
filter. If additionally an optimal filter network is used, the 
dynamic range will be 83.0 dB, according to (8). This is 
the largest dynamic range that can ever be reached for an 
active eighth-order Butterworth bandpass filter with a 
quality factor of 14.3, a total capacitance of 80 pF, and a 
supply voltage of 8 V. 

VII. CONCLUSIONS 
With very simple circuitry it is possible to realize an 

eighth-order high-Q bandpass filter with a large tuning 
range, a high dynamic range, and a very small chip area. 
The dynamic range can be improved by 21 dB to a theo- 
retical maximum of 83 dB, mainly by redesigning the in- 
tegrators, at the cost of a more complex circuit. If still a 
larger dynamic range is wanted, this can only be attained 
by increasing the supply voltage or by enlarging the total 
capacitance. The latter must be paid in chip area and 
power consumption. 
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