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Abstract

Internet-of-Things (IoT) applications require nanowatt (nW) power references that are robust
to process, voltage, and temperature (PVT) variations. This thesis presents the design of ultra-
low-power (ULP) sub-10nW always-on blocks in GlobalFoundries 22nm (GF22nm) technology,
including a Proportional to Absolute Temperature (PTAT) current reference, a bandgap ref-
erence, and a Low Dropout Regulator (LDO). These references are optimized to operate over
the full automotive temperature range while consuming only 1nA of current per branch.

Given the high cost of GF22nm technology, achieving area efficiency is a critical aspect of this
research. To address this, the design incorporates area-efficient components such as switched
capacitors and duty-cycled resistors. The PTAT block achieves a line sensitivity of 2%/V
and 5% spread (σ/µ ) at 27°C consuming 4nW by utilizing MOSFETs in weak inversion and
operates with an 800mV supply voltage while occupying a silicon area of 0.001mm2. The
bandgap reference is supplied from a battery with an end-of-life (EOL) voltage of 900mV.
It achieves a maximum temperature coefficient (TC) of 140.6ppm/°C and a line sensitivity
of 0.56%/V at 27°C with a supply range from 900mV to 1.98V. Without any trimming, the
reference voltage spread due to process and mismatch variations is reduced to 2.9% (σ/µ )
by using BJTs. The bandgap reference occupies a silicon area of 0.021mm2 using duty-cycled
resistors and has a nominal power consumption of 7.6nW. This voltage is used as the reference
voltage for an LDO with unity-gain feedback to prevent multiplication of the reference voltage
noise. The LDO maintains an output voltage line sensitivity of less than 1%/V with battery
voltage variations from 900mV to 1.98V and load currents ranging from 100nA to 1µA.
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1 Introduction

The advance of the Internet of Things (IoT) has greatly increased the number of connected
devices, many of which operate in energy-constrained environments such as wearable tech-
nology, remote sensors, and mobile devices. These devices often require ultra-low power
(ULP) integrated circuits that can function reliably for extended periods without recharging.
Among these circuits, always-on components—such as real-time clocks (RTC), temperature
sensors, and power management systems—are essential for maintaining continuous opera-
tion and system stability, even during deep sleep states where most of the system is powered
down.

As these always-on components must remain active to support basic functions like timing,
sensing, and low-power wake-up, they demand robust and energy-efficient voltage and cur-
rent references. This is particularly challenging in advanced semiconductor processes such as
GlobalFoundries 22nm Fully-Depleted Silicon-on-Insulator (FDSOI) technology. The primary
goal of this thesis is to explore and develop ultra-low power, sub-10nW always-on blocks in
GF22nm technology, focusing on Proportional to Absolute Temperature (PTAT) current refer-
ences, bandgap (BG) references, and low-dropout (LDO) regulators.

In designing these ULP blocks, several challenges arise. The GF22nm technology presents
unique advantages, such as reduced leakage currents, reduced parasitic capacitors, and wide
body bias range, which help achieve the desired power efficiency. However, it also imposes
constraints on area efficiency and component reliability, particularly in the face of temperature
extremes common in automotive applications.

This research addresses these challenges through design strategies, including the use of switched-
capacitor (SC) networks and duty-cycled resistors to replace traditional high-value resistors,
which are typically area-inefficient at nA current levels.

The thesis provides a comprehensive exploration of design choices tailored to the constraints
and opportunities of the GF22nm FDSOI technology, offering insights that can guide future
developments in this and similar process nodes. Second, it demonstrates the feasibility of
achieving sub-10 nW level power consumption in critical always-on blocks, such as PTAT and
BG references and LDOs. The PTAT current reference and the bandgap reference designed in
this work consume less than 4 nW and 12 nW respectively.

In conclusion, this research explores various solutions with a focus on BJTs for VREF gener-
ation and MOSFETs in subthreshold region for IREF generation. The results are expected to
accelerate the design of ULP circuits in advanced process nodes, providing a robust founda-
tion for the next generation of energy-efficient electronics.
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2 Literature review

2.1 Ultra-low-power (nW) references

2.1.1 BJT based references

Conventionally, the design of bandgap references were limited to bandgap voltage (BG) refer-
ences generated by adding the base-emitter voltage (VBE) of a BJT to a resistor voltage with a
PTAT current. This method produces the BG voltage of silicon (1.2V) with a zero temperature
coefficient. Hence, the supply voltage should be higher than this voltage. In [15], an addi-
tional resistor was introduced, as shown in Figure 2.1, allowing for the generation of lower
reference voltages. However, this approach has the disadvantage of adding another branch
with a BJT and a third resistor, which is not area-efficient.

Figure 2.1: Conventional and low supply voltage bandgap circuits [15]

In [23], a 32 nW bandgap reference is introduced using charge pumps, BJTs, and most impor-
tantly, a switched capacitor network (SCN) to generate constants for scaling VEB and ∆VBE.
As shown in Figure 2.2, Vin is 0.5V and the charge pump is required to generate a voltage
above VEB. Hence, with a 2x charge pump, the minimum required Vin is VEB/2. Capacitor CL1
can be charged to 2 × VIN but Q1 clamps it to VEB. The difference between VEB1 and VEB2 is
then stored on C∆. The SCN generates constants for scaling VEB and ∆VBE using a two-phase
non-overlapping clock and the reference voltage VREF is described as:

VREF = 3∆VBE + VBE1

(
Ca1

Ca1 + Ca2

)

2



2 Literature review

The capacitor values are selected to generate a temperature-independent constant VREF of 500
mV at this work. The total power consumption is 32 nW and the area is 0.0264 mm2.

Figure 2.2: Bandgap reference circuit using charge pumps and a switched capacitor network
[23].

This innovative approach reduced the supply voltage by half compared to other works utiliz-
ing BJTs and MOS current mirrors, by employing charge pumps. However, the nonlinearity
of the BJT biasing and the leakage current in the proposed SCN limited the operating tem-
perature range. This issue was addressed in [5] by implementing SCNs with low-leakage
considerations. However, increasing the operating temperature range and lowering line sen-
sitivity in [5] led to an area of 0.0522 mm2.

In [3], a novel method is introduced that generates the reference current by combining proportional-
to-absolute-temperature (PTAT) and complementary-to-absolute-temperature (CTAT) currents
instead of voltages as shown in Figure 2.3. This current can then be distributed within the sys-
tem to generate tunable sub-1V reference voltages. A primary advantage of this approach is
its suitability for low supply voltages. Additionally, since the generation of voltage references
depends on the ratio of resistors, process variations are effectively canceled out. However,
the main disadvantages include the presence of more than two steady states due to parallel
resistors R1 and R2 that shunt the diodes. Moreover, generating nA-range currents with this
method requires a significantly large area due to large resistors.

3



2 Literature review

Figure 2.3: Schematic of the current and voltage reference with PTAT and CTAT currents [3]

In this work, the same topology is employed to generate CWT voltage and current reference.
Instead of diodes, BJTs are used due to their improved matching and thermal stability. Ad-
ditionally, the issues of unwanted steady states are mitigated and resistors are replaced with
area-efficient components.

In [8], an innovative bandgap reference is proposed using capacitive bias applied to a pn-
junction. Its work principle is based on the fact that when a pre-charged capacitor is dis-
charged through a diode (shown in Figure 2.4) the resulting voltage over time can be obtained
as:

VD(t) = −nVT · ln
{

1 −
[

1 − exp
(
−Vdd

nVT

)]
· exp

(
−Is

C · nVT
· t
)}

(2.1)

Figure 2.4: Capacitive bias of PN-junctions [8]

With a medium value of t, the above equation can be approximated as below, which varies
with the natural log of time and does not depend on Vdd.

VD(t) = −mVT · ln
(

Is

C · mVT
· t
)

(2.2)

By precisely controlling the amount of time that the capacitor is discharged, a large dynamic
range between the current densities of Equation 2.2 can be achieved, leading to a large current
density ratio. This can be used to generate current ratios and a large PTAT voltage. The final
Vref is achieved by switching capacitors in four phases (shown in Figure 2.5 ) with different
sampling timings. The resulting Vref equation is derived as:

Vref =
C2

C1 + C2
·
[

Vd2 −
C1

C2
· Vd1

]
(2.3)

4
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Figure 2.5: Capacitive switching phases to generate Vref [8]

This work operates with Vdd ranging from 0.85 V to 1 V and consumes 0.0022 mm2 area.

Last but not least, a recent ultra-low-power voltage reference is presented in [7], fabricated
using 22nm FDSOI technology. The proposed architecture, illustrated in Figure 2.6, bears
similarities to the design in [16]. The operation principle relies on compensating the negative
temperature coefficient of VCTAT with a PTAT voltage generator. The PTAT voltage is generated
using a resistor-less topology involving a differential pair with MOSFETs operating in the
weak inversion region. To achieve voltage references lower than the silicon bandgap voltage
(1.2 V), a voltage divider circuit is employed. Additionally, self-cascoded composites are
used in the current mirrors to enhance the power supply rejection ratio (PSRR). Total power
consumption is 45.6 nW with a 1.2V supply voltage and 0.0104 mm2 active area.

Figure 2.6: Proposed ultra-low-power voltage reference architecture in [7]

2.1.2 MOSFET based references

In [22], a native device with near-zero threshold voltage (Vth) and a thick oxide device with
high Vth are used for transistors M1 and M2 respectively as shown in Figure 2.7. In practice,
any combination of two devices with a significant difference in Vth can be used. The well-
known subthreshold current is described by Equation 2.4, where µ represents mobility, Cox is
the oxide capacitance, and n is the subthreshold slope factor. By equating the currents through
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M1 and M2, assuming both devices operate in weak inversion, the reference voltage Vre f can be
derived, as shown in Equation 2.5. Since the MOSFET threshold voltage Vth is complementary
to temperature, selecting appropriate transistor sizes can effectively cancel out the temperature
dependence of the two terms. This design achieves pW-level power consumption with Vdd
ranging from 0.5 V to 3 V over a narrow temperature range due to leakage currents. The area
consumed in different processes is reported to be lower than 0.01 mm2. To address process
variations, a trimmable version is also proposed with 0.0093 mm2 area.

Figure 2.7: Two transistor (2T) voltage reference [22].

Isub = µCox
W
L
(n − 1)V2

T exp
(

Vgs − Vth

nVT

)(
1 − exp

(
−Vds

VT

))
(2.4)

Vre f =
n1n2

n1 + n2
(Vth2 − Vth1) +

n1n2

n1 + n2
VT ln

(
µ1Cox1W1L2

µ2Cox2W2L1

)
(2.5)

On the other hand, when a current reference is required, the voltage reference must be con-
verted to a current through a voltage-to-current converter and an op-amp-based feedback loop
[13], as shown in Figure 2.8. Gate leakage transistors are used for generating picoampere (pA)
current levels [25], and resistors are used for microampere (µA) current levels. However, for
nanoampere (nA) current levels, as targeted in this project, using these components would
consume a large chip area.
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Figure 2.8: Current reference generation [13]

To achieve nA-range currents, self-cascoded MOSFETs are utilized in [13]. The design con-
sumes an area of 0.0132 mm2 and is fabricated in 22nm FDSOI technology. The authors pro-
pose a nanoampere-range constant-with-temperature (CWT) current reference that employs a
self-cascoded MOSFET (SCM). The SCM is biased by a proportional-to-absolute-temperature
(PTAT) voltage with a critical modification which is adding a CWT offset voltage to the PTAT
bias obtaining VX = nUT log(KPTAT) + ∆VT shown in Figure 2.9. This offset is derived from
the threshold voltage difference between two transistors of the same type, with one being for-
ward body-biased to reduce its threshold voltage. The current-voltage relationship of a SCM
can be described as follows [6]:

ID = IS · (i f − ir) · S

where IS represents the specific sheet current, S = W
L is the transistor aspect ratio, and i f

and ir are the forward and reverse inversion levels, respectively. By applying a constant-
with-temperature (CWT) offset to the bias voltage of the SCM, i f becomes complementary-to-
absolute-temperature (CTAT). After tuning the offset, it effectively cancels out the proportional-
to-absolute-temperature (PTAT) term in IS. Lastly, to generate the offset based on the thresh-
old voltage (Vth) difference between transistors M6 and M7, the body bias of M6 is generated
using a two-transistor (2T) voltage reference [22].
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Figure 2.9: Self-cascoded MOSFETs used for nA-range reference current generation [13]

There are several limitations to the topology of Figure 2.9. First, the reference current Iref is
adversely affected by leakage currents, especially from the body parasitic p-well/n-well diode
of M2. Second, a temperature coefficient (TC) calibration circuit is necessary to ensure an
acceptable TC across all process corners. Lastly, the value of the CWT offset depends only
on technological parameters, offering no flexibility to tune Voff through transistor sizing. To
address these issues, the topology shown in Figure 2.10 is proposed [12]. In this improved
design, the body connection of M2 is tied to ground to mitigate its leakage current, calibration
is simplified by adjusting the width of either M7 or M9, and by using a four-transistor (4T)
voltage reference, the offset voltage can be tuned by changing the ratio of S7/S6. The chip
is fabricated in 0.11-µm bulk and 22-nm FDSOI technology and achieves a silicon area of
0.0106 mm2 and 0.0026 mm2 respectively.

Figure 2.10: Schematic of the current reference with SCM and 4T voltage reference [12]

Both topologies for generating nA-range current references using SCMs [13] [12] are highly
sensitive to leakage currents. Their performance has been reported to be reliable up to 85◦C.
However, beyond this range, particularly over the automotive temperature range, performance
degrades significantly due to the increase in leakage currents.
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2.1.3 Performance summary of the state of the art ULP references

[23] [8] [13] [12] [5] [22] [7]
Technology 130nm 16nm FinFet 22nm FDSOI 22nm FDSOI 65nm 130nm 22nm FDSOI

Type BJT+MOS Diode+MOS MOS MOS BJT+MOS MOS BJT+MOS
Vdd [V] 0.5 - 1.5 0.85 - 1 0.9 - 1.8 1 - 1.8 0.5 0.5 - 3 1.2 - 1.8

Vref [mV] 500 235 - - 495 174.9 598
Iref [nA] - - 1.25 2.5 - - -

Power [nW] 32 40 7.8 15.5 38 0.022 45.6
Temp. Range [°C] 0 - 100 0 - 100 -40 - 85 -40 - 85 -40 - 120 -20 - 80 -40 - 120

TC [ppm/°C] 75 85 203 101 42 16.9 - 231 61
Line Sensitivity [%/V] 2 1.9 0.23 0.26 0.64 0.033 0.12

Area [mm2] 0.0264 0.0022 0.0132 0.0025 0.0532 0.0013 0.0104
Spread (σ/µ) [%)] 0.67 0.82 6.66 4.7 1.03 0.85 0.37

Table 2.1: Performance summary of ULP reference designs

Among the prior art, the lowest area is achieved by the 2T voltage references in [22]. However,
this design is limited by a narrow temperature range and a relatively high average tempera-
ture coefficient (TC). The current references presented in [13] and [12] are designed in 22nm
FDSOI technology and manage to achieve low area and power consumption, though they ex-
hibit a higher spread. In the category of BJT-based references, the design in [7] is notable for
its implementation in 22nm FDSOI technology and operating over a wide temperature range.
However, it requires a minimum Vdd of 1.2V. It is also shown that while BJT-based designs
generally consume more area than MOSFET-only designs, they offer the advantage of operat-
ing over a broader temperature range. The performance analysis of this design with BJTs and
area-efficient components instead of resistors will be shown in Table 6.1.
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3 Proportional to absolute temperature
(PTAT) current reference

The PTAT (Proportional To Absolute Temperature) current reference is a fundamental build-
ing block in analog and mixed-signal integrated circuits. PTAT current references are widely
utilized in various applications, such as biasing amplifiers to achieve constant transconduc-
tance (gm) and maintaining constant gain across temperature variations.

In this work, the goal is to design a ULP PTAT current reference that consumes a nominal
current of 1 nA per branch. Achieving such a low current level per branch is challenging due
to the leakage currents and area efficiency.

The following sections will briefly explain the design methodology, circuit implementation,
and simulation results of the PTAT current reference.

3.1 Design methodology

3.1.1 Specifications

The design specifications are summarized in the Table 3.1:

Parameter Specification
Supply Voltage 800 mV
Current per Branch 1 nA
Reference current 1 nA
Core Power Consumption < 4 nW
Temperature Range -40°C to 125°C
Area ≤ 1200 µm2

Table 3.1: PTAT Current Reference Design Specifications

The area is constrained to be less than 1200 µm2, which is the area of the previous PTAT
reference designed at CSEM in GF22nm technology generating a nominal current of 1 µA.
Consequently, the goal of this project is to reduce the current consumption by a factor of 1000,
while not exceeding the area of the previous design. This presents a challenge due to the
significantly larger resistors required for this current scaling.
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3.1.2 Design choices

The main decision in the PTAT reference involves selecting the appropriate MOSFETS. We
have the option to choose between thin oxide and thick oxide transistors. Thin oxide transis-
tors present a challenge due to gate and channel leakage currents, which can exceed 100 pA at
high temperatures. An example of this is illustrated in Figure 3.1, which shows the exponen-
tial increase of channel leakage currents for temperatures above 85°C. Given our target output
current of 1 nA, leakage currents exceeding 100 pA represent more than 10% of this, leading
to temperature-related degradation in the core current.
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Figure 3.1: Channel leakage current as a function of temperature for unit transistors (W
L = 1u

1u )

Therefore, thick oxide transistors must be used to mitigate leakage issues. Among the avail-
able options, super low Vt (EGSLVT) transistors were excluded due to their high leakage
currents shown in Figure 3.1. Consequently, for all MOSFETs used in this design, thick oxide
low Vt (EGLVT) transistors were selected to ensure robust performance.

3.1.3 Design steps

The topology of a simple beta-multiplier circuit is shown in Figure 3.2 [2]. MOSFETs in weak
inversion (M1 and M2) are used instead of BJTs due to the low supply voltage of 800 mV to
have more headroom for M3 and M4. If all the transistors are in weak inversion, the drain
current given in Equation 2.4 is obtained as below in saturation [24]:

ID =
W
L

ISe
VGS−Vth

nUT (3.1)
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3 Proportional to absolute temperature (PTAT) current reference

Voltage drop (VR) on Rptat is given by VGS1 − VGS2, hence it can be written as [20]:

VR = nUT ln
( ID1

IS(W
L )1

)

( ID2
IS(W

L )2

)
≈ UT ln(k) (3.2)

where k is the ratio between the sizes of M1 and M2. This voltage is a PTAT voltage and
generates a PTAT current equal to VR

RPTAT
. After determining k, the value of RPTAT can be

obtained.

M1 M2

M3 M4
M5

Vdd

Vss

Iout

Start-up circuit

Rptat

Iptat

VR

Figure 3.2: PTAT Current Reference Schematic

For the ratio between the sizes of M1 and M2, there is a logarithmic relation between k and
IPTAT. As k increases, its mismatch will cause lower variations in the PTAT current. However,
increasing k also consumes more area. We can achieve higher k values by using different series
and parallel topologies of unit transistors with W/L = 1u/1u for M1 and M2 while maintain-
ing the same area. Iterative simulations show the lowest spread of current was achieved with
k = 64, using 8 series unit transistors (W/L = 1u/1u) for M1 and 8 in parallel for M2. Hence,
we can calculate RPTAT as follows:

IR =
UT ln(k)

RPTAT
=

26 mV · ln(64)
RPTAT

= 1 nA =⇒ RPTAT ≈ 110 MΩ

This resistor is very large, hence it should be replaced by an area-efficient component such as
a switched capacitor resistor, which will be explained later.
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For the sizing of the PMOS mirror, minimizing mismatch is crucial. It is preferable to use large
transistors in strong inversion, but with a 1 nA current, very long transistors are required.
This will increase both the threshold voltage (Vth) and the required gate-source voltage (VGS),
limiting the available headroom. Therefore, the worst-case scenario should be considered,
which occurs in SSSS-40, where Vth is at its maximum. Considering the DC operating points
we have:

Vdd = VR + VdsatM2 + VsgM4

Keeping M2 in saturation leaves nearly 580 mV for Vsg, which translates to an IC factor equal
to 0.24. The best matching is achieved with long transistors and a (W/L) of 0.25 µm/10 µm
for the PMOS mirror. Due to the GF22nm technology limitation that restricts the area of
the transistors to 2 µm2 per finger, M3 and M4 are implemented with series composite of
transistors.

Replacing Resistor with Switched Capacitor Resistor

The resistor required to generate a 1 nA current is 110 MΩ, which would cover a very large
chip area. Therefore, it is necessary to replace this resistor with more area-efficient compo-
nents, such as switched capacitor resistors. The resulting schematic is shown in Figure 3.3.
The equivalent resistance of a switched capacitor is obtained as [26]:

Rsc =
Vaverage

Iaverage
≈ 1

Cs fclk
(3.3)

Assuming a 32 kHz clock frequency available in the system from the crystal oscillator, the
required capacitance is 280 fF.

In order to reduce the area, two branches with two-phase non-overlapping clocks are used.
This setup effectively doubles the charge transfer and ripple voltage frequency which means
that only half the capacitor value (140 fF) is needed to achieve the same equivalent resis-
tance.

To dampen ripples, a large damping capacitor Cd is used in parallel with the switched capac-
itor. The ripple amplitude is roughly given by:

Ripple Amplitude = VR ∗ Cs

Cd
(3.4)

Since the effective capacitance Cs is halved due to the doubled clock frequency, the ripple
amplitude is also reduced by half. Consequently, we only need half the damping capacitance
Cd to achieve the same level of ripple reduction. Aiming for less than ±1% ripple in Iout
nominal value (1nA) at TT27 results in a minimum Cd equal to 2.8 pF.
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M1 M2

M3 M4
M5

Vdd

Iout

Start-up circuit

Iptat

Vss

Clk

ClkQ Cs/2

ClkQ

Clk Cs/2

Cd

VR

Vgp

Vgn

Cc

Figure 3.3: Schematic of PTAT current reference with switched capacitor resistor

The two-phase non-overlapping clocks required for the switches are generated using a cross-
coupled RS flip-flop, as shown in Figure 3.4.

Figure 3.4: Schematic of the cross-coupled RS flip-flop

In the design of switched capacitor resistors, NMOS switches were selected due to the low
input voltage (VR = 110 mV). The (W/L) ratio of the NMOS transistors was chosen to be
0.5 µm/4 µm. This sizing ensures that the on-resistance (Ron) remains below 40 kΩ and
the off-resistance (Ro f f ) exceeds 80 GΩ across all process corners. This maintains a leakage
current of less than 10 pA and limits the degradation in the PTAT current over the automotive
temperature range.

Loop stability after adding the switched capacitor resistor

The loop containing M1, M2, M3, and M4 in Figure 3.2 forms a positive feedback loop. This
loop remains stable as long as the loop gain is less than 1. The DC closed-loop gain is given
by:
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Av =
gm2

1 + gm2R

(
1

gm4
∥ ro2

)
gm3

(
ro3 ∥ 1

gm1

)
(3.5)

After adding the switched capacitor (Cs) and the damping capacitor (Cd), R in the equation
above changes to R

1+RCdS . This introduces a pole and a zero in the closed-loop frequency

response. The pole is located at ωp1 = 1+gm2R
RCd

, while the zero is at a lower frequency, located
at ωz1 = 1

RCd
. The zero causes an increase in the loop gain and pushes it above 1, causing

instability. In general, in this beta multiplier topology, the capacitor on the source of M2
should be taken care of because it can lead to instability if it becomes too large [2].

To ensure stability, a capacitor (Cc) is added from Vgn to ground as shown in Figure 3.3. This
changes ro3 in the Equation 3.5 to ro3 ∥ 1

Ccs ∥ 1
gm1

, adding another pole to counteract the zero

introduced by Cd. The pole is located at 1+gm1ro3
ro3Cc

. A Cc value of 2 pF is sufficient to ensure the
loop gain remains below 0 dB and the circuit maintains stability across all process corners. .

3.2 Simulation results

3.2.1 DC Analysis

The output current over the temperature range is shown in Figure 3.5 for different process
corners. The spread of the PTAT current over process corners is ±13%. This spread over
process corners due to the switched capacitor resistor, PMOS mirror and NMOS transistors is
about 10%, 3%, and 7% respectively.
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Figure 3.5: Output current over the temperature range for different process corners

The output current versus supply voltage at TTTT27 is shown in Figure 3.6. The line sensitivity
is 2%/V calculated using the BOX method.
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Figure 3.6: Average output current versus supply voltage

3.2.2 AC Analysis

The Power Supply Rejection Ratio (PSRR) is calculated as:

PSRR(dB) = 20 log
(

∆Iout

∆VDD
· VDD

Iout

)
The curves for different process corners are shown in Figure 3.7.
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Figure 3.7: PSRR curves of output current
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3.2.3 Stability Analysis

The frequency response of the PTAT closed loop is shown in Figure 3.8. The loop gain is
always lower than 0 dB, ensuring that the positive feedback loop remains stable across process
and temperature variations.
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Figure 3.8: Frequency response of the PTAT closed loop.

3.2.4 Noise Analysis

The noise analysis of the PTAT output current is shown in Figure 3.10 for different process
corners which are FFFF125, TTTT27, and SSSS-40. The maximum integrated output noise from
0.1 Hz to 100 kHz is simulated to be 7 pARMS. The main noise contributors to the integrated
output noise in Figure 3.2 are shown in the pie chart of Figure 3.9.
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Figure 3.9: Pie chart of the main noise contributors to the PTAT current
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Figure 3.10: Output current noise density of PTAT reference

3.2.5 Monte Carlo Analysis

The Monte Carlo analysis was performed with 200 points at 27 degree, considering both
mismatch and process variations. The histogram result for the average output current is
shown in Figure 3.11. As illustrated, the σ/µ ratio is 5% for the output current. Output
current spread over the temperature range is also shown in Figure 3.12. The spread (σ/µ) due
to the PMOS mirror, switched capacitor resistor and NMOS transistors is about 3%, 4.3%, and
0.5% respectively.
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Figure 3.11: Histogram of the average output current

Figure 3.12: Monte Carlo simulation results for the output current over temperature
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3.2.6 Table of results

The final results and specifications are summarized in Table 3.2. The design successfully meets
all the specified requirements. The current consumption per branch has been reduced from
1 µA to 1 nA, achieving a substantial decrease in power consumption. This reduction was
accomplished without compromising performance or increasing the overall area.

Table 3.2: PTAT Current Reference Summary of Performance Metrics
Metric Specification Performance (TT27)
Vdd 0.8 V 0.8 V
Power consumption < 4 nW 3.4 nW
Area < 1200 µm2 1040 µm2

Integrated noise [1m-100k] - 7 pArms

DC PSRR - -35 dB
Spread of output current (3σ/mean) - 15%
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4 Bandgap (BG) reference

4.1 Design methodology

A critical part of most analog circuits is the bandgap (BG) reference. This generates a stable
reference voltage that should be independent of temperature variations and process spread. In
our design, the primary objective is to achieve ultra-low power consumption while operating
at a low supply voltage. Specifically, the target is to limit the current consumption to 1 nA
per branch from an 900 mV supply. The design should also operate over the automotive
temperature range.

After evaluating various topologies, we selected the Banba et al topology [3]. This is well
suited for use in low-supply voltage applications and for generating reference voltages lower
than the silicon bandgap voltage (∼ 1.2V). It works by combining proportional-to-absolute-
temperature (PTAT) and complementary-to-absolute-temperature (CTAT) currents to realize
a constant with temperature (CWT) current. This current is then converted into a reference
voltage by a load resistor.

In the following sections, we will detail the design specifications and circuit-level design
choices.

4.1.1 Specifications

The design specifications of the proposed BGR are summarized in the table below:

Parameter Specification
Supply Voltage 900 mV
Reference Voltage 800 mV
Current per Branch 1 nA
Reference current 1 nA
Core Power Consumption < 6 nW
Temperature Range -40°C to 125°C

Table 4.1: Bandgap Current Reference Design Specifications

The supply voltage of 900mV is chosen based on the end-of-life voltage of alkaline, silver
oxide, and zinc-air batteries [14]. The reference voltage is set to 800mV to match the nominal
supply voltage required by the RF FETs in GF22nm technology and the core voltage of the
system utilizing the bandgap reference. These specifications pose several challenges. Firstly,
maintaining performance at a low supply voltage is difficult, particularly at low temperatures
when VBE increases to about 700 mV. Secondly, the wide automotive temperature range intro-
duces considerable leakage currents at high temperatures, leading to errors in the nanoampere
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(nA) range. These can compromise the accuracy and stability of the reference voltage. Lastly,
generating nA currents requires the use of very large resistors. To avoid consuming significant
silicon area, area-efficient alternatives such as duty-cycled resistors or switched capacitors will
be used.

4.1.2 Design choices

The first consideration is the choice of the BJTs. As shown in Figure 4.1, topologies based on
either PNPs or NPNs can be used. NPNs have lower base-emitter voltage than PNPs with the
same emitter area as shown in Figure 4.2d, which is important in low-voltage design. Sub-
strate noise is a big concern in mixed-signal and RF integrated circuits, where digital switching
and high-frequency signals can induce noise in the substrate that affects the performance of
sensitive analog and RF components. In our design, the substrate noise rejection is very im-
portant as we are aiming for nA-level currents. The noise rejection from the substrate to the
collector for both BJT types is illustrated in Figure 4.2c. In this testbench, a 1V ac source of
noise is connected to the substrate, and collector voltage ac variations are plotted. NPNs have
high substrate noise rejection. This is because their deep n-well acts as a shield, blocking noise
from propagating through the substrate to the sensitive collector region. PNPs have very low
noise rejection since their collectors are part of the substrate. However, they are less sensitive
to packaging stress than NPNs. This structural difference is highlighted in the layouts shown
in Figure 4.2.

VDD

Q1 Q2
RCTAT

RPTAT
Rref

MP1 MP2 MP3
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VSUB

RCTAT

I2
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(a) BG schematic with NPNs
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RPTAT

RCTAT

Rref

RCTAT

Q1 Q2

MP1 MP2 MP3

I4

I1

I2

I3

(b) BG schematic with PNPs

Figure 4.1: Comparison of BG schematic with NPNs (a) and PNPs (b)
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(a) Cross section of NPN

(b) Cross section of PNP
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Figure 4.2: Comparison of NPN and PNP cross sections, noise rejection characteristics and
base-emitter voltages

Additionally, the use of NPNs means that all the resistors can be connected to the ground,
which should help enhance the linearity of any switches without the need to use transmission
gates with bulk switching or clock bootstrapping which consumes more power.

However, as shown in Figure 4.2a the downside of NPNs is the existence of a parasitic diode
from their collector to the substrate, which can leak more than 150pA of current, especially at
temperatures above 85°C (4.1.7). Also, while NPNs have higher current gain (β), they also have
greater variability in β across process corners. This variability contributes to a slightly higher
process-induced spread in the final bandgap voltage, amounting to less than 1%. However, as
will be demonstrated, the dominant source of spread in the designed bandgap voltage is the
matching of the PMOS current mirrors, rather than the variation in β.

In this work, NPNs were chosen for the bandgap topology due to their lower base-emitter
voltage and high substrate noise rejection. The contribution of β spread to overall error is
minimal when compared to other error sources. To mitigate the effects of parasitic diode
leakage, leakage compensation techniques will be employed.

The next decision involves selecting the appropriate MOSFETS used in the error amplifier
and the BG core current mirrors. Based on the discussion in Section 3.1.2, thick oxide low Vt
(EGLVT) transistors are selected to limit gate and channel leakage currents.
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The last design choice before going into the detailed design steps is the selection of the error
amplifier topology, which is essential for ensuring the stability and accuracy of the bandgap
reference. Given the low supply voltage and wide input range, the two-stage Miller compen-
sated and folded-cascode operational transconductance amplifiers (OTAs) were considered.
Each of these topologies presents unique advantages and trade-offs in terms of performance,
complexity, and power consumption. The final comparison table for the OTAs will be dis-
cussed later.

4.1.3 Design steps

First, we need to calculate the resistor values in the schematic of Figure 4.1a. The voltage
across RPTAT is a proportional-to-absolute-temperature (PTAT) voltage which is given by
Equation 4.1, as long as the collector currents of the BJTs are equal. Another approach is to
scale Id1 up with respect to Id2, which is not desirable as it would also increase Vbe1 and
result in lower available voltage headroom, as well as increasing power consumption.

VBE1 − VBE2 = UT ln
(

IC1/IS1

IC2/IS2

)
≈ UT ln

(
IS2

IS1

)
= UT ln(p) =

kT
q

ln(p) (4.1)

To define the value of p, we must consider mismatch. Although bipolar transistors exhibit
excellent matching, the best results are achieved with a common centroid layout. For this
configuration, p is defined as p = n2 − 1. The minimum value of n for a common centroid
layout is 3, which sets p = 8, resulting in 8 unit transistors for Q1. Increasing p further
would only increase the area and parasitic leakage currents without significantly improving
matching.

To define the emitter area for the BJT unit transistors, a testbench was set up with a 1nA ideal
current injected into Q1 and Q2, with the defined p ratio equal to 8. The reference voltage,
Vref = VBE1 + k∆VBE, was plotted for different emitter areas. The parameter k was tuned to
achieve the lowest temperature coefficient for each area. Figures 4.3 and 4.4 show the plots of
Vref versus temperature for different corners and VBE versus temperature, respectively.

Given that our output reference voltage is 800mV and the supply voltage is 900mV, we need
to maintain at least a 100mV headroom for transistors MP1 and MP2. Therefore, it is desirable
to increase the emitter area. However, as shown in Figure 4.3, increasing the emitter area also
increases the spread of Vref over different corners. Additionally, since the saturation current Is
is proportional to the emitter area [18], it becomes comparable to the 1nA bias current, leading
to nonlinearity in VBE, especially at high temperatures.

Balancing the trade-off between headroom and spread over corners, the emitter area of the
unit transistor was chosen to be 3.2µm × 3.2µm. This configuration provides a worst-case
headroom of 120mV for MP1 and MP2, while maintaining a reasonable spread of Vref equal to
20 mV.
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Figure 4.3: Vref versus temperature for different emitter areas across FFFF, TTTT and SSSS
corners
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Figure 4.4: VBE versus temperature for different emitter areas

The base-emitter voltage (VBE) itself is a complementary-to-absolute-temperature (CTAT) and
generates a CTAT current through RCTAT (I1) . By adding I1 and I2 and tuning their slopes such
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that their temperature coefficients cancel out, we can generate a temperature-independent
current, I3. Therefore, the derivative of the following equation with respect to temperature
should be zero:

diBG

dT
=

1
RPTAT

d(∆VBE)

dT
+

1
RCTAT

d(VBE)

dT
= 0 (4.2)

Given an emitter current of 1 nA, simulations show that d(∆VBE)
dT ≈ −2.5 mV/◦C. Solving for

the ratio of the resistors, we find:

RCTAT

RPTAT
=

30
ln(p)

(4.3)

Given p = 8, we can calculate the resistor values accordingly:

∆VBE =
kT
q

ln(8) = 54 mV

RCTAT = 1.3 GΩ, RPTAT = 90 MΩ

With the resistor values determined, the next step is to size the PMOS mirror transistors
before moving to the OTA design. To minimize mismatch, larger transistors are preferable.
Additionally, a higher inversion coefficient, IC > 10 (Equation 4.4) is desirable as it minimizes
the effect of Vth spread. However, in this work, the target current is 1 nA, which inherently
places the transistors in the weak inversion region unless very long channel transistors are
used. On one hand, nearly 100mV headroom is available for the PMOS mirror. On the other
hand, the gate voltage (Vgp) cannot drop below the output dynamic range of the OTA. These
limitations restrict the gate-source voltage (Vgs) and the inversion coefficient. In the GF22nm
technology node, there is an additional constraint where the gate area per finger should not
exceed 2 µm2. In Figure 4.5, the drain current (ID) versus the drain-source voltage (Vds) for
various long-channel transistors is shown, all having a (Vdsat) of 100 mV. Considering all the
constraints, we selected the longest channel length of 8 µm to minimize the effects of channel
length modulation. The width was chosen to be 0.25 µm, providing an inversion coefficient
(IC) of 0.2, as indicated by the green curve.

IC =
ID ∗ L
IS ∗ W

(4.4)
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Figure 4.5: Id of PMOS mirror vs VS with different transistor sizings

So far, we have determined the values of the resistors, the ratio between the area of the BJTs,
and the optimized IC factor and sizing of the PMOS mirror. Before moving to the discussion
about the design and considerations of the operational transconductance amplifier (OTA), we
should specify error sources and error budgets for the main error sources.

4.1.4 Error sources

The first error type is the curvature of VBE. The discussion about compensating the TC of VBE
with a PTAT voltage assumes VBE has only a first-order temperature coefficient. However,
VBE is expressed as [11]:

VBE = Vg0 − (Vg0 − VBE,Tr)
T
Tr

− (η − 1)VT ln
T
Tr

(4.5)

The bandgap curvature or the temperature coefficient of the bandgap is mainly caused by
VBE nonlinearity. With our chosen BJT, this error has a nominal value of ±10mV, translating
into ±1.25% error contribution.

The current gain (β) of a BJT is limited and its spread can affect the slope of VBE, which is cru-
cial for the accuracy of our bandgap current reference. Although VBE is primarily determined
by the collector current (IC), the PTAT current flows through the resistor from the emitter. The
current gain (β) has a nominal value of 4 and varies by 50% due to process variations. The
variations in VBE with respect to the variations in β can be expressed as [11]:

VBE = UT ln
(

IE

IS
· β + ∆β

1 + β + ∆β

)
(4.6)
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VER = UT · ∆β

β
·
[(

1
1 + β

) ∣∣∣∣
t=125◦C

−
(

1
1 + β

) ∣∣∣∣
t=−40◦C

]
(4.7)

The error in the temperature coefficient of VBE can be calculated to be approximately ±0.7mV.
This error is divided by RCTAT, resulting in a final contribution to the reference current of
about 0.5 pA and 0.4 mV to the reference voltage. This translates to ±0.05% error contribution
to the TC. On the other hand, the error caused in the output voltage nominal value due to the
spread of β over process corners is related to ∆β/β and the nominal value of the current gain
and is equal to ±1.25%.

Looking at Equation 4.8, it seems like all resistors appear in ratio form and the resistor spread
will be canceled out. However, due to limited current gain, substituting IE = ∆VBE

RPTAT
in Equation

4.6 result in Equation 4.9 which is influenced by RPTAT spread.

Vre f =
Rre f

RPTAT
∆VBE +

Rre f

RCTAT
(VBE) (4.8)

VBE = Vt ln
(

IE

IS
· β

β + 1

)
= Vt ln

(
∆VBE

RPTAT
· 1

IS
· β

β + 1

)
(4.9)

The spread of narrow high r poly resistors is ±30% over process corners. These resistors were
chosen due to their high sheet resistance and area efficiency. A testbench was created using
the bandgap topology with ideal current mirrors and an ideal operational amplifier. When
the corner spread is applied only to RPTAT, it directly affects the reference current, both the
temperature coefficient and the nominal value, as illustrated in Figure 4.6, and consequently
impacts the reference voltage. However, when the spread is applied to RPTAT, RCTAT, and
Rre f , the final error contribution to Vre f is reduced to ±0.5%, as shown in Figure 4.7.
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Figure 4.6: Effect of RPTAT corner spread on reference current
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Figure 4.7: Error contribution on Vre f with corner spreads in RPTAT, RCTAT, and Rre f .

Error caused by opamp offset is expressed as Equation 4.10 and its contribution depends on
the input-referred offset voltage of the OTA. Annotating 2 mV to the OTA input-referred offset
results in about 15mV (2%) error contribution to Vre f :
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Vre f =
Rre f

RCTAT
(VBE +

RCTAT

RPTAT
∆VBE − VOS(

RPTAT + RCTAT

RPTAT
)) (4.10)

The error caused by opamp finite open loop DC gain translates into an input referred error
voltage and error in drain currents. Annotating 1% error contribution to this error and not
considering the spread of current caused by current mirrors result in having 40 dB power
supply rejection [19], and the target open loop DC gain should be higher than 58 dB.

∆Vre f = Rre f ∆Id = Rre f
∆Vout

A ∗ RPTAT
(4.11)

Where ∆Vout is the voltage error in the output of the amplifier.

Finally, as previously discussed, the PMOS current mirrors are the dominant contributors to
the output voltage spread. The low headroom available in the design necessitated setting the
inversion coefficient (IC) of the PMOS mirror to 0.2. This low IC value leads to significant
mismatch between the MOSFETs, resulting in a substantial spread in the output current. Sim-
ulations indicate that the PMOS mirror contributes a one-sigma spread of 2.3% to the overall
output voltage spread.

4.1.5 Operational transconductance amplifier (OTA)

First, the requirements of the OTA should be defined based on our core design. The most
important requirements that can be crucial for choosing between topologies are the open-loop
gain and input and output dynamic ranges.

Regarding the input dynamic range, VBE of the BJTs varies from approximately 300 mV to 700
mV over the temperature range from -40°C to 125°C. This wide range necessitates an OTA
with sufficient input dynamic range to accommodate these variations. Similarly, the required
output dynamic range is from 200 mV to 500 mV, which corresponds to VDD − |VGSP| over
process and temperature variations. Ensuring that the OTA can handle these ranges is critical
for maintaining the performance and stability of the overall design.

The two commonly used OTAs mentioned in Section 4.1.2 are shown in Figure 4.8. We can
compare them by using the three main criteria established earlier: input dynamic range,
output dynamic range, and DC gain.

The folded-cascode topology (pseudo-folded-cascode in Figure 4.8a) has the highest input and
output dynamic ranges. The large input dynamic range is particularly critical in our design
due to the significant variation of VBE over temperature. It also provides high DC gain.

The two-stage Miller compensated topology (Figure 4.8b) provides a high output dynamic
range but a low input range. It has excellent DC gain, making it suitable for applications
requiring high gain and stability.

The table below provides a comparison of the two different OTAs:
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OTA Topology DC
Gain

Vin Dynamic Range Vout Dynamic Range

Two-Stage Miller
Compensated

Very
High

Min: Vgsn + VdsatN
Max: VDD − VsgP + VgsN − VdsatN

Min: VdsatN
Max: VDD − VdsatP

Pseudo-folded
Cascode

High
Min: Vgsn + VdsatN
Max: VDD − VdsatP + VgsN − VdsatN

Min: VdsatN
Max: VDD − VdsatP

Table 4.2: Comparison of OTA topologies based on DC gain, input dynamic range, and output
dynamic range.

Based on the table above, the pseudo-folded-cascode OTA has the best overall performance,
particularly in terms of input and output dynamic ranges. The conclusions drawn from these
comparisons will be further elaborated upon and validated with simulations.
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(a) Pseudo-folded-cascode OTA
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Vout

(b) Two-Stage Miller Compensated OTA

Figure 4.8: Schematics of the two commonly used OTAs in bandgap reference design: (a)
Pseudo-Folded-Cascode OTA, (b) Two-Stage Miller Compensated OTA

In most OTA designs, the main goal is to maximize the transconductance (gm) of the input pair
to achieve higher gain. Therefore, we aim for a low inversion coefficient (IC) with minimum
length and maximum width for the input transistors. By using a large input pair, we can sig-
nificantly reduce the input voltage offset. Additionally, for high gain, the output conductance
(gds) of the current mirrors should be maximized. This is achieved by choosing the maximum
length and minimum width for the transistors, leading to better matching and performance
of the current mirrors.

To ensure stable performance, we employ different compensation techniques proper for each
OTA topology while also optimizing for area efficiency.
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Pseudo folded-cascode OTA

The pseudo-folded cascode schematic is shown in Figure 4.9. This topology has the advan-
tage of a high input dynamic range since the voltage headroom of the input pair is limited
by the Vds rather than the Vth of the PMOS mirror. The design also employs self-cascoded
transistors. A notable benefit of using PMOS self-cascoded composites is the ability to achieve
effective compensation without the need for an additional series resistor with the compen-
sation capacitor (to shift the right half plane (RHP) zero). Instead, we utilize the middle
low-impedance node of the self-cascoded composites and size it appropriately to obtain the
desired impedance. This approach, known as indirect compensation, is highly area-efficient
and was first introduced by Vishal et al [21]

Regarding the PMOS self-cascoded transistors illustrated in Figure 4.9 (Mp1, Mp2 and Mp3,
Mp4), a small signal analysis shows that their output impedance is given by:

Rout = gm2ro2ro1 + ro1 + ro2 (4.12)

To increase the output impedance, the ratio of (W/L)4 to (W/L)3 should be increased. In our
design, this ratio is set to 32, as depicted in the schematic, to achieve high output impedance
and high gain.

For the NMOS mirror, we also used self-cascoded composites and tuned the sizes to exploit
the low impedance node between Mn1 and Mn2 for compensation. This configuration en-
hances the overall performance of the OTA by providing an optimal balance between gain
and stability.

For stability considerations, if we treat the OTA and bandgap core PMOS transistors as a two-
stage amplifier (Figure 4.9, we would typically place a Miller capacitor between the input and
output of the second stage (C1). However, as the gain of the second stage is not sufficiently
high to benefit significantly from Miller compensation, it would be better to place this capac-
itor from the gate of the core PMOS to VDD (C3). This will also improve PSRR by coupling
high-frequency variations of VDD to VGP, keeping VGS of the PMOS mirror constant. To opti-
mize the area, we split this capacitor into two: one connected from the gate of the core PMOS
to VDD (C3) and the other used for indirect compensation (C2). The compensation capacitors
are illustrated in Figure 4.9. The indirect compensation capacitor is connected from the output
of the second stage (PMOS core), which is the input of the OTA, to the low-impedance node.
This capacitor splitting approach reduced the passive area by a factor of four. We used two
0.5 pF capacitors to achieve a phase margin of 60 degrees, as shown in Figure 4.10. Moreover,
The DC voltage gain achieved is 75dB.
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Figure 4.9: Schematic of the pseudo-folded cascode OTA with transistor sizes and compensa-
tion capacitors.
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Figure 4.10: Stability analysis of pseudo folded cascode OTA in closed loop bandgap core

In summary, the pseudo-folded-cascode OTA design uses self-cascoded composites and indi-
rect compensation to achieve high input dynamic range and stable performance. The capacitor
splitting approach not only enhances stability but also optimizes area efficiency. The design
meets the requirements for DC gain and phase margin and most importantly, input and out-
put dynamic ranges. These performance metrics are the main reasons why we have chosen
this topology for our bandgap design.
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4.1.6 Bandgap startup

Regarding the bandgap startup, the topology of Figure 4.11 with Rs and RCTAT shunting the
BJTs results in three steady states, two of which are undesirable: the zero state and the state
where the current from the PMOS mirror only flows through Rs and RCTAT, with no current
flowing to the BJTs and RPTAT. In the latter scenario, we would have a base-emitter voltage
lower than expected. By removing Rs, we force all the current of its branch to flow through
Q1, hence eliminating the second unwanted state. This modification reduces the complexity
of the startup. Since Ic1 is higher than Ic2, the PTAT voltage increases, increasing the bandgap
current. Consequently, we must increase the resistor values to maintain a 1 nA current and
the resistor ratios should be fine-tuned to get bandgap curvature. The new resistor values are
1.9 GΩ and 80 MΩ for RCTAT and RPTAT, respectively.

VBE1 − VBE2 = UT ln(k · IC1

IC2
) (4.13)
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VDD
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1u/1u

8u/0.25u

1u/1u

1u/1u

OTA bias Startup

0.25u/8u

0.25u/4u
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Q1 Q2
RCTAT

RPTAT Rref

MP1 MP2 MP3

VSS

VSUB
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Vgp

Vref

Figure 4.11: Schematic of the bandgap reference circuit with side resistor (Rs) and the pro-
posed startup circuit

The bandgap voltage after removal of Rs and fine-tuning RCTAT and RPTAT is illustrated in
Figure 4.12 with ideal resistors. The temperature coefficient (TC) of the bandgap voltage can
be calculated using the box method as follows:

TC =
VREF,max − VREF,min

VREF,avg · (Tmax − Tmin)
× 106 ppm/°C (4.14)

The temperature coefficient of the bandgap voltage, simulated with ideal resistors, is 77
ppm/°C. Using real resistors, this TC will be lowered due to partial cancellation of the TC
of the reference current and the resistor.
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Figure 4.12: Bandgap reference voltage after removing Rs

Several methods can be employed for the design of bandgap reference startup circuitry. All
these methods rely on pulling down the gate of the PMOS core to prevent it from staying
equal to VDD after VDD ramps up from the ground. Here, the startup circuit shown in Figure
4.11 is used. When the enable signal is on, we connect an initial voltage lower than VDD/2
to Vgp. This initial voltage generates a current into the bandgap branches, which is then
mirrored to be used as the current source for the OTA. After this, we turn the enable signal
off, disconnecting this voltage from VDD. The generation of this enable signal will be explained
in the system-level startup in Section 5.2.6. This operation allows the OTA to operate in the
negative feedback loop with the initial bias we provided and reach the steady state voltages.

4.1.7 Parasitic diode leakage

As mentioned earlier, the NPNs have a parasitic diode from the collector to the substrate,
which leaks at high temperatures. This can significantly affect the performance and accuracy
of the bandgap reference circuit. To compensate for this, one effective approach is to mirror
the leakage current and feed it back to the collector. As illustrated in Figure 4.13, a dummy
diode (DNW layer on top of the PSUB in the layout) with the same area as the core NPN unit
transistor generates the leakage current. This current is then mirrored and injected back into
the core branch, effectively canceling out the leakage. Since Q2 consists of 8 parallel BJTs with
8 times of Q1 parasitic leakage current, the compensation current injected back to its branch
should be 8 times, resulting in a mirror ratio of 8. However, due to the mismatch and gds
effect of the current mirror and mismatch of the parasitic diode and the dummy diode, over-
or under- compensation will appear as shown in the Monte Carlo result of Figure 4.14. Series
transistors with W

L = 0.25µ
8µ were used for the current mirrors to improve their matching to less

than 5% (σ/µ). Moreover, the current mirror ratio is trimmed at 125 degree and has ratios
ranging from 7.75 to 8.5 with 2-bit trimming as shown in the mirror ratios of Figure 4.13.
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Figure 4.13: Parasitic diode leakage compensation circuit, dummy diode is generated in the
layout with a DNW layer on top of the P-substrate
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Figure 4.14: Bandgap current with and without (red) compensation.

In conclusion, compensating for parasitic diode leakage is necessary to keep the performance
of the bandgap reference circuit with NPNs. By carefully designing the current mirror and
trimming the multiplication factor, we can effectively mitigate the effects of leakage currents,
especially at high temperatures.

4.1.8 Replacing resistors with area efficient components

As discussed earlier, the resistors required to generate a 1 nA bandgap current are RCTAT =
1.9 GΩ and RPTAT = 80 MΩ. The area consumed by these resistors is significant and much
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larger than the active area of the circuit. Therefore, we investigated area-efficient components
such as the switched capacitor and the duty-cycled resistors shown in Figure 4.15.

Calculating equivalent resistance and ripple amplitude of switched capacitor [26] and
duty-cycled resistor[4]

Before going into simulations, let us calculate the equivalent resistance and voltage ripple
caused by these switched elements. As shown in Figure 4.15, a switched capacitor circuit
operates in two phases: charging the capacitor from Vin and discharging to ground. Parasitic
capacitors of the switches are negligible due to the FDSOI technology. The charge transferred
from the capacitor during one switching cycle is transferred at a rate of fclk.

Vss

Vin

Clk

ClkQ Cs

Vss

Vin

Rp

Clkd
Cd Cd

Figure 4.15: Switched capacitor resistor (left) and duty-cycled resistor (right)

The equivalent resistance of the switched capacitor is obtained as [26]:

Rsc =
Vaverage

Iaverage
≈ 1

C fclk
(4.15)

As shown in Section 3.1.3, the ripple amplitude of Vin is roughly given by:

Ripple Amplitude = Vin ∗
Cs

Cd
(4.16)

For the duty-cycled resistor, the circuit operates in two phases. Similar to the switched capac-
itor approach, the parasitic capacitors of both the MOS switch and the resistors are negligible
due to the use of FDSOI technology.

The equivalent resistor is obtained as [4]:

RSR =
Vin

Iaverage
≈

Rp

δ
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Where δ is the clock duty cycle. Similar to the switched capacitor, the ripple amplitude can
roughly be estimated as:

Ripple Amplitude = Vin ∗
Ton

Cd ∗ Rp
(4.17)

However, the exact voltage ripple can be obtained as:

Ripple Amplitude =
1

Cd

∫ Ton

0
Ir(t) dt (4.18)

From Equations 4.16 and 4.17, we can derive the general p-p ripple amplitude estimation for
both the switched capacitor and the duty-cycled resistor as:

Ripple Amplitude = Vin ∗
1

Cd ∗ f ∗ Req
(4.19)

Therefore, increasing the smoothing capacitor and clock frequency will result in a reduction
of the ripple amplitude. Additionally, since the equivalent resistance (Req) is identical for both
the switched capacitor and the duty-cycled resistor, they will have the same ripple amplitude
for a given capacitance (Cd) and clock frequency.

Comparison and Selection Criteria

To determine whether to use a switched capacitor or a duty-cycled resistor in our design,
we need to compare key parameters, including the robustness of the final bandgap voltage
against PVT variations and area efficiency.

Regarding area efficiency, if we neglect the external required blocks (duty cycle generator
for the duty-cycled resistor and oscillator for the switched capacitor), using narrow high-
resistance polysilicon resistors and metal-oxide-metal (MOM) capacitors results in nearly the
same area consumption for both components. Assuming a clock frequency of 1 kHz, 520 fF
capacitance for Cs and 19 M Ω resistance for Rp with 1% duty-cycle is required to generate
1.9 G Ω resistor.

To dampen ripples, we use large damping capacitors (Cd) in parallel with both the switched
capacitor and the duty-cycled resistor. As explained in Section 3.1.3, the required Cd can be
halved with switched capacitors to get the same ripple reduction, leading to being more area
efficient.

On the other hand, in the switched capacitor resistor, one switch is connected between a non-
ground node and Vin. Hence, switch non-linearity with respect to the variations in Vin will
cause the equivalent resistor to vary over PVT unless transmission gates with doubled clock
signal swing [23] are used. To avoid design complexity and have less power consumption,
duty-cycled resistors are used in this design.

Given the large required resistances, we need a very small duty cycle. For example, consider-
ing RCTAT = 1.9 GΩ, a 1% duty cycle requires a poly resistor value of 1

100 × 1.9 GΩ = 19 MΩ.
Although the equivalent resistance is not related to the clock frequency, it must be chosen
carefully. While higher clock frequencies make filtering the ripples easier, they consume more
power and reduce the ON phase duration, potentially going below the RC time constant.
Moreover, generating a very low duty cycle will consume more power as will be explained in
Section 4.1.8. Balancing this trade-off, we selected a clock period of 1 ms and a pulse width of
10 µs.
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Ring oscillator for duty-cycled resistor

We need to generate a 1% duty cycle with ultra-low power consumption. To verify this, a test-
bench for the ring oscillator was built to achieve the duty-cycled clock from two consecutive
clock edges as shown in Figure 4.16. In a ring oscillator, Tclk = 2N × Tdelay, where Tdelay is the
delay caused by each inverter. To achieve a 1% duty cycle, Tdelay = Tclk

100 , leading to N = 50.
Using a NAND gate, we can derive a clock with a 1% duty cycle from this ring oscillator.

After determining the configuration, the next step is minimizing power consumption. The
power consumption of the ring oscillator includes three parts: switching current, short-circuit
current, and leakage current. The switching current is given by I = NCL × Fclk × Vdd. To
reduce this, we should minimize the supply voltage Vdd and the load parasitic capacitance of
the inverters, which mainly consists of gate parasitic capacitances.

First, we reduced the supply voltage to 500 mV, the lowest possible without requiring a level
shifter. We would like to use minimum-size MOSFETs for the inverters to minimize parasitic
capacitance. However, lower lengths increase the current drawn from the supply and the clock
frequency. Hence, we used maximum length and minimum width devices. This approach also
minimized leakage currents.

To further reduce leakage currents, we explored different bulk and deep n-well (DNW) con-
nections for PMOS and NMOS. In order to have an area-efficient layout, we are limited to
two options of connecting both the DNW of NMOS and the bulk of PMOS to either Vdd or
Vss. Initially, connecting the bulk of PMOS to Vdd resulted in more than 50 pA leakage per
inverter. Switching both the PMOS bulk and NMOS DNW to Vss significantly reduced total
power consumption by minimizing these leakage currents.

The final result signals are shown in Figure 4.17. The total current consumption is 3 nA in the
nominal corner and 8 nA in the worst-case corner (FFFF125).

Clk

Clkq
Clkd

Figure 4.16: Ring oscillator with 51 inverters to generate 1% duty cycle
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Figure 4.17: Ring oscillator two consecutive clock signals and the final clock with 1% duty
cycle

In conclusion, using duty-cycled resistors with reasonable power consumption for external
blocks is feasible.

4.1.9 Sizing of duty-cycled resistors in the bandgap design

As discussed earlier, to dampen the ripples in duty-cycled resistors, we use damping capaci-
tors in parallel with them. These parallel capacitors charge during the off phase and discharge
through the poly resistor during the on phase. Hence, the higher the current in one branch,
the larger the capacitor required to maintain the same ripple level. The PTAT current is nearly
twice the CTAT current at room temperature, necessitating a parallel capacitor nearly twice
as large for the PTAT resistor. The ripple voltage in Vptat and Vbe will be attenuated by the
closed loop gain of the OTA at 1 kHz (Figure 4.18) and their effect is negligible on Vref. On
the other hand, the reference voltage will be connected to the LDO and the regulated voltage
will be used to supply the analog blocks in the system. The target ripple at the output of the
LDO is specified as ±5mV. Based on the system-level design and attenuation of the reference
voltage ripple in the output of the LDO, the target ripple for Vref is ±20mV. This is achieved
with a 20pF smoothing capacitor.

We can make the ratio between the sizes of the switches the same as the ratio between the
poly resistors to maintain the same ratio between the Ron of their switches. However, as long
as the Ron of the switches is in a few kΩ range, leakage currents are more important to be
considered individually for each resistor. Single NMOS switches are used for the RCTAT,
RPTAT, and Rref.
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Before finalizing the values for the parallel capacitors and optimizing the switch sizes, the
stability of the bandgap loop is reviewed considering the added capacitors. A stability (STB)
analysis was done on the bandgap schematic with ideal resistors and 20 pF parallel capacitors
with them. The loop became unstable after adding a small capacitor in parallel with RCTAT.
Consequently, the values of the compensation capacitors are adjusted to 2 pF for C3 and 10 pF
for C2 (Figure 4.9). The new stability results are shown in Figure 4.18, and the phase margin
is maintained more than 60 degrees.

With these new compensation capacitor values, the bandgap loop has sufficient margin to
remain stable after adding parallel damping capacitors.

A corner analysis over the temperature range was done to fine-tune the switch sizes and
damping capacitor values based on the target ripple and leakage currents to ensure minimal
variations with temperature and process corners. With a clock signal of 1 kHz with a 1%
duty cycle, the poly resistors were set to 800kΩ, 19 MΩ, and 8MΩ for RPTAT, RCTAT, and
Rref respectively. The optimized switch sizes and parallel capacitor values are shown in the
bandgap schematic of Figure 4.19.
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Figure 4.18: Stability results of the bandgap loop after adding parallel capacitors.
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Figure 4.19: Bandgap schematic with optimized switch sizes and parallel capacitor values.

4.2 Simulation results

This section presents the simulation results for the designed bandgap reference circuit with
duty-cycled resistors. The simulations include transient analysis, DC analysis, AC analysis,
stability (STB) analysis, Monte Carlo analysis, and noise analysis.

4.2.1 Transient Analysis

The transient response shows the startup behavior and the time required to reach steady-state
operation. In Figures 4.21 and 4.20, the transient response for important voltages is shown
for different process corners: SSSS-40, TTTT27, and FFFF125. The first four letters represent
different components including NMOS, PMOS, resistors/capacitors, and diodes/ bipolars,
respectively. The following numbers show the temperature. In the simulation, VDD is ramped
up over 1 ms, and the enable signal is turned on for 100 ms afterward. The worst-case startup,
which occurs for the SSSS-40 corner, takes nearly 40 ms to stabilize. Bandgap core branch
current is also shown in Figure 4.22. The maximum current driven during startup is 80nA at
FFFF125 and the minimum is 1nA at SSSS-40.
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Figure 4.20: Transient response of Vref
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Figure 4.21: Transient response of Vbe and Vgn
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Figure 4.22: Transient response of bandgap current

4.2.2 DC Analysis

Figure 4.23 shows the bandgap current over the temperature range for different process cor-
ners. As discussed in the design methodology chapter, the output current varies across differ-
ent process corners due to the resistor process variations, which are approximately ±30% for
narrow high-resistance polysilicon resistors. However, since the same process variation affects
the reference resistor, it cancels out in the bandgap voltage. Figure 4.24 shows the bandgap
voltage reference over the temperature range for different process corners.
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Figure 4.23: Output current over the temperature range for different process corners
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Figure 4.24: Bandgap voltage reference over the temperature range for different process cor-
ners
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Table 4.3 shows the temperature coefficient (TC) of the bandgap voltage and current in differ-
ent process corners obtained with Equation 4.14 using the box method. The maximum process
variations of the bandgap voltage and current are also summarized in Table 4.4. As shown, the
process variations of the bandgap current are significantly compensated in the output voltage,
reducing from an average of 30% to 2%. The remaining variations are attributed to leakage
currents and non-linearities caused by the switches in the duty-cycled resistors, VBE of bipolar
transistors, and offset of the OTA.

Process Corner TC of Iref (ppm/°C) TC of Vref (ppm/°C)
FFFF 189 140.6
TTTT 116 60
SSSS 260 103

Table 4.3: Temperature coefficient (TC) of bandgap voltage and current in different process
corners.

Parameter Max Process Variations
Vref +0.5%/-3%
Iref +36.8%/-23.5%

Table 4.4: Maximum process variations of bandgap voltage and current.

The line sensitivity (LS) of the voltage reference is defined using the box method, as follows:

LS =
(VREF,max − VREF,min)

VREF,avg(VDD,max − VDD,min)
× 100(%/V) (4.20)

The reference voltage variation over the supply voltage range is shown in Figure 4.25. Line
sensitivity is measured to be 0.56%/V for a supply voltage range from 900 mV to 1.98 V.
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Figure 4.25: Reference voltage variation over the supply voltage

4.2.3 AC Analysis

With AC analysis, we evaluate the frequency response of the bandgap reference to measure
the power supply rejection ratio (PSRR). The PSRR is calculated as:

PSRR = 20 log
(

output voltage variation
power supply variation

)
(4.21)

The PSRR curves for FFFF125, TTTT27, and SSSS-40 are shown in Figure 5.6. Given our
supply voltage of 900 mV and a reference voltage of 800 mV, there is a 100 mV headroom for
the output PMOS mirror. The DC PSRR is -10 dB, which is primarily limited by the output
conductance (gds) of the PMOS mirror branch. The PSRR curves for FFFF125, TTTT27, and
SSSS-40 are shown in Figure 5.6.
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Figure 4.26: PSRR curves for different process corners

4.2.4 Stability Analysis

Figure 4.27 shows the stability analysis of the bandgap core loop comprising both negative
feedback loop (MP2 and OTA positive input) and positive feedback loop (Mp1 and OTA
negative input) in different process corners: TTTT27, FFFF125, and SSSS-40. The analysis
indicates a phase margin of more than 60 degrees across all corners and temperatures, with the
DC gain ranging from a minimum of 60 dB to a maximum of 75 dB. These results demonstrate
the stable operation of the bandgap reference circuit under PVT variations.
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Figure 4.27: Bandgap core loop stability analysis in different process corners

4.2.5 Noise Analysis

The noise analysis of the bandgap output voltage is shown in Figure 4.29 for different process
corners: FFFF125, TTTT27, and SSSS-40. The maximum integrated output noise from 0.1 Hz
to 100 kHz is measured to be 940 µVRMS. The main noise contributors are the PMOS mirror
of the core bandgap and the PMOS self-cascoded composites of the OTA as shown in Figure
4.28.

Figure 4.28: Pie chart of the main noise contributors to bandgap reference voltage
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Figure 4.29: Output voltage noise density of bandgap reference

4.2.6 Monte Carlo Analysis

The Monte Carlo analysis was done with 200 points with both mismatch and process varia-
tions. The reference voltage ±3σ spread over temperature and histogram results at 40 degrees
for the CWT current and the PTAT, CTAT, and REF duty-cycled resistors are shown below.
As shown in Figure 4.30 and Figure 4.31, the σ/µ ratio is 2.9% for the reference voltage and
11.6% for the output current. Also, the σ/µ ratio for all switched resistors is nearly 10% as
shown in Figure 4.32.

51



4 Bandgap (BG) reference

Figure 4.30: Monte Carlo simulation results for the reference voltage over temperature

Figure 4.31: Monte Carlo simulation results for the output current.
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(a) RPTAT Histogram (b) RCTAT Histogram

(c) RREF Histogram

Figure 4.32: Monte Carlo simulation results for the duty-cycled resistors: (a) RPTAT, (b) RC-
TAT, and (c) RREF histograms.

4.2.7 Power Consumption Distribution

The power consumption distribution with the nominal supply voltage of 900mV is as fol-
lows:

Min Typ Max
Bandgap core 2.2 nW 2.7 nW 3.5 nW
OTA and biasing 2.7 nW 3.4 nW 4.5 nW
Leakage compensation 3.2 pW 4.5 pW 227 pW
Ring oscillator 650 pW 1.5 nW 4 nW
Total 5.5nW 7.6 nW 12 nW

Table 4.5: Power consumption distribution of the bandgap reference
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5 Low-dropout regulator (LDO)

5.1 Design methodology

Low Dropout Regulators (LDOs) are necessary components in many electronic systems, pro-
viding stable and efficient voltage regulation with minimal power dissipation.

LDOs function by maintaining a constant output voltage even when the input voltage fluc-
tuates, ensuring that sensitive electronic components receive a steady power supply. Unlike
traditional linear regulators, LDOs can operate with a very small difference between the input
and output voltages, making them ideal for battery-powered devices and systems with high
efficiency.

In our design, the first objective is to develop an LDO with ultra-low power consumption
while operating at a low supply voltage. The design specifications, choices, and results will
be detailed in the next section.

5.1.1 Specifications

The design specifications for the LDO are shown in the table below:

Parameter Specification
Supply voltage range 0.9 V to 1.98 V
Load current range 100 nA to 1 µA

Load capacitor 100 pF
Output voltage 0.8 V

Accuracy ±2.5%
Temperature range -40°C to 125°C

Table 5.1: LDO Design Specifications

The initial step in the design process is to select an appropriate topology that aligns with these
specifications.

5.1.2 Design choices

System-Level view

The first design consideration involves the system-level integration of the bandgap reference
and the LDO as shown in Figure 5.1. The decision revolves around whether to place the
bandgap reference before or after the LDO, or whether it should be connected to the battery
voltage or regulated voltage.
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5 Low-dropout regulator (LDO)

Placing the bandgap reference after the LDO results in a more complicated startup scenario.
First, reference voltage should be generated from the battery voltage and then LDO can op-
erate and BG reference can be supplied from the output of the LDO. On the other hand, the
noise from the bandgap output voltage will also be amplified by the resistive ratio, leading to
increased noise in the regulated output. Also, there will be less headroom available for PMOS
mirrors in bandgap topology (Figure 4.1a) as it is supplied from 800mV regulated Vout.

Due to these considerations, the configuration where the bandgap reference is placed before
the LDO and supplied from the battery voltage is the preferred option. This setup avoids the
startup complications and noise amplification associated with placing the bandgap reference
after the LDO and using resistive feedback and offers more headroom for bandgap voltage.

BG BG

LDO

OTA
BG

Vbat Vbat

BG

Vout

Vout

Vbat

Vbat

LDO

Figure 5.1: System-level options for integrating bandgap reference and LDO

Choice of Pass Transistor

The next design choice is the selection of the pass transistor, M1. The basic LDO topology is
shown in Figure 5.2. The unregulated voltage, Vin, is applied to M1 and controls the current
flow through it by its Vgs, which is regulated by the operational amplifier (opamp) such that
the two inputs, Vout and Vref, remain close to each other.

M1 in Figure 5.2 can function as a controlled current source or as a source follower, as il-
lustrated in Figures 5.2a and 5.2b, respectively. In the case of the source follower topology
(Figure 5.2a), neglecting channel length modulation, ∂Vout

∂Vin
→ 0 since the changes in the drain

voltage do not affect the source voltage as long as the transistor remains in saturation. This
provides very high PSRR. However, this topology results in a much higher dropout voltage
(Vout − Vin). This is because the gate voltage can be at most equal to Vin, and Vout = Vin − Vgs,
which includes the threshold voltage of M1.
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Given the design specifications, the lowest dropout voltage required is:

Vdropout = Vsupply(min) − Vout = 0.9 V − 0.8 V = 100 mV

Therefore, we should employ the current source topology for M1.

_
+

Vref

Vin Vin

Vout

M1A1

RL CL

Load

(a) Source follower topology

_

+

Vref

Vin Vin

Vout

RL CL
Load

M1A1

(b) Current source topology

Figure 5.2: Pass transistor topologies: (a) Source follower, (b) Current source

OTA topology

Based on the OTA comparison done in the bandgap reference design section, the pseudo-
folded-cascode topology is chosen. This topology offers several advantages, including area-
efficient compensation techniques with available low-impedance nodes, sufficient DC gain,
and a high output dynamic range. Having already designed this topology for the bandgap
reference, we now need to optimize the compensation capacitors to ensure a stable closed-loop
operation in the LDO design.

5.1.3 Design steps

To size M1 depicted in Figure 5.2b, it should be considered that it must handle currents
ranging from 100 nA to 1 µA while the supply voltage varies between 900 mV and 1.98 V. For
a fixed input voltage of 900 mV, the W/L ratio should be large enough to achieve a reasonable
VGS to provide the maximum load current of 1 µA and small enough to keep the gate voltage
of M1 in the OTA output dynamic range. This translates to a W/L ratio greater than 9u/1u,
with maximum and minimum values of VGS1 equal to 680 mV and 140 mV respectively, over
load current range and PVT variations.

Other important parameters to consider when designing the LDO include power supply re-
jection ratio (PSRR) and load regulation. Referring to the LDO schematic in the Figure 5.2b,
we begin by defining line regulation through the closed-loop gain, which can be expressed as:

ALG = A1 · gm1 · RL (5.1)
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where RL is the load resistance. If we consider the pass transistor as a common gate stage
with an open-loop gain of gm1 · RL, placing it in a negative feedback loop results in:

Vout

Vin
=

gm1 · RL

1 + ALG
≈ 1

A1
(5.2)

Thus, line regulation can be improved by increasing the opamp gain, assuming infinite PSRR
for the opamp. Considering the finite output impedance of the pass transistor (ro), the prop-
agation from Vin to Vout can be viewed as a resistor divider:

Vout

Vin
=

Rout

Rout + ro
=

1/gmA1 ∥ RL

ro + 1/gmA1 ∥ RL
(5.3)

Load regulation is defined as ∂Vout
∂Iload

, which corresponds to the output impedance of the LDO,
Rout. Considering the pass transistor as a diode-connected transistor with boosted transcon-
ductance, the output impedance is:

Rout =
1

gmA1
(5.4)

Both load and line regulation degrade as the opamp gain drops after the 3 dB bandwidth,
leading to increased output impedance at high frequencies. This causes significant variations
in the regulated voltage due to changes in the load current. To mitigate this, a smoothing
capacitor (CL) in Figure 5.2b is necessary at the output to provide a low-impedance path for
transient currents. Based on our design specifications, the load capacitor is 100 pF.

The stability of the loop is evaluated under the worst-case scenario, which occurs at the
lowest load current (100 nA). This is due to the low transconductance (gm) and high out-
put impedance of the LDO, which create a low-frequency pole. Given the presence of two
high-impedance nodes, we employ Miller compensation (C1) for pole splitting and indirect
compensation (C2 and C3) to introduce left-half-plane (LHP) zeros. Optimal stability was
achieved using the capacitor values depicted in Figure 5.3. This configuration ensures having
more than 60 degree phase margin and 60dB DC gain for all load currents, as will be shown
in the results section.
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Figure 5.3: LDO schematic with capacitor values used for optimal stability.

5.2 Simulation and results

In this section, the simulation results of the LDO output voltage are presented when the
reference voltage from the bandgap block is connected to the LDO. Additionally, system-level
startup signals will be explained at the end of this section.

5.2.1 DC simulation

The difference between the output voltage of the LDO and the bandgap reference voltage is
illustrated in Figure 5.4. The results are over the temperature range and in different process
corners and indicate a maximum variation of 2 mV between the reference voltage (Vre f ) and
the LDO output voltage fitting within the accuracy specification (±2.5%). For this testbench,
VDD was set to 900 mV and the load current was maintained at 1 µA.
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Figure 5.4: Vre f - Vout over temperature range and process corners

The output voltage of the LDO as a function of the input voltage (Vdd) is illustrated in Figure
5.5 for both maximum and minimum load currents. As depicted, the variation in output volt-
age is less than 1 mV across the load current range. Furthermore, the average line sensitivity,
calculated using Equation 4.20, remains below 1% throughout the input voltage.
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Figure 5.5: LDO output voltage versus input voltage (Vdd) for maximum and minimum load
currents.
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5.2.2 AC Analysis

The PSRR curves are presented in Figure 5.6. Both the LDO and the bandgap reference
are powered from Vin, and the resulting PSRR for maximum and minimum load currents
and different supply voltages is depicted. The minimum DC PSRR achieved is -12 dB, which
happens at the end-of-life voltage of the battery (Vin). It is primarily constrained by the output
conductance (gds) of the pass transistor and the fluctuations in the reference voltage.
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Figure 5.6: PSRR curves for different supply voltages and load currents

5.2.3 Stability Analysis

Figure 5.7 shows the stability analysis of the LDO core loop consisting of the OTA and pass
transistor in different process corners, load currents, and supply voltages. The analysis indi-
cates a phase margin of more than 60 degrees across all curves, with the DC gain ranging from
a minimum of 63 dB to a maximum of 75 dB. These results demonstrate the stable operation
of the LDO under supply voltage, load current, and process variations.
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Figure 5.7: LDO loop stability analysis

5.2.4 Noise Analysis

The noise analysis of the LDO output voltage is shown in Figure 5.8 for different process
corners, 100 nA to 1 uA load currents, and 0.9 V to 1.98 V supply voltages. The maximum
integrated output noise from 0.1 Hz to 100 kHz is measured to be 1.3 mVRMS at FFFF125.
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Figure 5.8: Output voltage noise density of LDO

5.2.5 Monte Carlo Analysis

The Monte Carlo analysis was done with 200 points with both mismatch and process vari-
ations specified for LDO components. The histogram result for output voltage is shown in
Figure 5.9. The σ/µ ratio is 0.8% for the output voltage excluding the bandgap reference
voltage variations.

Figure 5.9: Monte Carlo simulation results for the LDO output voltage.
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5.2.6 System level startup

Regarding the system-level startup, as VDD ramps up, the Power-On Reset (POR) signal also
ramps up, and the NPOR signal rises as soon as the POR turns off. NPOR is used as the enable
signal to start the ring oscillator, which generates a 1kHz clock. This clock is then connected
to a counter including a series of 9 D-type flip-flops (DFFs) to generate a clock frequency 512
times that of the ring oscillator (RCO). We allow 32 cycles (32 ms) for the RCO to stabilize and
produce a precise duty cycle.

At this stage, a bandgap enable signal, which is a pulse signal with a width of 32 ms, is
generated and connected to the bandgap startup circuitry. The RCO is also connected to the
bandgap circuit and provides the required duty-cycled clock for the switches. An additional
200 ms is allocated for the bandgap to reach the steady state, which is more than twice the
worst-case steady state time at SSSS-40, discussed in Section 4.2. Once stabilized, a bandgap-
ready signal is generated, and the bandgap reference voltage and the bias current of the OTA
are connected to the LDO.

The corresponding waveforms are shown in Figure 5.10. The bandgap reference voltage and
output voltage of the LDO are shown in Figure 5.11 in extreme corners. The maximum startup
time required for the entire system of RCO, bandgap reference, and LDO is 300 ms.
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Figure 5.10: System-level signals
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Figure 5.11: Transient Vref and Vout in FFFF125 (red), TTTT27 (green), SSSS-40 (blue)
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6 Conclusion and future work

6.1 Conclusion

In this thesis, we presented the design and implementation of ultra-low-power (ULP) sub-
10nW always-on blocks in GlobalFoundries 22nm (GF22nm) technology. This includes a Pro-
portional to Absolute Temperature (PTAT) current reference, a bandgap reference, and a Low
Dropout Regulator (LDO). These components were optimized to operate over the full auto-
motive temperature range while the references maintained a current consumption of only
1nA per branch. We explored various solutions with a focus on BJTs for VREF generation
and MOSFETs in subthreshold region for IREF generation and the results are expected to
accelerate the design of ULP circuits in GF22nm technology.

The PTAT block achieved a line sensitivity of 2%/V at 27°C and σ/µ of 5% with a power con-
sumption of 4nW, utilizing MOSFETs in weak inversion. This block operated with an 800mV
supply voltage and occupied a silicon area of 0.001mm2. The bandgap reference, supplied
from a battery with an end-of-life (EOL) voltage of 900mV, achieved a maximum temperature
coefficient (TC) of 140.6ppm/°C and an average line sensitivity of 0.56%/V at 27°C across a
supply range of 900mV to 1.98V. The reference voltage spread due to process and mismatch
variations was minimized to a σ/µ ratio of 2.9% by employing BJTs and with no resistor
trimming. This bandgap reference consumed a total nominal power of 7.6nW and occupied
a silicon area of 0.021mm2 by using duty-cycled resistors. A performance comparison with
prior ultra-low-power (ULP) references is presented in Table 6.1. This design demonstrates
the lowest power consumption across the automotive temperature range. However, it exhibits
a higher spread, which is a trade-off resulting from the 0.9 V supply voltage and 800 mV
Vref. This bandgap voltage was used as the reference for an LDO with unity-gain feedback to
prevent the multiplication of reference voltage noise. The LDO maintained an average output
voltage line sensitivity of less than 1%/V and an accuracy of ±2.5% with battery voltage vari-
ations from 900mV to 1.98V and load currents ranging from 100nA to 1µA. These always-on
blocks can be used in IoT applications to maintain the performance of IoT sensor nodes.

[23] [8] [13] [12] [5] [22] [7] This work
Technology 130nm 16nm FinFet 22nm FDSOI 22nm FDSOI 65nm 130nm 22nm FDSOI 22nm FDSOI

Type BJT+MOS Diode+MOS MOS MOS BJT+MOS MOS BJT+MOS BJT+MOS
Vdd [V] 0.5 - 1.5 0.85 - 1 0.9 - 1.8 1 - 1.8 0.5 0.5 - 3 1.2 - 1.8 0.9 - 1.98

Vref [mV] 500 235 - - 495 174.9 598 800
Iref [nA] - - 1.25 2.5 - - - -

Power [nW] 32 40 7.8 15.5 38 0.022 45.6 7.6
Temp. Range [°C] 0 - 100 0 - 100 -40 - 85 -40 - 85 -40 - 120 -20 - 80 -40 - 120 -40 -125

TC [ppm/°C] 75 85 203 101 42 16.9 - 231 61 60 - 140.6
Line Sensitivity [%/V] 2 1.9 0.23 0.26 0.64 0.033 0.12 0.56

Area [mm2] 0.0264 0.0022 0.0132 0.0025 0.0532 0.0013 0.0104 0.021
Spread (σ/µ) [%)] 0.67 0.82 6.66 4.7 1.03 0.85 0.37 2.9

Table 6.1: Comparison of ULP reference designs
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6.2 Future Work

There are several areas for future research and development of the designed references.

6.2.1 Lowering the area of bandgap reference

The bandgap reference design consumes a total area of 0.021 mm2. Notably, 67% of the total
area is occupied by capacitors, which are primarily used in parallel with duty-cycled resis-
tors to smooth the voltage ripples. At the same time, after adding these parallel capacitors,
larger compensation capacitors were required to stabilize the loop leading to even more area
consumption. Hence, to reduce the area we should reduce the value of the capacitors. As
discussed in Subsection 3.1.3 during the PTAT reference design, by using two branches with
two-phase non-overlapping clocks instead of one branch, the ripple amplitude is halved while
its frequency is doubled. Hence, half the switched capacitor is required for the same equiva-
lent resistor, resulting in half the damping capacitor for the same ripple amplitude. One can
continue this trend by making more phases of the clock until the switched capacitor value is
not too small to be affected by parasitic capacitors of the switches. This will lead to N times
reduction in the capacitor area with N phase clocks. We also showed in Section 4.1.8 the
feasibility of having as large as 50 different phases with a sub-10 nW ring oscillator.

The remaining challenge of this part is to keep the linearity of the switches connected to
the VBE of BJTs and minimize their ON resistance variations over the temperature range as
well as their leakage currents. Transmission gates are simulated to help the conductance of
the switches by 2 times, and the bulk switching technique [9] helps by 3 times. Although it
costs more power and area, clock boosting seems a reasonable solution. This will reduce ON
resistance without affecting OFF resistance. In [23] and [10], area-efficient ways of doubling
the clock swing are introduced. However, the clock doubler circuit will add at least 4 nA more
current consumption [23] to the circuit which is the same power consumption as the bandgap
core. Hence, going toward lowering the area will increase power consumption.

Another potential approach to slightly reduce the area and achieve a more stable reference
voltage with lower ripple is to incorporate a switched capacitor notch filter [1] [17]. By sam-
pling the ripple at the clock frequency ( fclk), this method can effectively attenuate ripples in
the bandgap reference voltage.

6.2.2 Lowering the spread of the bandgap reference voltage

As shown in Section 4.2.6, the spread of the bandgap reference voltage is σ/µ = 2.9%. This
spread is mainly due to variations in the PMOS current mirrors, which contribute 2.3% to the
overall spread. The low inversion coefficient of 0.2 used in the PMOS mirrors, due to limited
headroom, results in a significant spread in the output current.

The primary goal of this work was to explore the feasibility of extreme specifications and push
the limits of power and area efficiency without trimming the resistors. However, to reduce the
voltage spread, trimming could be an effective solution.

Voltage trimming could be used to fine-tune the reference voltage after fabrication, helping
to reduce the spread caused by component variations. This could be done with a 2-bit trim-
ming system that adjusts the reference resistance (Rre f ) by small steps, such as 300 kΩ. In
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addition, resistor trimming could improve the temperature coefficient of the bandgap refer-
ence. By adjusting RPTAT with small 10 kΩ steps, it is possible to fine-tune the temperature
coefficient.

In future work, implementing these trimming methods could significantly reduce the spread
in the reference voltage, while maintaining the ultra-low power and covering a slightly larger
die area than this design.

Another potential improvement to provide more headroom for the PMOS mirrors is to replace
the NPNs with NMOS transistors operating in weak inversion, as discussed in Chapter 3. By
doing so, the IC of the PMOS mirror can be increased, resulting in a reduced spread in the
output current. However, it is necessary to minimize the contribution of the NMOS transistors
to the current spread. This can be achieved by increasing their area and optimizing the ratio
between their sizes.
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