<]
TUDelft

Delft University of Technology

Advanced Electromagnetic Modelling of the Next Generation (XG) Wireless
Communication Systems

Ozzola, R.

DOI
10.4233/uuid:a8cb99b1-961c-486d-b3d3-2f2f8eb96136

Publication date
2024

Document Version
Final published version

Citation (APA)

Ozzola, R. (2024). Advanced Electromagnetic Modelling of the Next Generation (XG) Wireless
Communication Systems. [Dissertation (TU Delft), Delft University of Technology].
https://doi.org/10.4233/uuid:a8cb99b1-961c-486d-b3d3-2f2f8eb96 136

Important note
To cite this publication, please use the final published version (if applicable).
Please check the document version above.

Copyright
Other than for strictly personal use, it is not permitted to download, forward or distribute the text or part of it, without the consent
of the author(s) and/or copyright holder(s), unless the work is under an open content license such as Creative Commons.

Takedown policy
Please contact us and provide details if you believe this document breaches copyrights.
We will remove access to the work immediately and investigate your claim.


https://doi.org/10.4233/uuid:a8cb99b1-961c-486d-b3d3-2f2f8eb96136
https://doi.org/10.4233/uuid:a8cb99b1-961c-486d-b3d3-2f2f8eb96136

Advanced Electromagnetic Modelling
of the Next Generation (XG)
Wireless Communication Systems

Riccardo Ozzola







Advanced Electromagnetic Modelling of
the Next Generation (XG) Wireless
Communication Systems






Advanced Electromagnetic Modelling of
the Next Generation (XG) Wireless
Communication Systems

DISSERTATION

for the purpose of obtaining the degree of doctor
at Delft University of Technology
by the authority of the Rector Magnificus, Prof. dr.ir. T. H. J. J. van der Hagen,
Chair of the Board for Doctorates,
to be defended publicly on
Monday 21 October 2024 at 17:30

by
Riccardo OZZOLA

Master of Science in Telecommunications Engineering,
University of Florence, Italy,
born in Bibbiena, Italy.



This dissertation has been approved by the promotors.

Composition of the doctoral committee:

Rector Magnificus, Chairperson
Prof. dr.ing. A. Neto, Delft University of Technology, promotor
Dr. D. Cavallo, Delft University of Technology, promotor

Independent members:

Prof. dr. N. Llombart Juan Delft University of Technology
Prof. dr. ir. M. C. van Beurden Eindhoven University of Technology
Dr. G. Carluccio NXP Semiconductors

Prof. A. Freni University of Florence

Prof. dr. O. Quevedo-Teruel KTH Royal Institute of Technology

Reserve member:
Prof. dr. J. J. A. Baselmans Delft University of Technology

fuDelftz.: & HUAWE

Technology

The work presented in this dissertation has been performed at Delft University of
Technology, and financed by Huawei Technologies Sweden AB, under the Grant
YBN2020045031.

Keywords: antennas, phased arrays, MIMO systems, 5G, 6G, computa-
tional electromagnetics, applied electromagnetics
Cover design: showcase of the different objects of the modelling: the connected

array, MIMO communications, the printed dipole with nonzero
metal thickness, and lens antennas. The aerial view of the cam-
pus was provided by TU Delft. Cover design by R. Ozzola, G.
Ozzola, and dr. D. Cavallo.

Printed by: Ipskamp Drukkers B. V., Enschede — The Netherlands

Copyright © 2024 by R. Ozzola. All rights reserved.
An electronic version of this dissertation is available at https://repository.tudelft.nl/

ISBN 978-94-6384-633-2



To my parents

L’ottimismo che viene dalla conoscenza
The optmimism which comes from knowledge
—Prof. Guido Silvestri






Contents

Summary

Samenvatting

Preface

1

1

Introduction

1.1 The Next Generation (XG) of Mobile Communications . . . . . .. ..

1.2 The Modelling and Design of Wideband Massive MIMO Phased Arrays
1.2.1  Wideband Phased Arrays . . . . . .. .. .. ... ... ...
1.2.2  Wideband Massive MIMO . . . . . . .. ... ... ... ....

1.3 The Modelling of High Frequency Integrated Antennas . . . . . . . ..

1.4 The Scientific Contribution of This Thesis . . . . . . . ... ... ...

1.5 Thesis Outline . . . . . . . . ...

The Modelling and Design of Wideband Massive MIMO Phased
Arrays

The Number of Independent Beams from a Given Volume Plat-
form
2.1 Imtroduction. . . . . . . . ... L
2.2 The Observable Field Pattern . . . . . . .. ... ... ... ......
2.3 Received Signals in Terms of the Observable Field . . . . . . .. .. ..
2.3.1 Introduction of the Reception Coupling Coeflicients . . . . . . .
2.3.2  Evaluation of the Desired Received Signals . . . . . . .. .. ..
2.3.3 Evaluation of the SIR . . . . . . .. .. ... ... ... ....
2.4 Properties of the SIR w.r.t. the Minimum Sphere Radius . . . . . . . .
2.4.1 Benchmark with the PO Currents. . . . . . .. ... ... ...
2.4.2  Analysis of the Aperture Distribution Taper . . . . . . . . . ..
2.5 Number of Links for Fixed Size Platforms . . . . .. ... ... .. ..
2.6 Conclusion . . . . . . . . . e

xi

xiii

e



viii Contents

3 High Mutual Coupling and Ultrawideband Massive MIMO 29

3.1 Beam-Coupling Factor . . . . . . ... ... ... ... ... ...... 31

3.1.1 General Definition of the Beam Coupling . . . . . . .. ... .. 32

3.1.2 Expansion of Electric Currents with Basis Functions. . . . . . . 33

3.2 Application to Dipole Arrays . . . . . . .. ... 34
3.2.1 Comparison Between Two-Element Arrays of Resonant and Con-

nected Dipoles . . . . . . . ... Lo 35

3.2.2 Linear Arrays Generating Multiple Directive Beams . . . . . . . 37

3.3 Examples of Planar Arrays. . . . . . . .. ... 0oL 39

3.4 Conclusions . . . . . . . .. 42

4 A Connected Array Design for Sub-8 GHz Massive MIMO 43

4.1 Introduction. . . . . . . . . .. L 43

4.2 Unit Cell Design . . . . . . . . . . o 45

4.2.1 ADL Synthesis . . . . . .. .. o 45

4.2.2  Single-Polarized Unit Cell . . . . . .. ... ... ... ... .. 46

4.2.3 Dual-Polarized Unit Cell . . . . . . . . . .. ... ... ... .. 47

4.3 Connected Array Prototype . . . . . . . . . ... 49

4.3.1 Measured Active Matching. . . . . . . ... ... ... 50

4.3.2 Measured Patterns . . . . . .. ... Lo 52

4.4 Conclusion . . . . . . .. L 55

ITI The Modelling of Integrated Antennas 57

5 Full-wave Lens Antenna Analysis with the Proxy Sources Method 59

5.1 Imtroduction. . . . . . . . . ... 59

5.2  Equivalent Circuit of a Dipole Illuminating a Dielectric Lens . . . . . . 61

5.2.1 The Dynamic and Quasi-Static Component. . . . . . . . . . .. 61

5.2.2 The Reflection Component of the Input Impedance . . . . . . . 61

5.3 Calculation of the Input Impedance with the Proxy Sources Method . . 63

5.4 Results and Applications. . . . . . . . . . . ... ... ... ... 64

5.4.1 Dielectric Lens Fed by a Single Dipole . . . . . .. .. ... .. 64

5.4.2 Dielectric Lens Fed by a Double Dipole. . . . . . . ... .. .. 67

55 Conclusion . . . . . .. Lo 70

6 The Green’s Function of a Dipole with Nonzero Metal Thickness 73

6.1 Introduction. . . . . . . . . ... 73

6.2 Formulation. . . . . . .. ... 74

6.2.1 Profile of the Currents Along z . . . . .. .. ... ... .... 78

6.3 Results . . . . . .. 80

6.3.1 Dipole in Free Space . . . . . . . .. ... . 80

6.3.2 Microstrip. . . . . . . L 82

6.3.3 Printed Leaky Dipoles . . . . . . . .. ... ... ... 85



Contents ix
6.4 Transmission Line Equivalent Circuit . . . . . . . .. .. .. ... ... 87
6.4.1 Spectral Components of the Current . . . . . . .. ... .. .. 88

6.4.2 Dynamic Admittance. . . . . . . .. ... L. 90

6.4.3 Quasi-Static Admittance. . . . . . . ... ... L. 92

6.5 Conclusion . . . . . . .. L 93

7 The Analysis of Nonzero Thickness Dipoles of Finite Length 95
7.1 Imtroduction. . . . . . . . ..o 95

7.2 Formulation. . . . . . . . .. e 96
7.2.1 The Integral Equation and the Current Spectrum . . . . . . . . 96

7.2.2 Field Representation . . . . . . .. ... ..o 98

7.2.3 The Method of Moments Solution . . . . . .. ... ... .... 99

7.3 Validation and Results . . . . . . . . ... ... oo 100
7.3.1 Input Impedance . . . . . . . .. ... Lo 100

7.3.2 Current Distribution . . . . . . . ... oo 103

7.3.3 Equivalent Circuit . . . . . . . .. ... . oo 105

74 Conclusion . . . . . .. L 106

8 Conclusion and Future Work 107
8.1 The Modelling and Design of Wideband Massive MIMO Phased Arrays 108

8.2 The Modelling of Integrated Antennas . . . . . . .. .. .. ... ... 109

8.3 Future Work . . . . . . . . .. 110

8.4 Impact of the Research. . . . . . . . . . .. ... ... ... ...... 111

IIT Appendices 113
A Relations Regarding Receiving Antennas 115
A.1 An Alternate Expression for the Received Power . . . . . . . .. .. .. 115
A.2 An Application of the Reciprocity Theorem . . . . . .. ... ... .. 115

B Far-Field Relations and the Visible Green’s Function 119
B.1 Vector and Dyadic Relationships for the Far-Field Patterns . . . . . . . 119
B.2 Expression of the Visible Green’s Function . . . . . . . ... ... ... 120
B.3 Integration of a Complex Exponential over the Solid Angle . . . . . . . 120

C The Volumetric Method of Moments 123
C.1 The Volume Equivalent Current Integral Equation. . . . . . . . .. .. 123
C.2 The Matrix Equation. . . . . . . .. ... ... . ... ... ... ... 124
C.3 The Numerical Solution . . . . . .. ... ... ... .. ... ..... 129
C.3.1 The Storage of the Entries . . . . . . .. ... ... ... .... 129

C.3.2 The Calculation of the Products and the Integrals of (C.24). . . 130

C.3.3 The Calculation of the Matrix-Vector Products. . . . . . . . .. 132

C.4 The Calculation of the Input Impedance . . . . . .. ... ... .... 133



X Contents

D Semi-analytical Evaluation of the Transverse Green’s Function
D.1 Expression of the Voltage Wave Solution in Layered Media . . . . . . .
D.2 Analytical Calculation of the Integrals in Space
D.2.1 Unbounded Medium . . . . . .. . ... ... ... ... .. ..
D.2.2 Reflections . . . . . . .. o

E Study on the Current Spectrum of an Infinitely Long Dipole
E.1 Dynamic Current Space Distribution . . . . . . . ... ... ... ...
E.2 Asymptotic Transverse Green’s Function
E.3 Calculation of the Dynamic Admittance

Bibliography

Propositions Accompanying the Doctoral Thesis
Acknowledgements

About the Author

List of Publications

135
135
137
138
139

141
141
142
144

147
167
169
173
175



Summary

The expectation is that XG communications will have a disruptive impact in their
applications in smart cities, industrial automation, agriculture, e-health, smart grids,
domotics, and autonomous driving. However, such scenarios imply the availability of
technology that cannot be met resorting to incremental changes in present techniques.
Specifically, it is now apparent that the ultrawideband massive MIMO in both the
microwave and sub-THz bands will be needed.

By exploiting larger bandwidths, unprecedented data rates will be achieved for
MIMO applications in the microwave band. Before this work, wideband arrays have
been considered unsuitable for MIMO applications due to the high levels of inter-
elements mutual coupling. However in this work it has been proven that if the entire
array is coherently excited, multiple orthogonal beams can be generated, regardless
of the inter-element mutual coupling. The orthogonality levels depend solely on the
beam overlap and, therefore, on the beam width, the side lobes, and the position of
the nulls.

Moreover, a wideband phased array has been designed for sub-8 GHz MIMO
communications. The array is realized in the form of a dual-polarized connected slot
array with interchangeable Artificial Dielectric Layers (ADLs) radome. This allows
the array to scan up to 60° in every azimuthal cut while being matched between 6
and 8 GHz with the first radome, and 2 and 8 GHz with the second one. Finally, an
8 x 8 prototype is manufactured and tested.

Due to the long wavelength at microwave bands, the antenna size is the largest
constraint when it comes to MIMO applications, especially for wideband operations.
To this aim, a new metric is developed to assess the signal and the interference
of MIMO antennas constrained within a given volume. This allows us to compare
the performance of an intended antenna design or even a realized prototype to the
one of the maximum gain antenna located within the given volume. By means of
these concepts, it is possible to link the MIMO performance with the antenna size to
optimize the space.

By exploiting larger bandwidths, unprecedented data rates will be achieved for
MIMO applications in the microwave band.



xii Summary

The second road to high data rates for MIMO application is the use of higher fre-
quencies (sub-THz) communications. The main hindrance to integrated antennas for
this regime is the technological challenge due to microfabrication and the integration
with the electronics. This calls for accurate simulations that enable optimal designs.

For this purpose, an integral equation solver was developed to study dielectric
lenses together with their feeds. At high frequency, the thickness of the metal plays
an important role and cannot be neglected. Due to the different scales involved in the
feed and in the lens, the required computational effort might be prohibitive. There-
fore, a method has been devised to combine the numerical solution with analytical
results to enable large-scale simulations. The impedance of an integrated antenna
can be seen as composed of the reactance of the feed, the impedance of the feed
radiating in a semi-infinite space without reflections, and an impedance associated
with the reflections. While the former two can be evaluated analytically or with fast
numerical simulations, the latter requires a time-intensive full-wave simulation of the
entire problem. However, this can be simplified by synthesizing a much coarser feed,
which radiates equivalently into the semi-infinite medium. Having this much coarser
discretization it allows us to simplify the simulation of the entire problem and to iso-
late the reflections conveniently. Then, all the components can be combined together,
and the input impedance can be estimated accurately.



Samenvatting

De verwachting is dat XG-communicatie een ontwrichtend effect zal hebben op toepas-
singen in slimme steden, industriéle automatisering, landbouw, e-gezondheid, slimme
netwerken, domotica en autonoom rijden. Dergelijke scenario’s impliceren echter de
beschikbaarheid van technologie waaraan niet kan worden voldaan door middel van
incrementele veranderingen in de huidige technieken. Het is nu met name duidelijk
dat ultrabreedband massieve MIMO in zowel de microgolf- als de sub-THz-banden
nodig zal zijn.

Door gebruik te maken van grotere bandbreedtes zullen ongekende datasnelheden
worden bereikt voor MIMO-toepassingen in de microgolftband. Véoér dit werk werden
breedbandige arrays ongeschikt geacht voor MIMO-toepassingen vanwege de sterke
onderlinge koppeling tussen de elementen. In dit werk is echter aangetoond dat als
de hele array coherent wordt geéxciteerd, er meerdere orthogonale stralingsbundels
kunnen worden gegenereerd, ongeacht de onderlinge koppeling tussen de elementen.
De orthogonaliteitsniveaus hangen alleen af van de overlap van de bundel en dus van
de bundelbreedte, de zijlobben en de positie van de nullen.

Bovendien is er een breedbandige fase-gestuurde array ontworpen voor sub-8 GHz
MIMO-communicatie. De array is gerealiseerd in de vorm van een dubbel lineair
gepolariseerde verbonden gleuf array met verwisselbare kunstmatige diélektrische la-
gen (ADL’s) radome. Hierdoor kan de array tot 60° in elke azimutale snede scannen
terwijl die afgestemd blijft tussen 6 en 8 GHz met de eerste radome, en 2 en 8 GHz
met de tweede. Tenslotte wordt een prototype van 8 x 8 elementen gefabriceerd en
getest.

Vanwege de lange golflengte op de microgolfbanden is de antennegrootte de voor-
naamste beperking als het gaat om MIMO-toepassingen, vooral voor breedbandig
gebruik. Met het oog hierop is een nieuwe metriek ontwikkeld om het signaal en
de interferentie van MIMO-antennes met een bepaald volume te beoordelen. Dit
stelt ons in staat om de prestaties van een beoogd antenneontwerp of zelfs een gere-
aliseerd prototype te vergelijken met die van de antenne met maximale versterking
binnen het gegeven volume. Met behulp van deze concepten is het mogelijk om de
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MIMO-prestaties te koppelen aan de antenneafmetingen om de gebruikte ruimte te
optimaliseren.

De tweede weg naar hoge datasnelheden voor MIMO-toepassingen is het gebruik
van communicatie op hogere frequenties (sub-THz).

Het belangrijkste obstakel voor geintegreerde antennes in dit deel van het spectrum
is de technologische uitdaging als gevolg van microfabricage en de integratie met de
elektronica. Dit vraagt om nauwkeurige simulaties die optimale ontwerpen mogelijk
maken.

Hiervoor werd een integraalvergelijkingsoplosser ontwikkeld om diélektrische lenzen
samen met hun voeding te bestuderen. Bij hoge frequenties speelt de dikte van het
metaal een belangrijke rol die niet verwaarloosd kan worden. Door het grote verschil
in relevante afmetingen tussen de voeding en de lens kan de benodigde rekenkracht
onhaalbaar zijn. De impedantie van een geintegreerde antenne kan worden gezien als
opgebouwd uit de reactantie van de voeding, de impedantie van de voeding die straalt
in een semi-oneindige ruimte zonder reflecties, en een impedantie geassocieerd met de
reflecties. Terwijl de eerste twee analytisch of met snelle numerieke simulaties kunnen
worden geévalueerd, vereist de laatste een tijdrovende volledige-golfsimulatie van het
hele probleem. Dit kan echter vereenvoudigd worden door een veel grovere voeding te
synthetiseren, die equivalent uitstraalt in het semi-oneindige medium. Met deze veel
grovere discretisatie kunnen we de simulatie van het hele probleem vereenvoudigen
en de reflecties gemakkelijk isoleren. Vervolgens kunnen alle componenten worden
gecombineerd en kan de ingangsimpedantie nauwkeurig worden geschat.
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Chapter 1

Introduction

Conoscere per deliberare
You have to know before you decide

—Luigi Einaudi

1.1. The Next Generation (XG) of Mobile Commu-
nications

The fifth generation (5G) and beyond (XG) of mobile communications are meant
to provide low-latency and high data rate connectivity for consumer services (e.g.,
ultra-HD video streaming, virtual and augmented reality, and cloud gaming) and
for several new services and applications such as smart cities, industrial automation,
smart agriculture, e-health, smart grids, smart homes, and autonomous driving [1-5].

Due to their prospected revolutionary performance and extensive applications, 5G
and XG will have a massive economic and societal impact. It was estimated that the
adoption of 5G will contribute to $3 trillion to the global Gross Domestic Product
by 2030 [6]. In the three-year period 2022-2025, $600 billion will be invested by
mobile operators to upgrade their network infrastructure to 5G [7]. Due to their
application in healthcare, manufacturing processes, logistics, domotics, and farming,
XG communications are aligned with the United Nations’ Sustainable Development
Goals [8].

On the technical standpoint, the new revolutionary applications need a high data
rate, low latency, ubiquitous, reliable, and efficient network, and such requirements
can be met only through radical innovations in the network architecture and its de-
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ployment [9, 10], signal processing [11], receiver and transmitter front ends [12-15],
accurate link budget modeling [16, 17], and advanced antenna architectures [18-24].

The new requirements on the links’ capacity call for the vast exploitation of the
massive Multiple Input-Multiple Output (MIMO) paradigms, which allows for the
creation of multiple and independent space channels. This has pushed for advance-
ment in the research of low-complexity multibeam antennas and their development
[18, 21-25] and in the modeling of MIMO or innovative links [26, 27].

The crowdedness of the microwave spectrum and the different quality of service
and requirements needed by the network deployment call for the use of new frequency
bands for either the microwave, the millimeter wave, and the sub-THz regime [1-4, 28—
30]. In particular, thanks to the large bandwidth available, the mm- and sub mm-
wave have emerged as the candidate bands for ultra high-speed data rate applications
[26, 31, 32], and this has pushed for the development of high-frequency antennas
[20, 22, 24, 31, 33-35].

Moreover, the ambitious data rate requirements and the ubiquitous connectivity
have required to upgrade propagation scenarios, at every frequency, into smart radio
environments to enhance the connectivity [23, 36, 37].

High user density environments, e.g., the stadium and the auditorium in Fig. 1.1(a)
and (b), are the most demanding scenarios for high quality of service communications.
The issue of establishing links in these challenging scenarios can be addressed either
in the sub-THz and in the microwave spectrum. The former case is presented in
[31], where numerous lenses are used to radiate narrow beams in the one-beam-per-
lens configuration, as sketched in 1.1(c). Due to the high-frequency use, high-gain
antennas can be designed in a compact volume, allowing for easy maximization of the
independent data streams. However, this configuration suffers from the technological
constraints of the manufacturing technologies, the challenging integration with the
electronics, and the efficiency of the front-ends. Therefore, it becomes fundamental
to devise efficient tools and accurate simulation strategies to obtain effective designs
to exploit the potentiality of the sub-THz spectrum. The latter case, i.e., microwave
links, can achieve similar performance with wideband operation through wideband
phased arrays. Antenna manufacturing technologies are mature in the microwave
regime, where, in turn, mutual coupling issues constitute the biggest hindrance. In
fact, the longer wavelength is such that the antenna size is the main constraint, as
the electrical size widens the antenna patterns, creating interference and reducing the
number of independent spatial channels [see Fig. 1.1(d)]. Therefore, it is crucial to
assess the limits of an antenna with respect to its physical dimension, especially when
operating over a wide bandwidth.
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@ (b)

(©) (d)

Figure 1.1: Photo of a crowded (a) football stadium and (b) auditorium (photo of the auditorium
provided by TU Delft), (c) sketch of the example of a massive MIMO scenario for a stadium obtained
with high-frequency lenses (courtesy of [38]), and (d) beam overlap for microwave wideband phased
arrays.

1.2. The Modelling and Design of Wideband Massive
MIMO Phased Arrays

1.2.1. Wideband Phased Arrays

Differently from the previous standards, in 5G multiple frequency bands are being
licensed as shown in Fig. 1.2(a), and this aspect calls for the integration of multiple
antennas on the same site. However, this yields an increased site complexity and
occupied space, leading to higher installation, maintenance, and renting costs. These
concerns are valid throughout the entire frequency spectrum but are of utmost impor-
tance in the sub-8 GHz band due to the large physical size of the antennas. For these
reasons, there is an increasing interest in antennas that integrate multiple frequency
bands in the same aperture.
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2 GHz 3 GHz 4 GHz 5 GHz 6 GHz 7 GHz 8 GHz

il N N
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(b) ©

Figure 1.2: (a) Licensed bands in the sub-8 GHz spectrum, and photo of (a) a PCB connected slot
array and (b) the connected array with its ADL superstrate (courtesy of [41]).

In this thesis, connected arrays [39, 40] with Artificial Dielectric Layers (ADLs),
as the one shown in Fig. 1.2(b) and (c), have been chosen as wideband array concept.
In fact, these wideband antennas can be realized in multi-layer Printed Circuit Board
(PCB) implementation as in [41-43], and can be combined with ADLs to extend
the operation bandwidth and the antenna scanning volume. The design results in
considerably complex antenna assemblies, which are extremely challenging to study
with commercial solvers alone. However, connected array unit cells can be conve-
niently studied thanks to their active impedance closed form formula [39, 40], and
their equivalent circuit [44]. In addition to this, the presence of the ADLs radomes
can be easily accounted for in the stratified media Green’s function [45], also thanks
to the analytical susceptance describing each layer, which considers the inter-layer
effects [46-50]. Furthermore, thanks to the equivalent transmission line description of
the layered media problem, the ADL stack’s realistic dielectric and bond layers can
also be efficiently included in the simulation, allowing for fast design cycles.

The modelling of connected array and ADLs was developed in previous works and
used in this dissertation to design a wideband array for MIMO applications.

1.2.2. Wideband Massive MIMO

The need for a high data rate has called for the exploitation of massive MIMO [9, 51|
and for the research of innovative MIMO concepts [52-54]. The growing complexity
of the scenario and the hardware architecture and the use of advanced electromag-
netic techniques in MIMO have called for increasing attention to the electromagnetic
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J

Figure 1.3: Detail of an on-chip 0.3 THz antenna. Courtesy of [60].

modeling of MIMO systems [5, 26, 52-59]. More specifically, [52] has drawn the
attention on the use of connected arrays to maximize the data rate, by exploiting
unprecedentedly larger bandwidths. Over its wide operation bandwidth, the antenna
cannot hold the same high-gain performance, which can ensure low-interference data
streams. Therefore, assessing the MIMO performance concerning the antenna’s elec-
trical size becomes crucial for its applicability. Moreover, connected arrays are noto-
riously known for their high mutual coupling, which is required for their wideband
operation, and because of this, their use in MIMO is questioned.

1.3. The Modelling of High Frequency Integrated An-
tennas

At sub-THz frequencies, the antenna manufacturing relies on integrated technologies.
Due to the micrometric designs, the thickness of the metallization can be comparable
with the features of the design, such as track and gap width, as for instance in the
double slot in [60], as shown in Fig. 1.3, and invalidating the assumptions on the
use of planar components. In fact, the metal thickness can affect the characteristic
impedance and the losses of the feeding lines, and it can carry strong capacitive effects
in the feeding gaps, which can impact the input impedance. Such modeling has to
include features, such as, for instance, the metal thickness and the feed length, which
present different sizes at very different scales. Such modeling can be performed with
state-of-the-art full-wave numerical solvers, e.g., [61, 62], at the expense of cumber-
some simulations, also considering that the problem might be ill-conditioned, due to
the decreasing size of the basis functions, used to represent the thin metallization.
Due to these limitations, the simulations can become exceptionally challenging when
dealing with lens antennas, constituted by inhomogeneous dielectrics, and whose di-
ameter is in the order of some wavelengths [63, 64]. For these reasons, asymptotic
techniques [65—-77] are often used for the analysis of lens antennas. However, the
telecommunication requirements and the technological challenges of mm-waves and
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sub-THz frequency have pushed for the use of small lens antennas [78], to ease their
front-end integration [63, 64] and to be employed in the scan lens array configuration
[33, 79]. However, for small lens antennas, the accuracy of asymptotic techniques
decreases [77], inherently leaving a void in the analysis tools, as, on the other hand,
full-wave solvers can be excessively slow.

For these reasons, a technique that can hybridize numerical solvers with semi-
analytical solutions is a winning strategy for such applications. In practice, a deep
understanding of the problem allows to formulate a semi-analytical solution, which
simplifies the model, simulated at enhanced speed in a second step with the numerical
solver. Finally, the complete solution can be reconstructed by combining the semi-
analytical solution with the numerical one.

1.4. The Scientific Contribution of This Thesis

This thesis has brought to the antenna and telecommunication community the fol-
lowing scientific contributions.

In Part I

e The theory to assess how many beams can be generated, for a target signal-to-
interference ratio, from a massive MIMO antenna. It, therefore, links the size
of the antenna platform to the maximum number of space channels that can be
established;

o If the entire array is excited coherently, orthogonal antenna patterns can be
obtained in a massive MIMO system regardless of the inter element mutual
coupling. Therefore, wideband phased arrays can be used in MIMO systems.
The orthogonality levels depend only on the beam overlap and are affected by
the beamwidth and the sidelobes;

e The design and manufacturing of a connected array combined with interchange-
able ADL radomes, allowing it to operate over different frequency bands. It
shows how, in a phased array design, the radiating antenna section can be de-
coupled from the matching radome. This proves the flexibility of connected
arrays with artificial dielectric layers radomes, and it constitutes a scalable and
appealing solution for commercial applications;

e An alternative formulation of the aperture efficiency is defined. This quantity
is calculated by resorting to the observable field, and it is bounded by unity,
regardless the antenna size. Therefore, it constitutes an absolute metric to
assess the effectiveness of an antenna design;
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e The closed form formula of a singularity-free Green’s function, which can be
used to calculate the mutual coupling of the far-field patterns in a multi beam
configuration.

In Part II

e The equivalent circuit of an antenna radiating in proximity to a dielectric body
is derived. The input impedance is constituted by three components: the reac-
tance of the feed, the impedance of the antenna in the absence of the reflections,
i.e., when radiating into a dielectric half space, and a term accounting for the
reflections given by the discontinuity of the finite size dielectric;

e The previously derived equivalent circuit yields an efficient full wave analysis of
integrated antennas with the proxy sources method. This allows for the analysis
of integrated antennas combining the reactance of the feed, the reflectionless
impedance, and the reflection term extracted from a much coarser and faster
simulation;

e The semi-analytical description of the current spectrum of an infinitely long
dipole with nonzero metal thickness is derived. This constitutes an effective
tool for the analysis of printed microstrips at sub-THz frequencies, where the
metal thickness is comparable with the design parameters;

o The different spectral contributions of the current in an infinitely long dipole
are analyzed, allowing us to derive an equivalent circuit that takes into account
the reactance of the feeding gap and the propagation along the dipole;

e The semi-analytical description of the infinitely long dipoles is extended to the
analysis of finite length dipoles radiating in layered media.

1.5. Thesis Outline

The present dissertation is structured as follows

Chapter 2 defines a metric to assess the beam independence in a massive MIMO
scenario by resorting to the concept of the observable field. Then, the
maximum number of independent beams generated by the platform is
linked to its electrical size.

Chapter 3 shows that orthogonal beams can be generated regardless of the inter
element coupling. It dispels the misconception that high mutual coupling
arrays cannot be used for massive MIMO applications, and it paves the
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Chapter 4

Chapter 5

Chapter 6

Chapter 7

way for ultra wideband massive MIMO and connected arrays for MIMO
applications.

presents the design and the measurements of a connected array for MIMO
applications combined with two interchangeable ADL radomes, allowing
operations in the bands 6 — 8 GHz and 2 — 8 GHz when scanning up to
60° in the main planes.

exposes a technique, i.e., the proxy sources method, to simulate efficiently
integrated lens antennas. It allows us to decouple the analysis of the
feed from the analysis of the lens, entities that require different levels of
discretization. This approach allows the handling of accurate full wave
lens antenna simulations without excessively increasing the number of
unknowns.

discusses the derivation the current spectrum of a dipole of nonzero metal
thickness and rectangular cross section embedded in layered media. This
is used to characterize printed transmission lines at sub-THz frequency
in terms of characteristic impedance, propagation constant, and losses.
A transmission line equivalent circuit representing the different spectral
components is finally derived.

extends the findings of Chapter 6 to the study of finite length dipoles
radiating in layered media. This constitutes an efficient method for the
analysis of integrated dipoles.
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Chapter 2

The Number of Independent Beams
from a (Given Volume Platform

L’arte non & mai finita, solo abbandonata
Art is never finished, only abandoned

—Leonardo da Vinci

2.1. Introduction

The next generation of wireless communication systems [80, 81] will soon require
multi-beam antenna system capabilities [20, 31], similar to those employed in satellite-
based communication [82-86]. In these systems, the efficient use of the platform vol-
ume is a significant challenge, especially for the lower frequency bands. This issue
has been recently recognized as significant also by the telecommunication industry
[87]. However, it had been anticipated by the scientific community with the original
studies on the degrees of freedom of the field [88, 89], or in the related electromag-
netic MIMO scientific community [55, 56]. In this contribution, the emphasis is posed
on Line-of-Sight (LoS) communication scenarios, where several beams corresponding
to different data streams are directed towards the antenna platform (Fig. 2.1). The
beams from the users can be plane waves, e.g., for far-field links, or, more generally,
spectra of multiple plane waves, e.g., for near-field communication scenarios. For a
given link, its data stream corresponds to the desired signal, while the other data
streams interfere. Links are assumed to be independent if the Signal to Interference
Ratio (SIR) remains above a predefined threshold. It is known that the mutual cou-
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Figure 2.1: Depiction of a multi-beam LoS scenario with N; simultaneous links, each associated with
an incident beam.

pling between the beams limits the maximum number of independent beams hosted
by a platform [90]. Satellite-based multi-beam communications mainly use aperture
antennas that are large in terms of wavelength. Thus, the aperture efficiency is the
main parameter to consider. Tapering the aperture distribution leads to lower side-
lobes at the cost of beam widening and aperture efficiency reduction. However, the
aperture efficiency concept, defined for electrically large antennas, cannot be applied
for antennas whose size is comparable with the wavelength. Accordingly, to date,
an appropriate metric to state how many independent links can be established on
a platform of moderate size does not exist. To define such a metric, one needs to
know how much power an antenna with a given radiation pattern can receive. For
this purpose, this chapter exploits the concept of the observable field [91] to represent
the portion of the incident field that can be received. This allows the introduction
of a novel coupling coefficient, which correlates the observable field and the pattern
under investigation. The square magnitude of this coefficient represents the fraction
of the maximum power the antenna bounded by a given volume can receive. If one or
more interferers are present, one can express the Signal to Interference Ratio (SIR)
by using the introduced coupling coefficient. This allows us to study several antenna
aperture distributions compatible with the antenna volume, regardless of the specific
antenna design. The proposed method constitutes a useful tool to relate the SIR
to the antenna dimensions, aperture distribution, and the number of simultaneous
independent links.
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Figure 2.2: A pictorial representation of the inward and outward components of the observable field
associated with the sphere of radius a enclosing the base station platform.

2.2. The Observable Field Pattern

For antennas whose dimensions are comparable with the wavelength, we resort to the
concept of the observable field [91, 92] and its associated observable power Pyp,s, which
is the maximum power that can be received by an antenna enclosed in a given spherical
volume of radius a. The observable field, depicted in Fig. 2.2, can be expressed as the
superposition of an inward and an outward propagating waves

Eobs () = Egpe () + Egps (7) (2.1)
where 7= (r, 0, ¢) is a point in the far-field region of the antenna domain. Both terms
are characterized by an angular pattern 170‘;;”/ " and a spherical spreading

. . +jkr

— ~e
Eane M () = Vo ) — — (2:2)
T

where the separation of the spatial variables r, 6, ¢ is used, and k is defined as
k = sin 6 cos @ +sin O sin ¢+ cos BZ. The “classic” procedure to define the observable
field resorts to a spherical mode (SM) expansion of the incident field [93, 94] and
retains only the first Ny, < ka modes, where k is the free-space wavenumber. An
alternative representation is based on the Physical Optics (PO) currents and was
proposed in [91, 92]. It resorts to a spatial windowing to select the equivalent currents
distributed on the surface enclosing the finite domain under analysis: these currents
radiate the outward component of the observable field.

Fig. 2.3 shows the observable far-field patterns evaluated using both the PO and
the SM procedures for a = 0.02)\g and for a = 7\g. The PO and SM curves coincide
for the smaller radius case [see Fig. 2.3(a)], while they are very similar up to the
fourth side lobe for the larger antenna case [see Fig. 2.3(b)]. However, for antenna
dimensions comparable with the wavelength, the two procedures give origin to signif-
icantly different patterns. In Fig. 2.4, the observable field patterns are reported for
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Figure 2.3: Observable field patterns for spherical antenna domains of radius (a) a = 0.02Xg and (b)
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Figure 2.4: Observable field patterns for small to moderate spherical antenna domains of radius (a)
a = 0.3\, (b) a =0.5\0, (c) a = Ao, and (d) a = 2.

different radii a. It is apparent that, for these intermediate platform sizes, the SM
observable field patterns are characterized by a larger number of nulls (equal to the
number of modes Ngp) than the PO patterns. Moreover, the SM pattern changes in
a quantized manner, related to the discrete number of retained modes Ng,. On the
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contrary, the PO observable field has patterns that change in a continuous way with
respect to size.

2.3. Received Signals in Terms of the Observable Field

In this section, we use the observable field to evaluate the beam coupling for a receiving
antenna, introducing new coefficients.

2.3.1. Introduction of the Reception Coupling Coefficients

Let us consider the receiving platform enclosed by the minimum spherical volume
of radius a, as shown in Fig. 2.1. Assume that NN; sources are located in different
positions, and they are all in the far-field with respect to the antenna platform, which
results in V; plane waves reaching the receiving antenna. Following the procedure
in [91, 92] or using the spherical modes expansion [94], the observable field can be
calculated for the i-th wave impinging from the direction k;. Correspondingly, the
associated power can be indicated as P! .. The capability of a specific antenna,
contained in a spherical volume of radius a and pointing to the I%j direction, to receive
the wave impinging from the direction k; can be expressed by defining a reception

coupling coefficient Cobg . as follows

P = Pl |CH (2.3)

obs,a 1S the coupling coefficient between the observable field of the incident

where C*

beams 01{)‘;”1(15) and the pattern of the receiving antenna V;?W(k) To calculate C’Ob5 s
one can first express the received power for the j-th antenna under conjugate matchmg
conditions, following the procedure reported in Appendix A.1, as
\V” I7)?

oc ~a

16 P!

.
Pl"

(2.4)

where V% is the open-circuit voltage at the input terminals of the receiving j-th
antenna when the i-th wave is impinging, and PJ is the power radiated by the j-th
antenna when operated in transmission, fed by the input current I7. The product
Vi [J can be interpreted as the reaction between the observable field associated with

the direction 7 and the source feeding the j-th antenna, as described in Appendix A.2,
where we made use of Lorentz’s reciprocity theorem [95-98]. Comparing (2.3) with
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Figure 2.5: Depiction of the antenna and observable field patterns used for the calculations of the
k-integrals in (2.6) and (9).

(2.4), we can define the coupling coefficient as follows

i I
cif = Vorld (2.5)

obs,a J
44/ Py Pgbs

In particular, (2.5) can be evaluated by exploiting the reciprocity theorem. As shown
in Appendix A.2, when the i-th interfering source and the antenna are at far-field

distance, we have
vt =2 [ Vitd)- v da (26)

where ( is the free space impedance and Vaj is the angular pattern of the electric field
€J (7) radiated by the receiving antenna, when operated in transmission and fed in
such a way as to generate the j-th beam, i.e.,

e—jkr

&l (7) = Vi (k)

2.7
- (27)
The notation used for the integrals, for a generic function f, is explicitly related to
the angular variables by

/477 fk)d2 = /OQW /Oﬂ £(0, ) sin 0dfde . (2.8)

The terms appearing in (2.6) are described in Fig. 2.5, which shows the outward
antenna pattern pointing toward l%j, the inward observable field pattern from the
direction k;, and the integration variable k spanning the entire solid angle for the
calculation of the coupling integral. Considering that the observable power and the
power radiated by the receiving antenna can be expressed as follows

obs - QC ﬂ |VI)III;;N1 ‘ dQ (29)
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PJ ZC/AT 1GIRS) (2.10)

substituting (2.6), (2.9), and (2.10) in (2.5) leads to

o - Wi Vo™ (k) - Vi (a2 (2.11)

obs,a
VI 1V k) 2de ff,, V2 (R)2d2

The above-mentioned coefficients represent the counterpart of Stein’s coefficients
[90], which are defined for two beams of the same transmitting antenna. It is worth
mentioning that the definition of the coupling coefficients in (2.11) is independent
of the specific method used to evaluate the observable field and that [C% | < 1.

obs,a

In the case of i = j, the coefficient €% is the coupling with the desired beam.

obs,a
The upper limit |C" Obs .| = 1 is achieved when the outward pattern of the receiving
antenna is chosen to be equal to the inward pattern of the observable field, i.e.,
Vi(k) = Vope? (k). Under this condition, the received power is maximized.

2.3.2. Evaluation of the Desired Received Signals

In a multi-link communication scenario, one can assume that the incident field is
the superposition of N; links, where one is desired and the remaining N; — 1 are the
interferers. Each link is characterized by a unit vector direction é; for the electric
field, an amplitude F;, and a direction of propagation k;. We can assume that the
waves incident from different directions are uncorrelated, and they have the same
amplitude, i.e., E; = Ey, Vi. Accordingly, the expected total power received at the
j-th antenna can be expressed as follows

Z bs|C;{)s a P;)lj; Z |Cé{)s a (212)

It is worth noting that P/, . = PL" Vi since we have considered the same excitation
for all the directions, and since the observable Power does not depend on the direction
k. By resorting to the coupling coefficients, the expected power of the desired signal
can be expressed as follows

S; = PpW|C“

obs |~ obs, a|

(2.13)

Using a tapered illumination makes it possible to reduce the interference by low-
ering the Side Lobe Level (SLL). However, given the antenna dimension, the use of
the taper reduces |C’gf)s a| yielding to a reduction of the received power of the desired
signal. While the theory developed until now is valid for generic beams, the examples
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Figure 2.6: Coupling coefficients between the observable field and the antenna pattern Va with
different excitations for radii (a) a = 0.5Ag (b) @ = Ao, (¢) a = 2o, and (d) a = TAg.

in this contribution are specialized to the case in which the incident beams are plane

waves. In the example addressed in Fig. 2.6, the values of |Cé{)s .| are calculated for

a family of antenna patterns ‘_/;{(l%), whose radiation is centered at broadside. The

coefficients |C’é{)5 .| are plotted versus 6;, i.e., the direction of incidence of the i-th

signal. The specific antenna patterns VJ (k) are derived from Vi (k) = ‘70’]1;‘:” (k) or by
applying different Gaussian tapers, following the formalism of [99]. For the uniform
case, it appears that |C%_  (0)| = 1, as the maximum coupling to the incident plane
wave is achieved. The tapér has almost negligible effects for small antennas, while, for

radii a > )Ag, the tapering yields a lower coupling from the side lobes and an evident
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Figure 2.7: SIR versus the radius of the sphere enclosing the antenna for Nj interferers located on
the same plane, and spaced by Af. (a) Af = 30°, and N; =4, (b) A9 =15°, and N; = 7.

reduction of the |C’g%s "

for the 10 dB and the 20 dB taper, respectively.

| around 6 = 0°. In particular |[C (0)|2 ~ 0.92 and ~ 0.72,

obs,a

2.3.3. Evaluation of the SIR

By using the coupling coefficients, the interference at the j-th antenna becomes as
follows

Obb Z ‘CZ){)& a (214)

1753

and, consequently, the SIR can be expressed as
& o P(?l;ycobs a|2 (2 15)
L '
! P(?bs Z |Cobs a|
17'5]
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In Fig. 2.7, the SIR for a configuration with NN; users distributed at equispaced
fixed directions in the range from 0° to 90° is investigated for V7 (k) = V5% (k). The
SM and the PO are compared for their prediction of the interference. Between the
methodologies, we can note that the PO approach gives lower SIR values. However,
both show oscillations around a monotonic increase of the SIR versus the antenna
radius. The oscillations indicate that for any given link spacing A6, specific antenna
dimensions can enhance the SIR. The curves show a low SIR for electrically small
antenna domains due to the relatively broad beam. When the domain occupied by
the antenna becomes larger, the main beam becomes narrower, and the interferers
contribute via the antenna side lobes only. Consequently, the SIR increases. It can
be noted that the SM method presents a stepped behavior, and its peaks are overes-
timated if compared with the PO method.

2.4. Properties of the SIR w.r.t. the Minimum Sphere
Radius

In this section, a benchmark study is presented in order to estimate the maximum
number of independent links supported by a platform of finite dimensions. Since
the PO produces systematically more conservative and not quantized SIR values,
in the following, we will maintain our attention on the PO only. As before, we
assume that the main beam is aligned with the desired signal, while the interferers
are located at fixed directions or allowed to be randomly moved within an angular
sector. Specifically, the scenario we are considering consists of several users spread
around the base station on a 360° field of view (FoV), where the receiving antenna is
located. Polarization matching is considered for the interference to analyze the worst
case.

2.4.1. Benchmark with the PO Currents

The case VI (k) = ‘_/;ﬁ)ustj(fc) is referred to as the “benchmark”. Fig. 2.8(a) shows the
SIR for fixed interferers uniformly separated by Af. For larger number of interferers,
resulting from smaller Af = 30°,15°,7.5°, the SIR curves shift and stretch to the
right. It can be noted that the first peak always corresponds to a =~ 35\g/A6, and
its value is ~ 18 dB. For such a dimension a the main beam of this benchmark
uniform case has its first null at 6,,; ~ A6f. Thus, the first peak occurs when the
interferer closest to the signal direction is aligned with the first null of the pattern
[see Fig. 2.8(b)].
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Figure 2.8: (a) SIR in case of uniform aperture distributions, benchmark, for users uniformly dis-
tributed on the FoV, where Af is the separation angle between the users. The first and second
peaks of each curve are highlighted in red and green, respectively. Beams and interferers: (b) first
interferer on the first null and (c) first interferer at 20,y);.

From the curves in Fig. 2.8(a), one can easily determine a bandwidth around the
peak over which the SIR remains higher than a threshold level. For instance, if the
purpose is to serve 24 equispaced users on a 360° FoV with SIR>15 dB, for Af = 15°
in Fig. 2.8(a), one can select an antenna domain of radius a = 2.3)g, implement
a uniform current distribution, and expect that the desired SIR is guaranteed over
about 13% bandwidth. An equivalent bandwidth can also be found for the other
values of Af. It may be useful to extend this simple reasoning to all Af and assume
that the minimum threshold to consider independent links to be SIR>14 dB. A simple
rule for the number of equispaced users in a field of view expressed in degrees can
then be derived for the benchmark distribution

a

. 2.16
350 ( )

N{l = Fov
The second peak of the curves of Fig. 2.8(a) corresponds to the configuration of

the non-overlapping beams shown in Fig. 2.8(c), where the first interferer is aligned
with the second null of the antenna pattern.
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Figure 2.9: (a) Communication scenario with moving interferers and main beam aligned with the
desired signal, and its corresponding SIR obtained with the benchmark illumination for (b) A = 60°,
(c) AB =45°, and (d) A = 30° spacing.

In the following, we consider that each interferer is randomly located in an an-
gular sector Af wide, as sketched in Fig. 2.9(a). Since each interferer is randomly
located in a sector, a Monte Carlo analysis has been performed, considering the in-
terferer uniformly distributed in Af. Fig. 2.9(b) shows the SIR corresponding to 250
realizations for Af = 60°, and assuming the benchmark distribution. In the plot are
also reported the average SIR, the SIR in case of fixed and equispaced positions of
the users, and the 80% (dark grey area) and the 90% (light grey area) confidence
intervals. Looking at the confidence intervals in Fig. 2.9, we can notice that they
interpolate the maxima and minima of the oscillating fixed-user SIR. Fig. 2.9(c) and
(d) present the same analysis for A8 = 45° and Af = 30°, respectively. In the last
two cases, since the interferers are angularly closer, the SIR is about 3 dB and 6 dB
lower, respectively, compared with Af = 60°. The confidence interval is also narrower
since the interferers are distributed randomly within a smaller pertinent sector.
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Figure 2.10: SIR comparison between a uniform distribution, a 10 dB Gaussian taper, and a 20 dB
Gaussian taper for equispaced beams with (a) A8 = 60°, (b) A8 = 30°, (c) Af = 15°, and (d)
Al = T7.5°.

2.4.2. Analysis of the Aperture Distribution Taper

Once the benchmark for the SIR has been assessed, one can investigate the potential
increases of SIR deriving from the use of a tapered aperture distribution, which for
large antenna volumes compromises the main beam efficiency for lower side lobes.
Fig. 2.10 shows the SIR for the equispaced fixed users in the case of four different
values of Af: 60°, 30°, 15°, and 7.5°, which correspond to N;: 6, 12, 24, and 48. In
all cases, the taper leads to wider main lobes and to a |Cops.a| < 1. For larger radii,
the patterns of the tapered distribution are characterized by lower sidelobes, which
result in smaller oscillations of the SIR, compared to the uniform distribution. On
the contrary, for small domains, specifically for a < 35Xg/A6, the taper reduces the
SIR.

Fig. 2.11 shows the SIR in the case of randomly distributed interferers for several
angular sectors Af and different aperture distribution tapers. Compared with the
benchmark uniform distribution case, the confidence intervals associated with tapered
distributions become significantly narrower for large radii of the minimum sphere
enclosing the antenna (see Fig. 2.9). For smaller radii instead, the confidence intervals
become broader than in the absence of tapering. That is because the main beam of the
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Figure 2.11: SIR with the main beams oriented toward the desired user under the conditions of (a)
10 dB and (b) 20 dB Gaussian taper, both for Ag = 60°, (c) 10 dB and (d) 20 dB Gaussian taper,
for AG = 45°, (e) 10 dB and (f) 20 dB Gaussian taper, for Af = 30°.

antennas becomes wider, and especially for Af = 45°, the interferers are associated
with beams that can arrive from directions relatively close to the main beam.
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Figure 2.12: SIR versus the number of realized links on the same azimuthal cut with a FoV=360°
and fixed interferers, for a radius (a) a = Ao and (b) a = 5\¢.

2.5. Number of Links for Fixed Size Platforms

A parameter that can be used to assess the properties of a platform of fixed radius
a is the number of links supported with an SIR larger than the desired threshold.
Fig. 2.12 shows the SIR versus the number of links, or equivalently the spacing A6,
for platforms of radius a = Ag and a = 5)\g. All the interferers lie on the same
azimuthal cut and are impinging from deterministic directions, equispaced between
—180° and 180°. As expected, the SIR decreases by increasing the number of links. It
is worth noting that the SIR decreases monotonically starting from a certain number
of links corresponding to a spacing Af equal to the angular position of the first null of
the antenna radiation pattern. Beyond this limit, the interferers contribute directly
to the main beam of the receiving antenna. For a small number of links, the field
generated by the interferers interacts with the side lobes of the receiving antenna
mainly, and tapering guarantees higher SIR values.

Fig. 2.13 shows the SIR versus the number of links for the same cases of Fig. 2.12,
but for interferers assumed to be impinging from random directions within the pre-
defined sectors. Due to the random positions of the interfering plane waves, a Monte
Carlo analysis of the SIR based on 250 realizations has been carried out. The SIR
corresponding to the fixed interferers is compared with the average SIR extracted
from the statistical analysis and the 90% confidence interval.

From Fig. 2.13(a) and (b), relevant to a one wavelength radius sphere, it is ap-
parent that the differences between the number of beams achievable with the ta-
pered and non-tapered (benchmark) distributions are not significant. However, from
Fig. 2.13(c) and (d), where the antenna volume is large (i.e., a = 5)\g) it is apparent
that for N; < 50 the tapering provides SIR higher than the benchmark (even 5 dB).
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Figure 2.13: SIR versus the number of realized links on the same azimuthal cut with a FoV=360°
and moving interferers, for a radius a = Ao, and (a) uniform aperture distribution, (b) Gaussian
taper of 10 dB, and for a radius a = 5\¢ and (c¢) uniform aperture distribution, (d) Gaussian taper
of 10 dB.

The limit is dictated by the position of the first null and can be easily calculated with
the approximate formula (2.16).

2.6. Conclusion

An analysis of multi-beam antenna platforms for LoS mobile communications was
provided. In particular, a new class of coefficients was introduced. They represent the
coupling between the investigated patterns and the one associated with the observable
field for the antenna platform of given dimensions. These coefficients can be used to
evaluate the signal and the interference between beam-shaped links supported by
the platform. Then, for the specific case of plane-wave-like links, a benchmark is
established that allows estimating the maximum number of independent links that a
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platform can support. This benchmark is taken to be an antenna radiation pattern
equal to the inward portion of the observable field. This choice guarantees that the
signal from the desired users is maximized. Accordingly, any other solution for the
pattern design can be compared to the benchmark to assess its merits. The observable
field was calculated using the procedure based on the PO currents to examine the
potential advantages of the benchmark. Two cases were investigated. For both,
the users were tracked by a dedicated beam. The first case implied links between
fixed equispaced interferers, while the second case regarded randomly distributed
interferers within predefined angular sectors. The SIRs associated with the Gaussian
distributions with 10 and 20 dB edge taper were compared to the benchmark. It
resulted that, for fixed equispaced interferers, it is possible to exploit the maximum
gain associated with the benchmark cases to achieve the maximum SIR at least over
relatively narrow bands (10-15%). However, for randomly distributed interferers,
the advantage of the benchmark disappears, even for narrow bandwidths, when the
antenna linear dimension is larger than 3)\y. In these cases, tapered distributions
provide higher SIR.






Chapter 3

High Mutual Coupling and
Ultrawideband Massive MIMO

In the beginner’s mind there are many possibilities, but in the expert’s
there are few
—Shunryu Suzuki

Wireless communications will heavily rely in the near future on the possibility of
transmitting and receiving multiple data streams through directive beams connecting
the base station with different users (Fig. 3.1). With the deployment of 5G communi-
cations and the planning for the future 6G networks, antennas will focus the radiation
in smaller angular sectors with the aim to improve the energy and spectral efficiency,
while reducing the interference levels. In such a communication scenario, the base
stations will be equipped with phased array antennas serving several distributed users
simultaneously by means of multiple and adaptively steered beams. Thus, these multi-
beam antennas are regarded as a key technology for enabling massive multiple-input
and multiple-output (MIMO) and high speed mobile networks [18, 51, 100].

In the 1960s, [90, 101, 102] discussed the theoretical limitation on the generation
of multiple beams from a single radiating aperture. More specifically, Stein in [90]
defined the beam coupling factors to quantify the orthogonality between beams. In
his derivation, Stein linked the coupling between two beams generated by a radiating
aperture to the coupling between the feeding lines (or the beamforming networks)
associated with the beams. Later on, these same coupling coefficients were named
envelope correlation between antenna patterns and used in MIMO communication
scenarios [103-106], as a statistical value indicating the similarity in the voltages
received by different antennas in the presence of multipath. In absence of losses, when
associating each beam with a feeding structure, the coupling between two antenna
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Figure 3.1: Wireless base station simultaneously connecting with several mobile users.

beams can be approximated in terms of the impedance or scattering matrix between
the feeds [104].

In MIMO architectures, the mutual coupling between the antennas is typically
regarded as a limitation, as it is associated with a reduced system capacity [107-110].
For this reason, several techniques have been employed for the reduction of the mutual
coupling [111, 112] or the compensation of its effects [113—-115]. However, these works
typically refer to configurations in which the beam orthogonality is intended at the
level of the radiation patterns from the individual elements of the array. On the
contrary, when each beam is collectively generated by all the antennas, the beam
coupling is not directly related to the coupling between the individual elements, but
to the coupling between the beamforming networks [90]. In these cases, the role of the
mutual coupling between the individual elements in the performance of the multibeam
systems remains unclear. For example, in [116] it was shown that a nonzero mutual
coupling level can maximize the gain in arrays when the elements are simultaneously
excited. More recently, MIMO concepts based on high mutual coupling arrays have
been proposed in [117].

The main scope of this chapter is to clarify how the inter-element mutual coupling
can affect the capability of creating multiple simultaneous beams with a single phased
array. To this aim, we evaluate the beam coupling coefficients for arrays of dipoles,
comparing two canonical geometries: linear arrays of collinear resonant dipoles, for
which the mutual coupling is relatively low, and linear arrays of connected dipoles,
characterized by high mutual coupling. Moreover, examples of two dimensional arrays
are also presented, namely a narrowband array of patches and a more wideband array
of connected slots with dielectric superstrate.

For the investigation, we first express the coupling between two beams in terms of
the electric current distributions associated with each beam. The resulting expression



3.1. Beam-Coupling Factor 31

contains a coupling integral between the two currents similar to a mutual impedance,
but with a kernel that is a singularity-free Green’s function [106]. By expanding
the currents in terms of basis functions, the beam coupling can be also written as
a weighted sum of coupling contributions between each pair of basis functions. The
derived expressions can be applied to the different arrays, to quantify the effect of
different levels of mutual coupling on the beam orthogonality. We give a few examples
of multibeam arrays for which the coupling between beams can be weakly dependent
on the level of mutual coupling between individual elements of the array.

Since the high mutual coupling between the ports is a characterizing feature of
all the wideband wide scanning arrays, this finding opens the possibilities to largely
increase the bandwidth and scan performance of MIMO arrays. In fact, a wideband
capability is an important feature of future wireless communication. When more and
more frequency bands will be used for different services, having a single narrowband
antenna for each sub-band will become unfeasible for cost and space occupation. For
this reason, the use of wideband arrays that can cover simultaneously multiple bands
will become increasingly important.

3.1. Beam-Coupling Factor

Let us consider a radiating aperture, as depicted in Fig. 3.2, which radiates N, beams,
with indexes n € {1,---, Np}. Each beam is characterized by an electric field é, (),
radiated by an associated electric current distribution jn, where 7 = (r,0,¢) is a
generic point in the far-field with radial distance r, elevation angle 6 and azimuthal
angle ¢. The electric field for the n-th beam is given by

—jkr

e (") = Bu(k) (3.1)

r

where k is the free space propagation constant and En(]%) represents the far field
radiation pattern, which is a function of the angular direction k = sinf cos T +
sin fsin ¢ + cos@z. The radiation pattern can be related to the electric current
distributions by

VLIS

En(k) = 1> [;1%1%} T (k). (3.2)

In (3.2), ¢ = 1207 Q is the free space characteristic impedance, and [ is the identity

dyad. The function J, is the spatial Fourier transform of Jn, given by

5 = [[ T ds (3.3)
Sn
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Figure 3.2: Radiating aperture generating Ny beams, characterized by the electric fields &, associ-
ated with the electric current distributions jn.

where S, refers to the domain in which the n-th current distribution 7, differs from
zero.

3.1.1. General Definition of the Beam Coupling

As formalized in [90], the cross coupling between any pair of beams with patterns En
and FE,  can be expressed as follows

/ EX(k) - Ep(k)d$
4

AT AE

The double integral at the numerator of (3.4) represents an inner product between
two radiation patterns in the angular domain. The terms at the denominator are
normalization factors so that the modulus of the coupling factor satisfies the following
condition: 0 < |¢pn/| < 1.

By substituting (3.2) in (3.4) and following the algebraic steps reported in Ap-
pendix B.1, the beam coupling factor can also be expressed in terms of the currents
spectral distributions [105]

(3.4)

;?'>

Rnn’

S — 3.5
¢ Vv Rnn \% Rn’n’ ( )

where

k¢ //J I kk} - To(k)dS. (3.6)

B = 1672
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To give an interpretation of the term R, , it is convenient to express it in the
spatial domain by using (3.3), leading to

Ry =~ ////Jnf VIS (7 — 7Y Jo (7)dS' dS (3.7)

where we defined a ‘visible’ Green’s function as

vis (= —»/ _k2C 7.]16]6 (F=7")
g (F—T 1671'2 I kk dQ. (3.8)

It is worth noting that the expression (3.7) resembles a mutual impedance between
the two current distributions, and defined as follows

Dt == ////Jn 7Y g(F—7") - o (7)dS" dS. (3.9)

The function g is the free-space dyadic Green’s function which relates the electric
field to the electric current. Comparing (3.9) with (3.7), one can note that, while g

is obtained by integrating the spectral Green’s function over the entire spectrum, the
visible Green’s function g% results from an integration only on the visible spectrum
as in (3.8). Moreover, the visible Green’s function does not exhibit singularities even
for co-located sources, since it does not include the term | — #/|~1 of the standard
free-space Green’s function. This can be observed by realizing that, as proved in B.2,
the integral on the visible spectrum in (3.8) can be expressed as follows

vis (7)) = _% [k*I + VV] sinc (kr). (3.10)

I5S)

The quantity in (3.7) represents a ‘visible’ mutual impedance that depends only
on how the two currents interact with their far-field radiation patterns. It can be
demonstrated that, for real-valued current distributions, normalized so that they are
equal to one at the port terminals, R,, coincides with the mutual resistance, i.e.,
R = Re{Z,n} [118].

3.1.2. Expansion of Electric Currents with Basis Functions

Often in antenna problems the current distributions are not available beforehand,
but they have to be evaluated by means of numerical methods. For instance, one can




34 3. High Mutual Coupling and Ultrawideband Massive MIMO

expand the n-the current distribution in a sum of basis functions, as typically done
in Method of Moments solutions

() = i b (7) (3.11)

m

where Em(F) is the m-th sub-domain basis function and %, is its corresponding
weight. If all the basis functions are equal, (3.11) becomes

In(7) = imnb(7 = ) (3.12)

where 7, is the center of the m-th basis function. The Fourier transform of j, ()
can be written as follows

Tolk) = i n Bk)ed*h 7 (3.13)

m

where B(k) is the Fourier transform of b(7). By substituting (3.13) in (3.7), one
obtains
Ry = Z - Z imtnt R - (3.14)

where

2 A, =
LS //B I kk} - B(k)e IRk T =T () (3.15)

B = {573

The beam coupling in (3.5) can be then expressed as follows
iR,

Cnn/ =
\/ig Rinq/ig Ri,,

where i, are the weights of n-th current expansion, R is the matrix whose entries
are defined in (3.15) and H indicates the Hermitian transpose. As already pointed
out earlier, for real-valued basis functions, the matrix R is equal to real part of the
method of moments impedance matrix. However, c¢,,  has still complex value, since
it depends on the complex amplitudes of the basis functions associated with the two
beams, i, and i, .

(3.16)

3.2. Application to Dipole Arrays

To quantify how the mutual coupling in antenna arrays affects the beam orthogonality,
we evaluate the expressions given in the previous section for arrays of dipoles. For
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Figure 3.3: Geometry for: (a) two center-fed collinear dipoles, with length I4, distance between
centers dg, delta-gap size § and (b) two connected dipoles, with total length I. and distance between
feeds d.

the sake of simplicity, we first analyze and compare two simple geometries: an array
of two collinear dipoles [see Fig. 3.3(a)], and an array of two connected dipoles [see
Fig. 3.3(b)]. This choice is motivated from the fact that two aligned dipoles are
typically poorly coupled because of a radiation null along their axis. On the contrary,
connected dipoles are characterized by high mutual coupling, since the current can
flow from one element to the other through the electrical connection.

A method of moments analysis, similar to the one described in [119] has been im-
plemented to apply the expression of the beam coupling from (3.16). The geometrical
parameters are chosen as d, = 0.45\, w = = 0.1\, [; = 0.4\ and [. = 0.85)\, where
A is the wavelength at 10 GHz.

3.2.1. Comparison Between Two-Element Arrays of Resonant
and Connected Dipoles

The reflection coefficient and the mutual coupling between the two elements of the
array is shown in Fig. 3.4, for both the resonant and the connected dipoles. The
S-parameters are normalized to a load impedance of 70 2 for the resonant dipole and
1502 for the connected one. It can be observed that, for the separated dipoles in
Fig. 3.4(a), the |Si2| peaks at around 10 GHz with a value of —12 dB. Moreover, the
conventional dipoles exhibit a narrow bandwidth due to the typical resonant nature
of the radiating element. On the contrary, higher levels of mutual coupling occur for
the connected dipoles in Fig. 3.4(b), higher than —8 dB over the large bandwidth
of investigation. It is well known that, by electrically connecting the dipoles, the
S-parameters become more frequency independent, achieving wideband impedance
matching [41].

The beam coupling coefficient c¢15 is also evaluated as a function of frequency in
Fig. 3.5. In this section, we assume that the two beams are obtained with one of
the two elements active and the other terminated on a resistive load. The frequency
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Figure 3.4: Si1 and Si2 for 2-element arrays of (a) resonant dipoles and (b) connected dipoles.
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Figure 3.5: c12 for 2-element array of resonant and connected dipoles. The beam coupling is intended
between beams obtained with one of the two elements in the array active and the other passively
terminated and vice versa.
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Figure 3.6: ci2, calculated at 10 GHz, versus the inter-element distance for 2-element array of reso-
nant and connected dipoles; A is the wavelength at 10 GHz.

dependence of the beam coupling is similar for the two structures, but the connected
array exhibits higher values of c¢12, due to the higher mutual coupling.
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From Fig. 3.5, the values of c¢;o are shown to be close to zero for both cases at
around 11 GHz, which corresponds to a distance between feeds of around half wave-
length. To better highlight this aspect, we report in Fig. 3.6 the beam coupling for
a fixed frequency (10 GHz), but varying the distance of the two elements, for both
resonant and connected dipoles. The curves oscillate as a function of the frequency
creating a interference pattern that depends on the electrical distance between ele-
ments. Much higher levels are obtained for the connected dipole elements, because of
the high mutual coupling.

Therefore, in the configuration in which the two elements are to be used inde-
pendently, i.e.when one beam is associated with one feeding gap, high inter-element
mutual coupling yields high beam coupling. Indeed, in this case c15 is closely related
to the mutual impedance, and thus directly proportional to the levels of mutual cou-
pling. In this configuration, although connected arrays are intended to be used over a
wide frequency range, low levels of ¢15 can be achieved only over a narrow frequency
band.

3.2.2. Linear Arrays Generating Multiple Directive Beams

Another investigated case is when the array comprises N elements and the beams
are generated through the coherent excitation of the entire array. For this study,
we assume that such an array generates two beams, one fixed pointing at broadside
(beam 1) and the other pointing at a varying angular direction Af (beam 2). Thus,
the array is fed simultaneously with two voltage distributions v; and vs, given by

Vi =1 forn e {1,...,N} (3.17)
Vo = e—Jdknds sin(A0) forn € {1,...,N} (3.18)

assuming that the elements are located on the z-axis in the reference system. The
coupling between the two beams is shown in Fig. 3.8, for both resonant and connected
dipoles, as a function of the separation between the beams A8 and for different number
of elements. The geometrical parameters are d, = 0.45), [; = 0.4\, where X is the
wavelength at the calculation frequency.

The coupling is equal to one for the total overlap between beams (A6 = 0°) and
decreases for larger separation of the pointing angles. The oscillations are due to
the interference between the sidelobes of the two patterns. The zeros of the coupling
occur when the maximum of the main lobe of one beam is aligned with a null of the
other. This corresponds to A# equal to one half of the first null beamwidth. For the
smaller array cases, the beam overlap remains higher for a wider range of Af, due to
the wider beamwidth.

It can be noted from Fig. 3.8 that the coupling curves for the resonant and con-
nected dipoles are very similar, despite the different mutual-coupling levels.
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Figure 3.7: N-element linear array of resonant and connected dipoles. The array generates two
beams, pointing at broadside and A6, respectively.
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Figure 3.8: Beam coupling between two beams, pointing at broadside and A#, respectively, for linear
array of resonant and connected dipoles with (a) N =16, (b) N =8, (¢c) N =4 and (d) N = 2.

To reduce the beam coupling after the first null, the side lobes of the pattern can
be reduced with a tapered illumination of the array. The coupling in Fig. 3.9 refers
to arrays of 16 elements with a Gaussian amplitude distribution with edge taper of
—10 dB. The coupling remains very low for the low-coupled dipoles for A6 > 20°.
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Figure 3.9: Beam coupling between two beams, pointing at broadside and A#, respectively, for linear

array of resonant and connected dipoles with N = 16 and Gaussian tapered illumination with edge
taper of —10 dB.

On the contrary, the connected array exhibits a similar coupling up to A8 > 50°,
but increased values for larger scanning of the beam. The scanning above 50° yields
some mismatch and aberrations in the patterns, which causes the raise in coupling, as
shown in Fig. 3.9. In fact the impedance of the array is not anymore well matched for
large scanning, and the impedance varies for each element of the array due to finite
edge effects in connected dipoles [120].

3.3. Examples of Planar Arrays

In this section, we analyze two-dimensional planar arrays, simulated using a full-wave
electromagnetic solver. Two different cases are compared: an array of patches and
an array of connected slots, both consisting of 8 x 8 elements. The two arrays have
the same unit cell size, defined by d, = dy = 0.5)g, where A\g is the wavelength at
10 GHz. The unit cells are shown in Fig. 3.10. The patch element in Fig. 3.10(a),
[, = 8.8mm long and w, = 7.9mm wide, is backed by a metal cavity filled with a
dielectric of relative permittivity e, = 2.33 and thickness ¢, = 2mm. The vertical
metal walls of the cavity have been added to prevent the propagation of surface waves.
The patch is fed by a vertical pin with diameter of 1.1 mm and the coaxial feed is
normalized to a line of 42.5 ). The connected slot unit cell is depicted in Fig. 3.10(b)
and is characterized by slot width ws; = 0.2)g, fed by a J§-gap generator with size
ds = 0.25)0, and backed by a ground plane at a distance hgy = Aog/4. Vertical walls
have been placed between the ground plane and the array on the E-plane to improve
the scanning performance. Moreover the array is loaded with a wide angle impedance
matching layer (WAIM), that is a thin dielectric layer of relative permittivity e, = 5,
haiet = 1mm, and placed at a distance hgap, = 2.5mm from the array. The port
impedance is normalized to 150 €.
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Figure 3.10: Unit cell of (a) patch array and (b) connected slot array, with characteristic geometrical
parameters.
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Figure 3.11: Active reflection coefficient of the infinite array of (a) patches, and (b) connected slots
for broadside and scanning up to 45° on the main planes.

As shown in Fig. 3.11, the two unit cells are matched when scanning up to 45° on
the main planes, but while the array of patches can operate on the band 9.5—10.5 GHz,
the connected array is matched over a larger bandwidth, between 7 and 10 GHz. Array
simulations for 8x8 arrays for both cases (see Fig. 3.12) have been performed with
CST. The mutual coupling levels for the two arrays are shown in Fig. 3.13, between
element ports in the center of the array, according to the indexing specified in Fig. 3.12.
It can be observed that a higher level of mutual coupling is obtained for the connected
slots, which is desired to provide a large operational bandwidth.

The beam coupling between a beam pointing to broadside and a beam pointing
to Af is presented for the two arrays in Fig. 3.14 as a function of A8, at 10 GHz for
both arrays and at 7 GHz for the connected slots only. It is evident that the beam
orthogonality remains comparable, despite the different levels of inter-element mutual
coupling, as these are mainly dependent on the beamwidth and the sidelobe level of
the radiation patterns.
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Figure 3.12: Top view of the (a) patch, and (b) connected slot array. The positions of the central

elements 28, 29, 36, and 37 is highlighted.
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Figure 3.13: S parameters of the 8 x 8 array of (a) patches and (b) connected slots.
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Figure 3.14: Beam coupling between two beams, pointing at broadside and A, respectively, for 8 x 8
planar arrays of resonant patches and connected slots at (a) f = 10 GHz, and (b) f = 7GHz.
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3.4. Conclusions

We presented a study on the beam coupling factor in multibeam arrays. The cou-
pling coefficients were expressed in terms of the current distributions, the mutual
impedance and the inter-element mutual coupling. The study dealt with arrays of
dipoles, more specifically comparing resonant dipoles with connected dipoles. These
latter are known to have much higher levels of mutual coupling, which is typically
used to enlarge the operation bandwidth.

When using the array in the one-beam-per-feed configuration, the coupling be-
tween elements is directly related to beam coupling, thus is not desired. However,
when different beams are generated by the entire ‘active’ array, the beam correla-
tion is mainly determined by the beam overlap and it is weakly dependent on the
mutual coupling. We showed that the beams can remain uncoupled even with high
inter-element mutual coupling, as long as the beams do not overlap and the active
impedance is well behaved. Finally, an example of planar arrays is given to further
support the investigation.

The findings of this chapter are relevant for the exploitation of wideband arrays in
multi-beam communication, which can enable enhanced capability in future wireless
networks.



Chapter 4

A Connected Array Design for
Sub-8 GHz Massive MIMO

I have nothing to offer but blood, toil, tears and sweat
—Sir Winston L. S. Churchill

4.1. Introduction

The fifth generation (5G) communication standard exploits massive Multiple Input
Multiple Output (MIMO) to achieve high data rate streams [18, 51, 121]. With this
paradigm, directive beams are radiated toward the different users and steered over a
wide field of view to track the user’s movements. This motivates the need for wide-
scanning arrays to cover the entire field of view with a limited number of antenna
panels (e.g., three panels with a scan range of +60°).

Moreover, 5G relies on the possibility of transmitting information over different
frequency ranges of the electromagnetic spectrum. Several bands are already in use
between 2 and 6 GHz, and one more band located between 6.425 and 7.125 GHz, i.e.,
the upper 6 GHz (U6G) band [122], will be licensed in a few years. Resonant antennas
are currently being employed on base stations. However, due to their narrowband
properties, multiple antenna arrays are needed to transmit over all the required bands,
leading to several radiators competing for the same space or increasing the overall
space occupied by the base station. For this reason, wideband arrays that can operate
simultaneously over multiple bands with a single aperture are gaining interest for 5G
applications both for the sub-6 GHz band [123, 124], and for the millimeter wave
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frequencies [125-127]. Although wideband arrays are characterized by a high inter-
element mutual coupling, they can still operate in a MIMO environment by generating
independent beams, as discussed in [52, 117] and in Chapter 3.

The past decade has witnessed great advances in the development of phased arrays
with wideband and wide-scanning capability. Several solutions have been proposed
in the literature, including tapered slot antennas [128-130], metal flared-notch ele-
ments [131, 132], long-slot arrays [133, 134] and tightly-coupled or connected dipole
arrays [135-139]. Despite the significant advance of wideband phased arrays, the
main target applications of these antennas have been defense radars, satellite com-
munications, and radio astronomy. Their use for commercial wireless communications
has been hindered by the high complexity and the high cost typically involved in the
manufacturing of wideband arrays. Most of these arrays are realized with vertically
oriented printed circuit boards (PCBs), which are difficult to assemble and unsuit-
able for mass production. Planar solutions based on a single multi-layer PCB have
been proposed to reduce the complexity for tightly coupled dipoles in [140, 141], and
more recently for connected slots in the presence of artificial dielectric layers (ADLSs)
in [41, 45]. This latter exploits ADL superstrates, consisting of layers made of sub-
wavelength square metal patches, which synthesize an equivalent anisotropic medium
[49]. The advantages of an ADL superstrate can be summarized as follows:

1. It diverts a large fraction of the power radiated by the slots towards the upper
medium, allowing to reduce the distance from the ground plane so that standard
through-hole via technology can be used to realize the feeding lines;

2. It acts as a wideband impedance transformer between the free space and the
feed impedance of the slots;

3. It increases the scan range by suppressing the surface waves.

In this chapter, we present the design of an array based on the connected slot ele-
ment with ADL superstrate, as shown in Fig. 4.1(a) for the simplified single-polarized
unit cell. The focus of this design is to show the flexibility of the concept by using
the same connected array with different ADL radomes to select its operational band-
width, as shown in Fig. 4.1(b). In this way, a single antenna section can be used for
different applications and environments. As the ADL acts as an impedance trans-
former, the array impedance bandwidth is strongly related to the ADL design and
can be enlarged by increasing the number of metal layers and the overall height of
the ADL stackup. More specifically, two ADLs designs are presented, one operating
from 6 to 8 GHz, referred to as narrowband (NB), and the other operating from 2
to 8 GHz, indicated as wideband (WB). In both cases, the array can scan up to 60°
in both main planes within the frequency bands mentioned above. Furthermore, the
WB ADL radome presented here improves the bandwidth of this concept with respect
to previous designs [41, 45], by targeting two octaves. Finally, an 8x8 dual polarized
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Figure 4.1: (a) Sketch of the single polarized connected unit cell without and with the ADL radome,

and (b) side view of the array consisting of the common radiating section and the interchangeable
ADLs radomes.

Table 4.1: Geometrical parameters (in mm) of the narrowband (NB) ADL Radome

hi ho hs ha
0.64 153 250 348 0.50 0.53

w1y w2 w3

1.31

Wy

1.3

prototype array is realized, and the resulting measurements are presented with both
NB and WB radomes.

4.2. Unit Cell Design

4.2.1. ADL Synthesis

The first step of the unit cell design involves the synthesis of the ADLs to realize a two-
and four-section Chebyshev impedance transformer for the NB and WB, respectively.
The impedance transformers, aimed at matching the feeding line of the array element
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Table 4.2: Geometrical parameters (in mm) of the wideband (WB) ADL Radome

h1 ha hs ha hs he hr hs
0.5 224 295 340 3.65 490 5.79 6.67

w1 w2 w3 Wy Ws We wr ws

035 0.18 0.33 0.17 0.63 063 1.76 1.76

to free space, are initially modeled as the cascade of multiple quarter-wave sections
of ideal transmission lines. Each transmission line section can be represented as a
homogeneous and isotropic dielectric slab as if a single plane wave were impinging from
broadside. Then, each slab is replaced with ADLs having, for normal incidence, the
same effective refractive index of the corresponding homogeneous dielectric [42, 43],
using the ADL closed-form description derived in [48]. For the case at hand, this
results in a transformer made of four and eight layers of patches for the NB and WB
case, respectively.

In the ADLs radome design, we introduce a dielectric slab of relative permittivity
€host = 2.2 between the first two bottom layers. In this way, we obtain a less varying
effective permittivity with respect to the scan angle for transverse magnetic (TM)
waves and in turn, a more stable active impedance when scanning in the E-plane.
The thin dielectric can also be seen as a wide-angle impedance matching layer as
originally introduced in [142].

Both of the synthesized ADL radomes have a period p =5 mm, and the other
geometrical parameters defined in Fig. 4.1(b) have the values listed in Table 4.1 and
Table 4.2 for the NB and the WB ADL, respectively. The parameter s indicates the
shift between odd and even layers in the ADL stack. No inter-layer shift is applied in
the NB ADL radome, i.e., the gaps between patches in different layers are vertically
aligned. On the contrary, the maximum shift s=p/2 has been used for all the metal
layers of the WB ADL, resulting in a glide symmetric structure that is characterized
by a larger effective permittivity [49].

4.2.2. Single-Polarized Unit Cell

The single-polarized (single-pol) connected slot unit cell is sketched in Fig. 4.1(a), and
it is designed in the presence of the ADL using the analytical procedure illustrated
in [45]. To enhance the bandwidth, the period is set to d=0.4\§¢"*=15mm, and
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Figure 4.2: Active VSWR of the single polarized unit cell for broadside, H-plane 60° and E-plane
60° scanning for (a) the NB ADL, and (b) the WB ADL radome.

vertical walls have been added between parallel slots (E-walls) to avoid the propa-
gation of guided modes in the substrate below the slots [45]. The slot has a width
w=0.1A\§C"7 it is fed by a -gap generator with length §=0.24\3GH% and it is sep-
arated from the ground plane by a dielectric with thickness h =3.5 mm and relative
permittivity epack =1.6.

The corresponding active Voltage Standing Wave Ratio (VSWR) is shown in
Fig. 4.2. For the NB radome, the active VSWR is <2.2 when scanning up to 60°
on the main planes over the frequency bands of interest, i.e., 6-8 GHz. For the WB
radome, a VSWR <2 is obtained when scanning up to 60° in the main planes over
most of the 2-8 GHz frequency band, with an increase to VSWR=3 at the low end of
the band (2 GHz).

4.2.3. Dual-Polarized Unit Cell

By using CST Microwave Studio, the dual-polarized (dual-pol) unit cell sketched in
Fig. 4.3 is designed. This comprises two sets of orthogonal 45° tapered slots, each
excited by a microstrip below the array plane, as shown in Fig. 4.3(a). The feeding
microstrip is terminated with a capacitive plate that compensates for the inductive
effect of the ground plane. The microstrip is connected with an integrated coaxial
line that goes through the holed ground plane to the outer SMP connector, as shown
in Fig. 4.3(b). The integrated coaxial line also has the role of suppressing modes that
would otherwise propagate between the ground plane and the slot plane [45]. The
specific design for the integrated coaxial feed and for the microstrip transition to the
SMP connector is reported in [143]. To avoid the excitation of waves guided by the
slot when scanning in the H-plane, the dielectric used to sustain the array plane has
been milled into a grid to obtain a lower effective permittivity. The detailed stackups
of the array and radomes boards used for the prototyping are shown in Fig. 4.3(c)




48 4. A Connected Array Design for Sub-8 GHz Massive MIMO

Integrated
coaxial

Coax-to-SMP microstrip
(b)

- Rogers 5880

Es330 = 2.2

Arlon CuClad 6250
Egrs0 = 2.32

Leos0 = 38 um
Rogers 4003

Ea00s = 3.55

f4003 = 203 pm

©

Figure 4.3: Sketch of the dual polarized unit cell: (a) top view, (b) three-dimensional view, high-
lighting the array plane, the feeding components, and the dielectric grid, and (c) side view of the
stackup.

and 4.4, respectively. The ADL geometry has been slightly adjusted to account for
the effect of the realistic materials on the layers’ reactance.

The simulated active VSWR is shown in Fig. 4.5 for the NB and WB case, respec-
tively. The VSWR of the NB case is lower than 2 for broadside and E-plane scanning
to 60° over the 6-8 GHz range, while it increases to 2.3 when scanning in the H-plane
to 60° at 8 GHz. For the WB radome, the simulations show a VSWR<3 in the 2-
8 GHz band for broadside and E-plane scanning, while the bandwidth is reduced to
2.3-8 GHz when scanning to the maximum angle in the H-plane.
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Figure 4.4: Stackup of the prototyped NB and WB ADL radomes.
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Figure 4.5: Active VSWR of the dual polarized unit cell for broadside, H-plane 60° and E-plane 60°
scanning for (a) the NB ADL, and (b) the WB ADL radome.

4.3. Connected Array Prototype

An 8x8 array, based on the dual-polarized unit cell of Fig. 4.3, has been manufac-
tured [see Fig. 4.6(a)-(b)] as a representative prototype. The two manufactured ADL
radome boards are shown in Fig. 4.6(c) and have a total thickness of 8.4 mm and
29.5 mm for the NB and WB, respectively. The antenna is mounted in a holder with
the NB or the WB ADL radome, as shown in Fig. 4.6(d). The radomes are larger
than the slot array, as they are intended to be used also for larger antenna arrays or
multiple tiles.
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Figure 4.6: (a) Front and (b) back view of the manufactured 8 x8 dual polarized connected slot array
prototype, (c) photo of the NB and WB ADL radomes, and (d) the full setup with array prototype,
the NB ADL radome, and the holder.

4.3.1. Measured Active Matching

All the S-parameters between the elements E5X and E4Y [see Fig. 4.6(b)] and the
rest of the array are measured for the NB and WB case, respectively. Then, these
are combined with complex weights corresponding to the different scanning and taper
conditions, to obtain the active reflection coefficient and VSWR.

The active VSWR of E5X with the NB radome is shown in Fig. 4.7 for broadside,
and scanning to 60° in the main planes. As can be noticed, the fully excited array of
Fig. 4.7(a) has a good agreement with the simulated unit cell results when scanning
in the main planes. The measured active VSWR for broadside is slightly higher than
the unit cell simulation for frequencies above 7 GHz. This can be partly attributed to
finite edge effects, as an amplitude taper applied to both rows and columns is shown
to lower the VSWR below 2.5 on the band of interest, as shown in Fig. 4.7(b).

The measured active VSWR of the element E4Y with the WB radome is shown in
Fig. 4.8, for different scanning and illumination conditions. The strong mismatch at
3.5 GHz in Fig. 4.8(a) is due to the resonant size of the full array. In fact, the tapered
excitation of Fig. 4.8(b) effectively removes the resonance. Even in the presence of the
amplitude taper, some fast oscillations are seen at around 6 GHz and above. These
were observed to be caused by a somewhat unstable connection of the coaxial cables
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Figure 4.7: Measured active VSWR, of E5X, when using the NB ADL radome, for broadside, H-plane

60° and E-plane 60° scanning for (a) the fully excited array and (b) the array with a tapered
excitation.
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Figure 4.8: Measured active VSWR of E4Y, when using the WB ADL radome, for broadside, H-plane

60° and E-plane 60° scanning for (a) the fully excited array and (b) the array with a tapered
excitation.

with the smooth bore SMP connectors that gave some variability of the S-parameters
depending on the specific position in which the cables were held. Nevertheless, as
shown in Fig. 4.8(b), when applying an amplitude taper, the VSWR of the element
E4Y is <3 in the band from 1.7 to 7.6 GHz, corresponding to a 4.5:1 bandwidth.

To verify that the peak at 3.5 GHz is due to the edge effects, an 8 x oo array
simulation has been performed. Fig. 4.9 shows the active VSWR of a central ele-

ment, exhibiting a resonance around 3 GHz, which is mitigated when introducing an
amplitude taper.
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Figure 4.9: Simulated active VSWR of a central element in the 8 X oo configuration for a uniform
illumination and an amplitude taper.
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Figure 4.10: Measured and simulated (8 x oo) array patterns on the E-plane and on the H-plane at
7 GHz in the presence of the NB ADL radome.

4.3.2. Measured Patterns

When operating with either radomes, the E- and H-plane Embedded Element Pat-
terns (EEP) have been measured for all the elements of both polarizations located in
row E [see Fig. 4.6(b)]. To compensate for the manufacturing tolerances and errors
introduced by the measurement setup, the amplitudes and phases of the EEPs are
adjusted to compensate for the variations in the broadside direction (i.e., a broad-
side calibration). Then, the desired array patterns are calculated and shown in Fig.
4.10 and 4.11 for the NB and WB case, respectively. The patterns of the uniformly
illuminated array are shown at 7 GHz for the NB case and at 2, 5, and 7.5 GHz for
the WB case and compared with 8 x co CST simulations. A good agreement can be
recognized for the main lobes and the Side Lobe Level (SLL), while the discrepancies
for larger observation angles are credited to the diffraction from the metal frame. The
scanning array patterns are normalized with respect to the broadside values. As it can
be noticed, the E- and the H-plane have different scan loss. This difference is mainly
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Figure 4.11: Measured and simulated (8 X oo) array patterns in the E-plane and in the H-plane at
(a) 2 GHz, (b) 5 GHz, and (c) 7.5 GHz in the presence of the WB ADL radome.

due to the different shapes of the EEP in the two planes. The EEPs of the elements
in the central row are presented in Fig. 4.12, showing a larger decay for the H-plane.
Moreover, when scanning in the H-plane, a slightly higher mismatch occurs with re-
spect to the E-plane. Due to edge effects, oscillations are present in the EEPs, larger
in the H-plane compared to the E-plane. Nevertheless, these fluctuations average out
when the EEPs are combined together, creating smooth array patterns. Moreover,
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Figure 4.12: Measured embedded element patterns on the (a) H-plane and (b) E-plane at 7 GHz in

the presence of the NB ADL radome.
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Figure 4.13: Measured co-polar and cross-polar component when scanning towards -60° on the (a)
E-plane and (b) H-plane with the WB radome.

the diffraction from the metal frame supporting the antenna is visible, especially in
the E-plane for large angles.

Radiators in the presence of ADLs exhibit increased cross-polarization levels, es-
pecially in the diagonal plane (D-plane). However, in the desired application the



4.4. Conclusion 55

scanning in azimuth is much larger than in elevation, e.g., +20° in the urban scenario
of [144], reducing the scanning requirements in the D-plane. In Fig. 4.13 the co- and
cross-polar are shown when scanning towards 60° on the E- and H-plane, exhibiting
between 2 and 7.6 GHz a rejection better than —10 and —12 dB, respectively.

4.4. Conclusion

A dual-polarized planar connected slot array has been designed to target sub-8 GHz
5G applications. The same radiating aperture is used with two interchangeable ADL
radomes, one for 6-8 GHz operation and the other for 2-8 GHz.

An 8x8 connected array prototype has been manufactured and tested for its
impedance and radiation characteristics. When using a tapered illumination, this
shows a VSWR<2.5 when scanning up to 60° with the NB ADL radome over the
targeted band and a VSWR<3 when scanning up to 60° with the WB ADL radome
between 1.7 to 7.6 GHz.
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Chapter 5

Full-wave Lens Antenna Analysis
with the Proxy Sources Method

Sapere aude! ‘Have courage to use your own
reason!’- that is the motto of enlightenment

—Immanuel Kant, An answer to the question:
what is enlightenment?

5.1. Introduction

In the sub-mm wave domain, some of the most successful examples of front-end in-
tegration resort to lens antennas [24, 35, 75, 145-150]. The analysis and design of
such antennas typically require the accurate modeling of the input impedance, mu-
tual coupling, and radiation patterns. Due to the electrically large size of the lenses,
high-frequency techniques, such as the Physical Optics (PO) [75], have played a major
role in easing the analysis of quasi-optical systems, allowing to avoid time consuming
full wave simulations.

Recently, small-size lens antennas have gained popularity due to their employment
flexibility. These have been used as elements for coherent arrays [33] or as the core
in the core-shell lens [63, 64]. In these cases, the PO based on ray tracing [65-76]
become inaccurate [77] because the curvature of the surfaces is small with respect to
the wavelength. These limitations call for developing analysis techniques that allow
for efficient analysis without compromising accuracy.
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Figure 5.1: Representation of (a) the original problem, (b) the synthesis of the proxy dipole in the
absence of the reflections, and (c) the proxy problem.

For these reasons, full-wave solvers can be employed to analyze dielectric lenses,
including also their integrated feed [see Fig. 5.1(a)]. However, in the sub-mm wave
regime, the thickness of the metal cannot be neglected being it comparable with the
other design parameters, and impacting the performance, as shown in Chapter 6 and
7, and this yields challenging multi-scale simulations.

To circumvent this issue, a strategy to decouple the analysis of the feed from
the lens is developed. The lens creates the reflections coming from its boundaries,
which are wave phenomena generated at a distance from the feed, and therefore,
weakly dependent on its specific geometry. A proxy dipole is synthesized with a much
coarser discretization such that it radiates equivalently into the dielectric half space
having the same permittivity of the lens Fig. 5.1(b). This allows to study the proxy
problem Fig. 5.1(c) with a much coarser mesh, and improved solution times.

This concept is independent of the specific numerical technique used. It finds its
largest benefit when structured meshes are employed, but it can also be applied for un-
structured meshes when a large imbalance between the feed size and its surroundings
is present.
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Figure 5.2: Equivalent circuit representation of (a) the parallel of the dynamic and the quasi-static
components of the input impedance, (b) the dynamic component of the input impedance with the
series and parallel representation of the reflections, and (c) the complete equivalent circuit of an
integrated lens antenna.

5.2. Equivalent Circuit of a Dipole Illuminating a Di-
electric Lens

5.2.1. The Dynamic and Quasi-Static Component

From the derivation in Chapter 6, the input impedance Z;,, of a dipole can be approxi-
mated, as shown in Fig. 5.2(a), as the parallel between the quasi-static component Zg,
associated with the capacitance of the gap and the dynamic impedance Zqyy, associ-
ated with a wave propagating on the dipole and causing the radiation. In the spectral
domain, Zqy, corresponds to the low part of the spectrum, which is dominated by a
pole, while Z is associated with the high part of the plane-wave spectrum.

5.2.2. The Reflection Component of the Input Impedance

The input impedance of any antenna is defined as the ratio between integrals on the
input ports of the electric field and the magnetic field when one of the two fields is
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Figure 5.3: Representation of (a) the near field interaction in the feed, and (b) the direct radiation
and the reflections from the lens.

assumed to be the excitation and the other is the unknown of the problem. If a dielec-
tric body is present, a fraction of the radiated fields is reflected by the dielectric-air
interface back to the feeding ports, changing the impedance (or the admittance) with
respect to the case without the reflections [151]. As the reflections are due to radiative
phenomena, these are associated with the dynamic component of the impedance (or
the admittance). As the antenna input port can be arbitrarily represented with a se-
ries or parallel equivalent circuit [see Fig. 5.2(b)], the correction due to the reflections
can be added to the dynamic component calculated in the absence of the reflections.
Consequently, the dynamic component of the input impedance or admittance can be
expressed as follows

Zagn = Z3gn + 22" (5.1)
Yayn = Yo + Y51 (52)

where Z3on and Yy, are the dynamic components of the impedance and the ad-
mittance, respectively, calculated without the reflections and Z*% and Yfﬂ are the
impedance and admittance, respectively, associated with the reflections. The values
of the impedance added in series or parallel are generally different. As in the follow-
ing, we intend to work with the impedance, we always refer to the series model (5.1),
and to avoid redundancy, the subscript s is, from now on, omitted.

It is important to stress how Zg7  and 7' depend on the near and the far-
field of the feed. The fields required for the evaluation of the impedances of (5.1)
are observed in the gap at 7 and are generated by the equivalent currents at 7',
induced by the excitation. The field in the absence of the reflections, i.e., the one
associated with Z°°, is evaluated in the near field of the dipole, and it has a fast space
variability being calculated with a Green’s function o |7 — 7| =3 [see Fig. 5.3(a)]. On
the contrary, if the boundaries of the dielectric are sufficiently distant from the dipole,
the field associated with the reflections varies less rapidly as the field propagates
from the dipole to the boundaries and backward, with a path length D, having a
length of the same order of the diameter [see Fig. 5.3(b)], and the Green’s function
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of the reflections is dominated by the o (|7 — 7’| + D)~' term. Due to its fast space
variability, the impedance calculated without the reflections depends on the specific
geometry, while the impedance associated with the reflections depends mainly on the
dynamic component of the currents and not on the specific shape of the feed.

5.3. Calculation of the Input Impedance with the
Proxy Sources Method

As stated in Section 5.1, the modelling includes the introduction of the prozy dipole,
which allows a convenient simulation together with the lens. This dipole is character-
ized by a discretization much coarser than the original one, but which radiates equally
in the absence of the reflections, as shown in Fig. 5.1(b). This constraint is expressed
by the following condition

Re{Z5oxy} = Re{Zgy,} (5.3)

where Z77,. . is the dynamic component of the proxy dipole in the absence of the
reflections. As the discretization of the proxy dipole is much coarser than the original
one, it has a larger feeding gap, and consequently a negligible quasi-static component.
The condition (5.3) for the synthesis is imposed only on the dynamic part the far-
field radiation is independent of the quasi-static part Zys, which can be added in
post-processing. By using the separation of the wave phenomena as in Section 5.2.2
and by using (5.3), the input impedance of the proxy dipole can be approximated as
follows

ZPTOXY ~ Re{Zg;n} + Im{Zgl?oxy} + Z;igxy' (54)
Since the original and the proxy dipoles have been synthesized in (5.3) to radiate

equivalently, it is reasonable to assume that

Zreﬂ ~ Zreﬂ . (55)

proxy

Therefore, the reflections can be extracted from (5.4) as follows
7' & Zproxy — Re{ 255, } — Im{Z3%, }- (5.6)

Then, the input admittance of the original dipole in the finite medium can be esti-
mated as follows
Zin,dyn ~ Zg;n + Zreﬂ (57)

proxy*

Finally, the input impedance can be obtained by adding Z,s in parallel

Zin = Zin,dyn H qu- (58)
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Figure 5.4: Sketch of (a) the lens fed by a dipole, (b) the original dipole, and (c) the proxy one.

Zyn is calculated with the extraction of Zgs from the input impedance of the original
dipole radiating in the absence of the reflections. There are no constraints on the
methods used to derive this latter, which can be evaluated with a commercial solver,
a spectral domain representation of Chapter 7, or with the same in-house full-wave
solver used to extract the reflections. The final steps (5.7) and (5.8) can be represented
by the equivalent circuit in Fig. 5.2(c).

5.4. Results and Applications

5.4.1. Dielectric Lens Fed by a Single Dipole

The first example simulates with the volumetric method of moments based on Ap-
pendix C and a structured mesh a dipole long £ = 0.5 mm placed on the focus of an el-
liptical lens with a diameter 2 mm and dielectric permittivity e, = 2.34 [see Fig. 5.4(a)
and (b)]. The dipole has a square cross-section with a side wy, = w, = 10 pm, and it
is fed by a A-gap generator A = 20 pm long, as shown in Fig. 5.4(b). A structured
mesh would require a discretization of at least 10 pm, i.e., the side of the cross-section,
yielding 16 x 106 unknowns. With the proposed method, it is possible to use the vol-
umetric method of moments and a structured mesh and achieve comparable results
by using an proxy dipole having a square cross section of 50 um [see Fig. 5.4(c)], and
141 x 10% unknowns for the entire problem.

The original dipole is first simulated with the method of moments when radiating
at the interface between free space and an dielectric half space with permittivity
e, = 2.34, and its impedance in the absence of reflections is calculated. This condition
is realized with the method of moments, by adding a matching layer over the dielectric.
The quasi-static impedance Zs is then isolated, and the dynamic component Zgy, is
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Figure 5.5: (a) Input impedance and its dynamic component, of the original dipole radiating in the
semi-infinite medium, and (b) synthesis of the proxy dipole.

shown in Fig. 5.5(a), where it is compared with the total input impedance. The proxy
dipole is synthesized with the method of moments, by changing the cross section, the
gap length, and the length of a much coarsely discretized dipole until minimizing
the difference between the real parts of Z3, and Zg7, . The input impedance of the
proxy dipole is shown in Fig. 5.5(b). Then, the proxy dipole radiating into the lens
is efficiently simulated, thanks to the coarse discretization, and its input impedance
is shown in Fig. 5.6(a). The reflections are then extracted with (5.6) and are shown
in Fig. 5.6(b). Finally, the input impedance of the original dipole is estimated with
(5.8), and its values are shown in Fig. 5.6(c), where these are compared with the
direct simulation. Note that the direct full wave simulation is possible to perform due
to the relatively small size of the problem. In Fig. 5.6(b), the reflections from the lens
extracted with the original dipole are compared with those extracted with the proxy
one. This successful comparison proves that the specific geometry of the feed does
not affect the interaction with the lens if it is equivalently radiating in the far-field.

In Fig. 5.7(a), the directivity patterns of the proxy and original problems are
compared in the E- and H-planes. Due to the condition (5.3) and the fact that the
details of the feed do not affect the far-field, the original and proxy dipoles share the
same pattern. In Fig. 5.7(b), the directivity patterns of the lens fed by the proxy
dipole are shown at 250 GHz, and the values obtained with the proposed method
are compared with CST and the PO [76]. As the PO fields have been calculated for
6 € [0° 90°], the patterns of the method of moments and CST are normalized to the
power radiated in the upper hemisphere only. The patterns obtained by the proposed
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Figure 5.6: (a) Input impedance of the proxy dipole illuminating the lens, (b) the reflection compo-
nent of the impedance extracted from the proxy and the original dipole, and (c) input impedance
of the original dipole illuminating the lens simulated with the proxy sources method and with the
direct simulation.

method are in excellent agreement with CST, while the larger error committed by the
PO further confirms its inaccuracy for the study of small lens antennas.

To show the validity of this procedure for off-focus dipoles, the feed of the previous
geometry is shifted by 750 pm on the H-plane, an extreme configuration, considering
that the lens radius is 1 mm. As the synthesis does not depend on the geometry of the
surrounding dielectric, the synthesized proxy dipole is still the one of Fig. 5.4(c) and
5.5(b). The input impedance is compared in Fig. 5.8(a) with the standard simulation
of the dipole displaced under the lens, showing an excellent agreement. The patterns
on the H-plane at 250 GHz are shown in Fig. 5.8(b), where the directivity calculated
with this method is compared with CST and the PO. As before, the directivity is
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Figure 5.7: Directivity plots of the lens (a) illuminated by the proxy and original dipole, and (b)
assessed with the proxy sources method, CST, and the PO.
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Figure 5.8: (a) Comparison between the input impedance calculated for the shifted dipole with the
proxy sources method and the direct simulation, and (b) the directvity in the H-plane calculated at
250 GHz with the method of moments (proxy sources), CST, and the PO.

calculated by considering the power radiated in the upper hemisphere.While the pat-
terns calculated with the proxy sources maintain a good accuracy also in off-focus
configurations, the PO commits larger errors.

5.4.2. Dielectric Lens Fed by a Double Dipole

The procedure can be extended to the analysis of a dielectric lens with relative per-
mittivity e, = 2.34 fed by the double-dipole shown in Fig. 5.9(a). Due to the presence
of the two feeding gaps, the synthesis of the proxy dipoles is carried out on the active
impedances, i.e., the impedances when both dipoles are excited. The original double-
dipole radiating in the semi-infinite medium is obtained with a CST simulation, as the
high level of detail implies a computational burden that is too heavy for the method
of moments with a structured mesh. The quasi-static component is extracted from
a single dipole as this is only due to the capacitive effects around the gap, and does




68 5. Full-wave Lens Antenna Analysis with the Proxy Sources Method

27 pm <27 pm
3 umT < /\'\9?111 5
N
189 puni~_
213 pm
(@
46.48 pm «—

23.24 pm# . a

ISSM

(b)

Figure 5.9: Representation of (a) the original, and (b) the proxy double dipole.
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Figure 5.10: (a) Synthesis of the proxy double dipole, and (b) input impedance of the lens fed by
the double dipole calculated with the proxy sources method and with the direct simulation.

not impact on the mutual coupling between the dipoles. The two proxy dipoles in an
array configuration are synthesized with the method of moments, resulting into the
coarser and simpler geometry shown in Fig. 5.9(b). The synthesis results are shown
in terms of active input impedance in Fig. 5.10(a). The double-dipole is used to il-
luminate from its focus a dielectric lens with diameter 1 mm. The input impedance
calculated with the proxy sources method is compared with the direct CST simulation
in Fig. 5.10(b), and showing a good agreement. This example shows that the proxy
sources method can be extended to the analysis of complex realistic feeds. Moreover,
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Figure 5.12: Input impedance of (a) element 1 and (b) element 2, calculated with the proxy sources

method and the direct simulation, and (c) the directivity patterns at 500 GHz in the H-plane.

this case of study also proves the flexibility of the method, as it shows that the simu-
lation of a radiator close to a dielectric body can be simplified by separating the feed
from the interaction with the body, where these two contributions can be simulated
with different approaches. Finally, the patterns on the E- and H-plane at 500 GHz
are shown in Fig. 5.11 (a) and (b), respectively, showing a better agreement with CST
rather than with the PO.
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Figure 5.13: (a) Comparison of the input impedance of the lens calculated with the proxy sources
method and with the direct simulation and (b) the directivity patterns in the E- and the H-plane at
500 GHz.

The same lens has also been studied in an off-focus configuration, where the feed
is displaced by 93 pm in the H-plane. For this analysis the proxy dipole of Fig. 5.9(b)
and Fig. 5.10(a) is used. The input impedance of element one and two is shown in
Fig. 5.12(a) and (b), respectively. Differently from the previous case, each dipole has
a different input impedance, as the off-focus configuration is not symmetric. The
patterns are shown in Fig. 5.12(¢), with an improved comparison with the PO due to
the smaller scanning angle.

To test the potential of this method, the same feed of Fig. 5.9(a) and Fig. 5.10(a)
is used to illuminate a larger lens with a diameter of 2.5 mm, i.e., 5\g. The results in
terms of the input impedance and the patterns are shown in Fig. 5.13 for the double
dipole placed in the focus and in Fig. 5.14 for the dipole shifted by 139 pm from the
focus.

5.5. Conclusion

The equivalent circuit representation of a feed illuminating a dielectric lens antenna
is derived. This separates the capacitance of the feeding gap from the reflections
created by the finite dielectric and from the propagation in an unbounded medium.
This allows for the formulation of the proxy sources method to ease the full wave
simulations of integrated lens antennas. The input impedance can be calculated
by combining the impedance in the absence of the reflections with the reflections
extracted from the lens fed by the proxy feed. The impedance in the unbounded
medium can be obtained with fast full-wave simulations or a semi-analytical solution
such as in Chapter 7. The proxy dipole has the same interaction with the lens, but
it is coarser than the actual one, therefore allowing efficient full-wave simulations.



5.5. Conclusion 71

100
g sof S
o (]
Q Q
g g
] ]
& 2
E 50 E 50
~100 EL 1 ~100 EL 2
450 475 500 525 550 450 475 500 525 550
Frequency [GHz] Frequency [GHz]
(a) (b)
20 Proxy
— 15 - —
A 10 H-plane CST
=
= 5 + PO
2
R
5 5
= -10 K 7:
R _is ,. g LL
-20 iz
0 15 30 45 60 75 90
0 [deg]
(©

Figure 5.14: Input impedance of (a) element 1 and (b) element 2, calculated with the proxy sources
method and the direct simulation, and (c) the directivity patterns at 500 GHz in the H-plane.

The method is validated against the PO and against direct simulations obtained
with either commercial solvers or in-house codes. While it shows up-to-par accuracy
with respect to full wave solvers, it proves better performance than the PO, especially
when dealing with small-size lenses.






Chapter 6

The Green’s Function of an

Infinitely Long Dipole with Nonzero
Metal Thickness

La filosofia € scritta in questo grandissimo libro che continuamente ci sta
aperto innanzi a gli occhi (io dico I'universo), ma non si pud intendere se
prima non s’impara a intender la lingua, e conoscer i caratteri, ne’ quali &
scritto. Egli € scritto in lingua matematica, e i caratteri son triangoli,
cerchi, ed altre figure geometriche, senza i quali mezi & impossibile a
intenderne umanamente parola...

Philosophy is written in this all-encompassing book that is constantly open
to our eyes, that is the universe; but it cannot be understood unless one
first learns to understand the language and knows the characters in which
it is written. It is written in mathematical language, and its characters
are triangles, circles, and other geometrical figures; without these it is
humanly impossible to understand a word of it...

—Galileo Galilei, Il Saggiatore

6.1. Introduction

The analysis of printed dipoles and microstrips has been the subject of a large body of
scientific literature [152]. Nowadays, there are several commercial tools [153-156] that
can easily provide an accurate estimation of the characterizing parameters. Moreover,
to increase the speed and accuracy of the analysis, in the last thirty years, transmis-
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sion line Green’s functions (TL GF) have emerged, [157-162]. These can perform
an efficient analysis and provide physical insight into the dispersion properties of
open-ended lines. In fact, relying on these transmission line GF, antennas such as
leaky wave lenses [163], slots [164], and connected arrays [39] are nowadays routinely
designed.

The Terahertz Sensing Group has developed a user-friendly code [165] that im-
plements the TL GF for the most used open line configurations, as described in
[166]. These latter lines have become relevant with the advances of sub-mm wave
architectures and the corresponding micro-metric sizes. Unfortunately, the TL GF
formulation cannot include the metal thickness as a characterizing parameter to date.
The metal thickness can be a design parameter if one wishes, for instance, to realize
a resistor or, on the contrary, minimize the losses in an integrated transmission line.
In this chapter, a TL GF formulation for dipoles of nonzero metal thickness embed-
ded in general stratifications is described. Our formulation models the current in the
cross-section with a single basis function, as [157, 159], and [166]; however, the basis
function also represents the vertical current profile.

The spectral domain formulation, similarly to [157, 159], allows to derive the cur-
rent spectrum, and from this the characteristic impedance, the propagation constant,
and the losses of the line are extracted. In addition, a transmission line equivalent
circuit is introduced to characterize the input impedance of the dipole. The circuit
includes a term associated with the characteristic impedance of the line and the reac-
tance associated with the delta-gap excitation, which is dependent on the cross-section
and the length of the gap.

6.2. Formulation

Let us consider the infinitely long dipole shown in Fig. 6.1(a) and (b), embedded in
an arbitrary stratification, oriented along the z-axis, constituted by a homogeneous
material having a conductivity o (or equivalently a resistivity p = 1/0), having a
rectangular cross-section A, w, wide and w, thick, and excited by a feeding port
A long. If the port is sufficiently small, the fringing of the incident field can be
neglected, and it can be considered as a A-gap generator, where the field is assumed
to be uniform. The current flowing in the dipole is assumed to have only the axial
component, i.e., oriented along Z. As the width of the dipole is much smaller than the
wavelength, the current distribution can be written as the product of a longitudinal
and a transverse distribution. By resorting to the local form of Ohm’s law, i.e.,
j = o€, by expressing the total field as the sum of the incident and the scattered one,
the following expression is obtained

pi(x) ey, 2) = v(z) e;(y, 2) + (2,9, 2) (6.1)
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Figure 6.1: (a) Sketch of an infinitely long dipole oriented along x, wy wide and w thick, and excited
by a §-gap generator A long, (b) vertical section of the dipole in an arbitrary stratification, and (c)
transmission line equivalent representation of the stackup.

where i(z) and j:(y, z) are the longitudinal and transverse dependencies of the cur-
rent distribution, respectively, v(x) and ei(y, z) are the longitudinal and transverse
expressions of the incident field, and es(z,y, z) is the z-component of the scattered
field. As the excitation is modeled as a A-gap generator A long, v(x) and ei(y, z) can
be written as follows

v(x) = %rect (%) (6.2)

€l (y, 2) = rect (;’y) rect (j) (6.3)

where rect is the rectangular pulse, i.e., rect (z) :== 1 V|z| < 1/2, and Vp/A is the
magnitude of the incident field on the gap. By isolating the incident field on the left-
hand side, and by expressing the scattered field as the radiation from the currents on
the dipole, one can write the following expression

% rect(%)rect <y> rect (;) = pi(2) ji(y, 2) — 95 (2, y, 2, 2") = [i(2) ji (y, 2)]

wy ’ (6.4)
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where gZ/(x,y, 2,2') is the xz-component of the stratified media Green’s function
providing the electric field from the electric currents, located at 2/, and the symbol
x is a spatial convolution in x and y which in its extended form has the following
expression

+oo Wy /2 w,

/ / /9m — @y =y 2 2@y, ') da'dy'd='. (6.5)

—00 —wy /2 0
The Green’s function gZ/ in (6.5) can be expressed in the spectral domain as follows

+oo +o0o

9w (x—2',y—y' 2,2 42//[GEJkkzz)

—0o0 —0O0

Xe_jkm(lﬂ—w/)e_jk’y(y_y/) dkxdky (6.6)

where GE/ (k. ky, 2, 2') is the spectral domain stratified media Green’s function, with
k, and k, being the wavenumber domain counterparts of the x and y coordinates,
and which is known [167, App. A.3] having the following analytical expression

vrm (2, 7)) k2 + vre (2, 2) K

6.7
k2 + k2 (6.7)

GEJ (kyoky,2,2") = —

where vy (2, 2") and vrg (2, 2') are the voltage solutions at z of the TM and TE
transmission line equivalent problems, as shown in Fig. 6.1(c), when the sources are
placed at z’. Their calculation is carried out as in [167, App. A].

Thanks to the rectangular cross-section, the dependence of the transverse current
distribution j; can be assumed to be as follows

3t (Y, 2) = Juy (Y) Jr.= (2) - (6.8)

By substituting (6.6) in (6.5), one can calculate the Fourier transforms of ¢ and j;
with respect to z’ and 3/, and obtain the following expression for the scattered field

400 +o00 wy
1 ‘
) =gz [ [ [ 68 ek I ) s ()
—oo —o0 0

x eIkt e=itvY | 42 dk,dk,.  (6.9)
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where I(k;) is the Fourier transform of 4, performed with respect to «, and J; , (ky)
is the Fourier transform of j;, (y). One can more conveniently express (6.4) in the
spectral domain, where the spectra in k, can be equated as for infinitely long dipoles,
the equality holds for every z, yielding

VAN
VoSlHC( 5 )et(y, z)
+oow,

=I(k, )lpgt Y,z //GE’ (b, Ky, 2, 2") Jiy (ky)

7000

X Jt,» (z’)e‘j’%ydz’dky] . (6.10)

One can first define the following inner product
(a)a = [[ 1025 (0.2) dyds (6.11)
A

and can then apply it to the left and the right-hand side of (6.10) on the test function
Jjt, which is expressed as follows

3t (4,2) = Jey(y) Je(2) - (6.12)

This can be defined having a unitary flux on the cross-section, i.e., <]Tt, ei)a =1, and

therefore the Fourier transform of the current I along the dipole can be calculated as

follows

Vosine (k,A/2)
D(ky)

where sinc := sin (x) /x is the Fourier transform of the rect function, and D is the
transverse Green’s function of the dipole, defined in the following manner

I(ky) = (6.13)

+oco woywy

1 -
D)= plindiba = 5z [ [ [[65 oty 2201 (b))

—oc0 0 0

x jttz(z’)jz‘,z(z)} dzd?' dk,. (6.14)

By taking advantage of the formulation in [168, eq. (72)], whose steps are reported
for the sake of completeness in Appendix D.1, the integrals in z and 2’ can be cal-
culated analytically for suitable choices of j; and j;. For the specific choice of the
basis functions used in this chapter, their analytical result of (6.14) is reported in
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Figure 6.2: Sketch of the current distribution on the dipole, highlighting the y-dependent distribution
Jt,y (y), the z-dependent distributions j; .1 (2) and j¢ .2 (2), and the currents on the axis ¢; (x) and
i2 (m)

Appendix D.2. The current distribution along y in (6.8) can be defined having the
following edge singular behavior as in [159]

. 2 1 y
Jty (y) = 5 rect (wy> . (6.15)

and for (6.12) as follows
~ rect (y/w
Jry (y) = rect (y/wy) (6.16)

Wy

to allow for the convergence when calculating the projections in (6.14).

6.2.1. Profile of the Currents Along 2

The choice of j; . in (6.8) and j; . in (6.12) must take into account the stratification
where the dipole is embedded in, as imbalanced currents flow on the top and the
bottom part of the metal. To this aim, the current flow is split into two distributions,
each representing a wave propagating in a lossy metal [169]. The current distributions
on the bottom and on the top part of the metal, respectively, are the following

- _ (L+5)ge ( ) e” (D=3 z—w, /4

Jt,1 (y7 Z) - (1 (1+7)w, /o, ) rect Tﬂ (617)
: _ (L4 g) ay (y) e ) Emw)/o z— 3w, /4
Jra (Y, 2) = 5, (1 = e 7m) rect { — =5 ) (6.18)

where 6, is the penetration depth, and as sketched in Fig. 6.2. When the penetration
depth becomes comparable with w,, the current profile along z has to include also
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the multiple reflections at the interfaces, which are not accounted for in the proposed
method. In fact, to obtain a semi-analytical solution, the current is approximated
with a reduced number of basis functions. In addition to this, to ease the analytical
calculations, due to its compact Fourier transform, we have chosen for the current
distribution along y the edge singular distribution (6.15), which does not depend on
dp. Therefore, these assumptions imply approximated results in the low—frequency
regime. By performing the projections on the test functions jt 1 and on j; 2, which
are the split-current counterpart of (6.12), the following matrix equation is written
|:‘/1 (kw):| _ |:<e%7]t,l>A:| sinc (kmA> _ |:D11<kw) D12(ka:):| |:Il(kw):| (6 19)
Vs (kz) (€}, jr2)a 2 Dy (ky) Dag(ky)| | I2(ks) ’
with I (k) and I2(k;) being the spectrum of the currents flowing on the bottom and

on the top side, respectively, as shown in Fig. 6.2. The entries D,,, (k) are defined
in the following manner

+oow, wy

1 -
D, (k ) P<Jt mv]tn A— %/ // GEJ ko kyvz»Z)Jt,y(ky)Jt,y(*ky)

—o0 0 0

X Jt.2m(2)) It (2) dzdz'dk, (6.20)

and by resorting to [168] to express the stratified media Green’s function, thanks to
the chosen current distributions, the space-domain integrals of (6.20) can be solved
analytically. The solution of (6.19) is given in the following expressions

(k) = D1 (k) Va(ky) — Doi (k) Vi(ks) (6.22)

det (D(ky))

where det (D(k,)) is the 2 x 2 matrix determinant. By solving the dispersion equation
det (D(k;)) = 0, one can find the two poles kyp 1 and kgp 2. This allows us to interpret
the currents propagating on either the top or bottom part as the superposition of two
contributions expressed as follows

. D2Vi — DiaVa _jy,

i1 ey (1) = —j 222V T 1202 —jken 028
1res,h () (det (D))’ ko =kapn "

s () = g P¥2 = DatVe (624
res, (det (D))/ kz=Kzp,n
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where the index h denotes either pole 1 or pole 2. The current on either the bottom
(6.23) or the top (6.24) of the dipole is the superposition of the modes associated with
pole 1 and pole 2. By calculating the imbalance between the currents as follows

R= Z‘l,res,l (x) + il,res,Z (l‘) (6 25)
i2,res,1 (1') + Z.2,1res,2 (I) 2=0
one can write a single asymmetric transverse current distribution as follows
14 4) (Re=(1+z/0p 4 o(145)(z—ws)/dp —w, /2
Jtz (2) = (1+9)( : 4 ) rect |~ / (6.26)
' 8y (R4 1) e~ (+)w=/%p (e(1+J)wz/5p — 1) W,

to be used in (6.8) to calculate the transverse Green’s function (6.14), to be used in the
current spectrum (6.13). The analytical solution of the integrals of (6.14) involving
(6.26), are given in the supplementary material.

6.3. Results

The present section discusses the applications the formulation derived in Section 6.2.

6.3.1. Dipole in Free Space

For a dipole in free-space, due to the symmetry of the problem, the parameter R from
(6.25) is equal to unity, resulting into the following current profile along z

14 9) (e~ HD2/0p 4 o(1+5)(z—w=)/5p —w, /2
Jr.z (2) = (A+7) (e - © ) rect | = / (6.27)
’ 25pe*(1+J)wz/5p (e(1+i)w2/6p — 1) W,
and where the following free-space Green’s function is used
j k? — k2
Gl = S Mk (6.28)

p .
N

The current distribution i (z) can be found by calculating the following inverse
Fourier transform

+oo
o1 Vosine (kzA/2) i o
i(x) = g / D) e dky (6.29)
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Figure 6.3: (a) The complex plane topology for (6.29), and (b) the current along a dipole in free-space
calculated with the inverse Fourier transform of (6.13), with the residue contribution, and CST for
wy =w, = 10pm, A =20pm, o0 =1 X 109 S/m, and having unitary excitation.

where the integration path Cgr has been deformed around the real axis to avoid
the square-root branch cuts in the k,-plane, as shown in Fig. 6.3(a). The region
of convergence (RoC) of (6.29) depends on the observation point z. If x < 0 the
convergence is guaranteed for Im{k,} > 0, otherwise for z > 0 in the half plane
Im{k,} < 0, therefore the path needed to close the integral at infinity has to be
chosen accordingly, as shown in Fig. 6.3(a), and depending on the path either the
pole kg, or —k,), results enclosed.

As an example, the current is calculated at f=300 GHz for a dipole excited with
1V and having wy=w,=10pm, A=20pm, and o = 10°S/m, resulting in a good
agreement with CST as reported in Fig. 6.3(b). As shown, the residue contribution
alone does not fully represent the current along the dipole at a large distance from
the feed. As shown in [170] and [171], an infinite dipole in free space also supports a
space wave with logarithmic decay.
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Figure 6.4: Real part of the characteristic impedance for (a) wy = 15pm and (b) wy = 5pm and
attenuation constant for (c) wy = 15pm and (d) wy = 5um of a dipole constituted by a material of
conductivity o = 4.11 x 107 S/m, printed over a grounded slab thick d = 10 um for different values
of the metal thickness w,.

6.3.2. Microstrip

Unlike the dipoles in homogeneous space, some topologies support a dominant residue
contribution. For instance, if the dipole is backed by a ground plane, the radiation
from the feed is negligible, and thus, the residue contribution provides the domi-
nant propagating wave. The effective permittivity and the losses associated with
the propagating mode are shown in Fig. 6.4 for different different metal widths and
thicknesses.

For the topologies that support a dominant residue contribution, i.e., dipoles em-

bedded in stratifications that significantly alter the propagation constant with respect
to free space, a characteristic impedance Zy can be defined for the mode associated
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Figure 6.5: Real part of the characteristic impedance for (a) wy, = 15pm and (b) wy = 5pm of a
dipole constituted by a material of conductivity ¢ = 4.11 x 107 S/m, printed over a grounded slab
thick d = 10 pm for different values of the metal thickness w,.
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Figure 6.6: S12 comparison between the measurements and the simulations of the 81-layers model
with 128 cells of [174], and the spectral domain characterization.

with the residue, defined as in [172], [173] as follows

/
70 = 2] (6.30)
The characteristic impedance is instrumental for the definition of an equivalent circuit
that can be used to accurately characterize the impact of the dimensions of the feeding
gap.
The characteristic impedance Z; is evaluated for the dipole shown in Fig. 6.5.
It is constituted by a material of conductivity o = 4.11 x 10" S/m and it is printed
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over a grounded slab thick d = 10 pm having a relative permittivity e, =4.3. Given
the topology, it is a microstrip. Fig. 6.5(a) and (b) show the impact of the metal
thickness w, on the real part of the characteristic impedance for different values of
the width w,. As expected, the values of Zj increase by reducing the width w,
and the metal thickness w,. The impact of w, on the characteristic impedance is
larger when it starts to be comparable with w,, producing a variation of the 12%
for w, = 5pm for the minimum considered thickness. The results produced with the
method presented here are compared with the ones obtained with [165], which does
not consider the thickness w,. The results are also compared with the ones obtained
using the commercial tool Sonnet [153]. In both cases, there is a fair agreement.

As a further validation of the accuracy of the presented method, we compare
in Fig. 6.6 our method with the measurements and the simulations of [174], which
presents the state-of-the-art numerical tool [153] for modeling microstrip lines and
their losses. The line has a length of 6.888 mm, a width w, = 51 pm and a thickness
w, = 7um, it is constituted by a material of & = 3.45 x 107 S/m printed at the
interface between two dielectrics having permittivity 12.9 and 3.2, and thickness 75 pm
and 16 pm, respectively. The comparison shows an excellent agreement between the
measurements and the two simulations. However, the minor differences between the
spectral domain method and the numerical solution of [174] could be attributed to
how the currents are modeled over the cross-section. In fact, in [174], the current in
the microstrip is divided into 81 layers along z, and 128 cells along y, while for the
method here proposed, we resort to (6.15) and (6.26), which allows us to derive a
semi-analytical solution.

Our method is also tested with the conductor losses of [175, 176] obtained with the
concept of the quasi-transverse electromagnetic surface impedance. In Fig. 6.7(a) we
reproduce [175, Fig. 7], which shows the attenuation constant of a microstrip at 9 GHz
versus the aspect ratio w,/w, for a thickness w, = 1.524um and conductivity o =
4 x 107 S/m, when printed on a dielectric having a permittivity e, = 11 and thickness
h = 254 pm. The results of [175] are in better agreement with the ones obtained with
the commercial tools HFSS and ADS. However, the present tool allows for a better
agreement with both the reference tools for small aspect ratios, i.e., w, /w, ~ 1, which
is the condition where [175] commits the largest error. In Fig. 6.7(b), we reproduce
[175, Fig. 6] by showing the attenuation constant versus the frequency for a microstrip
of thickness w, = 6 pm, width w, = 152.41m, and a conductivity ¢ = 4 x 107 S/m,
when printed on a substrate of thickness h = w,/2 and permittivity e, = 11. The
results obtained by [175] are in better agreement with the reference tools than the
spectral domain, which is superimposed with [176].

The impact of the conductivity o on the characteristic impedance is investigated
in Fig. 6.8, where the characteristic impedance Z; and the attenuation constant « are
studied at 300 GHz for different widths and thicknesses of the microstrip when it is
printed on a dielectric of permittivity €, = 4.3 and thickness h = 10 pm. As shown in
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Figure 6.7: (a) Conductor losses versus the aspect ratio of the metal at 9 GHz, for a microstrip
of thickness w, = 1.524 pm, conductivity o = 4 x 107 S/m, when printed on a dielectric having a
permittivity €, = 11 and thickness h = 254 um, (b) Conductor losses versus the frequency for a
microstrip of thickness w, = 6 pm, width wy, = 152.4 ym, and a conductivity o = 4 x 107 S/m, when
printed on a substrate of thickness h = wy /2 and permittivity e, = 11.

Fig. 6.8(a), the real part of the characteristic impedance depends mainly on the width
of the line w,, and, for smaller values of o, also this latter and w, starts to have an
impact. The imaginary part of Z; is shown in Fig. 6.8(b), exhibiting large negative
values, i.e., high losses for smaller values of ¢. The attenuation constant « is shown in
Fig. 6.8(c). In good conductors « is mainly due to o and w,, and weakly dependent
on w,. Instead, for low values of o, also the metal thickness plays an important role
in the attenuation constant. It is worth mentioning that, as previously stated the
results are affected by the penetration depth [see Fig. 6.8(d)] becoming comparable
with the other dimensions in the geometry.

6.3.3. Printed Leaky Dipoles

As a final example, we consider the case of a dipole printed between free space and
a dielectric half-space. In this case, the propagation is much more dispersive with
respect to frequency due to the excitation of a dominant leaky wave. The dispersion
can be appreciated by looking at the characteristic impedance in Fig. 6.9(a), where
the significant imaginary part indicates the radiation losses. The real part of the
effective propagation constant is shown in Fig. 6.9(b), where it is noticeable that the
predictions of the present tool associate a significant impact to the thickness of the
metal, which is disregarded in the tool in [165, 166]. Finally, the attenuation versus
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Figure 6.8: (a) Real and (b) imaginary part of the characteristic impedance, and (c) attenuation
constant versus the metal conductivity calculated at 300 GHz, for a microstrip of width w, and
w, thick printed on a dielectric A = 10 um thick and having dielectric permittivity e, = 4.3. (d)
Penetration depth versus the conductivity calculated at 300 GHz.

the frequency is shown in Fig. 6.9(c) and 6.9(d). The radiation-induced losses are
clearly the main cause of the attenuation, as shown in Fig. 6.9(d).

As it can be seen in Fig. 6.9(b), the effective permittivity decreases when increasing
the metal thickness, as a larger share of the current is located in free space. However,
the effective permittivity depends on the average between the permittivities of the
dielectrics above and below the dipole. Therefore, the propagation along a thick metal
dipole can be equivalently reproduced on a planar line located between one of the two
original dielectrics and a less dense one. As an example, in Fig. 6.10, the permittivity
of the dipoles of Fig. 6.9 are synthesized using [165] by decreasing the permittivity of
the dielectric from ¢, = 4.3 to e, = 4.05, &, = 3.97, and ¢,, = 3.65 to obtain the same
effective permittivity of w, = 0.5um, w, = 1pm, and w, = 5 pm, respectively. The
bandwidth in which the synthesis is valid decreases with the metal thickness.
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Figure 6.9: (a) Characteristic impedance, (b) effective permittivity, (c) total attenuation constant,
and (d) attenuation constant of the ohmic losses associated with a leaky mode supported on a dipole
constituted by a metal of conductivity o = 4.11 x 107 S/m, width wy = 5 pm and thickness w;, and
printed on a semi-infinite dielectric medium of permittivity ¢, = 4.3.

6.4. Transmission Line Equivalent Circuit

Once the transmission line Green’s function is validated, it is useful to look at the
dominant spectral components of the current, highlighting the impact of the low and
high parts of the spectrum. These are then used to derive an equivalent circuit that
represents the input impedance of a A-gap fed dipole.
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Figure 6.10: Synthesis of the effective permittivity in dipoles with nonzero metal thickness by using
planar dipoles printed on a different medium.

6.4.1. Spectral Components of the Current

In the case of a dominant pole, the current spectrum (6.13) can be approximated
around the pole £, with its Laurent expansion. This constitutes the dynamic com-
ponent of the current I4yy, which is expressed as follows

2k sine(k, A/2)
I(ky) =~ Layn(ks) = L for ky — kap. 6.31
( ) dy ( ) D/(kxp)(kg _ k%p) or p ( )

By performing analytically the inverse Fourier transform of (6.31), the dynamic cur-
rent component can be written, outside the feeding gap, as the following travelling

wave
_sinc(kzpA/2)

D/(kwp)

and inside the gap as the following standing wave

iagn (2] > A/2) = e~ Ikapl2] (6.32)

1—cos(kypr)e IkarA/2
By D/ (i)

fayn (2] < A/2) =2 (6.33)
In Fig. 6.11, the dynamic current is compared with the total current at f = 300 GHz
in a dipole constituted by a metal with conductivity o = 4.11 x 107 S/m of width
wy = 30nm, and printed on a grounded dielectric slab with permittivity e, = 4.3
and thickness d = 10 pm for two values of the gap-size A and the metal thickness w,.
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Figure 6.11: Comparison between the total and the dynamic current at f = 300 GHz in a dipole
constituted by a metal with conductivity ¢ = 4.11 x 107 S/m and width wy = 30 pm, and printed on
a grounded dielectric slab with permittivity e, = 4.3 and thickness d = 10 pm for (a) A = 1 pm and
w; = 1pm, (b) A =10pm and w, = 1um, (¢) A = 1pm and w, = 30 pm, and (d) A = 10 pm and
w; = 30 pm. The gap is highlighted in the red-shaded areas in the insets.

Inside and outside the gap area, the dynamic current is associated with variations
dominated by the wavenumber k,,,. If away from the gap, the total and the dynamic
currents are superimposed, close to the gap, the imaginary part of the current is
significantly different from the dynamic one, especially for smaller gap sizes. This
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Figure 6.12: Relative error between D and Do versus k. calculated for different values of w, for
a dipole constituted by a metal with conductivity o = 4.11 x 107 S/m of thickness w, = 1pm, and
printed on a grounded dielectric slab with permittivity e, = 4.3 and thickness d = 10 pm.

has to be imputed to the current’s high-spectrum component, which is not taken into
account in (6.31) and becomes more important when decreasing the gap size.

The quasi-static component of I, i.e., for k, — oo, can be approximated by an
asymptotic expression for D, as shown in Appendix E.2, which yields to the following
expression

R ONai o
lka) ~ Doo(k;z) = p<]ta]t>A - t:(jly)( ) //[Gfa;](k‘a:707zyzl)jt,z(zl) .]t,z(z) dZdZ/
Y
0 0

for k, — 0o, (6.34)

In Fig. 6.12, the relative error between D and D, i.e., |D — D|/|D| is shown versus
kg for different values of the width w,. The convergence rate increases with w,, as
for smaller values, the decay in (E.13) is slower.

6.4.2. Dynamic Admittance

Once the nature of the current is established, it suggests deriving the equivalent circuit
for the input impedance of a delta gap fed dipole. The ideas are similar to those
discussed in [44, 164, 171, 177, 178]. With respect to the cited cases, the presentation
here allows us to highlight the impact of the metal thickness. The equivalent circuit
is shown in Fig. 6.13, and all its components will be discussed in this section.

The admittance associated with the dynamic component of the current can be
calculated with the following integral in the k, complex plane extending to the dipoles
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Figure 6.13: Transmission line equivalent circuit of an infinitely long dipole, represented by two
transmission line sections placed in series and connected to a transformer, constituting Yayn, dip, and
Yiyn,src and Ygs placed in parallel.

the procedure presented for the slots in [177]

—+oo
1 [ 2kgpsine® (k,A/2)
o D' (kop) (K2 — k2,)
— 00

Ydyn - dkm (635)

whose solution is written as follows
Ydyn = Ydyn,dip + Ydyn,src (636)

where Yyyn qip is associated with the propagation along the dipole and expressed as

J : krpA 1
Ydyn,dip = —m SIHCQ( ; ) = %TIP (637)

and Ygyn sre is associated with the standing wave confined inside the source and cal-
culated with the following analytical expression

2(sinc (kzpA) — 1)

Aoy D' (Fp) (6.38)

Ydyn,src =

Then one can derive the transmission line equivalent circuit shown in Fig. 6.13, where
two transmission line sections of characteristic impedance Z; are connected in series
to a transformer of turn ratio n, and placed in parallel with Y4y, ec. The dynamic
admittance Ygy, represents only the admittance associated with modal current waves
traveling along the dipole with propagation constant k., while the quasi-static effect
of the gap has to be separately taken into account. This corresponds to the opportune
modeling of the fast-varying current in the gap area, that were highlighted in the insets
of Fig. 6.11.
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Figure 6.14: Comparison of the input admittance calculated with the full spectral integral and with
the equivalent circuit of a dipole constituted by a metal with conductivity ¢ = 4.11 x 107 S/m
and width wy = 20 pm, and printed on a grounded dielectric slab with permittivity e, = 4.3, and

thickness d = 10 pm for (a) a fixed value of the metal thickness and different gap lengths, and (b) a
fixed gap length and different metal thicknesses.

6.4.3. Quasi-Static Admittance

One can define the quasi static admittance by using the following expression

+oo
1 sinc?(k,A/2) —SinC2(kxA1arge/2)
o= / Bl dk, (6.39)

where Aparge is a feeding gap much larger than A, typically in the order of Aq/10.
The admittance Y s represents the reactance associated with the capacitive effect
given by the fields fringing around the feeding gap. The numerator of (6.39) isolates
the capacitance of the gap of size A. In fact, the subtraction operates as a filter
that removes the low part of the spectrum, while the quasi-static component is left
untouched as this component is negligible for Ajee. As shown in Fig. 6.11, the
impact of the quasi-static component of the current increases when decreasing the
gap size or increasing the metal thickness, as these two parameters increase the gap
capacitance. The definition of the quasi-static admittance Yy allows us to derive the
transmission line equivalent circuit shown in Fig. 6.13, where Y is placed in parallel
with Ydyn~

While the concept of the dynamic admittance is meaningful only in the presence
of a dominant polar contribution (e.g., in a mictrostrip), the quasi-static component
can always be defined.
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In Fig. 6.14, the input admittance of a dipole obtained by integrating (6.13) on
the gap is compared to the one calculated with its transmission line equivalent circuit.
The dipole is constituted by a metal having a conductivity o =4.11 x 107 S/m and
width w, =20 pm, and it is printed on a grounded dielectric slab having permittivity
e, = 4.3, and thickness d=10pm. In Fig. 6.14(a) the input admittance is calculated
for a metal thickness w, = 5um and for the length of the feeding port A = 1pm
and A =5um. For every value of A, there is an excellent agreement between the
values obtained with the full integration and those obtained with the equivalent cir-
cuit. Moreover, one can recognize the effect of the shunt capacitance associated with
the gap, as the imaginary part increases when decreasing A, leaving the real part
unaffected. In Fig. 6.14(b) in turn, the input admittance is studied for A = 1pm,
for different values of the metal thickness. This latter affects both the real and the
imaginary part, as it impacts both the characteristic impedance of the line and the
capacitance of the feeding gap.

6.5. Conclusion

In this chapter we have derived a TL GF formalism to model dipoles with nonzero
metal thickness. Thanks to the spectral domain formalism, the procedure can be used
to efficiently analyse dipoles embedded in an arbitrary stratification, and allowing the
analysis of microstrips and dipoles printed at the interface of two media radiating
leaky waves. By comparison with state-of-the-art numerical techniques, up-to-par
performances are shown. Finally, a transmission line equivalent circuit is derived,
allowing for a deep physical insight on the propagation mechanism along the dipole,
and on the effect of the feeding gap.






Chapter 7

The Analysis of Nonzero Thickness
Dipoles of Finite Length

Interesting occupations are essential to happiness. Indeed, the whole art
of being happy consists in the art of finding employment.

—Thomas Jefferson

7.1. Introduction

The study of the radiation from electrical dipoles has laid the foundations of compu-
tational electromagnetics [179, 180], but still remains a problem of interest [181-183].
The issue has been investigated both in the spatial [179-184] and in the spectral do-
main [185-188], often recurring to the thin dipole approximation or neglecting the
impact of the metal thickness. With the introduction of the transmission line Green’s
function (TL GF) [157, 159, 189], such analysis can be performed semi-analytically in
the spectral domain with a reduced set of unknowns as in [164, 171]. However, these
do not account for the metal thickness, which in the sub-millimeter wave regime can
be comparable with the other dimensions in play. In [190] and [191], for the dual
problem of the slots, the impact of the thickness of the metal screen is investigated,
and showing an impact even for metallizations in the order of one-thirtieth of the
wavelength. In Chapter 6, the TL GF, including for the metal thickness, was derived
for an infinitely long dipole. This chapter aims to extend the formulation of Chap-
ter 6 with techniques similar to [164, 171] to analyze finite dipoles with nonzero metal
thickness and to study their input impedance and radiation patterns.
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Figure 7.1: Sketch of a dipole of length ¢, width w,, and thickness w., and the representation of the
longitudinal distributions on the gap and after the end points.

7.2. Formulation

7.2.1. The Integral Equation and the Current Spectrum

Let us consider a dipole oriented along the z-axis, embedded in arbitrary stratified
media, and constituted by a material of conductivity o (or equivalently resistivity
p = 1/0), as shown in Fig. 6.1. Tt is fed with a voltage Vj by a A-gap generator A
long located at its center. The dipole has a cross section A4, it is w, wide and w, thick,
and it is located between x = —¢/2 and « = ¢/2. Due to its elongated geometry and
the rectangular cross-section, only the z-component of the electric field is considered,
and this can be written as the product of a longitudinal and a transverse function.
The x-component of the incident field e, can be written as follows

ei(w,y,z) = beA(x) et(yaz) (71)

where f2 and e; are the excitation’s longitudinal and transverse distributions. The
z-component of the total electric field e, can be expressed, for every x, and for
(y,z) € A, by resorting to the local form of Ohm’s law as follows

ex (@Y, 2) = pi() jo(y, 2) Xatip () + Vena [ (2) €1(y, ) (7.2)

where ¢ is the longitudinal current distribution along the dipole, j; is the transverse
current distribution, and xaip is the characteristic function of the dipole (i.e., xaip = 1
for x located in the dipole, and xaip, = O elsewhere). While the first term in (7.2)
models the field in the dipole by means of the local form of Ohm’s law, the second
one models the field beyond the endpoints. As sketched in Fig. 6.1, this latter uses
the decaying function f°", as in [164, 171], having amplitude V,q at © = ££/2 due
to the symmetrical excitation.

e (w,y,2) = g1 (9,2, 2) * [i(2) Xaip (%) G (v, 2)] (7.3)
where g%/ is the xa-component of the Green’s function providing the electric field
from the electric sources located at z’, and * denotes the convolution operator in x
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and y. Finally, by imposing e, = e’ + €2, one can set the following integral equation
for every x

VOfA(ér) et(yv Z) - V:andfend(x) et(ya Z)
= (pd(ﬂ?, Y, Z) - gwEwJ (Z‘, Y, =, Zl)) * [’L(J?) Xdip(x) jt(y’ Z)] (74)

where § is the Dirac delta. By applying the inner product (6.11) to (7.4) and J;(y, 2),
the following expression is obtained

Vof2 (@) e, i) a — Vena S () (er, Je) a
= <(,0(5($, Y, z) - gfzJ (.1‘, Y, 2, Z/)) * [Z(x) Xdip(x) jt(:’/’ z)], 5t>A- (7-5)

where e; can be assumed to be normalized such that (e;, j;)4 = 1. The right-hand
side of (7.5) can be written as follows

// (03, 2) — 957 (29, 2, 2)) %) xea (@) Joly )] X Ji (v, 2) dydz.  (T.6)

By explicating the convolution integrals of (7.6), the following expression is obtained

+oo
// U // (po(x—a'sy—y' 2=2") — g5l (x =2,y =y, 2,2)) i2”) Xaip (2”)
AlLJ -0 A
) dy e ) gtz (1)
where in the square brackets the single integral from —oo to +o0o is performed over
dz’, and the integrals on the cross section A are performed over dy’ and dz’. By

interchanging the integration order of dz’ and dydz, and by calculating the integrals
for the Dirac delta, the following expression is found

“+o0
/ {pé(l' CE ]ta]t A_// l// gmm :L’—.’El,y—y/,Z,Z/)jt(y/,Z’)dyle/]

X Giy, 2) dydz}i (2') xap(@’) da’ (78)

The terms in curly brackets in (7.8) allow us to define the transverse Green’s function
of the dipole d (z) as follows

d(z) = pd(x) (i, Je A_// V/ 9EZ (x y—y’,z,Z’)J’t(yCZ’)dy’dZ’]

x j¢(y, 2) dydz. (7.9)
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With the introduction of the transverse Green’s function (7.9), (7.5) is written as
follows

+o0o
Vof @) (er, je)a — Vena (@) (e, ji)a = / d(z — ') i(z") Xaip(z') da’.  (7.10)

— 00

By performing the Fourier transform of (7.10) with respect to x, one can write the
following expression

VoF? (ky) (et,3t) a — Vena F (k) (es,5t) a4 = D(ky) Xaip(kz) * I(ky) (7.11)

where F2, T, Xdips Ferdand D are the Fourier transforms of f2, i, Xdip> ferdand
d, respectively. By assuming that e; has a unitary integral on the cross-section, i.e.,
(et,7t)a = 1, the spectrum of the current can be finally written as follows

_ VOFA(kac) — VendFend(k:c)

Xaip (ko )+ I (ky) = Dl . (7.12)

7.2.2. Field Representation

The modeling of the incident field and of the transverse current distribution are
congruent with those of (6.2), (6.3), (6.15), and (6.26), allowing to calculate the
transverse Green’s function with the procedures of (6.14). These use the spectral
domain Green’s function, which allows the efficient handling of dipoles in layered
media.

For the sake of simplicity, field distribution f2 outside the dipole is assumed to
have the following exponential behavior

Fend () — % (= uta—/2) + e u(a — /2)) (7.13)

with u being the unitary step function and c the decay rate, whose value has been
determined empirically from CST simulations. For dipoles in free space or located
between free space and a low permittivity dielectric, ¢ = Ag/40 (where A is the free-
space wavelength at each operating frequency) provides accurate results regardless of
the specific geometry. In the case of an high permittivity dielectric, fe"d requires a
faster decay rate than \g/40, due to the smaller confinement of the field. The use
of CST has been limited to find empirically the best value of ¢. Once the value has
been determined, it is used in the spectral domain model, independently of CST.
The sensitivity of the results with respect to ¢ and the geometry is discussed in
Section 7.3.1.

1 / e—ikat/2 kot /2
Fend(k_x) _ = € : i e : .
2\ 1+ jkyc 1—jkgc

which is used to calculate the current spectrum with (7.12).

(7.14)
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7.2.3. The Method of Moments Solution

The spectrum (7.12) has only been formally defined, as the weight Vinq, given the
excitation Vp, has still to be determined to calculate the current spectrum of each
specific problem. The current distribution ¢ can be obtained from (7.12) with the
following inverse Fourier transform

“+o0o
i(@) Xaip(2) = %[ [(Xaip (k) * 1 (k)] e 7%= dk,

_ 1 oo ‘/OFA(k:c) - ‘/cndFend(kz)

— ke k. (7.1
o ) o D(k,) ‘ (7.15)

By calculating the inner product between (7.15) and a test function ¢(x), the following
expression is derived

/ﬂo L[ Xdlp(k VI (kg ))e % dk, t*(x) da

+00 +o0 A( end
/ 1/ VoF (‘I:;cn)dF (kx)efjkzwdkrt*(x)dx. (7.16)

By interchanging the integration order in (7.16), the Fourier transform of ¢* can be
calculated as follows

1 [t

5| [Xaip (ko) I (k)| T (—k ) dky

7 1 [T°F2(ky) T (—ks) 1 [t Fend(k,) T (k)
Volgr [ By ke o g [T Gy

(7.17)

where T is the Fourier transform of ¢. By considering ¢ either f2 or f¢"d, the following
two-unknown linear system can be obtained

{Vo Ya.a — Vena Ya.ena = o (718)

VO YA,end - ‘/end 1/end,end = Iend

where Iy and I.,q are the average currents on the gap and on the space after the
dipole terminations. The admittances are defined as follows

1 [T E™ (k) M (k)
Vg = — DD dk, (7.19)

— 00




100 7. The Analysis of Nonzero Thickness Dipoles of Finite Length

with m and n being either ‘A’ or ‘end’. After having imposed an open-circuit condition
outside the dipole, i.e., Ieng = 0, Iy and Venq can be calculated analytically as follows

YAend

Vend = Vo— 7.20

d 0 }/end,end ( )
Y2

Io =V (YAA - ) : (7.21)
end,end

The expression of Vinq can be used to calculate the current spectrum (7.12), and I
can be used to calculate the input impedance from its definition as follows

E _ }/end,end (7 22)

Zi = =
Iy YaaYendena — Y3

,end

7.3. Validation and Results

The spectral domain formulation allows the efficient analysis of dipoles with cross-
sections and feeding gaps that are small in terms of the dimensions of the surrounding
dielectrics. Within this work, we present the validation and the results, in terms of
the input impedance, the current distribution, and the far-field patterns.

7.3.1. Input Impedance

The input impedance is calculated using (7.22), and an example is shown in Fig. 7.2(a)
and (b), where a good agreement with CST is obtained. However, when the capac-
itance of the gap becomes significant, i.e., the cross-section is much larger than the
feeding gap, the present method starts to be inaccurate at high frequencies. In fact,
the capacitance of the gap is underestimated in YA a as the transverse current dis-
tribution j:(y, ), instead of being uniform, is significant only on the top and bottom
part of the two faces of the feeding gap, as shown in Fig. 7.3. Therefore, an additional
parallel capacitance is used to compensate for this effect. This can be approximated
with C' = egecgwyw,/A. This compensation is significant in Fig. 7.2(c), where it
improves the comparison with CST.

The low frequency reactance depends on the endpoints located at x = +£/2,
and it is associated with the electric field going from one arm of the dipole to the
other. This behavior is known to be asymptotic to the open circuit approximation
—jZg cot (kypl/2), where Zy and k), are the characteristic impedance and the propa-
gation constant, respectively, of the line 6. As it can be seen in Fig. 7.2, for either the
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Figure 7.2: Input impedance of a dipole having length ¢ = 500 pm, constituted by a metal having
conductivity o = 107 S/m and printed between free space an a semi-infinite dielectric with relative
permittivity e, = 4 calculated for (a) wy = w, = A =12.5pm, (b) wy = w, = 3um and A = 1 pm,
and (c) wy = w, = 12.5pm and A = 2pum. The decay rate ¢ = \g/40 has been used.
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Figure 7.3: Sketch of the magnitude of the electric field distribution along the dipole and in the
feeding gap.
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Figure 7.4: The relative error of the input impedance calculated with respect to CST for different
values of the decay rate ¢ for a dipole £ = 500 pm long, having a feeding gap A long, w, wide and
w; thick, and printed between free space and dielectric half space with permittivity e,. (a) wy =
w, = 125um, A = 5um, ¢, = 4, (b) wy = w, = 3pm, A = lym, & = 4,(c) wy = w, = 12.5 pm,
A =2pm, g, =8, and (d) wy = w, = 12.5pm, A = 1um, &, = 12. The red dashed lines highlight
the frequencies for which the imaginary part of the input impedance is null.

complete solution and the open circuit approximation, the slope of the imaginary part
depends on the size of the cross section, as the characteristic impedance Z; increases
for decreasing values of the cross section, 6.
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Table 7.1: Solution time for the input impedance of Fig. 7.2 calculated over 16 frequency points.
@Intel(R) Xeon(R) W-2265 CPU @3.5 GHz, 12 cores, RAM 256 GB

Case (a) Case (b) Case (c)
Spectral 42 3ls 51s
CST (FD solver)! 449s 2023s 450s

! Finite dielectric of size 1 mm x 0.66 mm x 0.33 mm
and open boundary on five faces.

In Fig. 7.4, the relative error of the input impedance has been calculated with
respect to CST, for different geometries and for different values of the decay rate c.
The decay rate is shown to be poorly sensitive with respect to the geometry of the
dipole, as shown in Fig. 7.4(a) and (b), while its optimal value decreases with respect
to the use of denser dielectrics, as shown in Fig. 7.4(c) and (d).

Thanks to the Green’s function formulation of Chapter 6, the proposed spec-
tral domain technique allows for time-efficient dipole simulations accounting for lossy
and non zero thickness metal. Due to the layered media formulation and the semi-
analytical Green’s function, the number of unknowns of (7.18) does not scale with
the ratio between the maximum and minimum dimension of the problem. In Ta-
ble 7.1, the solution times for the cases of Fig. 7.2 are reported. The spectral domain
approach exhibits improvements in the solution time of at least a factor ten with re-
spect to CST. Additionally, the layered media Green’s function [45] can also include
frequency selective surfaces [192-194] or artificially engineered materials [49] without
increasing the number of unknowns.

7.3.2. Current Distribution

As the capacitor has an impact in the current distribution and its spectrum, (7.15)
has to be corrected with an additional term as follows

— ‘/OFA(km) - ‘/cndFend(kx) WC%FA(]C:C)

where jwC'Vy models the current flowing in the capacitor given the excitation V. The
function F2 models the confinement of the displacement currents within the source
region, assuming them to be uniformly distributed. An example of the spectrum is
given in Fig. 7.5(a), where the spectra (7.12) and (7.23) are compared at 180 GHz
for dipoles ¢ = 500 pm, having cross section w, = w, = 12.5um, printed between
free-space and a semi-infinite material with relative permittivity e, = 4, and excited
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Figure 7.5: (a) Spectrum of and (b) Spatial distribution of the current at 180 GHz of a dipole having
length ¢ = 500 pm, width and thickness wy; = w, = 12.5 pm, printed between free-space and a semi-
infinite dielectric with relative permittivity e, = 4, and excited with Vo = 1V by a A-gap generator.

with Vp = 1 V. The effect of the capacitance C of (7.23) is to place a high-frequency
component, depending on A, while leaving untouched the spectrum around ky. The
space current distribution is calculated by performing the inverse Fourier transform
of (7.23), and an example related to the previous study case is shown in Fig. 7.5(b).
While the real part is unaffected by the different sizes of the feeding gap, the imaginary
part peaks in correspondence with the source region when reducing A.

The knowledge of the current spectrum allows for the evaluation of the antenna
patterns at 7 = (robs, fobs, Pobs) With the following asymptotic evaluation

efjk”’obs

gfar (FobS) zjkzobsj(kacobs) Jt,y(kyobs) / |:GEJ(kxobsa kyobs; Zobs Z/) -z
0

27T’robs
X ji. (2')|dz" (7.24)

where kyobs = ki Oobs COS Pobs, Kyobs = K5Il Oobs SN @obs, Kzobs = k €OSOgps, Jiy is
the spectrum of the current distribution along y, j; . is the current profile along 2/,

and GE? is the spectral domain Green’s function. The k,-current spectrum I is the
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Figure 7.6: Far-field patterns at 180 GHz of a dipole having length ¢ = 500 pm, width and thickness
wy = w, = 12.5 um, printed between free-space and a semi-infinite dielectric with relative permit-
tivity e, = 4, and excited with Vo =1V by a A-gap generator.

current spectrum windowed on the dipole, as similarly done in [195, eq. (21)], and
calculated as follows

I(ky) = F{F 1 {I(ks)} xaip(z)} (7.25)

where F and F~! denote the Fourier and the inverse Fourier transform operator,
respectively. The radiation patterns of Fig. 7.6 refer to cases (a) and (c) of Fig. 7.2
at 180 GHz. These show the leaky radiation peaks as in [196, Fig. 5] and exhibit
an excellent agreement with CST. The different sizes of the feeding gap of (a) and
(b) yield a different capacitive effect on the source region, impacting the current
distribution and the input impedance. Despite these differences, the two antennas
share the same far-field pattern. In fact, the Green’s function, for observation points
sufficiently far from the sources, filters out the components of the current spectrum
above the wavenumber in the domain of observation. As shown in Fig. 7.5(a), the
size of the gap and its capacitive loading affect the high part of the spectrum only,
and therefore, the farfields are the same.

7.3.3. Equivalent Circuit

The finite dipole solution allows for the equivalent circuit representation of Fig. 7.7,
which is an extension of Fig. 6.13. The dipole can be represented by two series
transmission line sections of having length ¢/2, characteristic impedance Z,, and
propagation constant k;,,where Z, and k., have been calculated as in Chapter 6. On
either sides, these are loaded with the resistance Rqnq and the capacitance Cenq, which
represent the endpoint radiation and the low frequency capacitance, respectively,
and are defined analogously as in [164, eq. (19)]. The gap is finally modelled by a
transformer with turn ratio n and the gap capacitance C. The expression of the former
is defined in Chapter 6 and is n = sin (k3,A/2), while the latter can be modelled as
a parallel plate capacitor as in Section 7.3.1.
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Figure 7.7: Transmission line equivalent circuit of a finite dipole, where the contributions of the
feeding gap, the dipole, and the end points are highlighted.

7.4. Conclusion

A spectral domain-based representation of finite dipoles accounting for the nonzero
metal thickness was developed. Based on the TL GF of Chapter 6, the method allows
for an efficient semi-analytical analysis of the input impedance and the radiation
patterns, whose accuracy is up to par with commercial solvers. The developed semi-
analytical method can provide physical insights into the dipole’s current distribution,
which is linked to the input impedance and farfield radiation.



Chapter 8

Conclusion and Future Work

We, that is, all the work we have done
As waves in ether shall forever run

In ever widening spheres through heaven
Beyond the sun

—J. C. Maxwell

This dissertation presents the scientific output produced between May 2020 and
April 2024 at the THz Sensing Group of the Delft University of Technology, and
supported by Huawei Technologies Sweden AB under the contract YBN2020045031.

The project concerned the development of modeling techniques for different as-
pects of the next-generation communication systems.

On the one hand, the ultrawideband massive MIMO is modeled. With analyt-
ical techniques, the maximum number of space channels by a finite-size domain is
estimated. Numerical and analytical techniques are used to clear the way to ultra-
wideband massive MIMO. Finally, with the aid of spectral domain representations,
previously developed in [41, 45, 48], a connected array prototype is designed.

On the other hand, the modeling of high-frequency integrated antennas is pre-
sented. Spectral domain representations and the equivalent circuits derived from
these allow us to simplify the full-wave simulations of integrated lens antennas for
sub-THz applications.
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8.1. The Modelling and Design of Wideband Massive
MIMO Phased Arrays

The Number of Beams from a Given Volume Platform The maximum num-
ber of beams which can be generated from a given volume platform is assessed by
means of the observable field [91, 92]. This concept is associated with the component
of an impinging wave, which a finite volume platform can effectively receive. The
ideal antenna, which can perform a field-matching with the observable field, has the
maximum gain constrained by the volume. Consequently, one can use the field cor-
relation between the antenna pattern V, and the observable field associated with the
impinging wave to assess the quantity of the received power. This has a twofold pur-
pose. Firstly, it serves as a new definition of the aperture efficiency, which is always
bounded by unity regardless of antenna size. It can also be used to assess a design’s
effectiveness, also for small antennas. Secondly, it is used to assess an ideal, designed,
or measured pattern in a massive MIMO scenario by evaluating the received signal
and the interference.

High Mutual Coupling and Ultrawideband Massive MIMO The misconcep-
tion that high mutual element coupling precludes ultrawideband arrays from MIMO
system usage is dispelled for the first time, and later on also used by other authors
[52, 53]. First, a singularity-free kernel is derived and used to assess the mutual cou-
pling of the far-field patterns in a multi-beam configuration. Then, with a matrix
formalism, the beam orthogonality is assessed for different array topologies with dif-
ferent levels of inter-element mutual coupling. It is shown that, for a coherent array
excitation, it is possible to achieve orthogonal beams regardless of the inter-element
mutual coupling. The orthogonality depends only on the beam overlap and the side
lobe level. These findings pave the way to ultrawideband massive MIMO, which can
achieve unprecedented data rates by enlarging the bandwidth.

A Connected Array Design for Sub-8 GHz Massive MIMO A connected
array with two interchangeable ADL radomes is designed. The two radomes allow
a matching between 6 — 8 GHz and 2 — 8 GHz when scanning up to 60° in all the
azimuthal cuts. The array presents an extended bandwidth, i.e., 4:1, with respect to
previous designs. The interchangeable radome solution allows to switch the operating
bandwidth and the cost by keeping a single radiating section, making this design
appealing for commercial applications. Finally, an 8 x 8 prototype is manufactured
and tested.
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8.2. The Modelling of Integrated Antennas

The Proxy Sources Method The proxy sources method is formulated to simplify
full-wave simulations of dielectric lens antennas, for all the cases for which the Physical
Optics yields inaccuracies, i.e., small-size lenses. Three phenomena contribute to the
input impedance: the reactance of the feed, the radiation in a semi-infinite medium,
and the reflections of the lens. While the former two can be assessed semi-analytically
or with efficient full-wave simulations, the latter can be estimated by the simulation of
the lens and its feed, which presents a remarkable computational burden. However,
the reflections can be extracted from simplified simulations. A feed that radiates
equivalently into the far-field but has a coarser discretization is synthesized. This
allows for the assessment of the reflection without compromising the simulation speed.
Finally, the different contributions are combined, and the original input impedance is
reconstructed.

More specifically, this method was formulated to ease the simulations of the in-
house volumetric method of moments of Appendix C. This can easily treat inhomo-
geneous bodies, e.g., complex antenna systems, including their matching layers and
multiple stratifications, but due to its structured mesh, it is challenging to represent
the fine details of the feed. Therefore, it becomes essential to use the proxy sources
method to carry out such simulations effectively. Despite its larger benefit for struc-
tured meshes, the proxy sources method is independent of the specific type of mesh
and numerical solver. Therefore, every multi-scale problem, where an integrated feed
radiates close to a dielectric body, can benefit from such an approach.

Despite in Chapter 5, the proxy sources method has been applied only to a volu-
metric method of moments using structured mesh; it should be noted that the method
is independent on the specific numerical solver, as it is based on a physical interpreta-
tion of the fields inside the lens. Therefore, surface integral solvers using unstructured
meshes can also benefit from this method.

Dipole with Nonzero Metal Thickness in Layered Media A formulation used
to characterize printed dipoles in nonzero metal thickness in layered media is derived.
This allows for an efficient spectral domain modeling of radiating elements and printed
transmission lines, which would be difficult to treat with conventional solvers. More
importantly, a transmission line equivalent circuit is derived, allowing for a physical
interpretation of the feed’s reactance, the propagation on the dipole, and the radiation.
This allows us to separate the different contributions, and it enables the application
of the proxy sources method.
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8.3. Future Work

The research lines of the present dissertation can be developed as follows

e The assessment of realistic prototypes using the observable field. This study
aims at characterizing the prototype of Chapter 4 in a massive MIMO scenario,
allowing us to assess the achieved SIR with respect to the ideal one obtained
with the observable field. This investigation is currently ongoing;

e The observable field is related to the maximum antenna gain in the absence
of losses. However, the maximum antenna gain is usually associated with the
quality factor @), which is closely associated with losses, as in [197]. Therefore,
a extended formulation would be required to give a more complete description
of the phenomena;

e The development of an alternative unit-cell design for the array of Chapter 4,
based on [198]. This allows for an easier feed design, the reduction of the
number of metal layers, and a more favorable vias aspect ratio, ensuring an
easier manufacturing process. This investigation is currently ongoing;

e The improvement of the current V-MoM code. This should include a precon-
ditioner, allowing the stabilization of the number of iterations for larger-size
lenses and denser dielectrics. The combination of volume and surface currents
would yield the easy handling of slots and ground planes;

e Due to its formulation, the V-MoM can be efficiently used in an optimization
loop, as the matrix accounting for the radiation and which requires the calcu-
lation of the integrals does not depend on the geometry. For instance, it can be
combined with the lens-shaping techniques [199];

e The application of the V-MoM to the estimation of the thermal radiation from
ohmic materials. This aspect is used to assess the thermal noise in complex
high frequency front-ends;

e The extension of the transmission line characterization of Chapter 6 and 7 to
slots and coplanar waveguides. Moreover, the modeling of discontinuities in the
lines, e.g., bends and different widths, would allow us to extract their lumped
element equivalent to be placed in the circuit of Fig. 5.2. This would further
simplify the simulation of complex geometries with the aid of the proxy sources
method.
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8.4. Impact of the Research

The work described in this dissertation has led to six journal papers, one paper in
preparation, and sixteen conference contributions. The complete publication list is
given from page 175.

The conference contributions numbered C.3 and C.14 in the above mentioned pub-
lication list were shortlisted for the Best Electromagnetics Paper Award at EuCAP 2021
and EuCAP 2024, respectively.
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Appendices






Appendix A

Relations Regarding Receiving
Antennas

A.1. An Alternate Expression for the Received Power

The power received by the j-th antenna, under impedance matching conditions, due
to the i-th impinging wave can be written as follows
1| Va2
PY = fL.‘ (A.1)
8 R}

where V7 is the open circuit voltage induced by the i-th incident field, and Ri the
antenna load resistance. As suggested in [95], by multiplying the numerator and the
denominator of (A.1) by the power PJ radiated by j-th antenna, when fed by the
current I7, one obtains

PUP] _1|VR2P1RYIBP _ 1 VAL

oc ~a

Pl 8 Rl 2 p/ 16 P

P = (A.2)

A.2. An Application of the Reciprocity Theorem

This Appendix is intended to prove (2.6), which relates V;J I7 with the reaction inte-
gral between the pattern of the inward observable field and the one that the receiving

antenna would radiate, when used in transmission. The starting point is the applica-
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Figure A.1: The representation of Problem 1 and Problem 2 used in the reciprocity theorem.

tion of Lorentz’s reciprocity theorem [97, 98], which gives
Vil — # (Gl x 7 — & x Fiys) - s (A3)
Sy

Although the steps leading to (A.3) are described in [97, Ch. 8.7.2], and [98], we briefly
report them here, revised to adapt to the notation of this dissertation. Please note
that the formula of (A.3) is rigorously valid for any arbitrary incident field, however,
here we assume that the only portion of the incident field that can interact with
the receiving antenna is the observable field. Fig. A.1 shows an antenna enveloped
by a surface Sy, located in its far-field, and having the outer normal unit vector
fiy. The antenna is fed by a waveguide having the cross section &,, whose normal
unit vector is n,. We define V as the volume comprised between S, S,, and the
perfect electric conductor (pec) box, assumed to enclose the circuit connected to the
antenna. Problem 1 refers to the receiving antenna, where the antenna terminals are
open circuited, while Problem 2 considers the same antenna when transmitting. In
Problem 1, the observable field €7, . and hobs is generated by the sources ji, . and m’,
located outside V, inducing the open-circuit voltage V/%/ at the antenna terminals.
Problem 2, where the antenna is assumed to be fed by the current I7 and radiates the
fields €7 and hi 7, is a fictitious problem formulated to apply the reciprocity theorem.
By applymg Lorentz’s reciprocity theorem to the volume V), since no currents are
contained within, one can write

// (ag’bs X R — & x i’igbs) a ds+# (eobq X R — & x hobg> fpdS =0. (A4)
Sa Sy
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Being the antenna of Problem 1 open-circuited, the magnetic field f_ifjbs on S, has
nonzero normal component solely, making the triple product &7 x hi, . - fa|s, vanish.
Then, by assuming that in the waveguide only a single mode is supported, €2, and
H; can be decomposed as

Obb — V e() (AS)

hi = I, (A.6)

where ¢, f;o are the modal eigenvectors, and V¥ and I their associated amplitudes.
By substituting (A.5) and (A.6) in (A.4), one obtains

Vi i // & X 0o - (—a) dS = ( i xRl — &l % hobs) apdS. (AT)
Sa Sy

According to the orthonormality property of the eigenvectors ¢p, 60, the integral
in the left hand of (A.7) is equal to one, thus proving (A.3).

Since Sy is in the far-field, the fields €7 (7), hi (7) radiated by the antenna can be
rewritten as follows

L. . e dkr
e = Vi) = (A.8)
.. o e—jkr
R = 2 x Vi () — (A.9)

where ( is the free space impedance, and the observable field can be written in the
following form

Vz Jinw jkT Vi,out ]’% e—jkr Al
obs (F) obs () r obs () r ( . 0)
] 1 i,inw /7. jkr ri,0ut /7 e_jkT

() = 17 (T ) 0+ Ty ). (A1)

By substituting (A.8), (A.9), (A.10), and (A.11) into (A.7), and omitting the & de-
pendence of the patterns for compactness, one obtains

U1 [ .
VilH = 7 {(V;Q§‘W+VZ e s (7 x V)

obs

_ VI x (r x (—Vi’inw) + 173[;‘;“@%’”)} pdS  (A12)
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By expanding the vector triple products in (A.12), we can notice that the terms
containing V72" cancel out, while the ones containing V;™ sum up. Thus, the

expression simplifies as follows

2 1 /o .y

VI =S qp 5 (Ve -V )i igds (A.13)
¢ Sy r?

By assuming that Sy is a sphere centered at the antenna reference system, (7 -

ndS)/r? = dQ, leading the integration on the solid angle (i.e., (2.6))

L 2 JIRP N S oA
Vil = // P () 7 (R)de. (A.14)
4

Note that on the left hand side of (A.14), neither V2 nor I7 is conjugated, as it
derives from Lorentz’s reciprocity theorem. Despite the product V. IJ being dimen-
sionally a power, it configures itself as a reaction [95] and relates quantities (V.J and
I7), associated with different sources of two separate problems.



Appendix B

Far-Field Relations and the Visible
Green’s Function

B.1. Vector and Dyadic Relationships for the Far-
Field Patterns

In the present Section, we intend to prove that the product between two radiation
patterns satisfies the following identity

=y [L—kk]- T (B.1)

where we omitted the dependence of the spectral current distributions J, and J,,
on k to maintain a compact notation. By expanding the dyadic products on the left
hand side, one obtains

-

Ty - JE = T ke T — Kk T (JF — ke JY). (B.2)

Since the term (J Y *) only selects the transverse components of J » that are
not aligned with k, whereas the term (k:k: I /) is parallel to k, one can note that

Rl T (T — k- T) = 0. (B.3)
By using (B.3) in (B.2) and by rearranging the dyadic products, one obtains

T - [L—kk] - J* . (B.4)
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B.2. Expression of the Visible Green’s Function

In this Section, we derive a convenient analytical expression of the visible Green’s
function, which was defined in (3.8) as

vis /= _k2C 1. —jkk-7
(7) = 1 — k] e 3 a0 . (B.5)

= 1672

Recalling the following property for the plane-wave spectral representation

Lhe—dkk™ _ _ A% o dkkF

2 (B.6)

and exchanging the order of the differential and integral operators, we can express

the visible Green’s function as
] // eIk gQ (B.7)
47

The integral figuring in (B.7) can be closed according to what is proved in Ap-
pendix B.3, thus g"is can be written as follows

1.2
kC{I_FVV

97 =150 LT

gvis(,,:») _ C

= 7

[k*L + VV-] sinc(kr) . (B.8)

B.3. Integration of a Complex Exponential over the
Solid Angle

In the present Section we would like to prove the following integral asymptotic ap-

proximation
2

//e_jkk'Fsin 0dOd¢ = 4w sinc(kr). (B.9)
00

Since 7 and k can be written as
7 = r(sin 6 cos ¢Z + sin O sin ¢g + cos 02) (B.10)

k = sin § cos ait 4 sin Bsin ag + cos 52 (B.11)
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the left hand side of equation (B.9) can be rewritten as follows
™ 27
/ejrkcosﬁcosesina /ejrksinﬂsiHOCos(a7¢)d¢ do. (B.12)
0 0
The integral in brackets has a closed form solution [200], yielding (B.12) to become

as follows .

QW/ejrkcosﬁcoseJo(kr sin 8 sin 6) sin 0d6 (B.13)
0

where Jy is the zeroth order Bessel function of first kind. By using the asymptotic
expansion of Jy given in [200] and by using trigonometric identities, (B.13) becomes

o i 2 . .
—jz jkrcos(ﬁfe)smedg
e 4/\/ ﬂ'krsinﬁsinee
0

. j 2 . .
'K —]krcos(ﬂ+9)sm9d9. B.14

tme /\/ Wkrsinﬁsinﬂe ( )

0

By applying the stationary phase point method, (B.14) can be rewritten as

o 2 j .
i, —— = _gin@ ]krcos(ﬁfe)dg
e \/ wkrsin §sin 6’ s S/e
0
- 2 r .
+7re]Z msineg/e_jkrcos(ﬁ+a)d9 (B15)
\/ wkr sin (3 sin 0"
0

where 0, and 6 are the saddle points of the phase functions figuring in the first and
in the second integral respectively. By forcing the derivatives of these phase functions
to be null, the stationary phase points can be found

0 =<3, 0 =758 (B.16)
Since for both saddle points the solution must be an element in the integration domain
[0, 27], it follows that

0. =0"=3. (B.17)
By substituting (B.17) in (B.15), one obtains:

me I l / eIkreos(B=0)qg 4 rel T 1/ i / eIk cos(B+0) g (B.18)
wkr wkr

0 0
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4n
—numerical integral
---4m sinc(kr)
2n
0
-2n
0 5 10 15 20
r[m]

Figure B.1: Comparison between (B.9) evaluated numerically and its analytical asymptotic solution
(i.e., 4w sinc(kr)), for k= 1m~!

As reported in [200], both integrals can be closed into zeroth order Bessel functions
of the first kind, by using their asymptotic expansion (B.18) becomes

2
me” Hﬂ'k’f‘ \/ 7Te]k’"—i—ﬂ'ehﬂ \/ e Ik, (B.19)

Calculating the products of (B.19) and then using Euler’s identities leads to:

N:u

sin(kr)
kr

47 = 4 sinc(kr) (B.20)

which proves the identity (B.9). In Fig. B.1, the numerical integral in (B.9) is com-
pared with its closed-form solution.



Appendix C

The Volumetric Method of
Moments

A Volumetric Method of Moments (V-MoM) has been developed to study small-size
dielectric lenses effectively, allowing for the easy handling of inhomogeneous bodies.

Thanks to its formulation, the linear system governing the problem comprises
a matrix, which depends on the material and whose entries are analytical, and a
second matrix, whose entries are calculated regardless of the specific arrangement
of the materials. Therefore, this latter can be precomputed and be used for all the
geometries sharing the same discretization, making it an efficient numerical solver to
be used in a design loop.

C.1. The Volume Equivalent Current Integral Equa-
tion

The solver relies on the volume equivalent current formulation [201, 202] of the volume
integral equation. In the case of a scatterer having permittivity e, (') distributed on
a domain V located in free-space, the equivalent currents Jeq (7) are defined as follows

Jeq (7) = jweo (e, (7) — 1) B (7) (C.1)

where E is the total field in V. The integral equation can be, therefore, written as
follows

-

E(7) = Jeq (::) - - ! (kg +VV+) ///Vg(??— 7)) Jog (F)Y V' (C.2)

 jweg (6 (F) — 1) jweg
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where E' is the forcing term and g (7) is the scalar Green’s function defined as
exp (—jko|7|) / (4w|7|). The second term of the right-hand side of (C.2) represents
the field radiated in free space by the equivalent currents J_éq located in V. In (C.2),
Joq () represents the unknown as it depends on the total field E (7), and it figures
both outside and inside an integral operator defined over a volume.

As the volume equivalent currents do not necessarily have to hold any continu-
ity condition, cubic piece-wise constant basis functions are employed together with
Galerkin testing. In addition to this, as discussed in [201-203], this solution allows
for an improved convergence of the solution.

We divide V into N = N, x N, x N, cubes of edge A. Each voxel hosts three
different basis functions oriented along &, ¢, or Z. In the n-th voxel, the current can
be represented as follows

- _L r — Tp Y —Yn Z— Zn A
bn(ﬁ—A2rect< X >rect< A )rect< A )Pn (C.3)

with p,, € {Z,9,2}. The numbering is devised in such a way that the total number of
the basis functions is 3N, with the z-oriented currents numbered between 1 and N,
the y-oriented currents numbered between N +1 and 2N, and the z-oriented currents
numbered between 2N + 1 and 3V.

-

The inner product (@,b)y is defined as the volume integral over V of the scalar

product between @ and b. _By performing the inner products of the left and the
right-hand side of (C.2) on b,,, one obtains the following equation

, 3N l—)*
<El (F) I bm>V7n = Z Zn l< . B ) 7bm>VnL

C.2. The Matrix Equation

From (C.4) the following matrix equation can be derived
v = (Z™ +Z79) 4 (C.5)

where the forcing term v depends on the incident field, Z™#* on the different materials
of the scatterer, and Z"™9 on the radiative interaction between the source and the
testing points.
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The n-th entry of the forcing vector can be calculated as follows

= (EV(7) ,bm)v,, = AE (7)) - Pom (C.6)
The mn-th entry of Z™a* can be obtained with the following inner product
b, ﬁ 1
Zimw = bm)v,, = = S (C.7)

jweo (g7 (7) — 1) jweo (&7 (Fm ) — 1) A
where §,,, is the Kronecker delta, yielding to a diagonal form for the matrix Z™at,

In turn, Z'4 is obtained from the second inner product in the right-hand side
f (C.4). This is calculated in free space and therefore it does not depend on the

materials or the geometry. Therefore, this matrix can be stored and then used for all
the problem studied with the same grid, regardless of the specific geometry.

However, its calculation, involving the radiation integrals, is not straightforward.
Moreover, in the case of co-located or adjacent source and test voxels, the 1/r3 sin-
gularity arises, and requiring a careful treatment of the computation. To ease the
calculation, the same procedure of [202] is used. This allows to transform the double
volume integral to a double surface integral, and reducing the singularity from 1/r3
to the more traditional form of 1/r.

First, the differential operator is transformed in an alternative form, by resorting to
Maxwell’s equations and properties of the radiation integrals. The Ampere-Maxwell’s
law, for the field associated with the n-th basis function, can be written as follows

V x H3(7) = by, (F) + jweo B2 ()

= b, () + (k3 + VV") /// N (7) dV". (C.8)

According to the auxiliary potentials [204, Ch. 3] the magnetic field H? (7) can be

expressed as follows
vX/// (F— 7Y B (7) V. (C.9)

By substituting (C.9) into (C.8), one obtains the following indentity

1 - . .
2zt = (Gt~ 7V [ oG- 5, v B, )
\Z
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Figure C.1: Sketch of the projection expressed in terms of the volume integrals of (C.12)

The inner product between the double curl of the scalar potential generated by
the n-th basis function and the m-th test function can be written as

/// <V X V x ///v (F—7") by, (*')dV') dv (C.12)

where V,,, and V,, are the supports of the test and basis functions, and the operation
is sketched in Fig. C.1. By applying one of the differential relations®, (C.12) becomes

/// < ) X V x /// — 7" by, (F’)dV’) v (C.13)

where the term V x l_;m vanishes, being l_;m a constant function in £2. By applying
the divergence theorem? to (C.13), one can transform the volume integral on V,, into
the flux through S,,, i.e., the surface enclosing V,,, as

_ﬁim [l;m (') x (V X ///vn g(F—7") by, (F’)dv'ﬂ fs, dS (C.14)

where fns,, is the outwardly oriented normal unit vector of S,,. By permuting the
vectors in the triple product, one obtains the following expression

—# (75,. B Vx/// (F— )5 (7Y dV'dS.  (C.15)
SW‘L Vﬂ

V-(dxg):g-de’fd-ng

/// V-ﬁdV:#ﬁ-ﬁst
Vv S

where S is the surface enclosing the volume V, and fig is the outwardly oriented normal unit vector

m
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Since the curl operates with respect to 7, it can be taken inside the volume integral,
that is calculated with respect to 7’

_ ﬁi (s X B // v x (g0 =) B (7)) av'ds. (C.16)

By resorting to the well-known differential relations, one can calculate the curl as

¥ x (g (7, 7) by (F’)) = g(F — 7)YV X by (F') + Vg(F — 7') X by (7')
=Vg(F—7") x by (F') (C.17)

with V x by, (7") = 0, since the differential operation is performed with respect to 7,
and (C.16) becomes as follows

_ﬁim(”s X b // V(i =) x by (7') dV'dS. (C.18)

Since by, and b,, are constant functions in £2, (C.18) becomes

_i ﬁi (s, X Pm) <pn // ~Vg(F ’)dV’> s.  (C.19)

By making use of the relation Vg(# — 7') = —V'g(# — '), where V' is the differenti-
ation with respect to 7/, (C.19) becomes as follows

7$#S (s, X Pm) <pn // Vg( dV>dS. (C.20)

By applying to (C.20) one of the corollaries® of the divergence theorem

1
_7# (i, X Bun) - ( Bn ﬂ hs,g(7 — ') dS" ) ds. (C.21)
A4 S m S n

n

The cubic surfaces S,, and S,,, can be written as the union of their six square faces
as follows

6 6
U m,k > Sn = U Sn,l~ (022)
k=1 =1

3By applying the divergence theorem to one of the differential identities one obtains

L& vrav=ffarnas— [[f ro-cav
//A;Vfd"=ﬁif-ﬁds.

If ¢ is a constant
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Figure C.2: Sketch of the projection (C.24), expressed as surface integrals.

Therefore, for linearity, (C.21) becomes as follows

6 6
72// (s, o X Bm) - (Zﬁn x// s, g(F — F’)dS’) ds.  (C.23)
k=1"Sm.k =1 Snt

As the unit vectors are constants with respect to the integration variables, (C.23)
can be transformed as follows

6 6
S (fs,, X Dm)-(Rs,, * ba) IE, (C.24)

k=11=1

where I*

o is defined as follows

If,fn://s //3 g(7—7")ds'ds (C.25)

and it represents the interaction between sources located on S,,; with the observation
located on Sy, k. An example of this operation is sketched in Fig. C.2. The relation
(C.24) is derived from (C.12), and thanks to the divergence theorem, the volume
integrals of differentiated functions are transformed into surface integrals. This re-
duces the 1/r® singularity to the easier form of 1/r. The integration of (C.25) can
be efficiently treated with the quadrature of [205]. Finally, the entries of Z™ can be
written as follows

U (6 o ) L .
zrad — (A — Z Z (”Sm,k X pm) . (ngnyl X pn) Ifnln> (C.26)

Jweo
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C.3. The Numerical Solution

Due to the discretization of the volume with uniform steps, the linear system (C.5)
can easily gain prohibitive memory requirements and computational complexity. How-
ever, these issues can be overcome with the Conjugate Gradient-Fast Fourier Trans-
form (CG-FFT) [206], which allows us to reduce the computational complexity to
O(Nsteps 108y N), assuming neeps for the convergence, and the memory requirements
t0 O(NgtepsN)-

C.3.1. The Storage of the Entries

The linear system (C.5) requires the handling of the matrices Z™* and Z*»d, which
both have 9N? entries. Due to the large scale of the problem, these might exceed
the memory resources of the computational systems at hand, or in any case, their
allocation and handling require a large computational effort.

Due to its diagonal nature, Z™*' does not require the storage of all the entries,
but only of their 3N diagonal terms in the form of vectors. Moreover, as highlighted
in (C.7), its entries can be calculated analytically.

On the contrary, Z'4 is a full matrix whose entries require a careful evaluation.
However, thanks to the radiation operator’s space invariance and symmetries, a re-
duced number of entries can be computed and stored. The matrix Z™¢ is configured
as follows

rad rad rad
Za:a: Z:vy Z:cz
zd = |zt zrd zred (C.27)
rad rad rad
sz Zzy Zzz

where each term Z'™¢ is a block Toeplitz matrix which describes the interaction

. . . d _ d
between m- and n-oriented currents. Thanks to reciprocity Z;3, = Z)% and thanks

to the symmetries Z2d = Z;Zd = Z4 only four distinct submatrices exist. Each of
these has N2 entries and, therefore, cannot be conveniently stored for large problems.
However, for the properties of Toeplitz matrices, it is sufficient to calculate and store
(2N, — 1) x (2N, — 1) x (2N, — 1) specific entries to characterize the entire matrix.
These can be arranged in a three-dimensional tensor, where all the entries in the same
column have the same z, all the entries in the same row have the same y, and all the

entries in the same page have the same z. For instance, page k of the mn polarizations
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configures itself as follows

[ 7mn mn mn mn mn
ZN:n—hNyfl ZN:z—hl ZNxflyo ZNmfh_l ZNrflyl_Ny
mn mn mn mn
Zl,Ny,l Z Zl,O Zl -1 Zl,l—Ny
«serad _ mn mn mn mn mn
Zomnlg = 0,Ny_1 : Zo,1 200 Zo,71 0,1—N,
Zmn mn mn mn Zmn
—1,Ny_1 —-1,1 —-1,0 —-1,-1 -1,1-N,
mn mn mn Zmn zmn
L“1-Ng,Ny_1 1—-N,,1 1-N.,0 1-N,,—1 1-Ng,1-N, |

(C.28)
The subscripts in the entries of (C.28) indicate the distance in terms of basis functions
between the source and the testing point. The third index in the subscript has been
omitted, as all the elements involved share the same z. The tensor 7! contains

the minimum number of interactions needed to characterize the matrix Z:2d. The

tensor z7'2d stores all the unique interactions, in such a way that the each zT2d ik
is the mteractlon between the first element i.e., the cell of index (0,0,0), and é}ie
element (%, j, k). To distinguish the proper 1mpedance matrix Z'¢ from the tensor of
the interactions, this latter is identified with the lowercase letter, and the three dots
denoting its three dimensional storage.

Due to the rotational symmetries, only a tensor of co-polarized and a tensor of
cross-polarized sources have to be calculated. Let us calculate 2z and z7™4, the

xrxr Ty )
remaining tensors can be derived as follows

...rad _ eerad

Zyy lijn = Zavljik (C-29)

«.erad _ rad

222 ig.k |k KN (CSO)

«.-rad _ -rad

A R iy (C.31)

i orad rad

ik = E (C.32)
The calculation of z% and z72¢ is sufficient only to characterize all the radiative
interactions. However, the remaining tensors z Z‘;}d, grad zrad and 7 ;id, calculated

with the permutations shown above, have to be stored.

C.3.2. The Calculation of the Products and the Integrals of
(C.24)

The calculation of ™4 and % ;‘zd can be further simplified with some geometrical

considerations, symmetrles, and tensor operations.



C.3. The Numerical Solution 131

Figure C.3: Numbering of the faces, and their normal unit vectors, of each voxel.

‘rad

T )

6 6
DD (s, x ) (s, x &) I}, (C.33)

k=11=1

Co-polarized Currents. When calculating % (C.24) becomes as follows

where the straightforward calculation of the products (fs,, , X 2)-(fs,, X &) is sum-
marized in the following table

OO R MFEF OO
\
OO R R OO

—_ =0 OO O W

W DD B R

(C.34)

[N e Nl Nl R
OO OO OO ™
_— -0 O O oW

resulting into nonzero entries only for the eight cases for which s, , and fs, , are
both parallel to § or 2. Therefore, the double sum of (C.33) simplifies into

considering the superscript numbering of Fig. C.3. Due to the symmetries, one can
recognize that I33 = [ = I35 = [66 = When calculating all the entries of 724
one can exploit the rotational and translational symmetries to reduce the number of

integrals to perform.

Cross-polarized Currents. In the calculation of z2, (C.24) becomes as follows

6 6
Z Z (ﬁsm,k’ X "i,) ’ (ﬁsn,l X g ) Iﬂk’Lln (036)
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where the straightforward calculation of the products (fs,, , x &)-(fs,, X § ) is sum-
marized in the following table

T - 9 -y 2 -2
z 0 00 00 O
-& 0 0 0 0 0 O
g -1 10 00 O (C.37)
g 1 -1.0 00 0
Z 0 0 0 0 0 0
-2 0 00 00 O
resulting into nonzero values only for fis,, , = 7 and 75, , = £2. Therefore (C.36)
becomes as follows
S SRR SRS R ot (C.38)
When calculating all the entries of 'Z";g:/d, one can exploit the rotational and transla-

tional symmetries to reduce the number of integrals to perform.

C.3.3. The Calculation of the Matrix-Vector Products

Iterative solvers are the most viable option for the solution of large-scale problems.
These require the computation of matrix-vector products in the form of (C.5) to
obtain an approximate solution at each iteration.

The rightmost matrix vector product in its entire form can be decomposed as
follows

ad ad d ad ad ad
zid zn za] [z z:s z:1

ra. ra ra _ ra. ra ra
Zyy Zyy Ll ||uy | = |2y | ue + |2y | uy + |2 s (C.39)
Zrad Zrad Zrad u Zrad Zrad Zrad

Tz Yz zz z Tz Yz zz

where the vectors u,, u,, and u, contain the entries of the currents located in the
x, y, and z oriented basis functions at the g-iteration. Being Z!*d a full matrix, its
multiplication by u,, requires N? operations. However, thanks to the block Toeplitz
form of the matrix, the computational burden of the product can be reduced with the
use of the FFT, scaling the complexity to O(N log, N). First, each of the currents has
to be conveniently transformed into the following (2N, — 1) x (2N, — 1) x (2N, — 1)

size tensor

- [reshape (i) o v 70,...70} (C.40)

Yo
where the reshape operation rearranges the vector u,, into a three-dimensional tensor
of size Nz x Ny x N, and a zero-padding is performed to bring it to the same size of

any 7724 block. Then, the product is calculated for each block as follows

[IFFT (FFT (2730) © FFT (&7,))]

mn

Ng:2N,—1,N,:2N,—1,N.:2N_.—1 (041)
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where ® stands for the Hadamard product. Finally, the tensor resulting from the
products of (C.41) can be reshaped into a vector. Due to the logarithmic number of
operations of the FFT and IFFT, the complexity of (C.39) is scaled from (’)(N 2) to
O(Nlogy N).

Finally, the multiplications by the diagonal matrix Z™2' have to be treated. The
product can be simply seen as an element-wise scaling of all the entries.

These alternative ways to perform the products of (C.5) can be embedded in
the operations of any iterative solver [207, 208], allowing for the reduction of the
computational complexity and relaxing the memory requirements, thanks to the smart
storage described in Subsection C.3.1.

C.4. The Calculation of the Input Impedance

Considering a dipole oriented along x, having a feeding gap § long, and a cross section
A, the input impedance, when considering continuous quantities, is calculated as

follows L .
= E-zdV
A M (C.42)
[, J - 2dA
When the numerical solution is taken into account, considering a gap and a cross
section comprising Ngap and Neess cells, with an amplitude excitation v for every
cell, the input impedance is calculated as follows
Ngapv
Zin = ~ £9P (C.43)

1 gap Necross -
Naap Zj:l h=1 Uh

where ¢;;, are the currents associated with the z-component of the solution.






Appendix D

Semi-analytical Evaluation of the
Transverse Green’s Function

D.1. Expression of the Voltage Wave Solution in Lay-
ered Media

In the transmission line equivalent problem of Fig. 6.1(c), with the positive z-axis
oriented upwards and the unitary current source located at z’, the voltage solution at
z € [t1; t2] can be expressed as the sum of two terms. One models the propagation in
an infinite transmission line with characteristic impedance Zy; and propagation con-
stant k.;, while the other one accounts for the reflections given by the discontinuities
at z =t1 and z = to.

This problem can be simplified with the transmission line sketched in Fig. D.1(a),
where the loads Z; and Z, are the impedances seen at z = ¢; and z = t3, looking
downwards and upwards, respectively. The voltage at z is given by the following
expressions

vi(2) = ViF el (14 Ty ef2hei(t=2) (D.1)

va(2) = Vyhe Ihk=iz (1 + FLgefj%“‘(trz)) (D.2)

where 1 and 2 denote the section below and above the source, respectively, and

Zr1 — Zoi
I'pn=—"7—-+— D.3
M Z0+ Zos (D-3)
Zro — Zoi
[y = L2~ 200 (D.4)

- L2+ Zoi
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Figure D.1: (a) Transmission line circuit. (b) Lumped element circuit.

are the reflection coefficients between the loads Z1,1 and Zi,5 and the line, calculated
at z = t; and z = to, respectively.

By enforcing the voltage at 2’ to be equal to the input impedance Z;, multiplied
by the 1 A excitation, one can derive the following expressions for V;* and V,*

Vi = gt ri;k@—) (D.5)
V= T (D.6)

which yield to the following expressions for v1(z) v2(2)
va(2) = 1+ T pped2h=ilt2=2) —jkzi(2—2") (D.8)

MY 4 T e d2kai(t2—2) c
The input impedance Z;, is the parallel between Z, and Z,, i.e., the impedances
seen at 2/, upwards and 2’ downwards, respectively, as shown in Fig. D.1(b). The
impedances Z; and Z,, can be expressed as follows

Za = Zo; (D.9)

1 + FLzeijkzi(tzle)
1 _ FL2€7j2kZi(t272/)

Zu = Zo; (D.10)
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which allow us to calculate Z;, as their parallel as follows

Zoi (1 +FL26_j2kz’7 (t"’_zl))(l +1“Llej2kzi(t1—z’))

Zn =5 T (D.11)
By using (D.11) in (D.7) and (D.8), one obtains the following expressions
Zo; (1+FLlej2kZi(tliz))(l+FL2€7j2kZi(trZ,)) jkzi(2—2")
vi(z) = S S sy ey e (D.12)
'kai(tl—zl) — 52k, (te—2)
Zoi <1+FL163 )(1—|—FL2€ ) ) ,
va(z) = 22 emikxi(z=%) (D.13)

2 1-— ].—‘Lll—‘Lgeszkz’i(tzftl)

By calculating the products in (D.12) and (D.13), one can write the following voltage
expression,

’01(2’) = % (ejkzi,(z_z’) + Q (Z,Z/)> (D14)
n(e) = B () £ 0 (e.) 019
where
Q2.7 FL2€_jkz7‘,(2t2—z—Z/) n FLle—jkzi(z+z’—2t1)
z2,2') =

1 — T 1D poe—32kzi(t2—t1)
2FL1FLge_ijZi(t2_t1)COS[kzi(Z—Z/)]
1 — T 1D poe—32kzi(t2—t1)

(D.16)

Therefore, one can write the following expression which is valid in either Section 1
and Section 2

v(z) = (e—jknlz—/' +Q (z,z’)) . (D.17)

D.2. Analytical Calculation of the Integrals in Space

In this section, we exploit the formulation for the voltage wave solution in the source
region [168, eq. 72] as described in Section D.1 to have calculate analytically the
integrals in z and 2’ of (6.14). The potentials in (6.7) can be split as in [168, eq. 72]
(or (D.17) of this dissertation), allowing to separate the propagation in an unbounded




138 D. Semi-analytical Evaluation of the Transverse Green’s Function

medium from the reflections, i.e., Q (z, z’). This allows us to write the Green’s function
as follows

x

. 1 ZEM ( —jkeilz=2'| L QTM (z,z’)) 12
Goy (kyy by, 2,2') =

T2 K2+ k2
AP (A Q)
2 k2 + k3 '

and allowing us to split (6.14) into one integral for the unbounded medium and one
integral for the reflections for both the TE and the TM mode. As the integrals for
the unbounded medium and the reflections are essentially the same for the TE and
TM, the solutions shown in this document are grouped in two classes.

The formulas presented here are referred to the current distribution (6.26) but can
be easily extended to the two-flows formulation of (6.17) and (6.18).

D.2.1. Unbounded Medium

The term associated with the unbounded medium is written as follows for the TE
and the TM case

A TE/TM +Othm( )Jtn_ W= W= - ﬁz’fwz
~ /_oo : k?—i—lyc? k2// R T

<R* S G “’”)N’“n“’dzdz'] dk, (D.19)

with ¢ = {x,y} for TE and TM, respectively, and A the square of the normalization
factor of (6.26). The integrals in z and 2’ are calculated analytically, while the
remaining integral in k, is calculated numerically. The space domain integrals are
calculated with the following expression

/ z/ z (Re_lt;rpjz/ —|—el"+P (Z —wz))<R* 1 +e ‘S” e w2)>6 Thzilz—z ‘dZdZ
0 0

=1+ s+ 0+ 1+ 1 (D.20)
where

62

2w, wy Cwy 2wy
Ifsz* y { ’ 1 (17 ) g ) N _g]: |: Jﬁ ( ] g 71>:|}
1 1= @Gkt 1) (R*+1) e e m |Re e
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s = o (R +21) [1 v (ak+1;;7)]
(kzibp+1)" +1

144
wzﬁ _ o dkziw:
If* = 262¢ ¢ Re[R
P 2,62 — 2+ 25k, o [R]

g L s re® (1o
LT (ko —1) m[ ¢ ,,( —° p)}

JE oy (R2+1) (ezgjj L ws (]k+15p])>

(k2ibp —1)2 +1

1-3 2wz .
— e % e~ dkziws:

D.2.2. Reflections

As for the term involving the propagation in an unbounded medium, the reflections
are taken into account with the following integrals

TE/TM o) Wz Wz
. AZOz / * Jtym ( ) Jtyn - k2 R€ 6 + e 6:0 (Z— )
4 kZ + k2

— 00

(R* 1 +€ ép (Z wz)) QTE/TM( I) dZdZ/] dky (D21)

where QTE/™ (7, 2/} is the reflection term defined in (D.16), where the reflection
coefficients are calculated for the TE or TM case. As previously done, the space
integral can be split as follows

/’u)z /wz (Re 1; —|—el‘;: (z_wz)) (R*e—lé;pjz_'_els;pj(z—wz)> QTE/TM (Z,Z/) dzds’

= I+ I¢ + 19 +1¢ (D.22)
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Appendix E

Study on the Current Spectrum of
an Infinitely Long Dipole

E.1. Dynamic Current Space Distribution
Given the expression of the spectrum of the dynamic current (6.31), its space domain
expression can be conveniently written as follows

A2
iayn () = f () * %rect (%) = % / f(x—2a')ds’ (E.1)

—AJ2

where f is a function to be determined, whose spectrum is defined in (6.31), and
which can be calculated with the following inverse Fourier transform

+oo
1 iy
J)= 27r/ D7y ) Ok — ) (R 1 Foy)

eIk k. (E.2)

The considerations regarding the integral (E.2) are the same for (6.29). However,
as we want do derive an analytical expression for f, both z < 0 and x > 0 must
be considered. By combining the expressions resulting from the two conditions, one
obtains f(x) as follows

_e_jkwp|r|

f (@)= —Jm (E.3)

which is a single expression valid for every value of x.
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Consequently, one can calculate the dynamic current as follows

‘ A2

- J -7 z—z'

tayn (x) = “AD () / eI kanl |da! (E.4)
YA

where, due to the absolute value at the exponent, different approaches have to be
used.
If e < —A/2 or z > A/2, (E.4) is written as follows

A/2

jeFikere / tjkapa’ 1
_IET [ ke g (E.5)
AD'’ (kyp)

—AJ2

where the choice of the signs at the exponent is for > A/2 and < —A/2, respec-
tively, and by calculating the integral, one finds the expression (6.32).

If —A/2 < & < A/2, one can define the change of variable 2" = © — 2/, write (E.4)
as follows

) z+A/2
J —jkepla’| 7.1
——— e P dy E.6
AD' (kyp) / (E-6)
z—A/2

and expand the absolute value as follows

) 0 T+A/2
_ J Fkape” ot / —ikapa” g E
AD (b / e "+ e x (E.7)
z—A/2 0

and finally, by integration, one obtains the expression (6.33).

E.2. Asymptotic Transverse Green’s Function

By recalling the definition of the sinc function

wy /2
1 .
sinc(kywy> = — / elkv¥ dy (E.8)
2 Wy
—wy /2
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Figure E.1: Sketch of cut-off modes propagating in stratified media and their equivalent propagation

in an homogeneous medium.

the integral between —w, /2 and w,/2 can be written as the superposition of three

contributions as follows

+oo —wy /2 +o0
1 /ejkyydy_ / eIFuy dy — /ejkyydy
Wy

> -0 wy /2

By substituting (E.9) into (6.14), one obtains the following expression

where

Dy = p<jt,j~t>A

Wy Wy
Jiy(0 -
Dy (ks) = —w—() / / G (ke, 0,2,2) 0.2 ()] . (2) ded!
Y
00

(E.9)

(E.10)

(E.11)

(B.12)
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D . EJ
2 (ky) 27rwy/[//</G (kg by, 2, 2")

x Jpy(ky) e?*v¥dk )jt,z () ;. (2) dzdz’] dy (E.13)
with Coo = [—00, —w,,/2]U[w, /2, +00]. For large values of k;, k. has a large imaginary

part, making the propagation along z strongly attenuated. Therefore the contribu-
tions of the reflections are negligible, and the source can be represented as to be
radiating in an homogeneous medium, as shown in Fig. E.1. The integral between
the round brackets in (E.13) can be written in the following form

+oo

(k* — k2) / Mejkyy/dky (E.14)
\ K2 k2 — k2

—00

where Jy is the first-kind zeroth-order Bessel function and the homogeneous space
Green’s function has been used. The solution of (E.14) can be seen as the field
radiated at y’' € C by lines of current located between —w, /2 and w,,/2 and having
the profile of j;,, having expression

m (k2 = k2) B (VA =Ry |) * o () (E.15)

where HéQ) is the second kind zeroth order Hankel function. For k; — oo, the Hankel
function represents a spatial decay, which can be made arbitrarily small. Therefore,
the contribution of (E.13) results negligible with respect to (E.11) and (E.12).

E.3. Calculation of the Dynamic Admittance

The dynamic admittance Yy, is defined with the spectral domain integral (6.35) and
due to its integrand function can be expressed — in a similar fashion as (E.1) — with
the following space integrals

AJ2 AJ2
/ [ (x — ') deds’ (E.16)
—AJ2—AJ2

1

Yam = 32
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where the function f is the same as (E.3), and which allows us to express Ygy, as
follows

_ A2 [ A2

_ J —jkeplz—2'] /
Yoyn=——-—"—— JRxp d dx. E.17
dy D’ (k:cp) A2 A//2 A//2 € £ €T ( )

The integral in brackets can be calculated as in (E.7), which results into (6.33),
allowing us to calculate the dynamic admittance with the following single integral

A2
2 .
S S 1= cos(kypx)eTker/2 E.1
5 A / (1—cos(kapr)e ) d (.18)
—AJ2

which can be closed into the following expression

2

m (eijkIpA/Q sinc (kpr/2) — 1) . (Elg)
Tp xp

By expanding the complex exponential in (E.19) into sine and cosine, and by using
the identity cos () sinc (z) = sinc (2z), (E.19) can be rewritten as follows

2 (sinc (kgpA) — 1) J .o [ kepA
— E.2
koD’ (kep) D () 0\ 2 (120)

which yields (6.36), (6.37), and (6.38).
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IT.

ITI.

Iv.

VL

VIL

Propositions Accompanying the
Doctoral Thesis

. The massive MIMO performance of an antenna design or even a manufactured

prototype can be assessed with the aid of the observable field, which also allows
a comparison with the maximum gain antenna located within the same space.
This proposition pertains to Chapter 2 of this dissertation.

In a phased array system, it is possible to radiate orthogonal beams regardless
of the mutual coupling levels between the feeding ports. The only constraints
regard the beam overlap and the side lobes. This proposition pertains to Chap-
ter 8 of this dissertation.

When analyzing integrated antennas, it is possible to split the reflections caused
by the material discontinuities from an outwardly propagating wave emerging
from the feed. This proposition pertains to Chapter 5 of this dissertation.

The input impedance of a dipole is given by the superposition of three different
phenomena: the capacitance of the feed, the propagation on the dipole’s arms,
and the endpoint contribution. This proposition pertains to Chapters 6 and 7
of this dissertation.

. Thanks to rationality and scientific knowledge, we have created an unprece-

dented wave of progress that has meliorated our quality of life. As we all live
longer, healthier, and with easy access to food, some of us can dedicate their
time to intellectual efforts, and this constitutes a self-sustaining process.

Communicating science to the general public is somewhat the opposite of what
the scientific method is.

According to Kahneman and Tversky’s studies, two modes of reasoning co-exist:
System 1, which is instinctive and fast, and System 2, which is rational but slow.
Ordinary daily lives often rely on the autopilot mode of System 1. Scientific
researchers have to rewire their brains to let System 2 act most of the time.
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VIII. Our society constantly exposes us to news, mostly which diverts our attention
and triggers our instincts. Under these circumstances, it is difficult to distin-
guish the truth from the false, delve deeply into the matter, and form an opinion
that is factual, independent, and rational.

IX. You should not compare yourself to others. Everyone’s starting point is different,
and we are all immersed in different circumstances. Therefore, the highest
recognition is only the one you obtain from yourself.

X. Irony and self-mockery allow to see critically the outer world and yourself, and
these both are essential tools to bear existence. Unfortunately, they are not at
everyone’s disposal.

These propositions are regarded as opposable and defendable, and have been
approved as such by the promotors prof. dr. ing. A. Neto and dr. D. Cavallo.
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