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Summary

Wireless Radio Frequency (RF) systems have revolutionized the way we transmit
and receive information from mobile platforms. In recent decades, the number of
applications relying on wireless technologies, including telecommunications, radar,
and sensing, have exploded. RF engineers have pushed the technological boundaries
to feed our appetite for more information through the wireless networks.

However, congestion in the low-frequency radio spectrum means that applications
are in a continuous battle to be as spectrally efficient in the frequency bands allo-
cated to them. This strategy has worked well for many wireless generations, but
has added considerable challenges due to increased system complexity and decaying
energy efficiency.

A promising alternative is the search for larger spectral real estate, where only
moderate modulation orders are required. This frequency bandwidth is readily avail-
able above 100 GHz, where swaths of unlicensed spectra with limited atmospheric
absorption are waiting for novel applications. By tapping into this unused resource,
the next generation of mobile communications and sensing could unlock near un-
constrained data rates or time resolutions. The high carrier frequencies furthermore
enable miniaturization of the antenna systems, which in turn allows compactness for
as yet unimagined applications.

Unfortunately, developing wireless systems at such frequencies is quite challeng-
ing. The shrinking wavelengths at D-band frequencies require a radical redesign of
our wireless systems and networks. Integrated circuit technologies, despite showing
promising developments, cannot yet offer good enough performance to overcome the
large free-space propagation spreading loss at these wavelengths. High-gain, wideband
antennas with narrow beams appear to be the go-to solution to meeting link budget
requirements. For these antennas to be commercially successful, novel technologies
for low-cost antenna packaging, integration and fabrication, and innovative antenna
architectures are therefore necessary. This thesis addresses many of these challenging
aspects for D-band antenna systems, and is separated into three parts.

First, a wideband high-gain lens antenna architecture is proposed, designed to be
compatible with fully integrated antenna front-ends. Its feeding antenna is positioned
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on a low-loss fused-silica interposer. Then, a dual-lens consisting of a high permittivity
’core’ lens and a low permittivity ’shell’ lens is introduced to achieve both a high front-
to-back ratio with the lens feeding antenna, as well as increased degrees-of-freedom for
antenna shaping. The combination of fused-silica interposer technology, and the high-
density core lens, enables the propagation of leaky-wave modes, which in turn allow
for highly efficient illumination of an electrically large shell lens. This elliptical shell
lens is what delivers the high directivity to the free-space medium. Then, to better
integrate the spherical core lens, a novel flat core lens architecture was developed
and fabricated. This novel core lens design is electrically spherical, but provides a
physically flat interface. The resulting core lens is very compact (less than 6 mm in
diameter), and could potentially fit inside the RF packaging, thereby unlocking novel
integrated lens solutions.

Then, the thesis shifts its focus towards the development of Quasi-Optical (QO)
techniques for the characterization of antennas and materials. The first QO mea-
surement contribution focuses on sub-THz probe-fed antennas, that are particularly
challenging due to their sensitive mechanical and electromagnetic properties. A QO
near-field measurement strategy is developed for accurate characterization of these
high-gain probe-fed antennas in a planar mechanically scanned setup. Calibration
and modelling techniques allow for an accurate measurement of antenna reflection-
coefficient, directivity and gain. Experimental data were presented, validating the
proposed approach and characterization bench. The second QO measurement con-
tribution was made to advance the field of sub-THz material characterization. A
waveguide-based, lens antenna architecture was proposed that achieves high-efficiency
near-field coupling, and allows for QO Thru-Reflect-Line calibration. Wideband per-
formance could be obtained, generating inhomogeneous plane-waves with high Gaus-
sicity and low field spreading effects due to the high-density dielectric lens materials.
Two materials-under-test were studied in full-wave simulations, indicating good char-
acterization capabilities of the QO measurement setup.

Finally, the thesis aims for full system integration, where the developed antenna
elements are now incorporated into a Fly’s-Eye antenna system with hemispherical
coverage. It does so by first presenting a full system-level optimization of the Fly’s-
Eye array topology and geometry. A novel conformal lens array architecture based
on the Goldberg icosahedron is presented, together with a computationally efficient
optimization method. Such optimization is performed over the full far-field hemi-
sphere in terms of pattern uniformity, directivity and interference. The icosahedral
design enables a great reduction of the number of unique elements due to the 60-fold
symmetry planes. This way, improved potential for mass-fabrication and lower cost is
unlocked. Next, a chapter is dedicated to the characterization of wideband flip-chip
interconnects using high-accuracy Thru-Line-Reflect calibration techniques. The flip-
chip components were found to be wideband and low-loss, paving the way for low-loss
front-end integration with minimum impact on system performance. They enable
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the full integration of D-band RF integrated circuitry on the fused-silica interposers.
The latter is described in the final chapter, where the work-in-progress on front-end
design strategy and fabrication is presented, demonstrating the feasibility and current
challenges of the technological implementation.





Samenvatting

Draadloze Radio Frequentie (RF) systemen hebben de manier waarop we informatie
versturen en ontvangen vanaf mobiele platformen gerevolutioneerd. De laatste decen-
nia is het aantal toepassingen die afhankelijk zijn van draadloze technologieën, waar-
onder telecommunicatie, radar, en waarneming, enorm toegenomen. RF-ingenieurs
hebben de technologische grenzen steeds opgeschoven, om ons van de groeiende vraag
naar draadloze informatie te voorzien.

Echter, congestie in het laagfrequente radiospectrum, betekent dat applicaties
continu in strijd zijn om zo efficiënt mogelijk om te gaan met de bandbreedte die
hen is toegewezen. Deze strategie heeft voor vele draadloze technologische genera-
ties gewerkt, maar staat nu onder druk door toenemende uitdagingen. Met name
de verhoogde systeemcomplexiteit en de verminderde energie-efficiëntie zorgen voor
problemen in verdere groei.

Een veelbelovend alternatief is het zoeken naar meer spectraal bandbreedte, waar-
mee met een verminderde modulatiegraad een gelijkwaardige of hogere datasnelheid
kan worden bereikt. Deze bandbreedte is verkrijgbaar bij frequenties boven 100 GHz,
waar ongelicenseerde bandbreedte met beperkte atmosferische absorptie wacht op
nieuwe applicaties. De volgende generaties van mobiele communicatie en waarne-
ming zouden met deze bandbreedte ongeëvenaarde datasnelheden en tijdsresoluties
kunnen behalen. De hogere draagfrequentie met kortere golflengte, zou bovendien ver-
dere miniaturisering van antenne systemen mogelijk maken, wat bijdraagt aan nieuwe
compacte toepassingen.

Helaas is het ontwikkelen van draadloze systemen bij zulke hoge frequenties niet
zonder uitdagingen. De kortere golflengtes boven 100 GHz frequenties vereisen een
radicaal herontwerp van onze draadloze systemen en netwerken. Ondanks de veel-
belovende ontwikkelingen in geïntegreerde schakelingen zijn de prestaties van deze
schakelingen op deze frequenties nog niet voldoende om de grote verliezen door propa-
gatiespreiding te overbruggen. Antennes met grote bandbreedte en hoge versterking,
die dunne radiatiepatronen hebben, worden als oplossing gezien om alsnog het beno-
digde vermogensbudget te behalen. Om deze antennes commercieel succesvol te laten
zijn, zijn nieuwe antenne technologieën en architecturen voor goedkope verpakkingen,
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integratie en fabricage nodig. Deze doctorale thesis kaart veel van deze uitdagende
aspecten voor hoogfrequente antenne systeem aan, en is onderverdeeld in drie delen.

Allereerst wordt een breedbandige lensantenne met hoge versterking geïntrodu-
ceerd. Deze lens is ontworpen om compatibel te zijn met een volledig geïntegreerde
elektronische koppeling. De voedingsantenne is gepositioneerd op een intermediair
kwartsglas met laag verlies. Een duale lensarchitectuur met een hoge permittiviteit
’kernlens’ en lage permittiviteit ’omhulsellens’ wordt gepresenteerd, waarmee zowel
een hoge voor-achterverhouding kan worden behaald met de voedingsantenne, als-
mede een toename in het aantal vrijheidsgraden in antennevormen. De combinatie
van intermediair kwartsglas en de hoge dichtheid kernlens laat de propagatie van
lekgolfmodi toe, waarmee hoogefficiënte illuminatie van de omhulsellens mogelijk is.
Deze elliptische omhulsellens zorgt voor de verhoogde directiviteit in het vrije-ruimte-
medium. Vervolgens, om de sferische kernlens beter te kunnen integreren met het
antennesysteem, wordt een nieuwe vlakke kernlensarchitectuur ontwikkeld en gefabri-
ceerd. Dit nieuwe ontwerp is elektrisch sferisch, maar fysiek vlak. De resulterende
kernlens is met minder dan 6 mm diameter erg compact, en kan daardoor potentieel
in RF-verpakkingen passen, waardoor nieuwe geïntegreerde lenstoepassingen mogelijk
worden.

Vervolgens schuift de thesis de aandacht richting het ontwikkelen van Quasi-
Optische (QO) technieken voor het karakteriseren van antennes en materialen. De
eerste bijdrage aan QO-meetopstellingen gaat over het meten van sub-THz anten-
nes gevoed door sondes, die bijzonder uitdagend zijn om te meten door de gevoe-
lige mechanische en elektromagnetische eigenschappen. Een QO meetstrategie in het
nabije-veld is ontwikkeld voor het nauwkeurig karakteriseren van deze sondegevoedde
antennes met hoge versterking in een vlakke mechanisch gescande meetopstelling.
Kalibratie- en modelleertechnieken zorgen voor een accurate meting van zowel an-
tennreflectiecoëfficiënt en directiviteit als antenneversterking. Experimentele data
wordt gepresenteerd, waarmee de voorgestelde aanpak en opstelling worden geve-
rifieerd. De tweede contributie richting QO metingen wordt gemaakt binnen het
kader van sub-THz materiaalkarakterisatie. Een op golfgeleider gebaseerde lens an-
tenne architectuur wordt gepresenteerd, wat een efficiënte koppeling in het nabije-veld
kan behalen, en daarmee een hoog accurate QO ’door-lijn-reflect’ kalibratie mogelijk
maakt. Breedbandige prestaties kunnen hiermee worden behaald, waarmee inhomo-
gene vlakke golven met hoge Gaussiciteit en lage veldverspreidingseffecten kunnen
worden gegenereerd dankzij de hoge diëlektrische dichtheid van de lenzen. Twee test-
materialen worden vervolgens bestudeerd in volledige golfsimulaties, en geven goede
karakterisatie-eigenschappen van het QO-systeem aan.

Tot slot richt de thesis zich op de integratie van een compleet antennesysteem,
waarbij de ontwikkelde individuele antenne-elementen nu geïntegreerd worden in een
Fly’s-Eye-antennestelsel met hemisferische dekking. Om dit te bereiken, wordt eerst
een volledige optimalisatie van de Fly’s-Eye-topologie en -geometrie op systeem niveau
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geïntroduceerd. Een nieuwe conformele lens-antennentelselarchitectuur gebaseerd op
een Goldberg icosaëder wordt gedemonstreerd, samen met een rekenkundig efficiënte
optimalisatiemethode. Deze optimalisatie over de gehele verre-veldhemisfeer, is geba-
seerd op uniformiteit van het stralingspatroon, directiviteit en interferentie. Het geko-
zen icosaëderontwerp biedt een grote reductie in het aantal unieke antenne-elementen
door haar 60-voudige symmetrievlakken. Hierdoor is er een grotere potentie voor
massafabricage en verminderde kosten, ten opzichte van ontwerpen met minder sym-
metrievlakken. Hierna wordt een hoofdstuk toegewijd aan het karakteriseren van
breedbandige ’flip-chip’ interconnecties met hoge accuratesse ’door-lijn-reflect’ kali-
bratietechnieken. De flip-chip componenten zijn gekarakteriseerd als breedbandig
met laag verlies, en hebben daardoor een beperkte negatieve invloed op de algehele
prestaties van het Fly’s-Eye systeem. Met de flip-chip kunnen de geïntegreerde RF-
schakelingen op het kwartsglas worden geplaatst. Deze en andere integratiestappen
worden beschreven in het laatste hoofdstuk, waar de ontwerpstrategie en fabricage
van het ontwerp worden gedemonstreerd om zo de technologische mogelijkheid en
huidige uitdagingen van het ontwerp aan te tonen.
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Chapter 1

Introduction

1.1. A Brief History of Wireless Telecommunications

MODERN civilization is heavily dependent on efficient information gathering,
communicating, and processing. It is in our nature as curious creatures

to obtain information, and scientific progress would be more difficult without its
efficient flow. The exchange of information over long distances is what we refer
to as telecommunications. Nowadays, we take near speed of light communicating
for granted. However, for most of our ancestors, telecommunicating has been a
troublesome effort, constrained by the laws of nature.

All forms of communication must rely on a transmitter as a source of information,
a channel in which an information carrier flows, and a receiver to receive and process
such information. If successful, the information received is the same as the one
transmitted. Unfortunately, some information is lost due to an unclear transmission,
problems at the receiver, or simply lost in the complexities of the channel.

Transmission of information relies on a carrier that can take on many distinct
forms. From a homing pigeon carrying letters, where the information is hidden in
optical symbols (the alphabet in this thesis), to the gossiping aunt that uses spoken
language with audio symbols, where acoustic waves carry the information as it
propagates through the air. Unfortunately, both optical and mechanical (acoustic)
do not carry our information very far, as such carriers attenuate the waves rapidly
due to their physical nature, and are adversely affected by weather conditions.

To escape these constraints, scientists and engineers of the 19th century devised
novel techniques and devices to enhance our telecommunication abilities. The
electrical telegraph, arguably the most revolutionary invention in the field of
telecommunications, made reliable communications over vast distances possible.
Such an electric carrier enables near speed of light (299,792,458 meters-per-second)
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communications, almost independent of weather conditions. While today we use
optical fibers as our information backbone, such networks would still be dependent
on metal or glass connections were it not for the wireless communication revolution
in the 19th and 20th centuries.

Critical to this revolution was the revelation of nature’s connection between
electric fields, magnetic fields and light, as theoretically unified in the famous
Maxwell’s equations. These equations made the invisible parts of the electromagnetic
spectrum, what we now call ’radio’ waves, visible to those equipped with the right
mathematical tools. Contrary to mechanical waves, electromagnetic waves do not
rely on a medium for propagation, and can propagate even in vacuum. Such
waves have highly beneficial properties for communicating over vast distances, and
their interaction with matter could now be mathematically predicted, opening up
possibilities for radio detecting and ranging (radar) and unique sensing applications.

The interface between our electrical devices and the free-space radio waves are
known as antennas, and are vital for achieving efficient radio links. The first antennas
were relatively simple metal rods or wires that converted the electromagnetic waves
into electric currents, and vice versa. Because the electromagnetic waves spread
spherically as a function of distance, the majority of their intensity (or power) is
lost before it reaches the receiver. Progress made in the scientific field of antennas
has led to antennas that are much more energy efficient, by shaping its radiative
patterns according to the application’s strict demands.

In parallel, advancements made in electronics enabled the generation, amplification
and detection of faint electrical signals. While the list of electrical inventions required
to reach today’s wireless networks is too extensive for this thesis, it is in particular the
invention and continued developments of the Integrated Circuit (IC) semiconductor
transistor, that enabled the miniaturization and compact amplification of the faint
electromagnetic signals. This has enabled the transmission of information over
long-distance channels, whilst being integrated in compact everyday devices.

However, all these developments would have been fruitless without a fundamental
understanding of information itself. Developed halfway the 20th century, Claude
Shannon provided a mathematical framework for the modern information theory.
The famous Shannon-Hartley theorem [1] provides a theoretical upper bound to the
speed (in bits per second) at which information can flow over a channel, provided
the average signal power and average noise power, both observed over the channel
bandwidth. The ratio of signal-to-noise-power lies at the heart of any wireless
system; An increase in bandwidth is directly proportional to the information-carrying
capacity of such a system. For telecommunication applications, the shorter symbol
duration leads to an increased wireless data capacity. For radar systems, the
decreased pulse time leads to an improved range resolution. As such, most RF
systems would benefit greatly from an increased RF bandwidth.
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Today, developments in wireless communication and sensing have revolutionized
our modern world. By enabling the transmission (TX) and the reception (RX) of
information over vast distances, Radio Frequency (RF) technologies have unlocked
an explosive number of applications varying across a wide range of topics. Examples
include but are not limited to telecommunications, military or civilian radar,
to earth or space observation. Unfortunately, spectral bandwidth is a limited
resource, particularly in the heavily congested low-frequency spectrum. This has
led to increased competition in bandwidth allocation between different applications.
Furthermore, the rising electricity consumption of our wireless systems, together with
the continued demand for increased data rates is leaving modern-day scientists and
engineers faced with serious challenges in providing continued sustainable growth.
This thesis hopes to be a very small part of an improved wireless world.

1.2. Wireless technologies beyond 100 GHz

LARGE efforts have pushed wireless systems to become more spectrally efficient.
Advanced modulation techniques have enabled bandwidth-limited communication

systems to still obtain impressive data rates, generally at the cost of power efficiency
[2]. The growing demand for higher-order modulation techniques require higher SNR
and linearity, thereby increasing complexity and DC power consumption.

A different approach could be to use less complex transceivers with only moderate
spectral efficiencies, and instead focus on obtaining Ultra-Wideband (UWB) spectra
[3]. This drive towards higher frequencies has pushed researchers to much higher
carrier frequencies. In particular, wireless network development is showing a great
interest towards submillimeter-wave frequencies above 100 GHz. The D-band,
ranging from 110 GHz to 170 GHz, presents an abundance of unlicensed spectrum,
that is attenuated by only limited atmospheric absorption [4]. The increase in
bandwidth using these spectral bands can enable short-range wireless channels with
large data throughput. Such high data throughputs and resolutions allow for new,
as yet unimagined applications [5]. For these reasons, the D-band is targeted for the
6th generation of wireless communications, known as 6G.
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Because of these promising new opportunities, the D-band has been an active
topic of extensive research. Recent implementations demonstrate that this frequency
band is no longer science fiction, as many studies have reported data rates of over
100 Gb/s [6]. In [7], a peak data rate of 200 Gb/s was achieved, albeit at a short
15 cm range. For radar, UWB radar operating between 126–182 GHz is shown to
achieve 2.7 mm range resolution [8]. Such technologies could potentially even be
combined into an Integrated Sensing And Communicating (ISAC) wireless system
[9], thereby further enabling applications that are science fiction to us now.

While these studies demonstrate the potential for D-band wireless systems,
unlocking the full potential of the sub-THz band with > 1000 Gb/s transfer speeds
over distances > 500 m has not yet been fulfilled [6]. As will be demonstrated in
the next section, there are still many challenges to address in order to achieve full
technological scalability and economic success for sub-THz wireless systems.

1.2.1. Challenges for D-band Antenna System Design

Figure 1.1: Typical RF system block diagram for TX (left) and RX (right).

Unfortunately, these high carrier frequencies also provide a large set of challenges
for antenna systems. These challenges come in the form of physical, technological,
and economic boundaries, all linked to the increasingly shorter wavelengths at
sub-THz spectra. As we will see, the implementation of these technologies over
UWB frequency ranges remains difficult, as high performances must be attained
throughout the RF system [2]. This section will briefly outline several of these
challenges, by providing a birds-eye-view of the isolated wireless system components.

Fig. 1.1 shows an overview of a typical TX-RX front-end architecture, adapted
from [10]. On the left side, there is the TX that mixes the Intermediate Frequency
(IF) signal with the Local Oscillator (LO), to generate the upconverted RF signal.
The RF signal is then amplified by the Power Amplifier (PA), and is sent to the
antenna for transmission over the wireless channel in which the electromagnetic
fields must propagate. On the right, there is a generalized RX topology that
receives the RF signals from the antenna. These signals are passed through a
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Low-Noise-Amplifier (LNA), and is then downconverted to IF by mixing with the
LO.

As an overview, we will go through the most common challenges found in each of
these building blocks separately. Note, however, that while low-frequency RF systems
could practically consider the components inside TX and RX as existing in isolation,
> 100 GHz wireless systems enforce co-design between the different components.
Problems such as excessive thermal build-up or mutual coupling will not only affect
the discussed component, but all other components inside the integrated antenna
system. This makes the field truly challenging, as the antenna designer is forced
into the role of complete system designer. A final set of challenges is found in
the high-frequency characterization of all these antennas, RFICs, interconnects, and
materials in general. This topic will be touched upon in the final subsection.

D-band Integrated Circuit

Figure 1.2: (a) Literature overview of the saturated output power of a power amplifier for TX,
studied for various IC technologies. Taken from [11]. (b) Similar study but now for the receiver
noise factor for RX. Also from [11].

One of the current main limiting factors for D-band wireless systems
are the available Integrated Circuit (IC) technologies. In particular, the
technology-dependent transistor switching speed presents a key bottleneck towards
high-frequency system performance. As the carrier frequencies approach the
commonly used fT /fmax metric, a decrease in Power-Added Efficiency (PAE) is
obtained [2]. Such decrease in efficiency results in thermal issues in the ICs, and a
reduction in the already power-limited high-frequency devices.

On the TX side, this is particularly problematic for the PA, the component
that is commonly associated to the largest DC power consumption in a transceiver
chain [12]. Fig. 1.2a shows an overview of the PA saturated output power Psat for
D-band frequencies across different IC technologies. While Psat can be increased by
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integrating for example Indium Phosphide (InP) Heterojunction Bipolar Transistors
(HBTs), such IC technology does not integrate well with digital IC techniques,
and presents difficult economic scaling. Therefore, silicon-based technologies are
preferred for their integration capability with high volume and relatively low costs
[13]. Unfortunately, their Psat is limited to only 18dBm, with a PAE of only
12% [11]. To achieve higher Psat, more amplification stages are required, in turn
occupying more IC area and consuming more DC power [2]. These problems worsen
with more complex modulation techniques, requiring larger linearity, and therefore,
increased IC device power ’back-off’ with lower PAE [10].

On the receiver side, similar performance degradation due to higher switching
frequencies is observed. This is visualized in Fig. 1.2b, where D-band RX
Noise Figures (NFs) for the LNA, mixers and receivers are visualized. As shown,
the high-frequency NF is more than 3 dB higher compared to their < 30 GHz
counterparts [11]. Lowest NF values are reportedly achieved for narrowband systems,
where further optimization can be applied [14].

In addition, the higher carrier frequencies also affect numerous other active and
passive components. Negative degradation includes higher In-phase Quadrature-
phase (IQ) imbalances, LO phase noise, and baseband IF energy efficiency. In [11],
the conclusion was drawn that while above-mentioned effects are not fundamentally
limited, the total system power efficiency (and therefore related thermal problems),
are current technological constraints limiting current developments. Collectively,
these factors contribute to a reduction in the overall system link budget.

D-Band Antennas

Due to these performance limitations in current IC technology, alternatives are
required to meet system power budgets. The antenna could play a crucial role in
providing the sufficient wideband gain required for the wireless link. The channel
shown in Fig. 1.1 is where most of the radiated power ends up lost in the atmosphere
for non-directive antennas. Instead, by focusing the radiated energy into a narrow
beam, more efficient wireless links can be achieved that can potentially fulfill the
D-band link requirements. Such a link budget can be mathematically described by
the famous Friis’ equation for transmission:

PRX

PTX
= GtGr

(
λ

4πR

)2
(1.1)

where Gr and Gt are the receiver and transmitter antenna gains, respectively,
λ is the free-space wavelength, and R is the propagation distance [15]. The factor
L = (λ/4πR)2 represents the free-space path loss, which can be compensated for by
increasingly large Gt and/or Gr. In [16] the feasibility of also long-range D-band
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wireless links was emulated over a distance of up to 2.3 km. Such link could only
practically be achieved using 40 dBi gain TX and RX antennas.

Naturally, the question arises how to cover large angular areas using increasingly
narrow beams. Here, the highly directive antennas face problems obtaining full
hemispherical coverage required for many applications. This problem, known as
antenna pattern reconfigurability, is identified as one of the key problems facing
future high-gain antenna systems [6]. Particularly challenging applications require
(near) omnidirectional coverage, a topic that will be one of the focus points of this
doctoral work.

To understand why this is problematic, we have to distinguish between the
different types of antenna architectures. These architectures need to be either scalable
enough to fit in a multi-beam array, or have (mechanically or electrically) adaptive
beam patterns. Although mechanical steering can achieve full omnidirectional
coverage, it comes with a number of disadvantages, such as reliability issues, lack
of compactness, and slow speed of scanning [6]. In this thesis work, only highly
integrated antennas using low-cost materials will be considered. The classes of
antennas meeting these requirements in sub-THz domain are broadly defined as lens
antennas, phased arrays, reflect arrays, transmit arrays and leaky-wave antennas [6].

Transmit arrays offer simpler electronic front-ends, as the feeding antenna is
separated from the array [6]. Low cost, Printed Circuit Board (PCB)-based
transmit arrays were presented in [17] and [18] with high gain. However, such
arrays suffer from low aperture efficiency, and have limited gain-bandwidth product.
Next, a 24×16 slot-array fed by gap-waveguide technology was presented in [19].
Although excellent aperture efficiency is achieved, the gap waveguides have limited
bandwidth, making them unsuitable for wideband applications. Lens antennas use
their electronically large volumes in order to generate high antenna gains, although
this generally comes at the cost of narrow beam steering range [6]. Previous works
([20, 21]) have incorporated feeds with tilted beams to improve their scanning
capabilities. Integrated lens antennas based on leaky-wave feeds were presented
in [22, 23], and have shown very large operational bandwidth. Still, in literature,
the large majority of integrated lens designs are based on waveguide feeds, [22–26],
which make the front-end integration more difficult and costly at high frequencies.
Finally, in [27], a complete integrated antenna solution with an on-package feed was
presented. It achieves a high feed directivity using a 2×2 patch array, at the cost
of high feeding network losses. Also, the lens material has high losses, limiting the
scalability of the lens to reach >30dBi gains.

Phased-array architectures are commonly envisioned to solve the antenna pattern
reconfigurability problem, where electronically scanned beams enable rapid angular
switching of the radiation patterns. Their adoption into the > 100 GHz spectrum
is slowly becoming more commonplace, with examples including [28]. Furthermore,
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such architectures present a solution to the shortcomings in Psat, as they enable
superposition of the radiation patterns of many combined elements.

Unfortunately, their scaling to higher frequencies is not without challenges.
Traditional phased-arrays require λ/2 spacing to avoid grating lobes in the far-field
radiation patterns. This means that in order to achieve the high antenna gains,
many antenna elements are required to create any significant antenna aperture. The
element density in turn causes thermal problems that, if left unaddressed, cause
components such as the PAs to suffer from reduced performance [2]. This makes
scaling towards larger arrays challenging. Furthermore, sub-THz phased-arrays
generally suffer from beam-squinting effect, where the main beam pointing angle
changes as a function of frequency. Due to this narrowband limitation, only
few systems have demonstrated active phased-array beam steering with data rates
beyond 10 Gb/s [11]. While True Time Delay (TTD) could one day enable wideband
phased-array operation, current implementations suffer from low phase resolution,
high insertion loss, and large IC area occupation [11, 14]. Numerous other challenges,
such as the losses in feeding networks and digital processing consumption, further
complicate (economical) implementation of phased-arrays.

D-Band Integration Technologies

Figure 1.3: Different integration topologies. (a) Antenna-on-board, (b) Antenna-on-Chip, (c)
Antenna-in-Package

Next, we briefly discuss another important aspect of the wireless system design.
Namely, how to integrate the high-frequency antennas and aforementioned RFIC
front-ends together. This is what will be referred to as the RFIC integration
technology. In literature, three main classes of techniques are defined, shown in
Fig. 1.3. The first, Antenna-on-Board (AoB), is where the antenna is located on a
Printed Circuit Board (PCB) technology. This is a fabrication technique known for
its low costs, high production scalability, and fast time-to-market [2, 11]. However,
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at higher frequencies (such as D-band), significant substrate losses occur due to
surface roughness and dielectric loss in board material [13].

The family of technologies that is commonly used is Antenna-on-Chip (AoC),
shown in Fig. 1.3b. This architecture relies on high-volume IC fabrication processes
with high precision. The advancements of IC miniaturization fit well with the
shrinking wavelengths found beyond 100 GHz, as the on-chip antennas fit directly
onto the IC itself.

However, AoCs are shown to generally have less gain, typically below 1 dBi [11],
due to the usage of more expensive IC area [29]. AoCs can also excite surface waves
that negatively impact radiation efficiency [11]. For these reasons, such AoCs are
usually combined with high permittivity lenses [11]. However, the high permittivity
and substrate height of the ICs present a limiting factor to the radiation efficiency
and bandwidth of AoC antennas [2].

As a middle-ground technique, Antenna-in-Package (AiP), shown in Fig. 1.3c,
integrates the antenna on a low-loss interposer. By going off-chip, the antenna
designer is left with a lot of flexibility in material selection, antenna design and
interconnect topology [11]. At D-band frequencies, AiP appears to be the most
common solution towards antenna integration [29]. Whilst increasing complexity to
assemble the antenna system, AiP enables heterogeneous integration [2, 11], that, as
we have seen in Fig. 1.2, might be critical to enable the usage of more powerful and
sensitive transceivers, whilst retaining the advanced digital processing capabilities
of current silicon-based technologies. However, such switching of IC technologies is
only reasonably possible with wideband and efficient interfaces.

One such commonly used interconnect technique is the deployment of gold bond
wires, also known as ’wire bonding’. However, such wires become electrically long at
D-band frequencies, necessitating the use of compensation structures [11]. A better
performing interconnect is the so-called flip-chip interconnect, where the RFIC is
connected upside-down (flipped) to the antenna via an intermediary interposer. This
technique enables small connection length, resulting in reduced loss, lower parasitics,
and therefore, higher bandwidth [2, 11]. Combined with low-loss interposers, such as
glass [30], enables wideband and power-efficient integration of multiple MMICs. For
these reasons, this architecture will be pursued for the remainder of this thesis.

D-Band Material & Antenna Characterization

Our knowledge on all abovementioned technologies and architectures would not exist
without the ability to accurately measure their characteristics. Furthermore, the
wireless systems are made up of many different materials, each requiring careful
characterization as their performances rely heavily on the properties of the involved
materials.



1

10 1. Introduction

Unfortunately, Device-Under-Test (DUT) characterization is particularly chal-
lenging at D-band frequencies, where dynamic range is limited due to a myriad
of effects such as cable and interface loss, reduced output power levels [11]. The
large bandwidth requires specialized equipment or measurement strategies to obtain
sufficient SNR given the high noise floor. Furthermore, due to the short wavelengths
involved, measurement and calibration standards are sensitive to fabrication or
operational errors. Understanding of all non-idealities of measurement setup and
instruments becomes critical to distinguish between errors in measurement and DUT
design or fabrication.

For antennas, measurements involve the probing of near- or far-field electro-
magnetic fields to characterize the radiation patterns. The interface between the
D-band antenna and instrument is, in many cases, no longer a cable, but rather
an RF landing probe, requiring specialized calibration structures and operator skill
for repetitively accurate measurements. In addition, the characterization complexity
of these antennas increases drastically when integrated in-package or IC technology,
as described in the previous section. Often in such cases, the Antenna Under Test
(AUT) is a breakout of the final (fully integrated) system and could be probe-fed to
minimize the design of extra interfaces. Furthermore, given the high permittivity of
the substrate materials used at these frequencies (i.e., silicon and III-V compounds)
the radiation is in most cases realized through the substrate/package, resulting
in feeding and the radiating to be opposite one another, resulting in feeding and
radiation being opposite to one another as in [31–33].

In [34], various mm-wave probe-fed, backside-radiating, antenna characterization
systems are reviewed, with several employing custom suspended probing environment
and the use of complex multi-axis robotic arms to perform far-field measurements
of the AUT. When high-gain lens antennas are considered, as in this case, these
approaches become impractical given the large volume of the setups for reaching the
far-field distance. In [31], the mechanical restrictions lead to a phase-less spherical
measurement system, which required multiple scans and iterative solver processes,
contributing to a lower accuracy of the reconstructed phase. In [33], QO approaches
have been employed for backside radiating antennas. Nevertheless, this far-field
approach was hampered by strong vibrational coupling between the motorized stage
and the RF landing probe. In short, sub-THz measurements are facing challenges in
measurement setup and accuracy, and there is not yet a clearly defined road path
for such high-frequency antenna measurements.
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Figure 1.4: Artist impression of the proposed spherically conformal Fly-Eye Array made of
high-gain lens antennas. A cross-sectional conceptual view of a single element is shown on the
right, visualizing the antenna front-end with its dielectric lens.

1.3. Towards Fly’s-Eye Antenna Architectures

The aforementioned challenges in IC technologies, antennas, integration and
characterization will need to be addressed to successfully deploy D-band antenna
systems. A Fly’s-Eye high-frequency communication system based on lens arrays
that generate multiple simultaneous beams was proposed [35]. Fig. 1.4 shows a
conceptual view of the Fly’s-Eye concept. Contrary to active electronic steering,
the Fly’s-Eye system relies on passive multibeam combining, where each beam is
oriented towards a different part of the field-of-view. This way, potentially full
omnidirectional coverage is obtained without the need for complex active beam
scanning elements. Furthermore, a low-order modulation scheme is targeted that
presents less stringent linearity requirements on the RFIC front-end, enabling higher
power efficiency. Combined with a large bandwidth (>20GHz), such Fly’s-Eye
system could still offer high data throughput.

For such a Fly’s-Eye system to work, high-gain antennas (> 30dB) with large
bandwidth (> 20 %) are required [22]. Lens antennas have been shown to be a good



1

12 1. Introduction

candidate for such a system, as they allow for wideband operation (> 20 %), with
high radiation efficiencies (> 80 %). Moreover, they enable scalability towards large
lens arrays since the electronic front-end could potentially be integrated within the
lens footprint, as shown in Fig. 1.4. This latter aspect is very important as it allows
modularization of the antenna elements.

We can demonstrate that for any fixed number of antenna elements, the Fly’s-Eye
and phased-array systems obtain identical SNR performance for each cell when
averaged over time. This SNR, demonstrated in Appendix A, results in an expression
valid for both the Fly’s-Eye and a phased-array systems:

SNRFly-Eye =
4πNPeDr

(
λ

4πR

)2

ΩskBTBW . (1.2)

Fig. 1.5 shows a communication scenario with the above SNR versus distance
for various numbers of antenna elements. Depending on the application’s required
maximum distance, more elements can be added to the Fly’s-Eye array, resulting in
higher antenna gains. Since the front-ends need to fit below the lens footprint (see
Fig. 1.4), the minimum number of elements is dictated by the compactness of the
RF electronics.

Figure 1.5: Signal-to-noise-ratio versus distance R (in log scale), for various element numbers
N . The D-band bandwidth from 110 to 170 GHz is indicated. A minimum SNR for QPSK
modulated signals is indicated at 11 dB. The following parameters were used: Bandwidth of 5
GHz, Temperature of 290 K, Rx noise figure 8 dB, Gr 13 dBi and Pt 16dBm.

The scope of this thesis is to continue the developments in sub-THz antennas,
specifically at D-band (110 to 170 GHz) and parts of G-band (140-170 GHz),
meeting the requirements of Beyond 5G and 6G communication scenarios. This
dissertation concentrates particularly on the design of wideband, efficient integrated
lenses, that can be fully integrated with RF front-ends. The latter will be targeted in
a system demonstration at D-band. Furthermore, the thesis will try to develop new
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methodologies and antenna systems for the characterization of sub-THz antennas
and materials.

1.4. Scientific Contributions in this Thesis

This doctoral work has made a variety of novel contributions to the scientific
communities in the field of antennas and RF characterization. The contributions in
design, theory and measurements found in this dissertation are listed below. The
referenced publication labels refer to the index in the ’List of Publications’ on page
179.

1.4.1. Antenna Technology contributions

• A contribution was made of an integrated core-shell lens antenna. The design
incorporated an electrically small core lens composed of dense thermoplastic
material, surrounded by a larger shell lens made of low-permittivity material.
The shell lens enhanced the antenna gain whilst maintaining low dielectric
losses, whereas the compact core lens improves the front-to-back ratio
and preserves the spherical wavefront shape. Furthermore, the dual-lens
architecture unlocks additional degrees-of-freedom for further lens antenna
optimization. This contribution is related to publications J.3, C.3, C.6, C.8
and C.9.

• In order to achieve simpler front-end integration, another contribution focused
on adapting the previous lens architecture, by introducing a novel flat-lens
design for integrated core-shell lens architectures. The flat lens presents a
physically flat interface, that is electrically spherical. This way, the interface
between the core and shell lens is planar, allowing for easier lens integration
and potential mechanical scanning. This contribution is related to publications
C.13 and J.4.

1.4.2. Quasi-Optical Measurement contributions

• A contribution to the Quasi-Optical characterization of probe-fed backside
radiating antennas using a near-field planar scanning setup. Calibration and
modelling techniques allow for an accurate measurement of antenna reflection-
coefficient, directivity and gain. Experimental data of was presented, validating
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the proposed approach and characterization bench. This contribution is related
to publications C.12 and C.10.

• Further advancements in the field of sub-THz material characterization
were made. A waveguide-based, lens antenna architecture was proposed
that achieves high-efficiency near-field coupling, and allows for quasi-optical
Thru-Reflect-Line calibration. Wideband performance could be obtained,
generating inhomogeneous plane-waves with high Gaussicity and low field
spreading effects due to the high-density dielectric lens materials. This
contribution is related to publication J.5.

1.4.3. System Integration contributions

• A contribution to antenna systems for spherically conformal antenna
architecture based on Goldberg polyhedra was made. Such array geometry
uses higher-order symmetries to significantly reduce the number of unique
antenna elements. An optimization technique was formalized, based on the
analytically derived antenna far-field characteristics. The method combines
antenna directivity, beam crossover and interference in a computationally
efficient way, that enables scaling towards potentially thousands of antenna
elements. This contribution is related to publication J.6.

• A two-tier TRL calibration procedure was proposed for characterization of flip-
chip interconnection performance was made in another contribution. Complex
2-port S-parameters of the isolated flip-chip interconnects can be extracted
and compared with high fidelity with a full-wave simulation. Furthermore,
the method allows the calibration reference planes to be further away from
the flip-chip transition itself, thereby minimizing potential impact of mutual
coupling from the probe landing to the interconnect itself. This contribution is
related to publication C.11.

• Design and fabrication efforts in the development of an electronic front-end
were made. The front-end combined the fused-silica interposer technology,
combined with antenna-in-package techniques for integration with RFICs.
The resulting system was then positioned on standard PCB technologies for
connectivity with external inputs and outputs.
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1.5. Outline of this Thesis

This thesis is structured into three distinct parts. In Part I, two chapters are
dedicated to a D-band integrated lens antenna design that can be compactly
integrated with RFIC front-end. Chapter 2 presents the design of an integrated
core-shell lens design is described using both theory and simulations, leading to
working antenna prototypes. Chapter 3 is a continuation of this lens architecture,
by introducing a novel core-shell architecture with a flat interface.

Then, to contribute to the challenging high-frequency measurements, Part II
introduces novel QO techniques to characterize both antennas and materials in a
near-field setup, consisting of two chapters. Chapter 4 presents a QO measurement
technique for the measurement and calibration of high-gain probe-fed antennas
in a planar near-field setup. This is followed by Chapter 5, where a set of
near-field coupled lenses are theorized and designed for use in high-accuracy material
characterization.

Finally, Part III aims to integrate the antenna of Part I into a spherically
conformal D-band antenna system. To do this, first the proposed front-end
architecture is briefly described. Then, a novel antenna array architecture with
a rigorous antenna optimization method are presented in Chapter 6. Chapter
7 then provides a high-accuracy methodology for the characterization of flip-chip
interconnects, required for the integration of the electronic front-end into the
antenna system of previous chapters. Finally, Chapter 8 provides information on the
work-in-progress towards an integrated antenna front-end.
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Chapter 2

Core-Shell Lens for Antenna
On-Package Integration at D-Band

This chapter presents a novel dual-lens architecture using an electrically-small,
non-diffractive core lens made of dense thermoplastics, and a large shell lens. The
electrically-small core lens is fed efficiently by a leaky-wave feed that radiates a
spherical wave in the near field. The leaky-wave feed is realized on a glass substrate
that can be used as low-loss interposer for on-package antenna integration at D-band
frequencies. A prototype using low-cost and mass-production plastic materials with
one or two metal layers on a glass substrate has been developed and characterized.
The measured prototype shows a directivity of more than 32 dBi and a measured total
loss of less than 2 dB over a bandwidth of 30 % and can be used as the array element
for future communications systems based on Fly’s-Eye antenna architectures.

2.1. Introduction

ENABLING broadband operation and seamless integration between sub-THz
antennas and RFIC front-ends is challenging. Conventionally, high permittivity

lenses (e.g. silicon) are preferred due to their increased front-to-back ratio (f/b).
Moreover, they have low dielectric loss and high scanning capabilities [22, 36].
However, lenses made of silicon together with the possible implementation of
anti-reflective layers is quite costly. Other lens materials with high permittivity such
as thermoplastics or ceramics are typically lossy [37], or require expensive milling
techniques [38]. On the other hand, low-cost plastic lenses with low loss, such as
HDPE or Topas, have also been used [22, 23]. Lenses made of those materials suffer
from poor integration and scanning capabilities because of their lower critical angle
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Figure 2.1: Core-shell lens antenna geometry based on an in-packaged leaky-wave feed. The core
lens is made of a PREPERM dense material with a sub-wavelength matching-layer. The shell lens
is a standard elliptical lens made of HDPE plastic (εr,s=2.3). The inset shows two in-packaged
leaky-wave feed designs, composed of double slots printed on fused-silica wafers (εr,fs=3.8).

[22]. Lens architectures using novel materials are therefore needed to solve the lens
integration problems that are present today.

The objective of this chapter is to develop an integrated dual-lens antenna at
D-band that can be used as a low-cost and low-loss array element for Fly’s-Eye
communication systems [35]. We propose the use of artificially-loaded thermoplastics
combined with HDPE to develop a novel core-shell lens antenna architecture. The
elliptical shell lens is made of low-permittivity, low-loss and low-cost plastic material
(HDPE, εr,s = 2.3, tan δ = 3.3e-4) with a diameter of Ds = 15λ0 (3cm) to fulfill the
requirements derived in [35]. The elliptical lens has a large eccentricity and therefore
suffers from critical angle reflections and poor scanning properties. Therefore,
a high-directivity core-lens feed for this lens is used, made of high-permittivity
material that has only minimal radiation beyond the shell lens critical angle.
Contrary to earlier proposed dual-lens designs, such as [24], the proposed core lens,
made of a dense material, is electrically small (Dc ≈ 2 − 3λ0) to enable the use of
low-cost machinable thermoplastics (PREPERM [39]) with low-loss. This material
has different values of permittivity that can be used for the antenna optimization,
both as homogeneous lens or GRIN-like design [40].

The core-lens feed is developed using a planar on-package antenna solution.
The feeding antenna is based on a leaky-wave stratification realized using a
half-wavelength fused-silica (εr,fs = 3.8, tan δ = 6·10-4) based thin-film technology.
Leaky-wave feeds have a well-characterized near-field [41], enabling good illumination
of the electrically small core-lens. Furthermore, the fused-silica substrate acts as
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a low-loss interposer between the lens antenna and a potential MMIC, as in [30].
The core-lens results in a low-loss and directive feed, transitioning between the
PREPERM and HDPE, whilst enhancing the antenna (f/b) and also potentially
increasing the degrees of freedom for scanning optimization.

Preliminary simulations of this architecture were presented at earlier conferences
in [42, 43]. In this work, we also include the first technological demonstration of a
dual-lens integrated antenna at D-band with low-loss performance, and provide an
in-depth overview of the design choices with a physical insight on how the core-shell
lens works.

Throughout this work, the radiation pattern naming convention is based on the
Ludwig-3 definition [44]. The D-plane is the 45◦ plane, in between the E-plane and
the H-plane, whereas the D-plane CX is the cross-polarized component, normalized
to the broadside co-polarized component.

This chapter is structured as follows; Section 2.2 provides a detailed design
overview of the core-lens. Section 2.3 describes the thin-film on-package antenna
design including the feeding network. A fabricated prototype is described in Section
2.4, followed by a brief discussion in Section 2.5.

2.2. Core Lens Design

The core lens design aims at generating a Gaussian-like pattern in the HDPE
material to reduce the impact of the critical angle in the shell lens, while facilitating
the integration of an in-package planar feed. In this section we describe its
architecture and simulated performances.

To feed this core-lens, we introduce a λfs/2 fused-silica wafer to act as a resonant
Fabry–Pérot/leaky-wave cavity [45, 46], being λfs the wavelength in the fused-silica
medium. The material contrast between the core lens and the fused-silica cavity
enables the propagation of a couple of degenerate leaky-wave modes that radiate a
Gaussian-like field in the near field with a clean spherical phase front [41]. Since
the diameter of the core lens is limited to a few wavelengths, it can be illuminated
efficiently by this spherical near field [41]. The core lens can then be shaped
following this phase front. To reduce core-shell lens interface reflections, an artificial
anti-reflective coating layer is synthesized in the core-lens materials using a new
honeycomb-like geometry. In the coming subsections we describe the design in detail,
including simulation methodology and the main trade-offs involved.
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2.2.1. Leaky-Wave Modes
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Figure 2.2: Leaky-wave TM0, TM1 and TE1 angle of radiation (a), shadow boundary angle (b),
and phase center (c) as a function of frequency. Solid lines indicate εr,c = 9.3, dotted lines
εr,c = 12.

A resonant cavity made of fused-silica between a ground plane and an infinite dense
material is compatible with three leaky-wave modes; TM0, TM1 and TE1 [47] with
propagation constants k

T E/T M
LW = β

T E/T M
LW − jα

T E/T M
LW . Fig. 2.2a shows the angle of

radiation for these modes,
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Table 2.1

Material Properties Characterized in
the 140-200 GHz Frequency Band

Material Permittivity Loss tangent Conductivity
(S/m)

Fused-Silica 3.8 6e-4
Gold 4.1e7
Aluminum 3.53e7
HDPE 2.3 3.3e-4
PPE400 3.8±0.1 4e-3
PPE950 9.2±0.15 5e-3±2e-3
PPE1200 14±0.4 6e-3±2e-3

θ
T E/T M
LW = arcsin

(
β

T E/T M
LW

k0
√

εr,c

)
, (2.1)

in case of two dense materials, εr,c = 9.3 and εr,c = 12. Around resonance, the
TM1 and TE1 modes generate a nearly-Gaussian pattern in the infinite medium. A
double-slot situated in the ground plane can be optimized for suppressing the TM0
leaky-wave mode to achieve rotationally-symmetric patterns [47]. The simulated
patterns of such double-slot antenna (dimensions given in Fig. 2.3), radiating in
infinite dense medium, are shown in Fig. 2.4 for εr,c = 9.3 and 12. The patterns
present good symmetry and low cross-polarization over the 140-170 GHz band. A
larger εr,c increases the pattern directivity at the cost of antenna bandwidth [22].
The leaky-wave feed achieves a directivity of 14.42 dBi and 15.13 dBi for εr,c = 9.3
and 12, respectively. As such, the trade-off in εr,c is between bandwidth, f/b, and
feed directivity. For the considered bandwidth of 30% this corresponds to a ratio
εr,c/εr,fs ≈ 4.5 leading to εr,c ≤ 15.

This generated Gaussian-like beam will couple well to an integrated lens made of
this dense medium as demonstrated in [36] for silicon. However, silicon is expensive
for large volumes and the use of a large PREPERM lens will lead to very high
loss. Therefore, we introduce an electrically small core lens in the next section. The
core lens material choice of εr,c = 9.3 is based on the PREPERM characterization
of Appendix B, as summarized in Table 2.1. The PPE950 material was more
constant over a number of measurements taken at different sample locations than
the PPE1200 material.
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2.2.2. Spherical Core Lens

Figure 2.3: Left stratification shows the infinite dense medium with a spherical wave emanating
from the phase center at -∆z. Right figure shows the final core lens made of PPE950 with radius
Rc of 3.2mm. The core lens is truncated with angle θc of 44° and has ∆z of -0.7mm. Finally, the
inset shows the double slot geometry with the parameters ws=60 µm, ρ=300 µm and α=67° for
the width, radius and slot angle, respectively. The slots are excited by a discrete edge port in the
center of each the slot. The back-reflector has parameters hback=800 µm and ρback=950 µm95.
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Figure 2.4: (a) Primary pattern comparison at 155 GHz between the εr,c=9.3 medium (solid)
and the εr,c=12 (dotted), using a standard double-slot feeding antenna shown in Fig. 2.3. (b)
Comparison between the patterns in infinite dense medium (εr,c=9.3) (solid) and those including
the core lens (infinite. εr,c=2.3) in dashed. The vertical dashed line is the shell lens critical angle.

The scope of the core-lens is to radiate a similar Gaussian-like beam generated
by the leaky-wave feed to the HDPE plastic medium of the shell lens. The wave
emanating from the phase center at ∆zc, can be assumed to be spherical up to a
certain angle θSB [41], known as the shadow boundary angle (see Fig. 2.3 left). The
shadow boundary angle is shown in Fig. 2.2b for the corresponding stratifications,
and was evaluated using the following equation:

θ
T M/T E
SB = ℜ{β

T E/T M
LW } + arccos(sech(ℑ{β

T E/T M
LW })). (2.2)
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As expected, denser mediums lead to a smaller shadow boundary angle. Because
of the spherical nature of the fields, we can make the core-lens spherical with its
center at ∆zc until this shadow boundary angle. Then, the incident phase-front
will be conformal to the lens surface, thereby conserving relative pattern shape as
the field propagates through the core-lens surface. This implies that the shape of
the Gaussian-like pattern after the core lens into the HDPE medium resembles that
from the infinite εr,c medium, as shown in Fig. 2.4b. The frequency variation of the
TE1 and TM1 phase center for the considered stratification is shown in Fig 2.2c. It
was evaluated using the equation proposed in [41] as follows:

∆zT M/T E

λ0
= −

arctan
(

sin2 θ
T M/T E
SB

)
2π

√
εr,c

(
1 − cos θ

T M/T E
SB

) (2.3)

We can now describe the core lens geometry using ∆zc, θ
T M/T E
SB , as well as its

cross-sectional radius Rc, spanning from the phase center to the upper surface, as
shown in Fig. 2.3. On top of the core lens, we will use a matching layer to reduce
possible reflections. As an example geometry, consider the average TE/TM ∆zc of
-0.7mm and shadow boundary angle of 36° at the central frequency for εr,c = 9.3.
Fig. 2.4b compares the fields radiated by this core lens into infinite HDPE (solid)
to the ones of εr,c = 9.3 (dashed) medium. The two fields show good agreement,
confirming the validity of the spherical geometry choice. Fig. 2.5a visualizes the
E-field propagation through the core lens, indicating that the radiation solid angle is
roughly maintained through the core lens, whereas the propagation speed increases
when entering the less dense medium. The directivity of this core-lens feed is
14.6dBi, thereby preserving the value obtained in the infinite medium of Section
2.2.1. Due to this high directivity of the core lens feed, the majority of power
falls within the lens critical angle (indicated in dashed vertical lines in Fig. 2.4b).
Without the core lens, the directivity would be only 8dBi.

2.2.3. Core-Shell Design Trade-Offs

The designed leaky-wave feed in combination with the high-dielectric core lens
radiates a Gaussian-like pattern into the HDPE dielectric which enables a
high-aperture efficiency illumination of the shell lens. Moreover, compared to the
architectures in [22, 23], the directivity of this feed is further enhanced and thus, the
impact of the critical angle on a low-dielectric plastic lens is reduced.

In the previous section θSB and ∆zs have been defined. Now, the core-lens
diameter Dc and subtended angle θ0c will be co-designed with the shell lens. The
shell lens is an elliptical lens with a diameter Ds, subtended angle θ0s and phase
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(a) (b)

Figure 2.5: (a) Full-wave simulation of the E-field propagating at 155 GHz through the core lens,
matching layer, and infinite plastic medium. Core lens volume is shown in light gray. (b) The
same 155 GHz E-field now propagating through the ellipsoidal HDPE lens surface and into the
free space medium.

center ∆zs (different from the core lens), as shown in Fig. 2.1. For a lens diameter
of Ds = 15λ0, corresponding to a directivity of around 32dBi, the shell-lens and
core-lens parameters have been optimized to maximize the overall aperture efficiency,
ηap, over the bandwidth of 140-170 GHz. The aperture efficiency has been calculated
from the combination of full-wave simulations of the core-lens in combination with
Fourier optics tool as in [48].

First, θ0c is optimized in terms of ηap, whilst simultaneously also optimizing
shell-lens parameters θ0s and ∆zs. Fig. 2.6 shows the ηap optimized for three values
of θ0c, when θ0c = θSB and two cases where θ0c > θSB . As shown in the figure, θ0c

needs to be larger than θSB to increase the aperture efficiency in the lower part of
the frequency band, where θSB is larger (Fig. 2.2b). However, further increasing the
θ0c does not achieve a higher aperture efficiency. Moreover, it also becomes more
challenging to fabricate, since the core-lens thickness tc (Fig. 2.3) decreases with
increasing θ0c. Therefore, θ0c = 44◦ provides the optimum trade-off and will be used
for the next optimization.

Secondly, the diameter of the core-lens Dc should be minimized to reduce the
dielectric loss in the PREPERM material. However, larger diameters are easier
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Figure 2.6: Aperture efficiency comparison between the different core lens subtended angles θ0c.
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Figure 2.7: Aperture efficiency (solid) and loss (dotted) in dB for different core lens radii.

to fabricate, and reduce the impact of misalignment tolerances. The diameter of
the core-lens is defined as Dc = 2Rc sin θc, where Rc is the radius of the core-lens
originating from the phase-center as shown in Fig. 2.3. The trade-off between losses
and aperture efficiency is presented in Fig. 2.7 for three values of Rc, corresponding
to 1.9λs, 2.5λs and 3.1λs, where λs is the wavelength in the HDPE material. As
previously, the parameters of the shell-lens θ0s and ∆zs are optimized for each value
of Rc. As shown in the figure, low values of Rc indeed lead to lower dielectric
loss but also degrade the quality of the patterns at low frequencies. The shrinking
thickness tc < 1mm also makes fabrication more difficult. As a trade-off, the core
lens was set to a radius of 2.5λs (3.2mm) leading to a tc =1.26mm and Dc =4.75mm.
This core lens is still feasible for fabrication, with acceptable dielectric loss (0.4dB)
and high aperture efficiency across the band (ηap > 80%).

The fields radiated into the HDPE medium using these optimized dimensions of
the core lens are shown in Fig. 2.9 for the low, center, and upper limit of the
frequency band. The fields are rotationally symmetric with low cross-polarization
levels. The fields are also compared to those radiated into an infinite medium with
εr,c = 9.3. The fields match very well until roughly the shadow boundary angle. The
fields radiated by the complete core-shell lens are shown in Fig. 2.9.
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Figure 2.8: (a) Synthesized matching layer unit cell used for simulations. A conical drill-tip has
been included with dimensions defined in the figure. (b) Simulated S11 reflection parameter using
Z0 = 300 Ω with (solid) and without (dotted) the core lens. The case with core lens excluding a
matching layer is shown in solid gray.

2.2.4. Core-Shell Matching Layer

To avoid multiple reflections and their potential impact on the input reflection
coefficient, a quarter-wavelength matching layer with permittivity εr,m = √

εr,cεr,s

is located at the interface between the core and shell lens. Given the core-lens
permittivity of εr,c = 9.3, an artificial permittivity of εr,m = 4.6 is synthesized
by drilling cylindrical holes conformally in the core lens surface, see Fig. 2.1.
Compared with a linear grove topology, as in [49], the cylindrical holes support
dual-polarization. Moreover, its fabrication is faster, as the holes are drilled instead
of milled.

A standard drill bit of diameter 250 µm, corresponding to ≈ 0.4λc, defines the
diameter of the hole. A short cone is added to the bottom of the cylinder to emulate
the drill-bit tip. Because the holes are conformal to the spherical surfaces, the
matching layer periodicity was optimized using Floquet mode analysis at broadside
incidence, its unit cell shown in Fig. 2.8. Less than −20dB reflection coefficient
was obtained using this approach. The reflection coefficient of the spherical
core-lens antenna with the anti-reflection layer whilst propagating into the infinite
HDPE medium (see Fig. 2.1) is shown in Fig 2.8b. The reflection coefficient
follows the same behavior of the double-slot and leaky-wave radiating on the infinite
εr,c = 9.3 medium (also displayed in Fig. 2.8b), showing only minor ripples. The
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Figure 2.9: Antenna patterns at 140 GHz (a), 155 GHz (b), and 170 GHz (c). On the negative
θ axis, the primary patterns in infinite εr,c = 9.3 medium are shown in dashed lines, whereas
the solid lines show the patterns in infinite plastic medium (with the core lens included). The
positive θ axis shows the simulated secondary patterns (in free-space) of the standard double-slot
of (Fig. 2.1).

reflection coefficient is below -10dB across the 130-180 GHz band, covering a relative
bandwidth of 32%. Also shown in Fig. 2.8b is the S11 without a matching layer,
significantly affected by the reflections at the core-shell lens interface. Because of the
small reflections coming from the core-lens, we can design the on-package planar feed
using the simulations with the infinite εr,c = 9.3 medium, which reduces significantly
the computation time.
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Figure 2.10: Double-slot active impedances. In gray, the standard double-slot with α=67◦ of Fig.
2.3. In blue, the double-slot with increased α=87◦ and w2 = 2w1 tapering of Fig. 2.13a. In red,
the same double slot of Fig. 2.13a, but now with stub 1 added. Finally, in black is the input
impedance seen at the central port in Fig. 2.13b.
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(a) (b)

Figure 2.11: (a) Top-view of the CPW-fed double-slot geometry. The back-reflector is indicated by
the gray shaded region. Several reference planes are indicated by numbers A-D. (b) Cross-sectional
view at the reference planes of (a), including the CPW and back-reflector dimensions.

2.3. On-Package Double-Slot Feed Design

The double-slot feeding architecture plays an important role in the integrated
antenna front-end, since it affects performance and interconnection to the MMICs.
In this contribution, two options were considered: a single metal layer solution
that can be fabricated with lithographic techniques using 10 µm line resolution; and
a two metal layer solution which can be fabricated with a thin-film commercial
process or a high-quality PCB-like process featuring 45 µm line resolution and 50 µm
layer thicknesses. The one-layer high-resolution lithographic process will be realized
in-house with an aluminum layer, whereas the thin-film commercial technology will
use gold metallization. Because surface roughness, metal thickness and losses of
these technologies are not known at these frequencies, dedicated calibration kits were
developed and measured using the technique explained later in Chapter 4. It was
found that the losses matched well with the simulations done with a classical surface
conductivity model, as the one used in [50], with the material properties summarized
in Table 2.1. These values will be used as an input to the on-package planar antenna
design in this section.

The double slot shown in Fig. 2.3 is defined with α, ρ and width ws. Below
the double slot, there is a cylindrical back-reflector air-cavity defined by hback and
ρback, also shown in Fig. 2.3. Due to the high f/b produced by the high-dielectric
core lens, its impact on the antenna impedance is small. Fig. 2.10 shows the
input impedance Zslot of this double-slot, indicating that it operates near the first
resonance with high ℜ{Zslot}. Its reflection coefficient is shown in Fig. 2.8b for a
reference impedance of 300Ω. However, taking into account the thin-film technology
limitations, the achievable characteristic impedance Z0 of a CPW or MS ranges
from ≈50-100Ω. Therefore, the double slot has to be optimized according to the
limitations of the thin-film technology.
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2.3.1. Double-Slot Feed on Single Metal Layer Package

In this section, we describe the design of a double-slot antenna using a thin-film
fused-silica technology with a single metal layer done via high-resolution lithography
(i.e. 10 µm minimum trace and gap width). Because of the high resolution, the
feeding of the double-slot can be made via a CPW transmission line on the same
metal layer as in [51], which extended a classic double-slot bolometer silicon design
[52] to a distributed central feeding CPW line. The proposed CPW-fed double-slot
is shown in Fig. 2.11a, with its equivalent circuit approximate representation in
Fig. 2.12. The central feeding line, see Fig. 2.11b cross-section A, is limited
by the minimum trace width that reaches a maximum characteristic impedance
of Z0A = 93Ω. To reach good impedance matching with a much lower reference
impedance than in Fig. 2.8b, the operation of the double-slot has been shifted to
the second resonance, where the real part of the impedance is lower. To this end,
the double-slot has been lengthened by increasing the α to 87°. The low frequency
matching is further improved by tapering the slots with w2 = 2w1 (Fig. 2.13a).
The effect of these double-slot modifications on the pattern quality was found to be
negligible.

The associated double-slot input impedance, shown in Fig 2.10, presents now a
real part in the order of 80Ω. The remaining imaginary part is matched by adding a
short-circuited stub in series with Zslot, denoted by ‘1’ in Fig. 2.13c and ‘Zstub,1’ in
Fig. 2.12. Its effect, shown in Fig. 2.10 (red), is an increased imaginary part with a
zero-crossing at the central frequency.

Then, two CPW distribution lines are introduced with Z0 = 80Ω to transfer the
impedance to the central line with minimum reflections. A second short-circuited
stub in series (‘2’ in Fig. 2.13c, ‘Zstub,2’ in Fig. 2.12), is used to reach better
matching to the 90Ω central CPW line. The simulated antenna input impedance Zin

is shown in Fig. 2.10. The geometrical parameters of the proposed design are given
in Fig. 2.13. The achieved aperture efficiency of the core-shell lens coupled to this
optimized double-slot with a CPW feeding is compared in Fig. 2.14 to that of the
initial double-slot of Fig. 2.3. The resulting aperture efficiency drops significantly, as
the central CPW-fed line increases the cross-polarization. Furthermore, the central
cut of the double-slot limits the TM0 mode suppression. For this reason, it was
necessary to minimize the width of the 93Ω CPW line to 10 µm gap width and 10 µm
trace width.

The double slot shown in Fig. 2.13a is connected to the central Z0A = 93Ω line
with 10 µm gap as indicated in Fig 2.11 (plane A). This CPW transmission line is
tapered towards 63 Ω (plane B) and extends outside the back-reflector cavity (plane
C). The CPW transition through this cavity was designed for minimum impact in
the antenna performance. The integration of a potential MMIC could be done in the
region between planes C-B via flip-chip technology. Finally, the CPW transmission
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Figure 2.12: Approximate circuit model for the double slot connected by a CPW distribution line,
characterized by k0, Z0. The two stubs 1 and 2 of Fig. 2.13 are added in series with the slot
impedance and the input impedance, respectively. The final antenna input impedance Zin is to
be matched to the central CPW line with parameters k0A, Z0A.

line terminates with a transition region for probe-landing measurements at plane D.
After some optimization, the final double-slot dimensions are shown in Fig. 2.13.

The resulting reflection coefficient associated to the reference plane C is shown
in Fig 2.15. This feeding can achieve a matching below -10dB across 130-180 GHz
band. The aperture efficiency associated to the complete design (Fig. 2.11) is shown
in Fig. 2.14. There is an additional small decrease in the efficiency since the central
Z0 = 93Ω feeding line introduces some asymmetry between the two slots due to
coupling with the Z0 = 80Ω line. The ohmic and dielectric losses, given in Table 2.2,
are around 1.75dB across the 140-170 GHz band. The major contributors are the
ohmic losses corresponding to the CPW feeding, which are around 1.2dB, and the
0.5dB of dielectric losses of the core-lens made of PREPERM. The CPW losses are
referenced to the measuring plane C indicated in Fig. 2.11a and can be reduced
when integrating the MMIC.

2.3.2. Double-Slot Feed on Two Metal-Layers Package

This section describes the design steps to integrate an MS feeding network, as shown
in Fig. 2.16c for the proposed double-slot feed. A second metal layer is used,
separated by a 50 µm thin fused-silica substrate (see Fig. 2.17a).

Due to the fused-silica substrate below the double-slot ground-plane, the effective
wavelength in the slots becomes shorter. Therefore, the double-slot of Fig. 2.3 with
α = 67o and the fused-silica substrate underneath is already in second-resonance
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(a) (b) (c)

Figure 2.13: (a) The double slot that has been tapered with parameters w2 = 2w1 and α = 87◦.
(b) The elliptical double slot with a central feeding point, incorporating a CPW line and two
matching stubs (c) The same double-slot as in (b), but now being fed by a central CPW line.
The final design has dimensions (in µm) w1=60, w2=120, ws1=30, ls1=115, ws2=10, ls2=163,
s=55, wc=14, α=87°.
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Figure 2.14: Aperture efficiencies of the shell lens, comparing the cases with (dotted) and without
(solid) feeding networks for both MS and CPW lines.

condition with low ℜ{Zslot}, as shown in Fig. 2.18. To match this impedance, a
microstrip of Z0=74Ω and an inductive stub in the order of 70Ω is required. An MS
feeding network, shown in Fig. 2.16c is designed to feed the double slot. From a
50Ω transmission line, a power combiner is used to couple to both slots terminated
with the stub. Fig. 2.17 summarizes the dimensions, impedances and approximate
equivalent circuit of the MS-fed feeding network.

Since vias were unavailable in the considered technology, an open-ended series
stub of ≈1.1 mm will then be needed, which does not fit between the slots
separated by 0.6mm. The stubs, power combiner and slots should have enough
clearance to avoid coupling between the three. Therefore, the double-slot has been
redesigned with a limited angle α=63◦, thereby allocating enough space for both
the transmission lines and stubs. Then, to reduce the inductance requirement, the
double-slot is reshaped by the parameters ρ1 and ρ2, with ρ2 > ρ1, thereby forming
an elliptical slot topology enabling more space for the power combiner, as shown
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Figure 2.15: The full-wave simulated S11 matching of the CPW antenna (Fig. 2.11a) and the MS
antenna (Fig. 2.16c) at reference plane C with Z0 = 63Ω and Z0 = 50Ω, respectively.

Table 2.2

Simulated Ohmic and Dielectric Losses at 155 GHz

Material CPW Loss (dB) MS Loss (dB)
Aluminum 1.22
Gold 0.43
Fused-Silica 0.05 0.04
PPE950 0.33 0.41
HDPE 0.13 0.16
Total 1.73 1.03

in Fig. 2.16. The resulting impedance is given in Fig. 2.18. This additional
degree of freedom has negligible effects on ℜ{Zslot} but reduces ℑ{Zslot}, thereby
enabling impedance matching with a shorter open-ended stub. Finally, an inductive
open-stub has been designed using a tilted and tapered radial stub as shown in Fig.
2.16b. The final stub design has radius of 200 µm and tapering angle of 15◦.

Unlike the CPW feeding lines, this feeding topology can be fabricated with lines
wider than 45 µm, showing its potential for other packaging technologies. Using
the 50 µm fused silica technology in combination with gold, a 50Ω transmission
line achieves a loss of <0.15dB/mm. The reflection coefficient of this MS feeding
network, including the double slot is shown in Fig. 2.15. The S11 is below -10dB
for a Z0 = 50Ω over the 135-170 GHz frequency band. This reflection coefficient is
reported up to the measurement plane C shown in Fig. 2.16c. This transition was
designed with minimal impact on the reflection coefficient and radiation properties
of this antenna.

The full-wave simulated losses of the MS-fed core-shell lens antenna are shown in
Table 2.2. Total losses amount to around 1dB including dielectric and ohmic loss up
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(a) (b) (c)

Figure 2.16: a) Geometry of the elliptical double-slot used for matching to a microstrip network.
Final parameter values (in mm): ρ1=0.279, ρ2=0.34, w1=0.1, w2=0.3, α= 67.3°. (b) The same
double-slot with the microstrip feeding network integrated in the second metal layer. (c) The full
layout including the back-reflector in the shaded region, and the probe landing transition. The
measurement reference plane is indicated by C.

(a) (b)

Figure 2.17: (a) Cross-sectional view of the MS antenna at plane C of Fig. 2.16c. (b) The
microstrip equivalent circuit model with the 3dB power divider, slot and stub impedances.

to the reference plane C, which is closer than in the CPW case. Fig. 2.14 shows the
aperture efficiency of the core lens antenna with (solid) and without (dashed) the
MS feeding network. The feeding network has only limited impact on the patterns
due to low radiation loss of the transmission line, achieving an aperture efficiency
above 80% across the 135-170 GHz band. Fig. 2.19 compares simulated far-field
PO directivity and gain of the MS- and CPW-fed antennas. The PO directivity is
evaluated using only the PO shell currents, whereas the gain was derived using the
loss in Table 2.2, and also includes spillover and f/b loss. As shown, both antennas
achieve similar directivity, but the MS-fed architecture achieves higher gain due to
its lower ohmic loss.

The MS has a minimum feature size that is larger than the CPW (45 µm lines
vs. 10 µm+10 µm+10 µm slot-line-slot), but the additional electrically-thin substrate
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Figure 2.18: Antenna impedances for a circular double slot (black) with ρ2=0.279mm and an
elliptical one with ρ2=0.34mm (blue).
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Figure 2.19: Simulated directivity (dashed) and gain (solid) for the CPW and microstrip-fed
antennas.

might add considerable complexity in the overall fabrication and assembly at high
frequencies. Both feeding architectures were developed and used for an antenna
prototype, described in the next section.

2.4. Antenna Prototype at D-band

A prototype was developed to validate the core-shell lens antenna architecture. For
this, the CPW and MS feeds, described in section 2.3, were fabricated as shown in
the inset of Fig. 2.1. Each one has a long feeding line to enable measurements with
RF landing probes in the 140-200 GHz range as described in the previous section.

As shown in Fig. 2.20c, the antenna prototype is composed of five main
parts: the core lens, shell lens, the fused-silica wafer with the antenna feed, the
back-reflector metal feature, and a metal fixture that holds the structure together.
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Figure 2.20: (a) Core lens prototype fabricated in PPE950 thermoplastic material. (b) Measured
dimensions of the central hole along the 0° (blue), 60° (red) and 120° (black) axis. (c)
Cross-sectional, exploded view of the antenna prototype assembly. Threads/dowel pin axes have
been indicated in orange. (d) and (e) are photographs of the assembled core-shell lens prototype
with a top and bottom view, respectively. The inset of (e) shows the upside-down view of the
back-reflector.

The plastic core- and shell-lenses as well as the two metal fixtures have been
fabricated using an in-house 5-axis CNC milling machine. The fabrication of the
core-lens with its anti-reflection layer in PREPERM PPE950 material was realized
in two steps. First, the spherical surface of the core-lens was shaped by the CNC
milling machine. Next, the holes of the anti-reflection layer were drilled conformally
over the spherical surface using a standard drill bit of 250 µm diameter (Fig. 2.20a).
Its physical dimensions were measured using a confocal microscope, giving a diameter
and depth of the holes within 20 µm from their nominal dimensions (see Fig. 2.20b).

The double-slot fed by a CPW transmission line was fabricated using photo-
lithographic techniques on a fused-silica wafer of 500 µm thickness with a 1 µm
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Figure 2.21: Full-wave simulated total loss in the core-shell lens antennas of the MS-fed (blue)
and CPW-fed (black) architectures. The simulated losses are reported up to the reference plane
C shown in Fig. 2.16c and Fig. 2.11a for MS and CPW-fed antennas, respectively.

thick aluminum metallization. The double-slot fed by the MS was realized on two
wafers. The first wafer was a 50 µm on fused silica with double-side 1 µm thick
gold metallization. One side containing the double-slot, the other side the MS
transmission line. After, that, this wafer was bonded to a 500 µm fused silica carrier.

The assembly of all the parts was designed to reach an alignment within 100 µm.
The aluminum frame that holds the different components in place is shown in Fig.
2.20d and e. This structure has a set of press-fitted dowel pins that protrude
from two sides, thereby aligning simultaneously the core-lens, shell-lens and the
back-reflector, as shown in cross-sectional view in Fig. 2.20c. Connecting all
components to a single set of dowel pins prevents the accumulation of tolerances
across different parts. As shown in Fig. 2.20, the fused-silica wafer containing the
antenna was optically aligned and glued to the metal back-reflector using a similar
method as in [53]. An alignment of 5 µm was achieved between the wafer and the
back-reflector.

2.5. Discussion

The proposed core-shell lens antenna is summarized in the last two rows of Table
9.1 for a comparison of with the state-of-the-art. Good bandwidth and gain have
been obtained, when compared to the other works. Contrary to [27], the outer
lens can be scaled up to reach even higher antenna gains (> 40 dB) due to the
low-loss lens material. Furthermore, the proposed core-shell lens design can be
extended to other increasingly popular packaging technologies. For instance, low-loss
glass-ceramic interposers that can be fabricated in large volumes [30, 54]. The
design can potentially also be scaled to work in even higher frequency bands, as both
lithography and CNC milling technologies can be pushed further to allow for smaller
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designs. Finally, the additional degrees of freedom in lens shaping can be further
investigated to optimize shell lens illumination. For instance, a beam tilt could be
generated by displacing laterally the feeding antenna and shaping the lens surface as
in [55], instead of other more complex architectures such as [20, 21].

2.6. Conclusion

This work presented the development of a core-shell lens antenna architecture
suitable for on-package integration at D-band frequencies. The key elements in the
proposed architecture have been the introduction of an electrically-small core lens
made with thermoplastics and an on-package antenna feed with low loss. Significant
part of the work was dedicated to the validation of the proposed lens architecture in
the 140-170 GHz bandwidth.

In upcoming chapters, this lens architecture will be used as a key element in
Fly’s-Eye antenna systems aiming at different applications in communication and
sensing. From one side, the degrees of freedom introduced by the core-lens can be
used to give the means to independently control the scanning performances, the
side-lobe level, etc., from the directivity control given by shell lens. On the other
side, the developed on-package antenna topology can be integrated with MMICs via
flip chip to enable the generation of multiple spatial beams via a Fly’s-Eye integrated
and scalable architecture.





Chapter 3

Flat Lens Concept Using Multi-Axis
Machining for D-band Core-Shell

Lens-In-Package Integration

This chapter presents an electrically-small core lens that has been redesigned towards
a flat interface. The core lens is physically flat, but electrically spherical. This way,
the lens is easier to integrate, compared to an earlier introduced spherical core-shell
lens concept. The lens is created from a single dielectric host material by conformally
machining holes into the material. In this process, two artificial dielectric layers are
created; The first layer is used for anti-reflection purposes, whereas the second is used
to convert the spherical interface to a flat interface. The two layers enable the use
of holes with lower aspect ratio drilling, compared to classical gradient-index lenses.
The lens is designed to operate in the 140-170 GHz bandwidth, and a prototype with
height of only 2.2 mm and diameter of 6.6 mm was fabricated and characterize. The
prototype is small enough to fit in many integrated circuit packages. The flat lens was
compared to a non-flat core lens in terms of pattern quality, return loss and dielectric
loss, with only negligible performance degradation.

3.1. Introduction

THE previous chapter saw the design and development of the core-shell lenses
with their spherical interface. Unfortunately, the dual-lens fabrication and

assembly was a difficult process. The precise alignment required between the concave
shell lens and convex core lens surfaces required tight tolerances. The potential
for misalignment orientation and position is emphasized in Fig. 3.2b. These
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misalignments could result in an additional air gap between the two lenses, leading
to pattern degradation and/or increased S11. These effects add to the already
intricate tolerating requirements of the assembly, leading to high-cost machining.
For these reasons, a design of a flat core lens would be highly beneficial. A flat lens
architecture furthermore permits the lateral movement of such lens underneath a
shell lens, thereby enabling lens scanning, as in [56].

A common design for flat lenses is the use of Gradient Index (GRIN) refractive
index lenses. A popular technique to fabricate flat lenses is by GRIN lenses is the
use of additive manufacturing [57, 58]. Recent works have demonstrated 3D printed
GRIN lenses even up to sub-THz domain [59–61]. However, the choice of materials
for additive manufacturing is often limited, as the materials need to be both suitable
for printing and the RF application. By contrast, CNC machining offers great
flexibility in the material choice. In this technique, air cavities are CNC milled
inside a host material, thereby creating a GRIN structure [62]. However, drilling
unit cells for beyond 100GHz is challenging, due to the high aspect ratio drilling and
the large number of holes (>1000) required. Finally, in [63], a technique involving
a stratification of stacked PCBs was used to shape GRIN lenses. Unfortunately,
at D-band frequencies, the unit cells become too small for the PCB tolerances to
be a reliable solution. Also, a large number of stacked PCBs is required to create
electrically large lenses. For a detailed discussion on related antenna designs, please
refer to [64]. It is due to these challenges that a novel architecture for flat lenses is
required that addresses current shortcomings.

Figure 3.1: (a) Conceptual integrated core-shell lens antenna cross-sectional view. (b) Zoomed-in
view of the spherical core lens interface with the spherical shell lens cavity. (c) proposed flat core
lens for easier integration with the shell lens.

In this chapter, we propose a compact flat lens made of dense thermoplastics
using a novel design concept. The proposed spherically conformal design is illustrated
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(a) (b)

Figure 3.2: Cross-sectional view of (a) the spherical core lens, taken from [64], and (b) a 3D view
of the same spherical lens. (b) furthermore indicates the potential for misalignment in orientation
between the two lens interfaces. For orientation, there is the misalignment in lens normals n̂,
written as ∆θ, and in position between x, y center coordinates of the two lenses, written as ∆ρ.

schematically in Fig. 3.4a. Such design conserves the spherical wavefront (i.e. not
enhancing the directivity). The host dielectric material is modified via conformal
machining of holes (Fig. 3.4b), resulting in two artificial dielectric layers within the
compact lens structure. This topology enables a compact design that minimizes
dielectric losses. The resulting flat core lens has a thickness of only 2.2 mm (1.13 λ0,
where λ0 is the wavelength in free-space).

In parallel, a variation for the spherical design is proposed, by introducing a
vertical extension of the lens feed with respect to its phase center. This extension
enables an increase in the primary pattern directivity, and thereby unlocks low
sidelobe level (SLL) performance.

This work addresses the design, optimization, fabrication, and characterization
of this novel flat lens topology. The simulation methodology used to create and
refine the lens design is detailed, followed by the fabrication process using multi-axis
machining. Finally, the performance of the fabricated antenna prototype is validated
through a set of antenna measurements.

3.2. Flat Lens Design

Commonly, GRIN lenses are used to create a flat lens interface using well-known
theoretical frameworks [66]. In [65], a GRIN lens was designed to synthesize the core
lens of [64], which was implemented on a PCB stack-up with thickness T . For such a
design, the maximum required permittivity, which is proportional to a factor 1/T ,
was εr,max = 25, as shown in Fig. 3.3a. Increasing T of the GRIN would lower
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(a) (b)

Figure 3.3: Comparison of the material effective permittivity distribution between (a) the GRIN
lens of [65] and (b) the proposed flat core-shell lens.

Figure 3.4: (a) The same core lens as in [64], but now adapted to a flat interface using an
effective εr,s permittivity. The two artificial dielectric layers are indicated. The two machining
steps have been indicated. (b) Indication of the conformal drills required to shape the internally
conformal flat lens.
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(a) (b)

Figure 3.5: (a) Unit-cell of the matching layer. The optimized geometry has a matching layer
diameter D2 of 250 µm, effective permittivity layer diameter D1 of 320 µm, and periodicity p of
360 µm (≈ λd/4). (b) The resulting S11 performance of the optimized unit cell.

this maximum permittivity, but also implies higher aspect ratio drilling and/or more
PCB layers. Such type of GRIN lens implemented in dense thermoplastics with the
same dimensions as [64], would need a permittivity of around 18, which increases
not only the ohmic loss but also the fabrication challenges due to the reduction in
the unit cell sizes.

In this work, 5-axis conformal machining is used to enable a flat core lens with a
thickness of only 2.2 mm (1.13 λ0) using a lower permittivity εr,c = 9.3 dielectric
material. The main scope of the spherical core lens of [64] was to conserve the
spherical wavefront that transitions between the core and shell lenses. The design is
shown in Fig. 3.3b, and uses only three permittivity values: A host material with
εr,c = 9.3 for the spherical core lens, εr,m = 4.6 for the matching layer and εr,e =
2.2 for the effective permittivity of the shell lens. Both εr,m and εr,e are obtained by
removing part of the host dielectric material via the conformal holes. The detailed
lens topology will be explained in the next sections.

3.2.1. Flat Lens Topology

The proposed novel flat lens concept is shown in Fig. 3.4a. The lens is made
of PREPERM (ϵr,c=9.3, tanδ = 0.005), and internally has the same electrically
small (≈ 3λ0) spherical core lens including matching layer as in [64], shown in Fig.
3.2. However, a key difference is that now, instead of milling a spherical surface,
the PREPERM material left with a flat interface by CNC machining an effective
permittivity equal to the HDPE medium (ϵr,s = 2.2, tanδ= 0.0003). This enables
the core lens to have an ’electrically’ spherical interface, that is physically flat. This
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flat interface does not suffer from the same misalignment penalties as the spherical
lens of Fig. 3.2b. A shift in position will only impact lens scanning, but has
negligible impact on S11. Finally, the orientation misalignment ∆θ can be further
mitigated due to the flat interfaces.

Fabrication of the artificial dielectric media is performed in a two-step approach,
shown in Fig. 3.4b. First, like in [64] (Fig. 3.6a) the matching layer with effective
ϵr,m = 4.6 is drilled conformally with a 5-axis CNC machine, using a standard 250
µm drill bit. Next, the layer with effective ϵr,e = 2.2 will be milled using the same
periodicity as the previous layer, but with a slightly larger hole size. A conical
taper originating from the antenna phase center was applied to the hole diameters,
to keep the same volumetric fill ratio as the wave expands spherically. Although
the conical hole milling provides a more constant ϵr,eff , its machining is also more
time-consuming than drilling of cylindrical holes. However, due to the electrically
small size of the core lens, both conical and cylindrical holes could work, as the
spherical spreading has only limited impact. In our proposed prototype, conically
spreading holes were chosen for completeness.

With the fabrication process in mind, the next step was to derive the dimensions
for the conformally drilled holes.

3.2.2. Unit-Cell Simulations

To simulate the performance of the medium with effective permittivities, a
Floquet-mode unit cell was used, shown in Fig. 3.5a. First, the matching layer
situated between the ϵr=9.3 and ϵr,e = 2.2 materials was designed nearly identical
to [64], with a fixed hole diameter of 250 µm, period of ≈ 360 µm (variable) and
depth of 255 µm (λd/4). This produces an ϵr,m of 4.6. Then, the milled layer with
aimed effective permittivity of 2.2 was added in between the HDPE and matching
layer. The structure was optimized by minimizing the S11 when iterating over the
hole diameter and periodicity. The optimized S11 is shown in Fig. 3.5b, presenting
< 20 dB reflection coefficient for both parallel and perpendicular directions. The
good dual-polarized performance implies not only that circularly-polarized feeding
antennas can be used, but also that during the integration of the lenses, any
rotational misalignment will not degrade antenna performance. The optimized
performance was obtained using the dimensions stated in the caption of Fig. 3.5.

3.2.3. Spherical Flat Lens Design

Once the unit cell was optimized, the effective permittivity layer was designed
conformally to the spherical core lens surface. The subtended angle θc = 45◦ was
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Figure 3.6: (a) Proposed flat core-lens prototype in cross-sectional view, indicating the different
permittivity layers. (b) Top view of the flat core lens, with the cross-sectional views assigned in
(c) and (d).

kept similar to [64]. A cross-sectional view of the designed flat core lens is shown
in Fig. 3.6b. The different layers are indicated inside the 2.2 mm thick lens, and
the internal spherical core is visible. A top-view is presented in Fig. 3.6b, where
all holes are visible in the hexagonal layout. The presented core-shell lens solution
only requires 170 holes to synthesize both the matching layer and the effective
permittivity layer. This in contrast to GRIN lenses found in literature with > 1000
drills ([62]), that operate < 100 GHz. Fig. 3.6b also indicates two cross-sectional
lines, shown in Fig. 3.6c and 3.6d for 30◦ and 0◦ hexagonally symmetric cutting
planes, respectively. The 30◦ cross-section represents the worst-case scenario with a
minimum wall thickness between two adjacent holes of only 40 µm. However, due
to the hexagonal layout, the wall thickness gradually increases until its maximum
at 0◦ cross-sections. Also shown in Fig. 3.6a and d is the conical tapering that is
applied to the holes. This means that the hole size is spherically increasing in size,
with a fixed angle θh, with the sphere radius coincident with the phase center. Such
hole is fabricated by milling an increasingly larger hole size from the phase center,
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Figure 3.7: Geometry of the extended hemispherical lens. The extension is described by parameter
L, as seen from the phase center. Except for this extension, the lens is identical to Fig. 3.4

thereby creating a conically-shaped hole. This method is applied to keep the same
volumetric fill ratio as the wave expands spherically.

3.2.4. Extended Hemispherical Flat Lens

An additional degree-of-freedom can be introduced in the flat lens design by including
a vertical extension in the flat lens profile. Such design is a popular technique to
enhance lens directivity [67]. This extended hemispherical geometry is shown in Fig.
3.7, where the vertical extension is dictated by parameter L. The hemispherical part
of the lens is kept the same as in the non-extended lens. By choosing different values
of L, different lens focusing capabilities can be selected.

In this work, an extension of L = 1.45 mm (0.75 λ0) was chosen, as a compromise
between the SLL reduction and the lens spillover. The core lens subtended angle θc

is kept the same 44◦ as the spherical flat lens. Therefore, the subtended angle θeh is
reduced to 31.8 ◦. This way, Increasing the lens extension whilst keeping the same
lens geometry increases lens spillover loss. However, this effect could be decreased
by increasing the lens truncation angle θeh further (See Fig. 3.7).

3.3. Simulation Results

3.3.1. Conformal Flat Lens

The design was simulated in a full-wave CST microwave studio solver. Similar to
[64], the lenses were fed by a double-slot that is lithographically printed on a glass
substrate, acting in turn as a leaky-wave feeding antenna.
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Figure 3.8: (a) Full-wave simulation of the normalized E-field (in dB) propagating at 155 GHz
through the core lens. (b) The comparison to the same E-field propagating through the spherical
core lens of [64]. (c) The comparison of the normalized near-field E-field amplitude at y = 3 mm
between the spherical and the core lens. (d) The same comparison, but now in phase.

Fig. 3.8 compares the 155 GHz E-fields propagating through the flat core lens (a)
and spherical core lens (b) interfaces. Horizontal lines have been added to indicate
the core lenses. Both interfaces conserve the spherical wavefront as the material
changes from dense thermoplastic to low-density HDPE. The flat lens has some
stray radiation towards ± 60◦ angles, most likely caused by the reflections at the
outer edges of the effective permittivity layer. However, its amplitude is at ≈ -30 dB
w.r.t. the maximum E-field found at the center. Finally, Fig. 3.8c,d compares the
amplitude and phase at the near-field at y = 3 mm. Both lenses show near-identical
behavior in both metrics.

The primary patterns in infinite HDPE medium of both spherical and flat core
lenses are compared in Fig. 3.9. Only limited pattern degradation occurs when
switching to the new topology. As can be observed in Fig. 3.8a, at angles close
to the edge of the effective permittivity layer, the performance degrades because
the material no longer provides the εr,e = 2.2 effective medium condition. This
most likely causes an increase in radiation at large angles away from bore sight (>
50°), as visible in Fig. 3.9. A larger θcore could help mitigate the problem, at the
cost of increased machining time. As in [64], the pattern quality is quantified in
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Figure 3.9: The primary patterns inside the infinite HDPE medium at 150 GHz (a) and 170 GHz
(b) in solid, respectively. They are compared with the patterns of the spherical lens (in dashed).
The D-plane CX represents the cross-polarization in the 45° plane, normalized to the co-polarized
component at broadside. Both figures share the same y-axis.

the aperture efficiency ηap, where the patterns in infinite εr,p medium are analyzed
using the Fourier optics tool of [48]. The resulting ηap, representing the shell lens
illumination efficiency, is shown in Fig. 3.10a. The shell lens subtended angle is set
to 37◦ to optimize ηap. A small difference of only 1-2 % is observed when comparing
the flat and spherical core lenses.

The antenna S11, shown in Fig. 3.10, has similar behavior for both lenses,
indicating that the flat lens is also able to present a near-reflection-less interface
to the feeding antenna. Furthermore, we note that the simulated dielectric loss
increases from 0.23 dB to 0.36 dB, when switching from the spherical to the flat core
lens, due to increasing the wavefront path through lossy dielectric material.

To conclude, Fig. 3.11 shows the secondary patterns in free space of the flat core
and shell lenses, obtained using the GO/FO tool of [48]. The resulting patterns have
good azimuthal symmetry, indicating that the flat core lens provides good rotational
symmetry for the wavefronts. Furthermore, no large differences between the flat lens
and spherical lens are observed.

3.3.2. Extended Hemispherical Flat Lens

Simulating the extended hemispherical lens was done in the same way as the
non-extended variant, using a full-wave solver. The effect of the extension becomes
apparent when analyzing the lens primary patterns (e.g. in infinite εr=9.3) for their
directivity. This is shown in Fig. 3.12a. The extension enables an additional 3 to 4
dB of directivity. This implies that the shell lens is illuminated with a more tapered



3.3. Simulation Results

3

51

130 140 150 160 170 180

Frequency [GHz]

0.75

0.775

0.8

0.825

0.85

ap

Spherical Core lens

Flat Core lens

(a)

130 140 150 160 170 180

Frequency [GHz]

-30

-20

-10

0

S
1
1
 [

d
B

]

Flat Core Lens

Spherical Core Lens

Flat, extended hemispherical

(b)

Figure 3.10: (a) The flat lens aperture efficiency compared to the spherical lens. (b) S11
comparison of flat and spherical core lenses.
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Figure 3.11: Free-space secondary patterns derived using the GO/FO tool of [48] for (a) 150 GHz
and (b) 170 GHz, comparing the flat lens (solid) versus the spherical lens (dashed). Both figures
share the same y-axis.

amplitude distribution, compared to the non-extended lens. The result is apparent
in the far-field patterns, shown in Fig. 3.12b. The SLL is significantly decreased by
>8 dB, when compared to the conformal lens patterns of Fig. 3.11. The penalty
is paid in main-beam directivity, calculated using [48], and compared in Fig. 3.12c.
The difference in directivity between the L = 0 mm and L = 1.45 mm antennas is
0.97 dB at the central frequency. Finally, Fig. 3.10b shows that simulated S11
behavior is similar for the extended hemispherical lens and the non-extended lens.
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Figure 3.12: (a) Full-wave simulated primary pattern directivity of the flat lens without extension
(L=0), and the flat lens with 1.45 mm extension. (b) The resulting free-space secondary pattern
at 155 GHz, with the reduced SLL, compared to non-extended lens. (c) The comparison in
simulated free-space far-field directivity of the two lenses.

3.4. Flat Lens Prototype at D-band

We fabricated the conformal flat lens to experimentally test the concept and design,
and to make the direct comparison to the spherical lens of [64]. The conformal
flat lens prototype was fabricated using aforementioned 5-axis machining techniques.
The prototype is shown in Fig. 3.13. The 20 × 20 mm outline and the location of
the dowel pins is exactly the same as in [64]. The prototype is added to the same
dual-lens assembly of [64], as shown in Fig. 3.14. The feeding antenna, shown in
the inset of Fig. 3.14, is a lithographically printed double-slot antenna with coplanar
waveguide (CPW) transmission lines, as taken from [64]. A detailed view of the lens
is shown in the inset. Although small deformations in periodicity and uniformity
are visible at the center of the lens, the overall fabrication process is according to
specifications.
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Figure 3.13: Fabricated prototype of the flat lens. The inset shows in more detail the drilled
holes in the hexagonal grid layout.

3.5. Conclusion

This chapter presented a design strategy for a novel compact flat lens using conformal
CNC machining. The flat lens interface can be easily integrated to form a dual-lens
architecture for a Fly’s-Eye communication system. Two designs were illustrated, a
conformal design similar to earlier work, and an extended hemispherical design. This
adjustment allows the lens to trade off the directivity with reduced sidelobe levels, a
property that becomes particularly useful in later chapters on system integration.

The conformal flat lens was fabricated using 5-axis CNC machining techniques.
The resulting compact flat core lens prototype has a height of only 2.2 mm (1.13 λ0)
and a diameter of 6.6 mm (3.4 λ0). The compactness enables such lens to fit inside
an RFIC encapsulation, hence providing the name lens-in-package.
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Figure 3.14: Exploded view of the prototype assembly, the same as in [64], except that its
spherical core lens is now replaced by the flat lens. The insets show the photographs of the flat
lens inside the assembly and the CPW feeding antenna from [64].
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Chapter 4

A Near-Field Quasi-Optical
Measurement Technique for

Probe-Fed High-Gain
Backside-Radiating Antennas

This chapter presents the measurement strategy to accurately characterize probe-fed
high-gain antennas operating in the sub-THz band. First, a near-field technique
employing a quasi-optical system is introduced in Section 4.2 to enable characterization
of backside radiating antennas (with respect to the landing pads). The proposed setup
employs classical manipulators for probe landing (i.e., above the structure) and linear
xyz CNC controlled translation stages. Then, calibration and modelling techniques
were introduced to allow for an accurate input reflection-coefficient at the antenna
input plane, and to provide an estimation of the antenna gain, as described in
detail in Section 4.3. The experimental data of two high-gain backside-radiating lens
antennas operating in D-band are presented in Sections 4.4 and 4.5 to validate the
proposed approach and characterization bench.

4.1. Introduction

THE sub-THz band above 100 GHz is being targeted for the upcoming 6th
generation of communication systems, partially thanks to its large available

bandwidth. High-capacity line-of-sight data links are being proposed for coverage in
highly dense scenarios, such as the one presented in [35] or for back-haul systems
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[68]. For these scenarios, high-gain lens antennas are envisioned to realize the
required transmit (Tx) and receiver (Rx) gain to establish a communication link [27].

We propose the use of planar scanning systems in combination with quasi-optical
(QO) approaches to characterize probe-fed and backside radiating antennas in the
near-field. To do this, a novel approach using a 45° mirror is introduced, providing
a 90° rotation between the AUT radiation and the measurement plane, allowing
to decouple the landing environment from the motorized one (see Fig. 4.1). The
use of linearly motorized translation stages enable high precision control, even with
higher mechanical loads compared to the robotic arms. As a result, accurate
phase acquisition in the sub-terahertz can be achieved by employing mm-wave
extender-based architectures.

Moreover, we detail the techniques to accurately characterize, in the sub-THz
range, the antenna input impedance and the antenna gain in setups operating in
the near field. To have an accurate reflection coefficient measurement, a calibration
and modeling technique has been implemented to transfer the calibration accuracy
of a two-port Thru-Reflect-Line (TRL) to a one-port Short-Open-Load (SOL), this
is described in Section 4.3. A technique to estimate the antenna directly from one
set of measurements and simulations of the AUT in the near field is introduced in
Section 4.4. The proposed setup and the discussed techniques are validated on a
probe-fed backside radiating lens antenna from chapter 2.

4.2. Near-Field Planar Antenna Measurement Setup

Figure 4.1: (a) Schematic of the planar near-field antenna measurement setup.

The characterization of the antenna has been realized via a custom measurement
test bench shown schematically in Fig. 4.1, that combines a planar near-field scanner
based on a CNC machine with a probe station. The near-field antenna measurement
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(a) (b)

Figure 4.2: (a) Photograph of the measurement setup for the core-shell lens antenna using a CNC
actuated waveguide probe and extender manipulator platform for the RF probe. (b) Photograph
of the RF landing probe above the CPW feeding antenna. The inset shows the CPW transmission
line that connects the landing probe to the double-slot antenna below the back-reflector in the
center.

setup is shown in Fig. 4.2a. It uses a CNC mechanical x-y-z scanner and a vector
network analyzer (VNA) with WR 5.1 frequency extender modules to measure the
antenna S-parameters. The AUT is fed by a wafer probe mounted on a commercial
micro-manipulator, securely mounted on an optical table. The one-port probe
station uses 100 µm pitch WR5.1 RF probes to land onto the CPW- and MS-pads
with <10 µm accuracy, as shown in Fig. 4.2b. The planar near-field scanner and
one-port RF probe-station were assembled in two independent tables to suppress the
propagation of the vibrations traveling from the CNC machine toward the antenna
RF landing probes.

To enable the quasi-optical plane translation, the AUT is fixed to a metallic
fixture that positions the lens antenna facing downward. The fixture holds a 45◦ flat
mirror used to forward the radiation towards the near-field x-z measurement plane
(see Fig. 4.1). The mirror is mounted on a manual rotation stage that can adjust
the tilt in θ and ϕ. These two degrees of freedom allow for the alignment of the
aperture antenna with the waveguide probe. For example, with the employed lens
AUT which radiates a collimated beam, the alignment is achieved by maximizing
the flatness of the measured phase on the scan plane. A circular 3-inch (≈76 mm)
mirror provides a projected ellipse of 76 mm × 54mm which is significantly larger
than the projected circular aperture of the lens (Dl=30 mm). Since the lens antenna
radiates a collimated beam, the beam will not diverge significantly in the proximity
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of the lens. In this case, the distance between the lens and the mirror was 24mm,
and from the mirror to the measurement plane was 64mm.

The near-field measurement plane, indicated in Fig. 4.1a, is scanned by an
open-ended waveguide probe connected to the second VDI WR 5.1 frequency
extender. RF absorbers were used around the waveguide area of the extender to
minimize the multiple reflections in the setup. With this setup, the reflection
coefficient, radiation patterns and gain were characterized and will be explained
next.

4.2.1. 1-Port SOL Calibration

The input reflection coefficient of the AUT is a parameter of key importance in
the characterization of the antenna. Conventionally, when an over-the-air setup
is considered (i.e., port 1 connected to a wafer probe and port 2 connected
to the probe antenna), a one-port calibration is carried out at port 1 and an
eventual de-embedding step is employed to reach the antenna reference plane.
When operating at sub-THz frequencies, the error introduced by the inaccuracies
of the calibration standard definitions (both commercially available and custom
designed/EM simulated) of the devices used in the calibration process, i.e., short,
open, and load, makes this approach not pursuable. Calibration algorithms
such as the thru-reflect-line (TRL) requiring partial knowledge of the standards’
response [69] are the traditional approach to correct VNA systematic errors, and
to derive fixture and interconnection responses at sub-THz [70]. Such approaches
(offline TRL calibration) can be used to derive the entire input section bend with
probe and antenna feed transition (i.e., Sprobe and Stran in Fig. 4.3a), by using
dedicated calibration structures in a two-port probe station. Nevertheless, the
connecting/reconnecting of mechanical (pre-characterized) parts in sub-THz setups,
leads to poor overall accuracy, as shown in Fig. 4.8, dashed, where the resulting
antenna reflection coefficient is shown. To improve the accuracy of the measured
input impedance, we use transfer devices to replicate the accuracy of the TRL
calibration to the one-port calibration [71].

This procedure is accomplished by first performing a probe-level TRL calibration
using the device shown in Fig. 4.4a, fabricated on a fused silica substrate. After this
calibration, the response of the SOL transfer standards shown in Fig. 4.5 is acquired.
These transfer standards can then be employed in the setup of Fig. 4.1b to derive
(without removing any connection in the setup) the de-embedding data from the
waveguide calibration up to the probe tip (i.e., Sprobe matrix). Finally, a TRL kit to
extract the response of the transition from the landing pads to the antenna feed-line
is measured, as a second-tier TRL (concerning the probe plane TRL), shown in Fig.
4.4b, providing the Stran matrix of Fig. 4.3b.
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(a) (b)

Figure 4.3: (a) Schematic of the measurement setup for extracting the reflection coefficient. (b)
Schematic overview of the different calibration procedures to move the measurement plane from
the waveguide flange A to the antenna reference plane C.

(a) (b)

Figure 4.4: (a) Probe-level TRL calibration. (b) TRL cal kit for de-embedding until antenna
reference plane (blue dashed lines). Images are not to scale.

The quality of the calibration transfer standards, employed in the one port
antenna setup, can be evaluated by comparing, in the two port probe station
environment, the S-parameters of the line of the transition TRL kit using two
methods: First, a direct TRL calibration using the custom designed calkit shown
in Fig. 4.4b. This represents the reference data. Second, an indirect two-port
calibration using the transfer standard Stran matrix to de-embed the transition
section. The results of this comparison are also shown in Fig. 4.7, validating that
the calibration transfer standards will achieve the same calibration quality as the
one they have been derived from. The two-port probe-level calibration then allows
us to measure the 1-port SOL calibration responses. This way, when changing to
the 1-port antenna measurement setup, the calibration can be retrieved using the
now-known SOL calibration standard.
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Figure 4.5: 1-port SOL calibration kit.

(a) (b)

Figure 4.6: (a) Two-port probe station setup at WR-5. (b) Block diagram showing back-to-back
the S-parameters boxes from port 1 (left) towards port 2 (right).

4.2.2. 2-Port SOL Calibration

For the two-port calibration using the two-tier SOL technique, the SOL error
terms are converted to an S-parameter box by using SSOL

11 = ED, SSOL
22 = ES and

SSOL
12 = SSOL

21 =
√

ER. The Antenna T-parameters are then provided by

Tant =
[
T −1

t

] [
T −1

t,SOL

]
[Tm] , (4.1)

where
[
T −1

t

]
is the inverse T parameter of the transition,

[
T −1

t,SOL

]
are the

T parameters extracted from the SOL calibration, and [Tm] are the measured
T parameters of the uncalibrated structure. Finally, a conversion from T- to
S-parameters is performed, followed by a normalization to the transmission line
impedance value.
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4.3. Reflection Coefficient Characterization

4.3.1. 1-Port SOL Calibration

Once SOL calibration kit has been utilized to calibrate until the probe tips, the
earlier obtained two-port transition [St] parameters can be used to de-embed from
the 1-port calibrated data to the desired antenna reference plane. First, the [St]
is dissected into its constituent components: St

11, St
21, St

12 and St
22. The input

reflection coefficient ΓL at the desired antenna reference plane is then obtained using
[72]

ΓL = ΓSOL
LL − St

11
ΓSOL

LL · St
22 − ∆

, (4.2)

where ΓSOL
LL is the 1-port reflection parameter of the antenna, after calibration with

the SOL calibration algorithm and de-embedding of the two-port transition [St]
parameter. The factor ∆ is given by

∆ = St
11 · St

22 − St
12 · St

21. (4.3)

The 1-port S-parameters is then normalized to the transmission line impedance
value (e.g. 64 Ω for CPW-fed antenna).

Applying the proposed approach to compute the input reflection coefficient of the
antenna in the OTA setup, provides a significant reduction in the trace ripples when
compared to the offline de-embedding approach, see solid blue trace in Fig. 4.8a.
Moreover, the figure shows good agreement with the CST full-wave simulated data,
with only a shift in the main resonance peak which is attributed to small variations
in the fabrication and assembly process. As shown, a reflection coefficient below -10
dB is achieved over the 140-170 GHz band, with a bandwidth of 28% and 21% for
CPW- and MS-fed antennas, respectively. The oscillations in both the simulations
and the measurements are associated to the reflections in the shell lens.

Similarly, we wanted to apply this TRL technique to derive the S11 of the
microstrip-fed antenna. Unfortunately, we could not apply the same three-step
calibration process for the de-embedding of the landing probes in the MS case as we
did for the CPW case because of the spurious radiation coming from the RF landing
pads. Instead, the MS-fed AUT S11 will be obtained through the use of time-gating,
described in the next section.
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Figure 4.7: (a) SDUT
11 and (b) SDUT

21 extracted from the direct calibration and from the used
two-step calibration process. Note in (a) the simulation is < −40dB.
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Figure 4.8: Measured reflection coefficient of the CPW-fed AUT, compared against full-wave
simulations.

4.3.2. Antenna Calibration Seen from the Time-Domain

So far, calibration has been performed using frequency-domain metrics, which are
applied naturally since the VNA is a frequency-domain-based measurement device.
However, reconstruction of the time-domain using complex frequency-domain data
can provide significant further insight in the applied calibration technique. For this
reason, this section briefly analyses S11(t) by Inverse Fast-Fourier-Transformation
(IFFT) of S11(f). It is important to remember that the Fourier transform assumes
in time-domain an infinitely repeating periodical segment of time waveforms. This
waveform length is related to the number of sample points taken and the measured
bandwidth. In our case ∆t = 1/(190GHz − 140GHz) = 20 ps. Therefore, with a
total of 251 frequency bins, the total time span is set to 5 ns.

Fig. 4.9 shows the time-domain S11(t) after applying only the standard
waveguide-based TRL calibration (i.e. reference plane A in Fig. 4.3b), thereby



4.3. Reflection Coefficient Characterization

4

65

-2.5 -2 -1.5 -1 -0.5 0 0.5 1 1.5 2 2.5

Time [ns]

-80

-60

-40

-20

S
1

1
 [

d
B

]

Antenna Ref. plane
t=0

Figure 4.9: Time domain S11 of the CPW-fed Core-Shell lens antenna, before applying the
on-wafer TRL calibration technique. Two time instances are labeled, indicating the waveguide
flange and antenna reference plane propagation times.
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Figure 4.10: Time domain S11 of the CPW-fed Core-Shell lens antenna, after applying the
on-wafer TRL calibration technique.
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setting the time t = 0 at the frequency extender waveguide flange. Significant S11(t)
spikes are visible even before reaching the antenna reference plane after about 1.5
ns (Ref. plane C in Fig. 4.3b), contributed by impedance mismatches inside and
between the RF components. To make matters worse, any non-ideal frequency
dispersion of the used components (such as the probes, waveguides, fused-silica
transmission lines etc.), leads to group delay in the time-domain. Therefore, the
AUT characterization will suffer from such unwanted effects.

To solve the problem, both the ’offline’ TRL and proposed two-tier SOL with
St de-embedding are performed, and their time-domain equivalents are presented in
Fig. 4.10. As shown, The time frame t = 0 is successfully shifted to the antenna
reference plane, and the AUT S11(t) has more clearly identifiable peaks due to the
removal of group delay effects. Three of such peaks are marked in Fig. 4.10: a
represents the reflections at the double-slot at ≈ 50 ps, b is the core lens interface at
≈ 100 ps, and finally c is the shell lens interface to free-space at ≈ 500 ps. These
values are within the expected time range, given the time resolution of 20 ps and the
electrical length (taking into account physical dimensions and material permittivies)
of the components.

Although the ’offline’ TRL and two-tier SOL calibration techniques appear
similar, a large difference of more than 20 dB is observed at time intervals of -2.5
and -1.5 ns. This time interval corresponds to an improper calibration of the
waveguide flange (t = 0 in Fig. 4.9). The reason for this is that the ’offline’
calibration unjustifiably assumes that the calibration performed in another setup
could be transferred to a different setup, where the components are interconnected
differently by mechanical tolerances. The inaccuracy of the method then results in
significant AUT measurement errors, as was shown in Fig. 4.8a.

Apart from the SOL-calibration, one other technique to is the use of time-gating,
where only the time-instances related to the AUT are kept, while the rest of the time
domain is negated. The results of such procedure are discussed in the next section.

4.3.3. Time-Gating technique for S11 Calibration

From the time-domain S11(t), calibrated by the ’offline TRL’ of Fig. 4.10, the
erroneous time samples can be set to zero, thereby removing the invalid data points
caused by the faulty calibration. The time gate is set from 0 ns, the start of AUT
reference plane, to 1 ns, a value well beyond the shell lens outer interface. The result
of this time gating, shown in Fig. 4.11a, is compared to the SOL calibration method
described earlier. As shown, the time-gating approximates well the behavior of the
antenna S11(f), and therefore provides a good alternative to time-consuming SOL
calibration.
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Figure 4.11: Measured reflection coefficient of the (a) CPW-fed and (b) MS-fed AUTs, compared
against full-wave simulations. The measured results have been obtained using time-gating.

The resulting S11(f) of the MS-fed antenna, shown in Fig. 4.11b, is based on the
same time-gating technique, using the 0-1 ns interval. Its S11(f) amplitude is several
dBs higher than the full-wave simulation but shows overall similar behavior.

4.4. Gain Estimation in the Near-Field

Accurate calibration of absolute gain measurements proves to be a substantial
challenge in near-field setups, particularly in the context of probe-fed antennas.
First, good phase stability is imperative to enable a near- to far-field transformation
[73]. Furthermore, extracting the gain of the AUT using the Friis’ transmission
equation is not feasible in this scenario, as the RF radiated power spreading does
not follow the square of the distance.

In this contribution, instead of relating the power received by the AUT with a
standard gain antenna as in [74], we propose to compare the measured power with
the simulated or estimated power received by the AUT. The proposed strategy to
extract the far-field gain from the measured S-parameters relies on first extracting the
far-field directivity DF F,meas via a near-field to far-field transformation. Then, two
near-field methods based on measurements only (Section 4.4.2), and semi-analytical
methods (Section 4.4.3) are used to obtain a good estimation of the near-field
radiated power spreading as a function of distance, and subsequent antenna loss.
The gain of the AUT will then be derived from GF F,meas = DF F,meas − L, see
section 4.4.4. The next section provides more detail on obtaining DF F,meas. Finally,
sections 4.4.2 and 4.4.3 describe two different methods of how this loss term L was
obtained.
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Figure 4.12: (a) Measured S21 (Electric field) amplitude in the scan plane with the projected
mirror aperture outlined (red circle). (b) Same S21 but now in phase format.
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Figure 4.13: Measured (solid) vs simulated (dashed) far-field patterns for CPW-fed (a-c) and
MS-fed (d-f) antennas. Three frequencies are shown: 140GHz (a, d), 155GHz (b, e), and 170GHz
(c, f).

4.4.1. Measured Far-Field Radiation Patterns and Directivity

The radiation pattern of the antenna was measured in the near-field with the setup
of Fig. 4.1. The near-field measurement plane, located at a distance of 8.8 cm
from the tip of the lens, covered an area of 8 × 8 cm and was sampled with a step
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size of 0.88mm (corresponding to λ0/2 at the maximum measurement frequency of
170 GHz). The electric field amplitude on the measurement plane at 155 GHz is
shown in Fig. 4.12. The lens aperture diameter of 3 cm contains most of the field.
The area between the lens aperture and the projection of the mirror, outlined in
red, shows some (minor) diffraction effects probably due to the edges of the mirror.
Furthermore, the S21 phase, shown in 4.12b is slightly offset due to a misalignment
in the mirror. This effect will be compensated for mathematically using a phase
correction.

The far-field radiation patterns were obtained using a near-field to far-field
transformation and Ludwig-3 definition [44], shown in Fig. 4.13. We note a good
agreement with the simulations. The cross-polarized field was measured using a
90◦ waveguide twist and also presents an excellent agreement with the simulation
(see trace D-plane CX). The far-field directivity of the extracted far-field patterns is
shown in Fig. 4.17 for the CPW-fed antenna, achieving an agreement within 1dB
across the 140 - 170GHz band. This variation can be attributed to the truncation
effects of both the mirror and the finiteness of the near-field measurement plane.

4.4.2. Estimation of the Antenna Loss Using Only Near-Field
Measured Data

This subsection derives the near-field directivity and gain solely based on
measurement data, using a method derived from [74]. First, the directivity is derived
from the measured S21 parameter by

DNF = |S21|2

2η

R2

Prad/4π
, (4.4)

where η is the impedance of free space, R is the distance from the shell antenna and
the measurement plane, and Prad is the power radiated in the measurement plane.
The latter is calculated using

Prad =
¨

S

|S21|2

2η
dxdz, (4.5)

where dx and dz are the step sizes in the measurement plane along x and z
respectively, both 0.83mm. The measured near-field gain is then expressed by

GNF = |S21|2

Gpr

(
4πR

λ

)2
, (4.6)

where Gpr is the probe gain, characterized through a far-field link measurement. Fig.
4.14 shows these near-field gains and directivities for both CPW-fed (a) and MS-fed
(b) antennas, and are compared to simulations, described in the next section.
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Figure 4.14: Near-field directivity (gray) and near-field gain (black) for both the CPW-fed (a)
and MS-fed (b) antennas.

Due to the resonance effect in the MS-fed antenna landing pad, explained in
Section 4.3, the gain could not be derived in the 155-170GHz bandwidth, as shown in
Fig. 4.14b. The measured near-field gain is compared with the full-wave simulation
that includes the ohmic/dielectric loss showing a good agreement within 1 dB in
the 140-170GHz bandwidth. Note that the simulations do not include the effect of
the multiple reflections at the lens antenna interfaces, which may be the cause of
the rippling not present in the simulated directivity and the gain. Furthermore,
the measured higher rippling effects observed in the gain may be attributed to the
scattering effects produced by the mirror edge and the aforementioned truncation of
the near-field measurement plane.

Note that the results of Fig. 4.14 represent the near-field directivity and gain.
Located in the radiative near-field, they will be dependent on measurement distance.
The translation to far-field gain can be made by extracting the antenna loss in the
near-field, and is obtained by subtracting the measured near-field gain from the
measured near-field directivity:

L = DNF − GNF , (4.7)

which will be used in Section 4.4.4 to derive the far-field gain.

4.4.3. Estimation of the Antenna Loss Using Simulated Near-
Field Power-Spreading

Contrary to the previous section, where the near-field power spreading was derived
using measurements only, this section estimates the power spreading by simulating
the near-field propagation from the lens to the measurement probe. When the
AUT suffers from strong back-side radiation and radiation towards large angles,
the estimation of the near-field power spreading through simulations allows us to
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Figure 4.15: Simulated near-field propagation from the antenna reference plane (where Pacc is
derived), to the probe tip at a distance of 8.8cm from the elliptical lens.

understand and assess better the radiation of the antenna in the measurement scan
plane.

As mentioned, to extract the gain, the measured transmission coefficient will
be related to a loss-less simulation of the transmission of the lens AUT on the
measurement plane. The simulated Ssim

21 parameter can be expressed as

|Ssim
21 |2 = PRX/Pacc, (4.8)

where PRX is the power received at the waveguide probe tip and Pacc is the accepted
power by the AUT, given by Pacc = PT X(1 − |Ssim

11 |2). PT X is the power transmitted
in the simulation. The power received is calculated as the integration of the Poynting
vector S⃗y over the area of interest,

PRX =
¨

S⃗ · n̂dS, (4.9)

where n̂ = ŷ, is the unit vector normal to the surface S. Since the lens is designed
to generate a plane-wave-like field in front of the aperture, we assume that the
Poynting vector only has a y component, i.e. S⃗=ŷSy. This assumption means that
measurement post-processing will not include any probe compensation (the same
assumption was applied in Section 4.4.2). Since the amplitude-level variation of the
probe is only 0.15dB within ±10◦ (at 180GHz), the validity of this approximation is
good for such an electrically large lens, where the dynamic range of the measurement
was >30dB (see Fig. 4.12). With this assumption, the received power is calculated
as

PRX = ℜ{Sy}Aeff , (4.10)
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where Sy is the amplitude of the Poynting vector, S⃗y = 1/2E⃗ × H⃗∗ at the
measurement plane, in this case at 8.8 cm distance, and Aeff is the waveguide
probe (broadside) effective area, given by Aeff = (λ2

0Gpr)/4π. To obtain S⃗y, first,
a full-wave simulation of the antenna radiating in the lens medium is performed,
without considering any ohmic or dielectric loss. After this simulation, the electric
and magnetic fields on the lens surface are approximated using physical optics and
are propagated to the scan plane of the same area and distance as the one measured.
The overview of the simulated power spreading is shown in Fig. 4.15, indicating that
negligible power spreading occurs (marked with the dotted lines), giving validity to
the assumption in (4.10). This simulation method was used to obtain the simulated
near-field directivity and gain, shown in Fig. 4.14.

Finally, the antenna loss L is estimated by

L = |Ssim
21 |2 − |Smeas

21 |2, (4.11)

where Smeas
21 is the measured transmission coefficient, and Ssim

21 is the simulated ideal
(i.e. no ohmic or dielectric loss) transmission of the same AUT at a fixed distance of
8.8cm, located in the radiative near-field of the AUT. The S21 parameters are shown
in Fig. 4.16, the difference in amplitude being the antenna loss.
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Figure 4.16: S21 parameters of the near-field measurement and near-field simulation, used to
derive the antenna loss term L.

4.4.4. Estimation of the Far-Field Gain

For calibration of the two described methods in Sections 4.4.2 and 4.4.3, first
the raw S-parameters SAUT are obtained when the waveguide probe is aligned
at the broadside position with the lens. Then, the Smeas

21 are obtained by
de-embedding the transition until the antenna plane (Fig. 4.3b). Similar to
Section 4.3, SOL calibration with Stran de-embedding is performed to move the
reference plane from the waveguide to the AUT. The resulting Smeas

21 , after removing
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the reflection coefficients of the AUT and the waveguide probe, is expressed by
|Smeas

21 |2 = |SAUT
21 |2/(1 − |SAUT

11 |2). The resulting losses obtained in sections 4.4.2
and 4.4.3 are subtracted from the earlier measured far-field directivity,

GF F (dB) = DF F (dB) − L(dB), (4.12)

to arrive at the estimated far-field antenna gain shown in Fig. 4.17 for the CPW-fed
antenna. Good agreement between simulated and measured far-field directivities
and gain is observed. For very directive antennas with high front-to-back ratio as in
this case, both near-field measurement techniques provide a good estimation of the
antenna characteristics.
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Figure 4.17: Far-field gain and directivity for the CPW-fed antenna as a function of frequency.
The directivity is obtained directly through near-field to far-field conversion. The gain is
compared using two methods, described in sections 4.4.2 and 4.4.3

4.5. Flat Lens Measurements

Using the same approach as above, the flat core lens of Chapter 3 is now measured
for its reflection coefficient, directivity and gain. The prototype is added to the
same dual-lens assembly of Chapter 2, as was shown in Fig. 3.14. Because the
measurement setup and lens design are, apart from the flat interface, identical to the
one presented in previous section 4.2, we can directly compare the measured results
to those obtained with the spherical core lens.

Fig. 4.18 shows the measured antenna reflection coefficient of the flat lens,
compared to the spherical lens. No time-gating is applied. Contrary to Fig. 3.10,
the measurements include the CPW transmission lines. The two measurement
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Figure 4.18: Measured S11 of the flat lens (solid) and the spherical lens (dashed).
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Figure 4.19: Measured free-space secondary patterns of the flat lens (solid) compared to the
patterns of the spherical core lens (dotted). (a) 140 GHz (b) 155 GHz and (c), 170GHz comparing
the flat lens (solid) versus the spherical lens (dashed).

sets indicate fair agreement, although the flat core lens introduces some additional
ripples.

Next, the antenna patterns were obtained by measuring the 2D near-fields, and
subsequently applying a near-field to far-field conversion. Again, the measurement
setup and 2D scanning plane were kept as identical as possible to 4.2, to allow for
fair comparison.

Fig. 4.19 shows the far-field patterns of the flat lens (solid), compared to the
spherical lens of Chapter 2 (dashed). Three main observations can be made. First,
good agreement in the main beam pattern is obtained, although a minor shifting in
scanning direction has occurred for the flat lens (≈ -0.5◦). This is likely due to a
misalignment in the measurement setup. Second, a higher sidelobe is visible in the
E-plane at θ ≈10◦, particularly at 155GHz. This asymmetry is most likely caused
by the interaction between the flat lens and the radiating CPW transmission line.
This effect has not been included in the full-wave simulations of section 3.3 due to
computational intensity. Finally, we note in Fig. 4.19 that the cross-polarization
levels show good agreement across frequency for both lenses.

Having obtained the measured far-field patterns, the directivity and gain can be
extracted. The directivity follows directly from the patterns, and is shown in Fig.
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Figure 4.20: Measured far-field directivity

4.20. The flat and spherical lenses show similar directivity values across frequency,
although the former has somewhat higher rippling behavior. Using the same process
as in Section 4.4, the resulting far-field gain is shown in Fig. 4.20. Oscillations of
up to 1dB are observed for the flat lens, with overall values close to the spherical
lens. Unfortunately, the CPW feeding line (inset of Fig. 3.14) has large radiation
loss, as was found in Chapter 2. This stray radiation could couple into the flat
lens interface and cause unwanted radiation. An improved feeding line, such as the
microstrip-based design of Chapter 2, could help resolve this issue. Despite these
losses, decent radiation efficiency of around -3dB is obtained, in close agreement to
the value found in Chapter 2, where a feed loss of 1.2 dB was found, lens dielectric
loss of only 0.5 dB, and the rest associated to spillover and front-to-back loss. This
illustrates the advantage of the dual-lens design, where the compact core lens limits
dielectric loss, and permits the transition to electrically-large lenses with negligible
loss.

4.6. Conclusion

This chapter presented a measurement strategy to accurately characterize probe-fed
high-gain antennas operating in the sub-THz band. By using an adjustable 45◦

flat mirror, the radiation of the AUT is redirected to a measurement in the x-z
plane, which allows separate optical tables for the mechanical scanner and the RF
probe station, thereby minimizing vibrations to the AUT. Calibration and modeling
techniques to transfer the calibration accuracy of a two-port TRL to a one-port
SOL calibration were used. They enable an accurate input reflection coefficient
measurement at the antenna input plane. The antenna gain was extracted directly
from one set of measurements and one simulation.
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All these techniques have been corroborated with a set of measurements compared
against simulations in the 140-170GHz band. Two measured prototypes showed
good agreement with simulations, with antenna directivities >32 dBi and loss <2dB
in the 140-170 GHz bandwidth, validating the proposed architecture and choice of
technologies.

The flat lens of Chapter 3 was compared to its spherical counterpart. Good
agreement in antenna performance, such as reflection coefficient, radiation patterns,
directivity and gain was obtained. The lens suffered from larger rippling effects than
the spherical lens, but improved lens feeding design could help mitigate this problem.



Chapter 5

Flat Hyperboloid Lens With
Leaky-Wave Feed for Material

Characterization at WR-5
Frequencies

This chapter describes the design of sub-Terahertz lens antennas that are coupled in
the near field. The lenses have a flat interface, making them suitable for material
characterization under plane wave incidence. A waveguide-based leaky-wave antenna
feed illuminates efficiently the lenses with a Gaussian pattern over a bandwidth of 140
to 220 GHz. Then, a large permittivity hyperboloid lens converts the feed pattern into
a plane wave with high Gaussicity. The use of dense dielectric materials significantly
reduce field spreading effects, when compared to setups with free-space propagation.
Furthermore, the final lens architecture presents a flat interface, enabling direct
lens-to-lens coupling for 2-port measurements with only -3 dB of coupling loss. This
way, a quasi-optical Thru-Reflect-Line calibration can be performed, thereby making
accurate extraction of material properties via full S-parameter matrix possible. Two
materials were studied with this technique in a full-wave simulation, showcasing
errors below 1 percent for permittivity and 2 percent for loss tangent, using a standard
plane-wave propagation model.

5.1. Introduction
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MATERIAL characterization in the sub-terahertz frequency spectrum presents
promising new opportunities. Accurate, non-invasive material parameter

extraction in this frequency band enables a variety of different applications, with
examples including security, industrial material quality and defect detection, and air
quality detection [4, 75–77]. Furthermore, accurate material characterization is key
to designing and optimizing Radio Frequency (RF) systems, as their performances
rely heavily on the properties of the involved materials. For these reasons, material
characterization in these bands is met with growing interest, and a variety of
different measurement techniques have been proposed.

At frequencies < 300 GHz, a popular approach is using a Vector Network
Analyzer (VNA) for material characterization. Here, frequency-domain S-parameter
matrices are compared to an analytical model for extraction of complex permittivity
values [78]. Rectangular waveguides in particular offer a controlled single-mode
environment, in which a highly accurate Thru-Reflect-Line (TRL) calibration can be
performed [79–81]. Unfortunately, the technique is no longer non-invasive, as the
Material-Under-Test (MUT) needs to be adjusted to fit in the waveguide assembly.
This becomes increasingly difficult at higher frequencies, where the waveguide
dimensions are smaller. Free-space material characterization techniques are therefore
preferred for their flexibility [82].

Above frequencies of 300 GHz, a commonly encountered technique for free-space
material characterization is terahertz Time-Domain Spectroscopy (TDS) [83–86]. It
uses a wide-bandwidth system to obtain the sample permittivity, by extracting the
time-domain propagation delay through the sample. However, TDS systems do not
provide full S-parameter matrices, and can therefore not be used in high-accuracy
calibration techniques (e.g. TRL). Therefore, many recent works have explored
sub-THz (100 - 300 GHz), VNA-based free-space measurement setups [75, 82, 87–92].

However, contrary to the use of rectangular waveguides, in free-space measurement
setups there is no well-defined mode with single direction of propagation. This
causes a limitation in accuracy when extracting the complex permittivity using
analytical models, since they rely upon the assumption of a plane-wave incidence on
the dielectric sample.

Therefore, efforts have generally focused on developing Quasi-Optical (QO)
measurement setups, where the fields approximate the plane-wave condition using
Gaussian beam optics [75, 82, 87–92]. This well-known concept is illustrated in Fig.
5.1a. However, the plane-wave condition is met only at the Gaussian beam waist
for a limited Depth-of-Focus (DoF), where the phase front resembles a plane wave.
Large F-number optics, that require careful alignment in position and orientation,
are required to enlarge the DoF [93]. This in turn requires the QO system to trade
off its compactness for a larger DoF.

To counteract this problem, recent efforts have also attempted to adapt the
analytical models to include the field spreading effects [87, 90]. Nevertheless, the
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Figure 5.1: (a) Conventional free-space quasi-optical approach using focused Gaussian beams,
relying on a narrow Depth-of-Focus (DoF). (b) Proposed quasi-optical material characterization
system. The Material-Under-Test (MUT) is positioned in between the two waveguide-fed
hyperboloid lenses.

reliance on low field spreading conditions complicates the modeling and decreases
the accuracy that such systems can achieve. In addition, the use of standard horn
antennas required further calibration to account for the frequency dispersion of the
phase-center [87].

To face these challenges, this work proposes a compact lens design with a flat
interface. The lens generates directly a high-purity plane wave in a dense dielectric
medium with low amplitude spreading and low phase dispersion. Instead of field
propagation through air, the dense medium helps suppress the field spreading effects.
This way, accurate free-space material characterization using a VNA in the WR-5
band (44 % bandwidth) can be achieved. The lens design is shown in Fig. 5.1b, and
consists of a low loss εr = 2.3 dielectric, and a high density εr = 9.3 thermoplastic.
The lenses can be mounted on a WR-5 waveguide, and are calibrated using an
accurate TRL approach. We demonstrate the material characterization with a
standard plane-wave model, placing no emphasis on additional compensation with
analytical spreading models. Furthermore, the flat interface allows the MUT to be
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clamped in between the Tx and Rx antennas, thereby enabling a simple assembly
and a reduction in angular misalignment.

This work is structured as follows. Section 5.2 describes provides an in-depth
discussion on the used Gaussian propagation model, the design of the flat lenses.
Then, Section 5.3 provides a full-wave simulation analysis of the designed lens,
validating the claims made in Section 5.2. Finally, Section 5.4 describes the method
to characterize materials using the established lens architecture, and two example
cases are demonstrated.

5.2. Lens Antenna Design

This section describes the design and modeling process for the lens architecture. It
starts by modeling the electric field propagation using Gaussian beam theory. Then,
the leaky-wave feed that illuminates the lens is analyzed, followed by the actual
hyperboloid lens design.

5.2.1. Gaussian beam propagation

In the first step, some a priori information on the Gaussian wave-front propagation is
modeled. This helps us establish a relationship between the lens aperture dimensions
and the MUT sample thickness.

As mentioned in the introduction, standard dielectric measurements rely on a
transmission line model that assumes plane wave incidence. However, the generated
plane wave will diverge as a function of distance, developing an increasingly large
beam waist with a larger radius of phase-front curvature. MUT samples with
large thickness can therefore suffer from increased electric field spreading and lower
coupling.

To assess the impact of such spreading effects, we model the field propagation
using a standard Gaussian model [94]. First, the Gaussian beam width can be
modeled using

w(z) = w0

√
1 +

(
zλd

πw2
0

)2
, (5.1)

where λd is the wavelength in the dielectric medium, z is the propagation distance,
and w0 is the beam waist at z = 0. An example w0 of 5 mm is used, corresponding
to 3 λ0 at 180 GHz. Similarly, the radius of curvature is calculated using [94]
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Figure 5.2: (a) Gaussian beam width w as a function of distance z. Two values for permittivity
are indicated, plotted against the WR-5 frequency band. (b) The angular deviation from a plane
wave, based on the radius of curvature.

R(z) = z + 1
z

(
πw2

0
λd

)2

. (5.2)

From the radius of curvature then follows the phase deviation from an ideal plane
wave, defined by [95]

∆Φ(x, y, z) = kdρ2

2R(z) , (5.3)

where kd is the wave number in the dielectric medium and ρ defined as ρ =
√

x2 + y2.
Fig. 5.2a shows as an example the propagation of the Gaussian beam as a

function of distance z, whereas Fig. 5.2b shows the phase deviation at ρ = w0 = 5
mm. A frequency bandwidth of 140 GHz to 220 GHz is indicated. As expected,
diffraction effects cause the initial plane-wave fronts to diverge, creating a widening
of the beam width (Fig. 5.2a). The divergence also causes the wave-fronts to curve
away from the central axis, causing increasing phase deviation to occur (Fig. 5.2b).

When comparing the spreading in vacuum (εr = 1) to that in our proposed
(εr = 9.3) medium, the former presents a significantly larger spread over distance
due to the factor

√
9.3 smaller electrical size of w0. This is especially true for the

lower frequency bound of the bandwidth (dashed line), where the beam width is
electrically smaller.

Based on this modeled behavior, it is apparent that by confining the Gaussian
beam within a medium of high εr, a significant decrease in spreading over distance
can be achieved. The distance z can be connected to the maximum MUT thickness,
by estimation of the number of multiple reflection required to reach convergence
conditions. For example, εr = 1 samples with a thickness of 3 mm can be analyzed
with 26◦ phase deviation on the 5th back-and-forth reflection (total 30 mm). By
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Figure 5.3: Elliptical lens antenna with leaky-wave feed, including a corrugated annular ring
ground plane, taken from [23].

comparison, the denser εr = 9.3 reaches an 11◦ phase deviation over the same
distance. The phase deviation can be further reduced by enlarging the lens DL,
thereby enlarging the Gaussian beam waist.

5.2.2. Leaky-Wave Feeding Antenna

The lens feed is of critical importance to the generation of the high-purity plane
waves. Illumination of the two lenses requires a high degree of rotational symmetry
and low cross-polarization levels (CX). The primary patterns should introduce an
amplitude taper to avoid significant diffraction effects at the lens edges. In addition,
for the generation of plane waves over a wide bandwidth, a near-constant phase
center location is required. These already challenging properties must persist over a
wide bandwidth, from 140 GHz to 220 GHz. Therefore, a specially designed feeding
antenna is required that meets these criteria.

Fortunately, such feeding antenna was developed in earlier work in [23], shown
in Fig. 5.3. In that contribution, an elliptical εr=2.3 High-Density Polyethylene
(HDPE) dielectric lens is positioned above an open-ended circular WR-5 waveguide.
The two are separated by a λ0/2 cavity. This structural combination enables
the propagation of nearly-degenerate TM1 and TE1 leaky-wave modes. The
non-dispersive TM0, that is associated to high CX levels, was attenuated by the
addition of circular corrugations around the waveguide. The result was an antenna
feed that enables highly aperture efficient lens illumination, operating over the full
WR-5 bandwidth (140 GHz to 220 GHz).

The feeding antenna was analyzed whilst radiating in infinite HDPE medium, to
obtain the feed performance. Fig. 5.4a shows the normalized amplitude patterns
of such feeding antenna. Indicated are the central frequency, and the lower-
and upper-bounds of the WR-5 bandwidth. Its normalized E-fields are amplitude
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Figure 5.4: Simulated primary patterns of the corrugated circular waveguide with leaky-wave feed
of [23]. (a) The normalized far-field amplitude distribution for the E- and H-planes, including the
D-plane cross polarization. Three frequencies are included representing the WR-5 bandwidth. (b)
The phase distribution using the same nomenclature of (a).

tapered towards a level of around -20 dB at 40◦. Similarly, Fig. 5.4b shows the
phase stability of the feeding antenna as a function of observation angle θ. Up to
θ = 30◦, the phase ϕ remains constant between −25◦ < ϕ < 15◦. Beyond θ = 30◦,
the amplitude tapering of Fig. 5.4a avoids large impact of phase deviations on lens
performance. Finally, the feeding antenna features low S11 reflection parameter over
bandwidth. The result is shown in Fig. 5.5. The low S11 is key to reducing multiple
reflection in the lens setup.

5.2.3. Hyperboloid Flat Lens Design

Based on the knowledge of the feeding antennas and the Gaussian beam model, a
lens architecture with a flat interface could now be designed. Given the εr = 2.3
of the leaky-wave feed, the second material made of εr = 9.3 PREPERM PPE950
thermoplastic was chosen for two reasons. First, the material was well characterized
at high frequencies in Appendix B, with a loss tangent tan δ = 0.005 at the WR-5
frequency band. Second, the material offers a good contrast from the HPDE, which
is needed to refract the RF wavefronts whilst limiting the lens curvature. Limiting
this curvature helps in implementing a matching layer later on.



5

84 5. Flat Hyperboloid Lens for Material Characterization

140 160 180 200 220
Frequency	[GHz]

-30

-20

-10

0

S 11
	[d

B]
Open-ended	WG Hyperboloid	Lens

Figure 5.5: Simulated S11 of the open-ended corrugated waveguide of [23], compared to the
proposed hyperboloid lens. Both S11 curves are normalized to the waveguide characteristic
impedance (Zc = 456Ω).

Figure 5.6: Geometry of the lens with flat interface. In blue, the convex hyperboloid lens made of
dense thermoplastics. Below, the HDPE concave lens that supports the leaky-wave propagations
in its air-filled cavity. The matching layer is located in between, indicated in cyan.

Once the material selection was made, the lens topology was based on the
available feed pattern and the flat interface requirement. Because the wavefronts
travel from an εr = 2.3 to a more dense εr = 9.3 material, a transition towards a
convex lens was required. Canonical hyperboloid lenses are a well-known type of
lens to convert an incoming Gaussian radiation profile to parallel rays, e.g. a plane
wave. The proposed lens architecture is shown in Fig. 5.6. The convex hyperboloid
εr = 9.3 lens is positioned inside a concave cavity of the εr = 2.3 HDPE lens.

To suppress multiple reflections within the lens design, a Matching Layer (ML) is
introduced in between the interfaces of the two lenses. The same εr = 4.6 synthesized
material will be used as in Chapter 2. In this work, we assume the ML is made of a
homogeneous material with a thickness of λm/4, where λm is the wavelength in the
matching layer.

The hyperboloid lens topology can be modeled using standard hyperbola
equations. The degree of lens curvature is determined by the material eccentricity
ec =

√
er2/er1, which is a function of the ratio of permittivities between the two

mediums. The lens focal length is given by
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Figure 5.7: (a) Ray tracing for the hyperboloid lens. The rays emanate from the phase center at
z = 0. (b) Incident E-field amplitudes at the hyperboloid surface Einc and at the flat lens-air
interface Eout. The reflection coefficient is indicated in dashed lines.

F = DL

2 tan(θt)
, (5.4)

where θt is the lens truncation angle and DL is the lens diameter. From here, the
semi-major axis a is calculated using

a = F

1 + ec
. (5.5)

Multiplying the semi-major axis with the lens eccentricity, the linear eccentricity
c is obtained using c = a · ec. Both terms can then be combined to form the lens
semi-minor axis b =

√
c2 − a2. Finally, these parameters enable the mathematical

definition of the lens surface vertical coordinate z using

z = a

√
1 + ρ2

b2 + c. (5.6)

Based on this lens parameterization, a lens truncation angle θt = 45◦ was chosen
to capture the feed primary patterns with sufficient spillover efficiency, whilst
including a large amplitude taper to diminish diffraction effects at the lens edges
(Fig. 5.4). Then, a lens diameter DL = 10λ0 was chosen to have the same 10 mm
waist as was analyzed before, and to provide a good trade-off between lens thickness
and aperture size. For structural strength, a sufficiently large hlens= 4.16 mm (2.5λ0)
was needed, as the PPE950 material can flex under mechanical stress.

After the lenses satisfy the above mathematical conditions using the stated
geometrical parameters, a ray tracing approach can be implemented to confirm that
the feeding rays refract to parallel outgoing rays. Fig. 5.7a shows the ray tracing
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Figure 5.8: Sampling of the hyperboloid matching layers using (a) a Fibonacci distribution and
(b) a regularly subdivided icosahedron distribution. The blue outline is the perimeter of the
hyperboloid lens.

simulation, where the rays emanate from the hyperboloid lens phase center at z = 0.
A collimated beam is the result. Using the same technique, the phase errors across
the εr = 4.6 matching layer were analyzed. The layer has uniform thickness, and
therefore does not provide the same λm/4 condition for all angles θ. Such errors
were found to be limited to 6.1◦ and 9.6◦ at θ =30◦ for 140 GHz and 220 GHz,
respectively.

Fig. 5.7b shows the E-field amplitudes at the lens aperture. For simplicity,
the feed patterns are fitted using a simple Einc(θ) = cos6.5(θ) power distribution to
match the tapering of the leaky-wave feed at the specified truncation angle θt, see
Fig. 5.4.

5.2.4. Matching Layer Design

Of key importance towards the functioning of the lens design is the mitigation of
field reflections in between the high-contrast convex εr = 2.3 and concave εr = 9.3
lens interfaces. A perforated matching layer technique is chosen, as was implemented
in Chapter 2. In that work, the matching layer was only 5 mm in diameter,
and consisted of only 170 holes. However, when considering the much larger
DL = 10λ0 ≈ 20 mm hyperboloid lens, the sampling strategy of the lens becomes
critical to prevent distortions from causing diminished matching layer performance.

To solve this problem, two distributions for the matching layer holes were
considered to obtain uniformity over the hyperboloid lens surface. Both methods
start by sampling an x, y, z point cloud over a sphere, after which the sphere is
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Figure 5.9: Diagram indicating the unit sphere with the underlying icosphere construction. In
orange, the different icosahedron-based sampled matching layers are added.

rescaled to fit the hyperboloid surface. This rescaling is achieved by inserting the
spherical x, y point coordinates into (5.6). Then, by changing the number of points
in the point cloud, different periodicities can be obtained, associated to the nearest
neighbor distances between the points.

The first technique samples the hyperboloid surface using a Fibonacci sampling
technique with 2250 points. Its point distribution is shown in Fig. 5.8a, where the
blue circle indicates the outline of the hyperboloid lens. Note that the distribution
has a pole oriented towards zenith. The location of the pole was optimized for
improved sampling uniformity by rotating the Fibonacci sequence by 90◦.

The second technique performed the matching layer sampling using an
icosahedron with N number of regular subdivisions. The same 2250 points are
chosen for the distribution. As a general property, the icosahedron is constructed
using 20 pentagons. Points close to these pentagons add to the distortions in the
uniform sampling, and should be avoided. Therefore, the factor N needs to be
sufficiently high to avoid these pentagons in the matching layer structure. This idea
is visualized in Fig. 5.9, where the subset of the different sphere sizes for three values
of N are shown. N = 5 contains the pentagons and should therefore be avoided.

Then, using a 6-nearest neighbor algorithm, the 3D Euclidean distances d
between the points were calculated using the point coordinates [xn, yn, zn] and

d =
√

(x2 − x1)2 + (y2 − y1)2 + (z2 − z1)2. (5.7)

Some post-processing is then required. The nearest neighbor distances at the
edges were removed. Furthermore, a factor

√
3/2 was included to compensate for the

differences in 0◦ and 60◦ hexagonal grid orientations.
The resulting inter-point distances are shown in a probability histogram in

Fig. 5.11, for both the Fibonacci (red) and the icosahedron (blue) distributions.
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Figure 5.10: (a) Hexagon-based unit cell as used in Chapter 2. (b) Simulated S11 of the matching
layer unit cell. The two polarizations are included with dashed and solid lines. The different
colors indicate the standard deviation tolerances obtained. (c) Same simulation, but now under
30◦ incidence.

Both distribution were normalized to have the same mean periodicity of 349 µm.
The standard deviation σFibonacci had a relatively large value of 11 µm. For the
icosahedron, it was found that N = 6 provided the lowest standard deviation of
σico = 7.2 µm. Furthermore, its point cloud distribution was also more uniformly
spread over the histogram, when compared to Fibonacci distribution, as shown in
Fig. 5.11. Therefore, the icosahedron-based subdivision with N = 6 was used.

The effect of the σico tolerances on periodicity were studied in a unit-cell
simulation. Similar to the one in [64], the unit cell shown in Fig. 5.10a uses
Floquet-mode analysis to derive the S11 performance under plane-wave illumination.
The corresponding variation in S11 is shown in Fig. 5.10b, indicating only minor
effect on performance over frequency. Fig. 5.10c shows the same simulation setup,
but now under 30◦ plane-wave incidence. Similar performance is obtained, as was
expected from the modeling shown in Fig. 5.7, with only a slight loss in polarization
symmetry. If required, the unit cells could be made more wideband by changing the
geometry towards pyramidal frusta, as in [96].

5.3. Full-wave Simulations

So far, theoretical models were used to shape the lens design. However, such models
do not, for instance, take into account the multiple reflections that occur inside
the lens antennas. Such reflections might no longer satisfy the plane-wave based
analytical models, and therefore require time-gating to improve the accuracy of the
lens setup.
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Figure 5.11: Probability histogram for the nearest-neighbor distances between the different points
for the Fibonacci (red) and regular icosahedron (blue) sphere distributions. Mean and standard
deviations from mean have been indicated in dotted and dashed lines, respectively.

Therefore, for a complete picture, full-wave simulations were performed by
exporting the lens geometry to CST Microwave Studio. For the simulation, a
homogeneous matching layer with εr = 4.6 is considered. All simulations include
dielectric and ohmic losses. For aluminum, a conductivity of σ = 4 × 107 Sv/m was
used. The HDPE has a loss tangent of 3.3 × 10−4, and finally the PREPERM is
given a loss tangent of 5 × 10−3.

5.3.1. Standalone Lens

First, we simulate the lens as a standalone element, radiating inside a semi-infinite
εr = 9.3 medium. Open-boundary conditions were established at the outer edges to
avoid reflections in the simulation box.

Fig. 5.5 includes the full-wave simulated S11 of the lens under the above-
mentioned conditions. Because the matching layer provides a good anti-reflection
layer, a similar S11 behavior is obtained when compared to the feeding antenna of
[23]. At 140 GHz, the reflection coefficient is increased to -15 dB. Most likely this is
where the λm/4 condition is not sufficiently met. A broader band unit-cell design of
the matching layer [96] could help resolve the issue.

The normalized E-field at 180 GHz is shown in dB in Fig. 5.12. The top
half represents the H-plane, whereas the bottom half is the E-plane propagation
(symmetry planes were used). The planar wavefronts are clearly visible. The E-plane
has slightly higher spillover loss, caused by the asymmetry in primary pattern (Fig.
5.4).

To quantify the E-field quality on the lens interface at z = 12.5 mm of Fig. 5.12,
the amplitude and phase distribution is shown in Fig. 5.13. The E-field amplitude
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Figure 5.12: Simulated ℜ|E| propagating in the H-plane (top half) and E-plane (bottom half) at
180 GHz.

matches well to that of the modeled Eout of Fig. 5.7b, with amplitude asymmetries
expected from the feed pattern. The phase remains stable within 40◦ from broadside
within the beam waist. Such phase distortions arise from both the feed pattern and
length differences over angle θ in the uniform matching layer.

As in [92], the beam quality can be evaluated over distance z using the Gaussicity
ηG(z). This metric is defined as the overlap integral between the actual E-field and
an ideal fitted Gaussian beam,

ηG(z) =
∣∣´ Eco(x, y, z) E∗

Gauss(x, y, z) dx dy
∣∣2´

|E(x, y, z)|2 dx dy ·
´

|EGauss(x, y, z)|2 dx dy
, (5.8)

where Eco(x, y, z) is the co-polarized E-field under test, E(x, y, z) is the total E-field
(including cross-polarization) and EGauss is the fitted ideal Gaussian E-field, defined
using

EGauss(x, y, z) = A · exp
(

− ρ2

w0(z)2

)
. (5.9)

The fitting is obtained by minimizing the error function, defined as the amplitude
difference |Eco| and |EGauss|. Amplitude A is a normalization constant at ρ = 0.
The beam waist w0(z) is fitted per distance z.

Fig. 5.14a shows the evaluated ηG(z) as a function of distance, sampled uniformly
over the WR-5 bandwidth. As expected, the outer edges of the bandwidth have
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Figure 5.13: Simulated normalized E-field (a) amplitude and (b) phase distributions across the
lens aperture at z = 12.5 mm of Fig. 5.12. The E-planes (left halves) and H-planes (right halves)
of both figures are compared over the frequency bandwidth. In (a), the modeled amplitude
distribution of Fig. 5.7b is included for comparison. The shaded blue region represents the
beam-waist at 180 GHz.

worst ηG, as the phase errors from the feed and matching layer are largest at
these frequencies. The frequency band from 160 to 215 GHz show ηG(z) > 95%,
with a peak value of 97.7 % at 200 GHz. As was expected from the Gaussian
beam modeling of Section 5.25.2.1, the Gaussicity does not decay very rapidly over
distance, implying that the use of thick MUT samples is justified without large loss
of accuracy. Fig. 5.14b shows the fitted Gaussian beam waist, indicating that the
field does not significantly spread over distance, in accordance to Fig. 5.2.

5.3.2. TRL Calibration Set

The final full-wave simulations are a set of Thru-Reflect-Line instances, shown in
Fig. 5.15. These were simulated to extract the 2-port S-parameter boxes. For the
Reflect, a Perfect Electric Conductor (PEC) plate was inserted between the Tx and
Rx antennas. The Line has an added εr = 9.3, tan δ =5 × 10−3, 90◦ phase shift
transmission line, compared to the direct connection of the Thru.

We first look at the simulated (self) coupling of the three components, shown in
Fig. 5.15b. A roughly -3 dB coupling is achieved for both Thru and Line component.
Dielectric losses in the PPE950 are a significant part of this, with a total dielectric
loss of 2.2 dB (1.1 dB per lens). A different material for the convex hyperboloid
lenses, such as alumina, could create even higher lens-to-lens coupling. The E-field
propagation through the lenses was also visualized in Fig. 5.1b.

The simulated reflection coefficients of the Thru and Line components are shown
in Fig. 5.15a. Both calibration standards maintain a < 10 dB S11, even when
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Figure 5.14: (a) Simulated Gaussian efficiency in % of the E-field propagating along the z
direction, evaluated across the WR-5 band. (b) The Gaussian beam waist w, fitted to the E-field
data, as a function of propagation distance z for various frequencies.

Figure 5.15: T (a) -R (b) -L (c) calibration procedure for the lens-to-lens coupled antennas. In
(b), a metal plate has been added in between the reference planes, separated by distance t.

coupled directly in the near field. Compared to Fig. 5.5, some higher-order ripples
can be observed. However, due to the wideband lens design, these can be filtered
out using time gating techniques. This topic will be further addressed in Section 5.4.

5.4. Material Characterization Using the Lens Setup

The simulations of Section 5.35.3.2 provided a set of three 2-port S-parameters; ST,
SR, SL, for the Thru, Line, and Reflect, respectively, shown in Fig. 5.16. With
these S-parameters, we can now de-embed the lens setup from an MUT, positioned
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Figure 5.16: Full-wave simulated S-parameters for the TRL simulations. Losses have been
included. In (a) the (self) coupling between the different TRL components. In (b), the S11
parameters for the Thru and Line components.

between the reference planes shown in Fig. 5.15. This de-embedding is done
using the TRL algorithm explained in [97, 98]. Once de-embedded, the material
characteristics can be extracted.

In this work, the relative permeability (µr) of all materials is assumed to be 1
(i.e. non-magnetic). We electromagnetically characterize the MUTs by their complex
relative permittivity εr = ε′

r − jε′′
r , where ε′

r is the real component of the permittivity
and ε′′

r is associated to the dielectric loss. Both terms allow for the calculation of the
dielectric loss tangent, obtained using tan δ = ε′′

r /ε′
r. We first describe the analytical

model used to fit the measured S-parameters to, and then show two example cases.

5.4.1. Extraction Model for Complex Permittivity

Complex permittivity extraction is achieved by fitting the measured scattering
parameters Smeas

11 , Smeas
21 to the theoretical model of wave propagation through

a dielectric slab. However, contrary to other works that involve a free-space
measurement setup, the MUT is embedded in a dielectric background of relative
permittivity εref = 9.3. Therefore, the measured S-parameters are normalized to
Zc = 377/

√
9.3.
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The transmission line model, similar to [82, 87], is adapted to include this
dielectric background. To model Smodel

11 , Smodel
21 , we start by defining the reflection

parameter Γ as

Γ =
√

εr − √
εref√

εr + √
εref

. (5.10)

From here, the modeled scattering parameters are a function of independent complex
variable εr using

Smodel
11 = Γ(1 − e−2γd)

1 − Γ2e−2γd
, (5.11)

where γ = jk0
√

εref is the complex propagation constant in the sample material, k0
is the wave number in free space, and d is the thickness of the MUT. Similarly, the
S21 transmission parameter can be fit using

Smodel
21 = (1 − Γ2)e−γd

1 − Γ2e−2γd
. (5.12)

Next, the fitting of measurements and model is performed on phase and amplitude
separately, of both the S11 and S21. To avoid large phase errors when the amplitude
of either of the two are small, weighting factors wΓ and wT are included for the
S11 and S21, respectively. Given the measured S-parameters Smeas

11 (f), Smeas
21 (f), the

complex permittivity εr is obtained by minimizing the objective function

min
εr


wΓ(εr)2 (∠Smodel

11 (εr) − ∠Smeas
11

)
wΓ(εr)2 (∣∣Smodel

11 (εr)
∣∣− |Smeas

11 |
)

wT (εr)2 (∠Smodel
21 (εr) − ∠Smeas

21
)

wT (εr)2 (∣∣Smodel
21 (εr)

∣∣− |Smeas
21 |

)
 , (5.13)

where the weights are defined by wΓ = |Smodel
11 | · |Smeas

11 | and wT = |Smodel
21 | · |Smeas

21 |.
The function is minimized for each frequency point, using an iterative least-squares
technique.

5.4.2. Case I: Vacuum

The first case investigates material characterization where the MUT is a 2.7 mm
thick slab of vacuum. The TRL of section 5.35.3.2 is applied to the simulated
S-parameters, resulting in Ssim. By doing so, the reference planes are shifted to the
MUT boundaries.

Fig. 5.17a shows the resulting Ssim
11 and Ssim

21 parameters in time-domain. Beyond
0.3 ns, multiple reflections with an amplitude of at most -29 dB are visible. However,
due to the large frequency bandwidth (80 GHz) of the antenna, such reflections can
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Figure 5.17: Simulated S-parameters of the case with vacuum in between the reference planes.
(a) The time-response of S11 and S21. The time-gated values are extracted from 0 ns to 0.18 ns.
(b) The resulting time-gated frequency domain S-parameters, compared to the transmission-line
model. (c) resulting phase errors between the model and the simulated S-parameters.

be time-gated out, as indicated in Fig. 5.17a. The time gate is applied from 0 ns to
0.18 ns. This time-gating affects the frequency-domain S-parameters, shown in Fig.
5.17b, by eliminating the ripples caused by the multiple reflections. The resulting
Ssim,tg

11 and Ssim,tg
21 can then be compared to the Smodel

11 and Smodel
21 of (5.11) and

(5.12), respectively.
As presented in (5.13), this comparison for the objective function is performed

in both amplitude and phase, and therefore, Fig. 5.17c shows the simulated phase
differences between Ssim,tg and Smodel. As shown, the phase errors are limited to
around −4◦ within the 150 to 210 GHz band. Outside this band the error is larger,
possibly caused by the decay in Gaussicity (Fig. 5.14), the increased S11, or the
ringing effects of the time-gating at the edges of the frequency bandwidth. Finally,
as visible in Fig. 5.17c, the phase of the Ssim,tg

11 shows erratic behavior when |Ssim,tg
11 |

is going to zero at λ0/4 multiples of material thickness. For this reason, the weight
factor has been introduced in (5.13) to suppress erroneous fitting.

The post-processed Ssim,tg can then be used to extract the material parameters.
Fig. 5.18a,c shows the resulting permittivity (top) and loss tangent (bottom) for
the analyzed vacuum material. For the permittivity, a roughly 1% error is made.
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Figure 5.18: Simulated extracted material characteristics in terms of permittivity (a, b) and loss
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Figure 5.19: Simulated S-parameters of the slab of PPE950 material, calibrated and time-gated
until its reference planes. (a) The time-gated frequency domain S-parameters, compared to
the transmission-line model. (b) resulting phase errors between the model and the simulated
S-parameters.

The loss tangent is more difficult for low loss and electrically thin materials, and
therefore suffers from larger errors.
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5.4.3. Case II: Reflectionless Slab

The second case involves the characterization of a layer of 2.7 mm thick PPE950,
with true permittivity of 9.3 and loss tangent of 5 × 10−3. The exact same TRL and
post-processing (including time-gating) procedure as in Section 5.45.4.2 is performed.
The calibrated S21 is shown in Fig. 5.19a, and compared to the model, showing
good agreement, apart from some remaining oscillations. Fig. 5.19b shows the phase
deviation, indicating a drifting phase error of up to 10◦. The calibrated S11 is below
-50 dB due to the reflection-less interface. This verifies that the TRL has worked
well, since the S11 from the antenna setup has been succesfully de-embedded. For
this reason, the transmission line model relies purely on the S21 for characterizing
the material, since the weight wΓ will be approximately zero.

Fig. 5.18b and d show the extracted material parameters. The permittivity is
retrieved within a 0.8% error, and is slowly drifting due to the drifting phase error. .
The loss tangent oscillates around 5.1 × 10−3 with a standard deviation of 1.4 × 10−3

(2% mean error).

5.5. Conclusion

This work proposed a new lens architecture for high-frequency material characteri-
zation purposes, using the direct generation of high-purity plane waves. The plane
wave propagates in a dense dielectric material, thereby significantly suppressing the
field spreading effects, when compared to standard free-space setups. The lens
structure offers a flat interface, that offers great benefits when considering material
measurements, as samples can be clamped between the lens interfaces.

Using a full-wave simulation approach, direct plane-wave generation was found
to have a Gaussicity of > 94 % was achieved from 160 GHz to 215 GHz. A
high port-to-port coupling of up to -3 dB was achieved. The wideband antenna
properties allow the usage of time-gating techniques to mitigate the impact of
multiple reflections.

Using a TRL calibration technique, the reference planes can be shifted to the
interfaces of the material under test. From there, the material complex permittivity
can be extracted using a transmission line technique. This was exemplified in two
case studies, where the resulting errors were limited to 2% in permittivity and 2% in
mean loss tangent.

The lens design could also enable applications in other fields, such as near-field
telecommunications. The promising design and numerical validation of the proposed
concepts opens the path for prototyping of this idea and performing experimental
measurement of different samples.
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Future improvements include increasing further the Gaussicity by improving the
lens design to better fit the feeding antenna phase distribution.
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Figure 5.20: Schematic overview of the proposed spherically conformal Fly-Eye Array made of high-
gain lens antennas. A cross-sectional conceptual view of a single element is shown on the right,
visualizing the antenna front-end with its dielectric lens.

CONTINUOUS progress in > 100 GHz RFIC technologies has enabled the de-
velopment of fully integrated, compact footprint, high-gain antenna systems

with narrow radiation patterns. At such frequencies, new antenna systems are envi-
sioned, combining both communications and sensing, where the need for thousands
of simultaneous multi-beams are required [35]. The first two parts of this thesis were
dedicated towards the development and measurement of such antennas. However,
as was discussed in Chapter 1, challenges remain in the development of high-gain
antenna systems possessing (near) hemispherical coverage. These challenges will be
tackled in this upcoming part.

Chapter 1’s introduction, in unison with Appendix A, demonstrated that the
phased-array SNR was equivalent to that of a Fly’s-Eye array, given the same number
of elements. The latter offered an overall less complex design, as the implementation
problems due to the required λ/2 inter-element spacing are not present; A Fly’s-Eye
system does not suffer from the 10 log(cos(θ)) drop in power at large angles θ, avoids
thermal problems, and provides access to simultaneous multi-beam capability without
active electronic scanning. As each lens antenna element functions independently, the
topology is scaled more easily to a simultaneous multi-beam system.

A conceptual view of the Fly-Eye system is shown in Fig. 5.20. The array con-
sists of the lens antenna elements of Chapters 2 and 3, and leverages the obtained
degrees-of-freedom of its design. This spherical array follows a so-called Goldberg
polyhedral, that will be described and optimized in Chapter 6. The cross-sectional
view of Fig. 5.20 illustrates the AiP front-end below the dielectric lens footprint. To
enable this AiP integration, Chapter 7 ventures into the high-frequency characteriza-
tion of the flip-chip interconnects. Finally, Chapter 8 presents the first steps towards
the development of a fully integrated spherical Fly Eye system at D-band.





Chapter 6

Optimization of Spherically
Conformal Antenna Arrays Using

Goldberg Polyhedra

This chapter introduces a method for the optimization of spherically conformal an-
tenna arrays using Goldberg polyhedron topologies. The method allows for the op-
timization of antenna systems consisting of potentially hundreds of elements. The
antenna system is optimized for directivity, beam overlap and interference using cost
functions based on analytically computed antenna radiation patterns. The method
runs relatively fast, enabling scalability towards an even larger number of elements.
Two antenna system design cases were then introduced. The first achieves a -3dB
uniform beam overlap for full hemispherical coverage. The second includes interfer-
ence analysis for a full multi-beam communication channel. The methodology can
be further extended to a variety of mathematically-defined omnidirectional antenna
systems.

6.1. Introduction

NUMEROUS applications require (near) omnidirectional or hemispherical cov-
erage. Examples include the tracking of satellites, military/civilian radars and

biomedical sensing [99]. In particular, the next generation of communication networks
envisions antennas with multiple beams, such as MIMO arrays [100, 101], millimeter-
wave phased arrays [102] and lens systems [35, 103]. Such antenna arrays have multiple
degrees of freedom [104, 105] that can increase significantly the coverage in complex
scenarios [106].
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Unfortunately, the design of high-gain antenna systems that possess omnidirec-
tional capability is not a trivial task. One of the main challenges is to achieve an
even angular coverage when different beams cross-over, referred to as beam overlaps.
As the antenna gain increases and beam widths become more narrow, an increasingly
larger amount of antenna elements are necessary to fulfill minimum beam overlap
requirements. Crucially, a low beam overlap could result in a decreased link budget
or reduced radar range. For these reasons, the Fly’s Eye antenna system envisions
>1000 elements to provide near-omnidirectional angular coverage with highly direc-
tive beams [35].

While hemispherical coverage is also achievable using conical or elliptical arrays
[107], a spherically conformal array layout is chosen, as the spherical surface is normal
to any given hemispherical direction and could therefore provide a uniform radiation
pattern in all directions without active scanning. In such a scenario, the distribu-
tion of the antennas over the sphere becomes as important as the performance of the
antenna elements itself. The positioning of all antenna elements, their orientation
and their radiation patterns must be optimized in order to achieve uniform cover-
age meeting the link requirements in all directions. Furthermore, for communication
links, Co-Channel Interference ratio (C/I) could become another bottleneck for sys-
tem performance if not properly addressed. Combining all these degrees of freedom,
spherically conformal array optimization presents a computationally intensive task
that becomes increasingly problematic as more antenna elements are required.

In literature, numerous spherically or cylindrically conformal arrays can be found
at lower frequencies [108–110]. However, such works are limited in the number of ele-
ments to at most 52. In [111], a comparative study of spherically conformal antenna
element layouts was performed, including a quasi-uniform design based on the trun-
cated icosahedron. Such icosahedron-based design features a 60-fold symmetry, that
offers significant fabrication benefits because it greatly reduces the number of unique
antenna elements. The icosahedral design of [111] was, however, found to be less
uniform than a comparative spherical spiral design, and no further design guidelines
for an increased number of elements was provided. Other approaches, as in [108],
use a sphere meshing method that approaches uniformity. But such technique does
not take into account antenna radiation patterns, and does not make use of available
symmetries found in an icosahedral approach.

In this work, the same icosahedron-based array architecture is used as in [111].
However, it is extended towards a Goldberg polyhedra topology, that provides some
unique features. Using recent research in [112], the spherical array can now be further
optimized for a myriad of mathematically-defined cost functions. This way, important
antenna performance metrics, such as radiation uniformity, maximum directivity and
channel interference can now be modeled and optimized.

This work is structured as follows. First, Section 6.2 introduces the Goldberg
architecture and optimization methodology in more detail. Then, Section 6.3 intro-
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Figure 6.1: (a) Planar graph for the GP(3,0) topology. Such topology consists of three unique
antennas (blue) and 3 unique vertices (dots). (b) The icosahedron into which the equilateral triangle
of (a) is mapped. (c) The resulting GP(3,0) Goldberg polyhedron. (d) The reference geometry to
define the antenna parameters.

duces the mathematically defined cost functions used for optimizing the spherical
array. The array behavior and array initial guess are modeled in Section 6.4. Results
are summarized in Section 6.5, followed by two design examples in Section 6.6.

6.2. Goldberg Antenna Array Architecture Optimiza-
tion

6.2.1. General Methodology

The optimization methodology employed in this work relies upon the framework in-
troduced in [112]. First, the Goldberg sphere is parameterized through the use of
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independent variables that fully describe the geometry. Then, a set of user-defined
cost functions is mathematically defined, that depend on these independent variables.
Finally, these cost functions can be iteratively minimized to optimize the polyhedron
geometry.

The parameterization of the geometry is fundamental for the method to work
efficiency. A more comprehensive explanation can be found in [112], but the described
process can be briefly summarized as follows:

First, a planar graph is generated according to the Goldberg construction method
[113], characterized by a specific Goldberg topology denoted as GP(n, m), where n
and m determine the number of hexagons in the polyhedron. Fig. 6.1a shows an
example planar graph for GP(3,0). A regular hexagonal grid is formed, with vertices
described by x2D and y2D coordinates. These graphs form equilateral triangles, which
are subsequently mapped onto the faces of an icosahedron (Fig. 6.1b). Then, the
triangular edges of the icosahedron are connected. Finally, all vertices are projected
onto the surface of the Goldberg sphere, shown in Fig. 6.1c. After these mathematical
mappings, the vertices now have 3D coordinates v⃗i = [xi, yi, zi], as indicated in Fig.
6.1d. Together they form the Goldberg polyhedron, shown in Fig. 6.1c.

For such polyhedra, it is essential to distinguish between the Goldberg topology
and the Goldberg geometry. The topology defines the combinatorial structure of the
polyhedron, including the number of unique vertices and faces (e.g. antenna ele-
ments). Fig. 6.2 shows three different topologies with increasing values of m. The
number of faces in the Goldberg polyhedron is given by 9(m2 + mn + n2) + 12, where
12 is the fixed number of regular pentagons in the topology. By contrast, the geom-
etry specifies the spatial arrangement and dimensions of these faces. In this work,
we restrict to the usage of a particular topology class called ’type I’ with n = 0,
that allows some additional constraints in the planar graph for improved computa-
tional efficiency. However, the method works equally well for the other topologies, as
demonstrated in [112].

It takes 5 vertices to form each of the 12 pentagons, and 6 for the hexagons.
The hexagonal and pentagonal faces form the apertures of the antennas. Due to
the three-fold symmetry of the equilateral triangles and the 20-fold symmetry of
the icosahedron, the resulting structure exhibits 60-fold rotational symmetry. Such
symmetries greatly reduce the number of vertices and antennas required to optimize
the antenna spheres. These are known as the unique vertices and unique antennas,
respectively. For example, while a GP(6,0) configuration contains 336 faces in total,
it is reduced only 7 unique antennas types and 9 unique vertices. This is shown in
the planar graph in Fig. 6.1a, and in the 3D polyhedron in Fig. 6.1d. The total
number of unique vertices is denoted as Nv, and the total number of unique faces
(e.g., antennas) is denoted as Na.

To be consistent with [112], the same independent variable definition is used:
Each unique vertex vi is parameterized by the coordinates of the planar graph (Fig.
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Figure 6.2: Different topologies for the Goldberg polyhedra. Unique antennas are indicated in blue.
The pentagons are outlined in red for clarity.

6.1a) (x2D
i , y2D

i ). Finally, since the vertices are not necessarily located on the surface
of a sphere, an independent variable for the vertex radius is used, defined as Ri =√

x2
i + y2

i + z2
i (indicated in Fig. 6.1d). These independent variables for each vertex

fully parameterize the geometry, using the same mapping functions provided in [112].
Based on this parameterization, a range of cost functions can be formulated. As

in [112], the optimization objective is defined as,

min F =
q∑

p=1
wpf2

p (x2D, y2D, R), (6.1)

where F is the minimization objective, x2D, and y2D are the lists containing all x2D
i

and y2D
i vertices, respectively. R is the list containing all vertex radii Ri. ωp is the

weight associated to the particular cost function fp(x, y, Rv), described entirely by
the parameterized Goldberg geometry.

6.2.2. Antenna Optimization Framework

With the antenna optimization objective in mind, this work extends the framework
provided by [112] to antenna system applications by introducing far-field-based cost
functions. These include criteria related to antenna directivity, beam crossover points,
and co-channel interference. Such cost functions enable the optimization of the ar-
ray layout to meet application system performance targets, such as the radar range
equation or the Friis’ transmission equation.

Fig. 6.1d shows schematically the 3D layout of the unique antennas for an example
GP(3,0) topology. The geometry has unique vertices v⃗1 . . . v⃗Nv , whereas the other
vertices follow from symmetry planes. Each unique hexagonal antenna element is
constituted by 6 of these vertices. Since the hexagonal elements are not necessarily
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regular, an algorithm is used that calculates the maximum inscribed circle within
the 6 vertices (assuming a convex hull), described in [114]. The function returns the
element radii Rant,1 . . . Rant,Na , representing the unique antenna apertures. Since the
pentagon is always regular due to icosahedral symmetries, its apothem or inner circle
radius follows from

Rpent
ant = Cpent

2
√

5 −
√

20
, (6.2)

where Cpent is the chord length of the regular pentagon.
Each antenna element is oriented along a direction vector n⃗i (see Fig. 6.1d),

that is not necessarily collinear with respect to the mean of its constituent vertices.
The normals form a set n⃗1 . . . n⃗Na . One additional complexity is that the hexagonal
faces are not necessarily flat during the optimization process [112]. Therefore, a well-
established definition of the antenna direction vectors is required to avoid errors for
non-planar hexagonal faces. To calculate the face normals, the average cross products
at all six edges are calculated using

n⃗j = (v⃗k − v⃗j) × (v⃗k − v⃗j), for j = 1, . . . , 6, (6.3)

where k = (j −1) mod 6 and l = (j +1) mod 6. Finally, the (mean) antenna direction
vectors are calculated by:

n⃗i = 1
6

6∑
i=1

n⃗j . (6.4)

For the unique pentagon, the normal is always along the z-axis direction.
Once the antenna direction vectors are obtained, the antenna cost functions can

be defined. These are based on the far-field radiation patterns. These patterns are
numerically approximated using

FF(kr) = C

ˆ Rant

0
exp

(
−
(

ρ

w0

)2
)

J0(krρ) ρ dρ, (6.5)

where kr is the radial spatial frequency, given by kr = k0 sin(θ). Angle θ is the
angular difference between the observation angle and the element normal vector n⃗i.
J0 is zeroth-order Bessel function of the first kind. ρ is the radial coordinate that is
distributed linearly over the antenna element radius Rant. Parameter w0 introduces
an amplitude tapering in the element aperture, as will be explained later. Finally,
the constant C is added to normalize the pattern to its maximum at θ = 0◦. The
patterns are calculated in 1D, assuming rotationally symmetric patterns. Finally, the
antenna element directivities D1 . . . DNa are derived from these patterns. Depending
on the desired application, the far-field distribution of (6.5) can be easily replaced
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with a more accurate one, or even extended to rotationally asymmetric patterns. The
effect of electromagnetic polarization could also be added here.

Using w0, control of the far-field side lobe level (SLL) is enabled. This is critical
when optimizing the array interference levels, as will be discussed in Section 6.3.4. For
evaluating the interference, the spherical array is subdivided into a frequency reuse
scheme with reuse factor Nf . This topic will be addressed in Section 6.3.4.

The next section describes in more detail how the cost functions for optimizing
the directivity, beam overlaps and the interference are introduced.

6.3. Cost Function Definitions

6.3.1. Face Planarity

The first cost function is taken directly from [112], and calculates a cost function
based on the planarity of the hexagonal faces. This planarity provides additional
practicality to the implementation of the spherically conformal arrays.

It works as follows; Each hexagonal face is assigned to six vertices v1
i . . . v6

i , ordered
randomly. Vertices v1

i . . . v3
i are selected to form a plane P . Then, the three cost

function for planarity are defined as

f(x2D, y2D, R) = di = 0, for i = 1, . . . , 3, (6.6)

where di is the distance from vector vi+3 to P . The pentagonal faces are always flat.
From here on, the work defines the cost function based on the antenna far-field

performance.

6.3.2. Directivity

The second cost function that will be discussed is the antenna directivity. Controlling
the maximum directivity can be important for instance when the maximum Effective
Isotropic Radiated Power (EIRP) needs to be fixed. It is also useful in controlling the
dimensioning of the spherical array, as the maximum directivity depends on the size
of the element aperture.

The following cost function for the antenna directivities was used,

f(x2D, y2D, R) =
Na∑

i

∣∣∣DdB
i − DirdB

set

∣∣∣2 , (6.7)

where DirdB
set is the user-defined desired directivity.
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Figure 6.3: Example far-field directivity distribution of a GP(6,0) sphere. The inset shows a rep-
resentation of finding the beam overlap direction ôv , based on the three adjacent far-field patterns
with normals n̂i,j,k

6.3.3. Beam Overlap Points

Control of the array radiation pattern uniformity is crucial for meeting the system re-
quirements. Typically, a beam crossover of -3dB for two adjacent beams is used [115].
However, for a hexagonal grid, the lowest directivity is found at the overlap points
of three adjacent beams. Fig. 6.3 shows an example far-field radiation distribution.
Since all antenna triplets share a single beam overlap point, there are Nv number of
overlap points to be found. The cost function for the overlap points is defined by

f(x2D, y2D, R) =
Nv∑
i

∣∣DdB
o,i − DdB

o,set
∣∣2 (6.8)

Alternatively, when also optimizing for Dset (Section 6.3.2), the cost function is
defined by taking the variance of the overlap points. In this case, DdB

o,set is the mean
of all DdB

o,i .
To find these beam overlaps, first the three antennas closest to the overlap point

are found using an adjacency list. The inset of Fig. 6.3 shows schematically the
example geometry of three neighboring beams, each with direction vector n̂i,j,k. The
overlap points are then numerically found using an iterative solving technique. As
shown in Fig. 6.3, we denote their positions by o⃗v, and their corresponding directivity
values by Do,i. As an initial guess for the iterative solver, the mean direction of n̂i,j,k
is used as o⃗0 = 1

3 (n̂i + n̂j + n̂k). Then, the angular distances between the normal
vectors and the solver input is found by using the dot product:

θi,j,k = arccos (n̂i,j,k · ô) . (6.9)
For each of the three antennas, the radiation patterns are found using (6.5).

The kr input expression can be simplified further using the trigonometric identity
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Figure 6.4: (a) Example frequency reuse scheme for a GP(4,0) Goldberg polyhedron. The different
frequencies bands assigned to each antenna elements. (b) Far-field radiation sphere of (a). An
example is shown for the five nearest interferers for the selected beam overlap point of one of three
channels.

sin(arccos(x)) =
√

1 − x2, valid for x ∈ [−1, 1]. The input becomes kr = k0
√

1 − (n̂i,j,k · ô)2.
The resulting far-field expression will be denoted by FFi,j,k. This allows us to define
the cost function to find the overlap points. The overlap is found when all three
antennas have equal far-field directivity, e.g.DdB

o,i − DdB
o,j

DdB
o,j − DdB

o,k

DdB
o,k − DdB

o,i

 = 0 (6.10)

Note that this cost function is to derive the overlap points only, and is not asso-
ciated to the objective function in (6.1). The cost function f⃗(o⃗) is then iteratively
optimized. The solution vector o⃗v then indicates the location of the overlap point and
is stored for further processing. The corresponding overlap point directivity Do,v is
then found by

Do,v = Di

∣∣∣FF
(

k0
√

1 − (n̂i · ôv)2
)∣∣∣2 , (6.11)

where Di is the directivity associated to the ith antenna.

6.3.4. Interference

For telecommunication systems, mitigating interference is crucial for establishing reli-
able communication links. Also known as the Signal-to-Interference-plus-Noise Ratio
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(SNIR), a balancing between the interference and signal strength is required. For
the interference, the analysis performed in this work is based on the co-channel in-
terference, or C/I. The co-channels are the channels that share the same frequency
reuse index f1, . . . , fNf

. An example Nf = 4 frequency reuse scheme for Goldberg
polyhedra is visualized in Fig. 6.4a. As described in [115], a trade-off occurs between
maximizing the antenna directivity coverage and maximizing C/I. A typical value for
satellite application is a C/IdB of 13 dB [115].

For the objective function in this work, the interference cost function is defined as

f(x2D, y2D, R) =

0, C/IdB ≥ C/IdB
set

ΣNv
i

∣∣∣C/IdB − C/IdB
set

∣∣∣2 , C/IdB
< C/IdB

set
(6.12)

where C/Iset represents the user-defined threshold value for the interference, above
which no cost is associated.

To calculate C/I, the directivity of the desired channel is divided by the sum-of-
interferers. However, doing so over the full 3D radiation patterns would be compu-
tationally too expensive. Therefore, to optimize for the interference, a more efficient
cost function is required. In [115], it was found that the worst-case interference (us-
ing Gaussian beam analysis) occurs at the beam crossover points o⃗v. Fortunately,
the location and directivity values Do,v of these crossover points has already been
established in Section 6.3.3. Therefore, all that remains to obtain the C/I is to sum
the contributions of all interfering co-channels at the unique overlap points.

The idea is visualized in Fig. 6.4. The Nf = 4 frequency reuse scheme is applied
to an example GP(4,0) antenna sphere. The resulting far-field radiation patterns of
the sphere are shown in Fig. 6.4b. The figure focuses on one out of Nv overlap point.
Each overlap point has three adjacent channels, while each channel has its own set of
interferers that collapse onto the overlap point. Therefore, this operation is repeated
3Nv times.

The following procedure is followed to calculate the C/I. First, using mirroring and
rotation operations, the unique antenna normals n⃗a with their associated frequency
reuse index fa are replicated over the whole antenna sphere for a = 1, . . . , Na (see
Fig. 6.4a). Iteratively, there is one beam of interest, and the rest is considered as
interfering. Then, for each unique overlap point o⃗v, the three adjacent frequency
channels with index f i,j,k are retrieved using an adjacency list. Then, the angles
between the overlap points and all co-channel normals are found:

θi,j,k
n = ∠(o⃗v, n⃗i,j,k

a ) | n = 1, . . . , N i,j,k
c , (6.13)

where N i,j,k
c is the total number of co-channels in frequency reuse index i, j, k.

The resulting array of angles is then sorted in ascending order, resulting in θi,j,k
n,sort. In

the sorted array, the first value will be the beam of interest, since it is located closest
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to the overlap point. The others are interferers. In general, the largest contributors
to total interference are the three closest co-channels [115]. For completeness, the
angles with indices 2-13 are selected, and summed for their total interference:

Ii,j,k =
13∑

n=2
Di,j,k

n

∣∣∣FF
(

k0 sin(θi,j,k
n,sort)

)∣∣∣2 , (6.14)

where Di,j,k
n is the maximum directivity associated to the nth antenna of channels

i, j, k. Finally, the C/I ratio at vertex v for frequency reuse subset i, j, k, is obtained
by calculating

C/Ii,j,k
v = min

[
10 log10

(
Do,v/Ii,j,k

)]
. (6.15)

For the spherical Goldberg array the minimum reuse index is 4, due to the addition
of pentagons inside the hexagonal grid, as shown in Fig. 6.4a. In most locations, the
frequency reuse distances match the Nf = 4 case. However, close to the pentagons,
reuse distances that approximate an Nf = 3 are unavoidable. Nevertheless, using
sufficiently large element angular separation and controlling the SLL, decent C/I is
attainable, as will be shown in Section 6.6.2.

6.4. Initial Guess Calculation

The previous sections derived the cost functions for the optimization tool. However,
in order to efficiently optimize the geometry and limit convergence into local minima,
good initial guesses are required for the parameter set (xv, yv, Rv). Like in [112], the
initial guesses for the xv and yv coordinates are simply provided by the hexagonal
grid of the planar cage, see Fig. 6.1. However, more effort is required for vertex radii
Ri.

Their initial guess is based on estimating the element diameters 2Rant, given the
desired directivity Dset. The method start by calculating the average element area
using Ag

elem = 4πR2
sph/(Na2

√
3/π). A perfectly spherical system is assumed, setting

the system radius Rsph equal to Rv. The factor 2
√

3/π is included to convert a regular
hexagonal area to its inscribed circle area (roughly 10% smaller). The circular area
is converted to element diameter using 2Rg

ant =
√

Ag
elem/π. To take into account the

effects of w0 tapering, Rg
ant is fed into (6.5) to obtain the antenna far-field directivity.

Finally, Rsph is numerically found by matching Rg
ant to the one required for Dset.

For estimation of the beam overlap points, we use the property of the icosahedron
that all pentagons are separated angularly by 72◦. The angle between two neighboring
cells is then approximately θest = 72◦/m, where m is one of the Goldberg topology
parameters. Therefore, the directivity at the overlap point is estimated using
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Figure 6.5: Modeling the behavior of the antenna spheres. (a) The relationship between the input
(maximum) directivity and the directivity of the beam crossover points Do, for various topologies.
(b) The same modeled behavior of GP(4,0), but now after introducing different antenna amplitude
taperings to reduce SLL.
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Dg,dB
o = DdB

max + FF dB
norm (θest/2) . (6.16)

This function is plotted as a function of input directivity in Fig. 6.5a for various
topologies. Importantly, the figure is independent of frequency and therefore generally
applicable. For low values of the antenna sphere radius Rsph, the overlap directivity
Do approaches the directivity associated to the maximum broadside directivity Dmax,
as makes intuitive sense. As Rsph is further increased, the overlap directivity Do

tends to increase gradually, until a maximum is reached. Beyond this maximum, the
overlap directivity values decay faster than the increase in maximum directivity can
compensate for. In this case, Scaling Rsph is counter-productive towards meeting
system link budget requirements.

Instead, to achieve a higher overlap value, one option is to opt for a higher-order
Goldberg topology, that has a smaller θest. Another way to increase Do with respect
to Dmax is by changing the beam waist coefficients w0 of the antenna apertures. Fig.
6.5b shows the effect of the input/output directivity behavior. By adding a taper,
the main beam becomes wider, thereby increasing Do. As shown, this comes at the
cost of reducing the maximum directivity.

6.5. Performance Overview

The optimization procedure explained in Sections 6.3 and 6.4 can be performed for
a variety of different Goldberg topologies. In this work, four topologies were investi-
gated: GP(m, n) for m = 3 . . . 6. As a higher-order topology is selected, more unique
antennas and unique vertices are required, resulting in an increased amount of in-
dependent variables. This section studies the performance impact of the different
topologies.

Table 6.1 summarizes the obtained performance for the various Goldberg topolo-
gies. The increasing amount of unique antennas and vertices are shown in the second
and third columns. The time per iteration is shown in the 5th column, indicating
a growing runtime as higher-order topologies are used. The sixth column shows the
runtime when the interference analysis is used, roughly doubling the required com-
putation time. Note that these values depend on how well the optimizer is able to
converge on the provided cost functions.

The listed runtimes indicate that the calculation of interference is computationally
heavy. This is due to the calculation of the full sphere containing all antenna normals,
and the subsequent sorting algorithm.



6

116 6. Optimization of Spherically Conformal Arrays

Table 6.1: Method time per iteration for various Goldberg topologies. The final column includes the
calculation of the channel interferences.

GP Unique
Ants.

Unique
Vertex

Total
Ants.

time/iter
(s)

time/iter (s)
+ C/I calc.

(3,0) 3 3 93 0.2039 0.5225
(4,0) 4 5 156 0.3294 0.9514
(5,0) 6 7 237 0.8246 1.3178
(6,0) 7 9 336 1.4798 2.6637
System: AMD Ryzen 7 7700 8-Core
@3.80GHz, 64.0GB DDR5 RAM

6.6. Antenna System Design Examples

In this final section, two use-case scenarios are introduced, both operating at 150
GHz D-band frequency and using GP(6,0) topologies. The first aims to equalize the
directivities of the beam overlap points at an approximate -3 dB with respect to the
maximum directivity. Such scenario could be particularly useful when considering
radar or sensing applications, as low directivity beam overlaps could result in ’blind’
spots in the field-of-view.

The second case investigates a communication link scenario in a low-range in-
door scenario (e.g. a concert hall or convention center). For communications, the
interference also requires careful optimization.
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6.6.1. Case I: Uniform Hemispherical Far-field Coverage

Figure 6.6: (a) The resulting GP(6,0) geometry of the optimization for minimum overlap directivity
variance. Unique antennas have been marked in blue. (b) Far-field radiation sphere of the optimized
array with roughly -3dB overlap points.

Figure 6.7: 1D cross-section of the patterns indicated in dotted line in Fig. 6.6b. As shown,
the patterns achieve a -3dB overlap, indicated in the horizontal black dashed line. The blue lines
are associated to the antennas directly along the cross-section, whereas the gray lines are their
neighboring antennas. Associated unique antenna numbers of Fig. 6.6 are assigned to each angular
cell.

Using the cost functions for the beam crossover points and the maximum directivity,
the optimizer can solve towards a low variance of beam crossover points. The solver
is initialized to solve for a Dmax

set of 21.1 dBi, providing a system radius initial guess of
Rg

v= 3.6 cm. The weight for this maximum directivity is set a low 0.01 value, to allow
the optimizer to sweep over different system radii. By contrast, the cost function
weight for the minimum variance of Do is set to 1. The interference cost function
is not applied, and therefore amplitude tapering for reduced SLL is not applied (i.e,
w0 = 1).

The optimization took 24.73 seconds, using 10 iterations. Fig. 6.6a shows the
final optimized array design, where the unique antennas are indicated in blue. Its
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Figure 6.8: Example GP(6,0) communication scenario including the interference analysis. (a) The
optimized antenna sphere. The colors represent the frequency reuse scheme. (b) The normalized
far-field patterns in dB of the antenna sphere. (c) The far-field C/I ratio (in dB) for the sphere.

corresponding normalized far-field radiation sphere is shown in Fig. 6.6b. The black
dashed line indicates the cross-section from θ = 0 to θ = 90◦, shown in Fig. 6.7.
The overlap points were established at -3.07 dB with respect to the maximum, with
a standard deviation of only 0.09 dB. Interestingly, the method achieved uniformity
by gradually reducing the antennas in size from the central element 1 (Fig. 6.6a) to
outer pentagonal element 7. This is more clearly visible in Fig. 6.6b and the column
’Case I Rant’ of Table 6.2.

As shown in the 1D cross-section in Fig. 6.7, the pentagonal antennas have neg-
ligible contribution to the far-field patterns, as their angular cell sizes are only a few
degrees in cross-section. For this reason, such array design would not work well when
considering interference. For the central vertices that are in the middle of the hexag-
onal grid, the C/I is around 9 dB. These values match well to an analytical MBA
analysis with Nf = 4 of [115] (8 dB C/I), where many assumptions are used (e.g.
regular grid with fixed -3 dB overlap). The same assumptions were made in [35].
However, resulting C/I levels at the pentagonal overall point was found to be 0.97
dB. The next section therefore optimizes with C/I in mind.

A list of the parameters is shown in Table 6.2. The index in column 1 represents
either the unique antenna or the unique vertex. The antenna indices correspond to
those in Fig. 6.6a, with index 7 being the pentagonal antenna.

6.6.2. Case II: Communication Channels

For a realistic communication link scenario, a low-range 30 m communication link
is envisioned. This case also considers the co-channel interferences, which can be a
limiting factor to the SNIR. The same GP(6,0) topology was chosen, such that larger
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Figure 6.9: Normalized E-field patterns over the cross-section indicated in Fig. 6.8b. The colors are
matching to the frequency reuse index of Fig. 6.8a. Different angular cells are indicated using the
corresponding background colors.

antenna directivities can be attained without sacrificing too much the beam overlap
points.

This time, the solver is initialized for a Dmax
set of 27.72 dBi and a high w0 of 0.45

(-10.72 dB taper). The high taper is required to reduce SLL. The initial guess of Rg
v

was 8 cm and the weights for the maximum directivity, beam overlap variance and
interference were all set equally to 1. C/IdB

set is set to 17 dB. The frequency reuse
factor Nf was set to 4.

The optimized system geometry is shown in Fig. 6.8a. Fig. 6.8b shows the
resulting normalized far-field sphere in dB, and Fig. 6.8c shows the C/I ratio of
the antenna sphere in dB. At zenith, interpolation errors occur that are ignored for
analysis. A worst-case C/I of 20.23 dB was obtained, located at the beam overlap
point, confirming the assumption that C/I is worst at these locations.

Such high C/I was achieved by mainly utilizing two effects. First, the antennas
rely on heavily reduced SLL to avoid co-channel interference. This becomes more
evident in Fig. 6.9, indicating the normalized 1D cross-sectional patterns of the black
dotted line in Fig. 6.8b. The colors used are those associated to the frequency
reuse index of Fig. 6.8a. Highest levels of interference occurs in the vicinity of
the pentagonal antennas. SLL lower than -25 dB were used to reduce significant
summation of interferers at large angles.

Second, the antenna sphere has a large difference of up to 6.61 dB between its
maximum directivity (26.54 dBi) and its minimum overlap directivity (19.93 dBi).
This way, the interferers are less directive at the overlap points.

Both these effects combined make the antenna sphere less efficient in terms of
volume occupied versus minimum directivity. Table 6.2 contains the optimized pa-
rameters for this case as well, under the columns ’II’. The resulting inefficiencies lead
to a near doubling of the final required antenna sphere diameter, compared to case
I. Despite the doubling in diameter, the overlap directivities are similar. A less strict
requirement on C/I could help make the design more compact.
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Figure 6.10: Shannon-Hartley maximum theoretical per-channel capacity for the GP(6,0) system of
Fig. 6.8. Values are obtained as a function of distance. In red, the worst-case capacity, whilst blue
indicates the best scenario.

From here, the overall system capacity can be calculated using the obtained far-
field directivities and interferences. First, the interference and Signal to Noise Ratio
(SNR) can be combined into the SNIR using

SNIR =
(

1
SNR + 1

C/I

)−1
. (6.17)

Then, the SNR is calculated using the standard Friis’ transmission equation. A fre-
quency reuse scheme with Nf = 4 is used, and therefore the 20 GHz available band-
width is subdivided into BW = 5 GHz per channel, as in [35]. A receiver antenna
gain of 12 dBi is chosen, with a noise figure of 7 dB, and antenna temperature of 300
K. 15 dBm of transmission power is assumed. From here, the individual maximum
theoretical channel capacities are obtained using the Shannon-Hartley limit, adapted
for SNIR [116, 117]

C = BW log2 (1 + SNIR) . (6.18)

The per-channel capacity is calculated using (6.18) for the worst-case scenario at
the beam crossover points, and for best-case scenario at the antenna element broad-
side. For the worst case, a C/I of 20.23 dB and D = Do = 19.93 dBi were used. The
best-case is represented by the maximum C/I of 35 dB and Dmax of 26.54 dBi.

Fig. 6.10 shows the resulting theoretical per-channel capacity as a function of dis-
tance for both of these cases. At low distances, the system is interference dominated,
whereas at larger distances the reduced signal power decreases overall system capac-
ity. Multiplying the best and worst-case per channel capacities with the number of
antennas in a hemisphere (128), gives the overall estimated system throughput of 3.9
and 2.4 Tb/s, respectively, at 30 m distance and a total bandwidth of Nf ×BW = 4×5
GHz. Such high throughputs are enabled by using the high-order spatial multiplexing
properties of the system.
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6.6.3. Discussion

Based on these two cases, the following recommendations can be made: First, when
considering a radar and/or sensing scenario with uniform -3dB coverage, the pentag-
onal antennas have negligible impact and could even be omitted.

Second, as found empirically, with the current frequency reuse scheme an accept-
able C/I with only -3dB beam overlap was not possible. If this is required, a higher
order reuse scheme with e.g. Nf = 7 is recommended, sacrificing in turn some channel
bandwidth in the process.

Finally, the GP(6,0) topology was restricted in minimum directivity to around 20
dBi, when also requiring sufficient C/I ratio and Nf = 4. To reach directivities of >
30 dBi, it is estimated that a GP(17,0) is required, featuring a total of 1300 antennas
in a hemisphere. Such large Fly-Eye arrays are only practically feasible due to the
60-fold icosahedral symmetries, since the unique antennas of a GP(17,0) are in the
range of 22 units.

6.7. Conclusion

This chapter introduced a novel method to optimize the geometry of spherically con-
formal Goldberg antenna arrays, built upon the mathematical framework of recently
published work. The method introduced three antenna-defined cost functions, that
help optimize the array for directivity, beam crossover points and interference. A
method for approximating an initial guess was described, providing additional intu-
ition behind the behavior of such type of arrays. Finally, two cases for uniform far-field
coverage and communication channels were discussed, indicating the tradeoffs that
occur in such spherical designs.

The work can be extended to a range of other applications. One interesting exam-
ple is converting the MBA to a hybrid phased-array or approach, where the individual
antenna elements can be electronically scanned. This way, the number of elements
in the spherical array can be reduced whilst maintaining the same performance. An-
other example could be to introduce panels with multiple passively scanned antenna
elements, as in [22]. In addition, more complex antenna characteristics such as polar-
ization, asymmetric radiation patterns and higher-order frequency reuse schemes can
be included in the cost functions in the future.



Chapter 7

A Two-Tier TRL Calibration
Technique to Assess Flip-Chip

Interconnects at D-Band

In this chapter, a calibration technique is presented to evaluate flip-chip technology
performance at D-band frequencies. The work was presented at the ARFTG
conference and can be found in its proceedings. This section will provide an
overview of that published work. The method involves the addition of a (second-tier)
Thru-Reflect-Line (TRL) calibration within the flip-chip to extract the complex
two-port S-parameters of the individual interconnects on back-to-back coplanar-wave
(CPW) structures on a fused silica substrate. The calibration quality can be achieved
by the high fabrication and assembly accuracy of the flip-chip interconnects and the
thin-film technology. In addition, the TRL-based approach allows, without loss of
accuracy, to offset the calibration reference plane from the vertical transition one,
thus minimizing the impact of radiation losses during the modeling step.

7.1. Introduction

ASSESSING the impact of flip-chip interconnections up to sub-terahertz
frequencies, relies conventionally on characterization approaches based on

back-to-back cascading [118–121]. While these methods allow for a simple estimation
of the overall back-to-back loss, they do however not provide information on the
match level at the internal interfaces.

In this chapter, we present a technique for accurately assessing the performance
of flip-chip interconnect technology at D-band frequencies. This method relies on the
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Figure 7.1: (a) Flip-chip simulation structure with a detailed view of the Au stud bumps in (b).
(c) SEM micrograph of the Au stud bumps.

precise mechanical and lateral alignment achievable with the flip-chip bonding balls
placement, together with the high resolution inherent in the thin-film technologies
employed in the RF interposer/calibration structures. By leveraging these features,
we enable the use of Thru-Reflect-Line (TRL)-like calibrations, known for their
exceptional accuracy, even at such high frequencies. Thus, we propose the use of an
additional TRL calibration alongside the conventional back-to-back CPW approach
to effectively extract the complex two-port S-parameters of an individual flip-chip
interconnect. This chapter is structured as follows: Section 7.2 introduces the
flip-chip and thin-film technology utilized in this calibration. Section 7.3 outlines the
calibration procedure, while Section 7.4 presents the measurements obtained through
this methodology.

7.2. Flip-Chip Interconnect Technology

Back-to-back CPW transitions, discussed in this contribution, were all developed
on a fused-silica substrate (ε=3.8 and tan δ=6e-4) of 500 µm with a front-side
metallization of 1 µm of aluminum (σ=3.56e7 S/m). Thermal-compression gold
stud-bumping technology was employed for all structures manufactured for this
contribution. A chip-to-interposer height of approximately 75 µm was realized to
reduce the influence of the bottom substrate on the top-chip CPW lines. The SEM
photograph of the gold stud-bumping structures is shown in Fig. 7.1, each bump
had a width of around 50 µm. Two stud bumps are bonded on top of each other,
one attached to the interposer, and the other attached to the small chip. A 3D
model of the physical structure, shown also in Fig. 7.1 was extracted from the SEM



7.3. Two-Tier TRL Calibration Technique

7

125

measurements and was used in section 7.4 to correlate the measurement results with
EM simulations.

Figure 7.2: (a) CAD drawing of the back-to-back CPW calibration structure employed including
physical dimensions. (b) Cascade of the S-parameter blocks of the back-to-back TRL.

Figure 7.3: TRL1 (a) and TRL2 (b) calibration kits for de-embedding until plane A (blue) and B
(red), respectively (Fig. 7.2).

7.3. Two-Tier TRL Calibration Technique

The characterization was realized on a back-to-back CPW structure, shown in Fig.
7.2. Since the TRL measurement is a 2-port measurement, it implies the use of
two sets of flip-chip interconnections. A first TRL calibration kit, shown in Fig.
7.3, de-embeds the landing probe transitions until the reference plane A (Fig. 7.2).
This first structure [ST ] is a CPW with a conductor/gap width of 30/10 µm (70Ω),
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which transitions to a CPW of 60/15 µm (64 Ω). The first CPW is designed with a
minimum signal/gap to minimize the excitation of the common mode when landing
the RF probe. The second CPW is designed to have a conductor width according
to the flip-chip stud bump width, i.e. around 60 µm. Both CPW lines have been
designed for minimum radiation losses. Fig. 7.4 presents the total loss characteristics
of 50 Ω and 100 Ω CPW lines in relation to their overall width t (gap+signal+gap),
including both ohmic and radiation contributions, calculated using [50]. As depicted,
the radiation loss of the CPW lines is proportional to the line width t directly, while
the ohmic loss depends on the impedance (i.e. on the central line width). If t <
100 µm, the CPW lines exhibit radiation losses below 0.1 dB/mm. The reference
plane A is placed at a distance of 0.5 λ0, where λ0 is the free space wavelength at
the central frequency to enable smooth transition and minimize its coupling of the
RF probe.

Figure 7.4: Losses of the CPW line in between air and infinite fused-silica medium versus the
total CPW width t, as defined in the inset

A second TRL is implemented at reference plane B, on the top chip, shown in Fig.
7.3. This second TRL allows us to isolate the S-parameter matrices from the two
flip-chips and obtain the CPW line characteristics of the top chip. The higher the
top chip is placed, the less it is affected by the bottom substrate, but the higher is
the radiation from the flip-chip interconnection. As mentioned, the top and bottom
chips are positioned at 75 µm as a compromise. Finally, if the probe landings were
too close to the flip-chip interface, coupling between the two (radiating) elements
could influence the measurement results. To minimize this radiative coupling of the
flip-chip to reference planes A and B, straight CPW lines of distance ≈ 0.36 λ0 and
0.5 λ0 are used respectively.

The flip-chip CPW calibration structures have been simulated using an EM
full-wave simulator to verify the sensitivity of our calibration procedure. The
comparison is shown in Fig. 7.5, where the simulation of the flip-chip interconnect
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Figure 7.5: Simulated flip-chip transition S11 (a) and S21 (b) of the two-tier calibrated data
(solid), versus the directly simulated transition (dashed).

[SFP], is obtained via the 2nd-tier TRL calibration (solid line) and via a direct
simulation of the transition (dashed line). As shown in the figure, a good agreement
is obtained within 0.01 dB.

7.4. Measurements

Figure 7.6: Measured (solid) and simulated (dashed) S11 (top) and S21 (bottom) parameters for
the three TRL components.

In the following section, the proposed calibration approach to flip-chip assessment
has been characterized and compared with simulations. The characterization was
realized on a two-port probe-landing station using WR5.1 frequency extenders in
combination with a vector network analyzer (VNA). All calibration structures were
measured, and the subsequent section presents the results in detail.
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7.4.1. First-Tier TRL Calibration Results

After the 1st tier TRL calibration, the landing probe transition structures [ST ]
were de-embedded and the reference planes were set to A (see Fig 7.2). The
measured S-parameters from each structure are shown in Fig. 7.6 and are compared
against their respective simulation. The reflection coefficients are better than -10
dB within the frequency band for both thru and LINE cases, as expected from the
simulated interconnections. The insertion loss displays comparable performances to
the simulated values, with an agreement within 0.5 dB for the thru and LINE cases.
The return loss is within 0.4 dB for the REFLECT-short and open configurations.

7.4.2. Second-Tier TRL Calibration Results
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Figure 7.7: Measured (solid) and simulated (dashed) S-parameters of the flip-chip transition for
the S11 (a), S22 (b) and S21 (c). Both the left and right transitions are indicated.
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The second-tier TRL calibration is applied using the back-to-back configuration
described in section 7.3, to extract the S-parameters of the flip-chip interconnect
and the parameters of the transmission line β. Fig. 7.7 shows the magnitude
of the S-parameters of the flip-chip interconnects [SF P ], extracted from the TRL
calibration structures shown in 7.3. The agreement with the simulated structures is
fair, and the measured data shows a reflection coefficient below -13 dB across the
band, and an average loss from the transition of 0.7 dB.
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Figure 7.8: Measured (solid) and simulated (dashed) normalized propagation constant β (a) and
attenuation constant α (b).

The propagation constant of the CPW lines from the top and bottom chips has
been extracted from the two TRLs and is shown in Fig. 7.8a. Both measurements
obtain similar behavior across the band and have a fair agreement with the simulated
value. As shown, the fused silica on the bottom of the chip has minimum impact
on the top CPW line. The attenuation constant of the bottom CPW line was
determined from the S21 measurement of a long line using the first TRL calibration
(Fig. 7.8a), showing good agreement with the simulated value. Regrettably, the
attenuation constant could not be extracted from the second TRL due to the short
length of the line and its minimal loss (≈. 0.13 dB).

Since this method allows the measurement of the propagation constant of the
CPW lines, it allows to further de-embed the lines and isolate the flip-chip transition.
For instance, in Fig 7.9, the total loss of the transition (|S11|2 + |S12|2) is depicted
when 500 µm of the CPW line from reference plane A and 800 µm CPW from
reference plane B are de-embedded (SF P,D). As illustrated, the resultant loss
attributed to the flip-chip transition is approximately 0.25 dB, showing a very good
agreement with the simulations as well.

Overall, we can see that the 2nd-tier TRL provides consistent results with the
simulated values, with an agreement of 0.1 dB across the band. The 1st-tier TRL is
not affected by the presence of the chip, and the level of cross-talk between the CPW
lines enables accurate de-embedding of the interconnection lines up to the flip-chip
transition. The data measured with this approach validates the full-wave simulation
of the 3D model which could be used to design chip-package transitions.
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Figure 7.9: Total loss (|S11|2 + |S21|2) of the flip-chip transition SFP between interfaces A and B
(Fig. 7.2) are shown in blue. In black, the transmission lines are de-embedded (SF P,D) using
ABCD matrix transfer until 20 µm away from the flip-chip stud bumps (see inset).

7.5. Conclusion

A calibration technique has been presented to assess the flip-chip interconnect at
D-band frequencies. Calibration structures with long, thin, reference-plane-based
CPW lines on low-permittivity packages, enable a low-cross talk between the three
CPW lines and thus, an accurate measurement of the transition at such high
frequencies.

The extracted results of the flip-chip interconnect have been compared with
standard two-port back-to-back CPW transition measurements and full-wave
simulations, showing the validity of the measurement techniques as well as the good
estimation of the flip-chip loss. As expected, the flip-chip interconnects provide a
low-loss and wideband transition, that will be used for the AiP integration in the
upcoming Chapter 8.



Chapter 8

Integrated Front-End Prototype at
D-Band Frequencies

This chapter presents the progress made towards a functional integrated Fly’s-Eye
Front-end. The antenna-in-package with fused-silica interposer will be combined with
the dual-lens architecture, presented in Chapter 2. Various design strategies are
followed to ensure compact form factor within the lens footprint. The technique
uses standard PCB technologies, with specialized lithographically printed fused-silica
interposers. Flip-chip technologies are used to combine RFICs with different
functionalities onto a single low-loss interposer, forming a functionally heterogeneous
approach. The prototype is currently in the final stages of fabrication.

8.1. Introduction

THE Goldberg architecture proposed in Chapter 6 aims to achieve full spherical
coverage for a communication system with antenna architectures possessing

many individual elements. Conformal arrays are an actively researched topic to
overcome antenna scan limitations, where the positioning and orientation of the
antenna elements follow a non-planar surface. Unfortunately, the implementation
and design of such conformal arrays is in practice difficult to achieve, especially at
higher frequencies. At lower frequencies, conformal array architectures are found
in various configurations, with a wide variety of antenna element types. Fig. 8.1
provides a number of examples of conformal arrays found in literature, albeit at
relatively low frequencies (max 18 GHz) and with limited number of elements (max
64). Strategies to aim for higher number of elements at higher frequencies are
missing.



8

132 8. Integrated Front-End Prototype at D-Band Frequencies

Figure 8.1: Examples of spherically conformal arrays found in literature. In (a), (b) and (c),
the arrays consist of helix antennas [109], Vivaldi antennas [108], and patch antennas [122],
respectively

In this chapter, we propose a novel front-end integration strategy to achieve
a spherically conformal Fly-Eye system at D-band. The Goldberg architecture,
proposed in Chapter 6, is realized here using the core-shell lens (presented in
Chapter 2) as an array element, as shown in Fig. 8.2a, where the entire front-end
is integrated under one shell lens footprint. The figure shows an example layout
specified as G(10,0) with 2000 faces [123]. A shell lens diameter of 3.5 cm was
chosen to meet the Fly’s-Eye system power budget demands (Chapter 1), which sets
the upper bound to the front-end dimensions. Integration below the lens footprint
enables a vertical package and a complete modular architecture. To achieve full
spherical coverage, both hexagons and pentagons are required to form the Goldberg
polyhedron. Fig. 8.2b shows how such a mathematical entity may be filled with
integrated core-shell antenna elements.

The chapter begins by providing a top-level overview of the electronics schematic
in Chapter 8.2. Then, the integration concepts in section 8.2.1, followed by an
in-detail explanation of the design phase for the fused-silica wafer in section 8.3.2
and the PCB in section 8.3.3.
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(a) (b)

Figure 8.2: (a) Example spherical Fly’s-Eye system composed of hexagons and pentagons. (b)
Artist impression of a 7-element subsection of the spherical Fly’s-Eye communication system.

8.2. Single Element Front-End Technology

The envisioned integration concept is shown in Fig. 8.3a. The modular Fly’s Eye
front-end has a three-level integration. First, an RF PCB is used as a carrier board
and routs the < 20 GHz signals and DC biasing lines from the external connectors
to the AiP interposer using a standard Ball Grid Array (BGA) interface. Second,
the fused-silica interposer is used as a high-frequency transition between the PCB
and the two commercially purchased GaAs MMICs (forming the third layer), and
also contains the double-slot feeding antenna. The RF front-end is composed of
two commercially available MMICs; The first is an LO x6 multiplier chain, that
multiplies the ≈ 12 GHz LO to a 71-86GHz signal. The second MMIC is a
sub-harmonic mixer that up-converts the DC-6GHz IQ signal onto the frequency
doubled carrier to 140-170GHz. For now, the antenna will be a single metallized
layer (i.e. CPW-fed antenna of the previous year’s report) since this design has now
been well characterized and provides a less complex fabrication.
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(a)

(b)

Figure 8.3: (a) Schematic overview of the proposed front-end integration in Tx mode. (b)
Cross-sectional view of the front-end integration concept. The LO and IF signal paths are
indicated, propagating through the RF PCB, through the fused-silica wafer, processed by the
flip-chipped MMICs and finally arriving at the core-shell lens antenna.

8.2.1. Front-End Integration Technology

The integration technology, including flip-chip, will be provided and performed by
the Chip Integration and Technology Center (CITC) in Nijmegen. Once the top-level
technology has been fixed, a more detailed design strategy could be developed.
Fig. 8.3b shows a cross-sectional view of the proposed front-end. The RF PCB of
laminate type RO4350B provides interconnection for LO and IF sources using Sub
miniature Push-on Micro (SMPM) connectors. These connectors provide both the
compactness necessary for integration on limited footprint, and the ability to quickly
connect or reconnect external interfaces. The BGA interconnect with a standard
pitch of 500 µm is located at the center of the PCB. To allocate clearance for the
Surface-Mount Devices (SMDs) on the fused-silica once flip-chipped, the PCB has
a routed cut-out section that enables the RFICs and antenna back-reflector to be
positioned unobstructed.
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Key to the AiP integration concept is the placement of the multiplier on the fused
silica, to avoid the need for ≈ 80 GHz signals passing through the PCB or BGA
packaging. The lack of a thermal sink on the flip-chipped interposer, however, leads
to thermal management problems that will need to be addressed. The multiplier
MMIC has a typical power dissipation of 0.5 W, and could result in the possibility
of heat buildup inside the device due to the poor thermal dissipation of the small
flip-chip bonds. To overcome this problem, a copper heat sink will be glued onto the
silicon carrier of the GaAs MMIC (Fig 8.4). The heat can then be dissipated from
the heat sink by thermal convection.

Figure 8.4: Bonding stack for both the BGA-package on the left and the thermal compression
bonding for the MMICs on the right.

Fig. 8.4 shows the bonding stack and the different involved materials. The PCB
to fused silica interconnect is made using the BGA interconnect (left), and the fused
silica to GaAs using flip-chip thermal compression bonding (right). For the metal
finishing of the fused-silica wafer, the choice was made to go with Immersion Silver
(ImAg). This is to avoid having to grow a thick nickel layer on the fused silica when
using gold patterning (Electroless Nickel Immersion Gold (ENIG)) since this process
would require outsourcing to an external company. Instead, the silver finish allows
a direct connection between the ImAg PCB and fused silica, by bonding using Ag
sintered paste. The MMICs will be thermal compression bonded to the silver-plated
fused-silica wafer using the flip-chip technique described and characterized in Section
7. For structural support, silicon carriers are added to the back of the GaAs MMICs,
after which the copper heat sink can be added for convective thermal dissipation.
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(a) (b)

(c) (d) (e)

Figure 8.5: RF interconnections for the MMIC integration with the antenna. (a) The LO
transition from PCB to FS to GaAs at ≈14GHz. (b) The Differential IF transition from PCB to
FS at DC-6GHz. (c) Differential IF transition from FS to GaAs at DC-6GHz. (d) Transition
from GaAs multiplier to FS to GaAs mixer at WR10 frequencies. (e) The transition from GaAs
to Fused-silica at WR5 with a matching structure included.

8.3. Prototype Design

8.3.1. Interconnects and Transitions Design

As shown in Fig. 8.3, various interconnections are required in the different signal
paths, these include the LO and differential IQ IF from PCB to fused silica to
GaAs at 15GHz and DC-6GHZ, respectively. Each interconnection was designed
in CST microwave studio and is shown in Fig. 8.5. Refer to the caption of
this figure for specifications. All interconnections were designed for S11 < −10 dB
for matching. Once fully designed, they were placed on the fused-silica interposer
design to accommodate the BGA packaging and MMIC components. Fig. 8.6a
shows the preliminary 3D view of the fused-silica wafer with the integrated MMICs,
back-reflector, and antenna. The BGA interface with 500 µm pitch is visualized,
interconnecting the LO, IF, and several DC transmission lines. The aluminum
back-reflector will be glued onto the wafer as a standard SMD.

Not shown in the overview is the decoupling and filtering network required for
the MMIC multiplier. To limit the effects of voltage ripples on the MMIC’s internal
amplifiers and multipliers, parallel capacitors and series resistors are positioned close
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(a) (b)

(c)

Figure 8.6: (a) 3D conceptual view of the integrated antenna front-end with fused-silica interposer
(b) Final version including the capacitors for the decoupling network. (c) The integrated front-end
below a shell lens.

to the input terminals of the device. However, since there is only limited space on
the fused-silica interposer, we decided to place only the most critical high-frequency
noise-filtering capacitors on the wafer. Lower frequency filtering structures are
then allocated to the PCB, where more space is available. The final wafer design
incorporating these networks, the RFICs, the back-reflector and the BGA interface
is shown in Fig. 8.6b. The capacitors are very small 0402M components (0.4 mm
× 0.2 mm), which cannot be soldered by hand but will instead be placed by CITC
on the interposer. Finally, Fig. 8.6c shows the full CAD design of the front-end, all
positioned below a core-shell lens footprint.



8

138 8. Integrated Front-End Prototype at D-Band Frequencies

8.3.2. Fused-Silica Mask Design

The designs are placed on a 4" fused-silica wafer for lithographic processing, together
with various other test structures, as shown in Fig. 8.7a. Fig. 8.7b shows
the individual elements that constitute the mask design. Note that the mask is
vertically mirrored because the metal layer will be positioned on the bottom side,
connected to the BGA package. They include: (1) the 10 µm integrated antenna
of [64], which was slightly modified to improve S11 matching performance. (2)
The 5 µm integrated antenna, designed for improved radiation pattern quality with
lower cross-polarization. (3) The same 10 µm antenna as in (1), but now replacing
the multiplier MMIC with a WR10 probe landing for improved redundancy in case
of problems with the IC. (4) Standalone multiplier MMIC for testing with probe
landing. For characterization, we have included both WR-5 (5) and WR-10 (6)
TRL calibration structures. (7) provides us with an additional 10 µm CPW-fed
antennas for probe-fed characterization of the antenna, in case the situation requires.
Finally, (8) and (9) are the probe-fed multiplier + mixer and standalone mixer test
structures. All components have been distributed evenly over the 4-inch wafer to
reduce the risk of wafer imperfections, such as photo-resist residues.

(a) (b)

Figure 8.7: (a) Mask design for 4-inch fused-silica wafer with 500µm thickness. The mask includes
various elements that are repeated over in the 4-inch circle. (b) An overview of the different
structures in (a).
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(a) (b)

Figure 8.8: Preliminary PCB design for the integrated front-end. The board diameter is only
2.7cm to allow for a compact integration below the shell lens.

8.3.3. PCB Design

The previous section described the design process for the fused-silica interposer. Its
BGA interfaces were the DC biasing lines, and the LO and IF transmission lines at
≈14 GHz and 6 GHz, respectively. Also, the CPW-fed double slot antenna can be
considered as an interface of the WR5 signal to the two lenses. This section discusses
how these interfaces are integrated into a new Fly’s-Eye antenna prototype.

The purpose of the PCB is to integrate the fused-silica interposer with external
components, such as the filtering capacitors and SMPM RF board connectors, which
would not fit on the fused-silica wafer. It also adds structural rigidity to the thin,
fragile glass interposers. Fig. 8.8 shows the top and bottom view of the preliminary
PCB design. The fused-silica wafer, back-reflector, SMT and MMIC components
have also been included for reference. Key to integration is the compactness of the
PCB since the board needs to fit under the shell-lens footprint (≈ 3.5 cm diameter).
For this reason, the board is chosen to be 4 layers with RO4350B material, suitable
for 15 GHz signals whilst still presenting a cost-effective solution using standard
PCB manufacturing. As shown in the top view of Fig. 8.8a, the aforementioned PCB
cutout is located in the center of the BGA footprint, where the ICs, back-reflector,
and SMD capacitors have enough clearance from the board. Next to the BGA, the
PCB includes the capacitors and resistors for the remainder of the decoupling and
filtering networks, positioned as close as possible to the ICs. After filtering, the DC
lines are connected by a compact 1mm pitch 2×4 DC connector. The LO and IF
connections are transitioned to the other side of the board (see Fig. 8.8b), and
connected by SMPM connectors that provide a very miniaturized footprint of only
3.7 mm × 3.7 mm. This allows the board diameter to shrink to 2.8 cm, compact
enough to fit under a shell lens of 3.5 cm. The LO and IF lines are via stitched to
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(a) (b)

(c)

Figure 8.9: (a) CNC machined aluminum back-reflector. (b) Fabricated Ag-finished PCB before
assembly and (c) the PCB after fully assembled.

provide an enclosed signal path. Finally, the IF is both differentially and I/Q length
matched to limit mismatches in the mixer MMIC.

8.3.4. Prototype Development

Fig. 8.9a shows the CNC fabricated back-reflector and its dimensions. For reference,
a 2 cent Euro coin is added in the background to indicate its small scale. The
pre-assembled ImAg PCB is shown in Fig. 8.9b, and finally the assembled boards
are shown in Fig. 8.9c.

Unfortunately, during the integration of the front-end prototype, the bonding of
the MMICs and capacitors to the interposer did not perform as intended. Although
the initial flip-chip bonding of the MMICs onto the fused-silica interposer was
successful, the assembly failed after the placement of the decoupling capacitors.
The curing of the assembly on the hot plate after the placement of the capacitors
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introduced mechanical stress at the flip-chip bonding interfaces of the MMICs,
causing both the multiplier and IQ mixer to detach from the fused-silica substrate.

These results highlight the need for further technical development of the bonding
technology to achieve a fully functional front-end module. In particular, using gold
metallization on the fused-silica interposer instead of aluminum could enhance the
adhesion strength between the bumps and the substrate. Moreover, it would be
convenient to avoid the direct placement of capacitors on the fused-silica interposer
and integrate them only on the PCB. These redesigns of the assembly minimize the
thermal exposure after the flip-chip bonding step and consequently also reduce the
risk of MMIC detachment.





Chapter 9

Conclusion and Future Work

This thesis was dedicated to the development of novel sub-THz antenna architectures,
measurement techniques, and integration techniques. Below, a brief conclusion is
provided for every part, followed by recommendations for future lines of research.
Finally, the impact of the research in terms of scientific contributions will then be
stated.

D-Band Integrated Lens Antenna Design

The first part of this doctoral thesis focused on the development of novel integrated
lens-antenna architectures for high-frequency wireless communication and sensing. A
novel core-shell lens design was proposed in Chapter 2, which combines the high front-
to-back ratio of a dense core lens, with the electrically large and low-loss properties
of the shell lens. The latter provides the bulk of the required directivity for the
Fly’s-Eye system. A spherical interface between the core and shell lenses with an
anti-reflective layer minimized the impact of the transition between the two. The
architecture enables in-package integration of the electronic front-end within the shell
lens footprint, by positioning a double-slot antenna and its feeding lines on a low-loss
fused-silica interposer. Its design was both theoretically demonstrated, and optimized
using full-wave solvers.

Then, Chapter 3 presented an improvement on the spherical core lens of Chapter
2. Difficulties in integration of the spherical interfaces were addressed by adjusting
the architecture towards a physically flat interface, which has the same electrically
spherical transition as the earlier work. The lens was able to achieve similar perfor-
mance, whilst mitigating many alignment problems. This allows the architecture to
be more easily scalable towards Fly’s-Eye arrays beyond 1000 lens elements. Fur-
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thermore, a variation of the spherically conformal lens was proposed by extending
the spherical lens surface in the vertical direction. This so-called hyper-hemispherical
lens was shown to be able to trade off the directivity with reduced sidelobe levels, a
property that becomes particularly useful in later chapters on system integration.

A flat core lens prototype was developed with cross-compatibility with the previous
prototype in mind, to enable direct measurement comparison later on. Both flat and
spherical core lenses were fabricated using 5-axis CNC machining techniques. The
resulting compact lens prototypes have a height of only 2.2 mm (1.13 λ0) and a
diameter of 6.6 mm (3.4 λ0). The compactness enables such a core lens to fit directly
inside an RFIC encapsulation. Both antennas have been added to Table 9.1 for
comparison to the state-of-the-art. The used feeding technologies, lens materials, and
their losses are shown in columns 3-6. Good bandwidth and gain have been obtained,
when compared to the other works.

QO Measurement Techniques

The second part of this thesis focused on quasi-optical measurement systems for the
characterization of both high-gain probe-fed antennas and dielectric materials. In
Chapter 4, a planar near-field measurement scheme using quasi-optical elements was
devised to measure probe-fed antennas at D-band frequencies. To achieve this, first,
a 45-degree mirror was used to isolate the probe landing site from the mechanical
vibrations of the planar scanner. Then, a two-tier TRL calibration method was
introduced to calibrate the antenna-under-test until the desired antenna reference
plane. Two lens antennas of Chapters 2 and 3 were characterized, providing good
agreement between simulations and measurements. The measured antennas were
compact, well-performing, and with high degree of integration, suitable for the Fly’s-
Eye system.

Then, Chapter 5 proposed a new lens architecture for high-frequency material
characterization purposes. High purity plane-waves with high Gaussicisity were gen-
erated in the near-field using hyperboloid dielectric lenses. These plane waves propa-
gated in a dense dielectric material, allowing for significant suppressing of field spread-
ing effects, compared to standard free-space setups. The flat lens interface allowed
for a high-accuracy QO TRL calibration, and additional ease-of-assembly when mea-
suring materials-under-test. Samples can be positioned between the lens interfaces,
and extraction of full-matrix S-parameters over a 140-220 GHz frequency band was
possible. Using a full-wave simulation approach, direct plane-wave generation was
found to have a Gaussicity of > 94 % was achieved from 160 GHz to 215 GHz. A
high port-to-port coupling of up to -3 dB was achieved. The wideband antenna prop-
erties allow the usage of time-gating techniques to mitigate the impact of multiple
reflections. Two MUTs were characterized using full-wave simulations with high ac-
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curacy. Prototype development is currently being performed. The lens design could
also enable applications in other fields, such as near-field telecommunications.

Spherical Fly-Eye System Design, Optimization & Integration

The third and final part of this thesis tackled the overall Fly-Eye design and inte-
gration aspects. In Chapter 6, a novel spherically conformal antenna architecture
was introduced, built upon a mathematical Goldberg polyhedron. Such architecture
was shown to provide numerous advantages over standard phased-array topologies,
such as reduced complexity, no scan loss, wideband performance, easy scalability and
mitigation of thermal buildup. The chapter utilized a novel method to optimize the
geometry given a series of analytically-defined antenna cost functions, including direc-
tivity, beam crossover points and interference. A method for approximating an initial
guess was described, providing further intuition behind the array behavior. Finally,
two cases for uniform far-field coverage and communication channels were discussed,
indicating the tradeoffs that occur in such spherical designs. Due to the 60-fold sym-
metries, a reduction in the number of unique elements could be made, making design
of the array less intensive and enabling mass manufacturing.

Then, the thesis focused on the integration of the front-end within a single lens
element footprint. Chapter 7 started by providing a calibration and measurement
technique for the characterization of sub-THz flip-chip interconnects using full S-
parameter matrices. A high-accuracy two-tier TRL technique was used to isolate the
interconnect, enabling de-embedding of all other parts of non-interest. A flip-chip
interconnect used for the Fly-Eye system was measured and simulated, indicating
good agreement between both. The interconnect has been shown to be suitable for
use in high-frequency systems, owing to its low loss and wideband performance.

Finally, Chapter 8 made an attempt at combining all previous works, by inte-
grating the electronic front-end into the AiP fused-silica interposer. For this purpose,
different RFICs were combined using the aforementioned flip-chip technology of Chap-
ter 7 onto the interposer, which was specially designed to house the leaky-wave feeding
antenna of Chapter 2. CNC machined back-reflectors were added as a surface-mount
device for improved compactness. The fused-silica interposer could then be combined
with the core-shell lenses onto an RF PCB using standard ball-grid-array technology.
The whole design could fit within the designated 3.5 cm diameter footprint of the
shell lens, making a vertically integrated and modular package possible. While the
prototypes were not yet complete at the time of writing, the chapter concluded with
several design improvements based on challenges encountered during fabrication.
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Future Work

The research lines of the present dissertation can be further developed according to
the following statements

D-Band Integrated Lens Antenna Design

For the core-shell lens architecture of chapters 2 and 3, further exploitation of the
added degrees-of-freedom could be performed. This way, different antenna behaviors
could be achieved, such as reduced SLL or pattern shaping into Gaussian or ’top
hat’ forms. While the work implemented both a CPW- and microstrip-fed printed
antenna, the latter was not fully functioning. The microstrip-fed double-slot antenna
has shown potential for reduced transmission line loss and improved pattern qual-
ity, and could be further developed. Such a multilayer approach could also enable
dual-polarized antenna radiation, key to many communication scenarios. On the
fabrication side, further efforts could be dedicated towards the design of such lens ar-
chitectures towards even higher frequencies. To make the flat core lens more suitable
for mass manufacturing, special drilling tools could be ordered, such that instead of
drilling + milling, a single drill could extrude the matching-layer cavities. However,
to make all these optimizations possible, of particular interest would be a theoretical
model that describes RF performance of such core-shell lens, instead of relying on
time-consuming full-wave solvers.

QO Measurement Techniques

The chapters 4 and 5 related to RF measurement and characterization could also be
further developed. For the near-field planar QO measurement setup of chapter 4,
overall improvements could be made to reduce the scattering in between the AUT,
mirror and RF measurement probe. For instance, by including additional RF ab-
sorbing material, and a larger mirror aperture, such rippling effects could be further
reduced. Also, the setup could be improved by adding the possibility for measuring
active RF components alongside the antenna, instead of measuring a passive antenna
only. Due to the decoupling of the front-end with the mechanical scanner, such options
are available. In the future, the characterization of array front-ends at D-band will
become important. The measurement techniques developed in this thesis could be ex-
tended towards a system characterization with over-the-air measurement of multiple
simultaneous modulated signals.
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For Chapter 5, the most obvious future development would be the measurement of
the fabricated prototype. At the time of writing, this is in process. The potential of
the high-efficiency lens with flat interface could be further explored in other research
or application fields, such as wireless connectivity or near-field communications and
sensing scenarios. After measurement validation, the hyperboloid lens design could
be potentially further optimized by improving the Gaussicity of the lens, for instance,
by allowing a more rigorous fit of the lens to the feeding antenna phase distribution.

Spherical Fly-Eye System Design, Optimization & Integration

Finally, for the third part related to the Fly’s Eye system integration and optimization,
several recommendations for future research can be made. In the system optimization
of Chapter 6, the cost functions could also include different radiation properties (e.g.
top hat patterns, fan beams or polarization) to allow for a more realistic commu-
nication scenario. The link to the core-shell lens could be made, thereby exploiting
the degrees-of-freedom offered by the core-shell lens architecture. Furthermore, hy-
brid Fly’s-Eye arrays with active scanning elements could be implemented, thereby
meeting the middle ground between the compactness of phased arrays and the re-
duced complexity of Fly’s-Eye arrays. In addition, the research has shown that for
the Fly’s Eye, 1000 elements are necessary, therefore techniques to simplify the mod-
eling of such large arrays is needed to be efficiently integrated in the code. Finally,
future work could also include a full-wave simulated or technological demonstration
of the proposed optimized beam properties, such as the overlap points and obtained
interference levels.

For Chapter 7, more rigorous testing of the effects of the radiative coupling between
the RF landing probes and the flip-chip interconnects could be made. Comparison
to theoretical models of the flip-chip interconnect could also provide further insight
into the accuracy of the RF probe landing whilst measuring. Finally, whilst Chapter
8 presented the design and initial fabrication of the front-end, more development is
needed to realize the flip-chip-based packaging of the MMICs onto the fused-silica
interposer. After reliable flip-chip processing is completed, a full experimental val-
idation of the proposed Fly-Eye system can then be realized. Such validation is
currently not possible at D-band without the integrated front-end. Future validation
could demonstrate the potential of the D-band Fly-Eye system for communication
and sensing applications.



9

148 9. Conclusion and Future Work

9.1. Impact of the Research

The work described in this dissertation has led to numerous scientific contributions.
An overview of all journal and conference contributions is provided in ’List of Publi-
cations’ on page 179.

The conference contribution numbered C.3 was awarded for the Best Antenna
Theory & Design Paper Award, at the European Conference on Antennas and Prop-
agation EuCAP 2022. The conference contribution numbered C.4 was nominated for
the Best Applied Technology Antenna Paper Award, also at the EuCAP 2022.
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Appendix A

SNR Analysis for Fly’s-Eye and
Phased-Array Architectures

Phased-array antenna systems are seen as a promising architecture for D-band for
flexibly reconfigurable antenna patterns. Their ability to achieve both high antenna
gains whilst combining the power of a large number of elements makes them suitable
for achieving the required link budgets. While this is true when phased-array
systems only target a limited number simultaneous beams, the concept does not
hold for true multibeam system requirements. To demonstrate this, we analytically
solve for the SNR for both the phased-array and the SNR for the proposed Fly’s-Eye
array.

When comparing the multi-beam Fly’s-Eye array to an actively electronically
scanned phased array, we can analytically demonstrate that the two architectures
achieve similar SNR, when evaluating with the same number of elements. To do
this, we use the general Friis’ transmission equation for SNR [124]

SNR =
PtGtGr

(
λ

4πR

)2

kBTBW , (A.1)

where kB is the Boltzmann constant, T is the antenna temperature (in Kelvin),
BW is the system bandwidth, Gt and Gr are the antenna gains for transmitters
and receivers, respectively. Pt is the total transmitted power, and, finally, the term
(λ/(4πR))2 is the spherical spreading factor at distance R using wavelength λ. In
[29], it was found that atmospheric absorption was negligible for small distances,
and will therefore also not be included here.

We will now demonstrate, first for a phased-array topology, and then for a
Fly-Eye architecture, the obtained SNRs per cell. This demonstration will be
performed over a full sphere, with a solid angle Ωs of 4π sr.
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For the analysis, a number of assumptions are made. First, both topologies
use N number of elements, where each element has a transmit power of Pe. The
total transmit power Pt then equals NPe. Furthermore, we assume fully symmetric
beams, without any scan loss. To simplify analysis, both topologies are assumed
to have no antenna loss, e.g. G = D for both transmit and receive antennas.
Furthermore, the directivity of the receiving antenna Dr is fixed.

A.0.1. Phased array SNR analysis

Figure A.1: Far-field solid angle for the (a) phased-array topology, and (b) the Fly-Eye topology.

For the phased-array topology, an inter-element spacing of λ/2 is used,
resulting in an aperture size of A = Nλ2/4, assuming a square planar array with
Nx = Ny =

√
N . From this aperture size, the phased-array directivity is estimated

using Dpa ≈ 4πA/λ2 = πN . We can now estimate using the directivity, the number
of cells or, equivalently, the number of beams in the full sphere. Since the directivity
is related to the beam solid angle, we derive Ωc ≈ 4π/Dpa = 4/N [15]. The number
of cells is therefore equal to Nc = Ωs/Ωc = 4π/Ωc = πN . The phased-array system
has to either simultaneously transmit in all these directions, if possible, or the cells
are divided in time (or a combination of the two). The former results in a drop in
transmit power per cell by Pt/Nc, whereas the latter effectively requires an increase
of Nc in BW to compensate for the reduction in dwell time and achieve the same
capacity.

Combining all above-mentioned observations into (A.1) provides

SNRPhased-Array =
πN2PeDr

(
λ

4πR

)2

NckBTBW =
4πNPeDr

(
λ

4πR

)2

ΩskBTBW (A.2)
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A.0.2. SNR for a Fly’s-Eye Multi-Beam Array

For the Fly’s-Eye scenario, the entire sphere is subdivided into Nc cells, which is
assigned to a single element, therefore Nc = N . Since there is no active scanning, the
power each cell transmits is equivalent to Pt = Pe. The beam solid angle then follows
from Ωb = Ωs/N , from which the directivity is approximated using D = 4π/Ωb = N
(assuming no power outside the main-lobe).

Again using (A.1), the SNR for a single cell of the Fly’s-Eye array can be
rewritten towards

SNRFly-Eye =
4πNPeDr

(
λ

4πR

)2

ΩskBTBW = SNRPhased-Array (A.3)

Now, comparing (A.3) to (A.2), we observe that the two are theoretically
equivalent. This interesting observation permits us to start investigating under
which practical circumstances, one architecture is preferred over the other.

The key takeaway message is that for the both the phased-array and the Fly’s-Eye
topologies, the SNR increases linearly as a function of the number of elements. For
the phased-array, the individual elements must adhere to the λ/2 spacing. For the
Fly’s-Eye, the number of elements dictates the required antenna element directivity,
and therefore aperture size. Therefore, its directivity enhancement comes from the
(passive) volume of the lenses and the time-integration, whereas the phased-array
relies on active components to superimpose the energies of all array elements. The
downside to a Fly’s Eye is then the resulting loss of compactness by relying on large
lens apertures. However, this compactness is counteracted by moving towards higher
frequencies, where phased-array implementations struggle.

Using a similar approach, a simplified SNR for the radar range equation can be
extracted for both the Fly’s-Eye and the phased-array topologies. Here, the receiver
directivity is equal to the transmitter directivity, e.g. Dr = Dt. can be derived using

SNR = PtG
2λ2σ

(4π)3R4kBTBW = 4πPeN2λ2σ

Ω(4π)3R4kBTBW , (A.4)

where a similar behavior occurs due to the increased dwell time of the Fly’s-Eye,
compared to the phased-array. The Fly’s-Eye system trades of time resolution
(increased integration time) and beam solid angle (Ωc = Ωs/N versus Ωs/πN), in
return obtaining a much less complex system that potentially enables more easily bi-
or multi-static radar.





Appendix B

PREPERM Characterization at
D-band frequencies

The performance of D-band high-gain lens antennas relies heavily on the electrical
characteristics of the lens dielectric materials. Such materials are electromagnetically
characterized by their complex relative permittivity given by

εr = ε′
r − jε′′

r , (B.1)

where ε′
r is the real component of the permittivity, associated to the energy storage

in the dielectric, whereas ε′′
r is associated to the dielectric loss. Both terms allow

for the calculation of the dielectric loss tangent, obtained using tan δ = ε′′
r /ε′

r. This
appendix explains the measurement process and results of some of the D-band
material characterization. Throughout this work, the relative permeability (µr) of
all materials is assumed to be 1 (i.e. non-magnetic).

For characterization, a near-field lens-to-lens coupled measurement setup was
used, shown in Fig. B.1a. The setup includes two corrugated leaky-wave lens
antennas developed in [23], each generating a plane-wave-like aperture field in the
WR-5.1 band, that couples well to the other lens once both are aligned in the
near-field as in Fig. B.1a. The transmit and receive antenna are aligned using
a CNC machine until the S21,ref coupling is maximized, thereafter serving as the
reference for de-embedding antenna non-idealities. Similar to [125], a free-space
TRL is performed to calibrate the system and to position the reference planes at the
MUT boundaries.

Then, a Sample Under Test (SUT) is positioned at broadside incidence between
the two antennas, and its S21,SUT is measured. Both S21,ref and S21,SUT are
time-gated to limit the impact of the reflections in the test bench. Subsequently,
we measure the relative difference between the reference and the sample under test
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(a) (b)

Figure B.1: (a) Lab setup for material characterization at WR5.1 frequency band. Bottom
transmission line models the sample dielectric interface assuming plane-wave incidence. Different
PREPERM thermoplastic samples with d=3mm were tested. (b) The lens antenna with
corrugated ground-plane, taken from [23].

by taking ∆Smeas
21 = S21,SUT /S21,ref . To extract the ε′

r and tan δ parameters, we
solve the corresponding transmission line shown in Fig. B.1a, using the known sheet
thickness hs.

V +
in

V +
out

= (1 + ΓBe−j2kzshs)ejkzshse−jkz0hs

(1 + Γa)(1 + ΓB) , (B.2)

where kzs and kz0 are the wavenumbers in the dielectric medium and in free space,
respectively. The reflection parameters ΓB and ΓA are given by

ΓA = Zs
ZA

in − Zs

ZA
in − +Z0

, (B.3)

ΓB = Z0 − Zs

Z0 + Zs
. (B.4)

The input impendance is given by the following expression

ZA
in = Zs

Z0 + jZs tan(kzshs)
Zs + jZ0 tan(kzshs) , (B.5)

where Z0 and Zs are the impedances of free-space and of the dielectric medium,
respectively. Ideal RF transmission of a loss-less dielectric slab is obtained when the
thickness matches an integer amount of half-wavelengths:

n1l1 = mλ0

2 . (B.6)
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Figure B.2: The measured and fitted ∆S21 parameters for the PPE950 (orange) and PPE1200
(blue) materials.

Table B.1

PREPERM Characterization at WR5.1

Material Property Datasheet
(2.4 GHz)

Measured at
WR5.1

PPE1200 Permittivity
tan δ

12±0.5
0.001

14±0.4
0.006±0.002

PPE950 Permittivity
tan δ

9.5±0.3
0.0009

9.2±0.15
0.005±0.002

PPE400 Permittivity
tan δ

4±0.1
0.0009

3.8±0.1
0.004

where l1 is the thickness of the slab, n1 is the refractive index of the slab material,
λ0 is the wavelength in free space at the used frequency. Due to the wideband
nature of the VNA and the WR-5 antennas, multiple peaks are observable in the
allocated bandwidth.

Three sample sheets of 3x150x300mm of PREPERM were measured: PPE400,
PPE950 and PPE1200, with permittivity and loss tangents as defined in Table B.1.
The sheets were measured in a 4×8cm grid with intervals of 2cm. A Least Square
Error (LSE) fit between the analytical transmission line S21 and the measured
∆Smeas

21 over the 140-220 GHz bandwidth provides ε′
r and tan δ. Fig. B.2 shows the

measured ∆S21 for both the PPE950 and the PPE1200 materials in red and blue,
respectively. The results are summarized in Table B.1. The PPE1200 sheet showed
a large offset in ε′

r (14 instead of 12) with some spatial variation in the order of 0.4.
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The measured PPE950 sheet had ε′
r of 9.2, close to the documented value of 9.5.

Only limited spatial variation in ε′
r of 0.15 was observed. Its tan δ fluctuates over

the different spatial locations, with values around 0.005±0.002. PPE400 had ε′
r and

tan δ close to the datasheet with only minor spatial variation.
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