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A B S T R A C T

This thesis presents a 48V-to-1V 10-level dual inductor hybrid converter (DIHC) con-
taining 11 on-chip switches and an off-chip Gallium Nitride (GaN) switch. Thanks to
the 10-level Dickson switched-capacitor (SC) circuit, most of the voltage stress will be
taken over by off-chip capacitors, which reduces the voltage stress of each switch to
4.8 V and takes full advantage of the voltage pressure on the 5-V on-chip transistors.
This proposed structure is implemented in a 0.18-µm BCD process to convert 48-V
input to 1-V output with up to 18-A current load. The post-layout simulations show
that a peak power efficiency of 90.6% can be achieved at 5.2-A loading and the power
density is about 2093 W/in3 considering the power stage volume.

This thesis also proposes a 48V/3V multi-resonant DC-DC converter for data center
applications, consisting of a 3Φ-SC stage and a 4-to-1 series-parallel stage. Thanks
to the multi-phase resonant operation mode, the converter uses fewer components to
achieve the same voltage conversion ratio as the conventional two-phase SC converters,
and can further improve the efficiency by realising soft-charging. This topology is
simulated in cadence spectre, and achieves a peak efficiency of 96.94%, and 95.0% full
load efficiency at 30-A load.

Keywords: hybrid dc-dc converter, 10-level, 48V-to-1V, switched capacitor, GaN switch,
5-V on-chip, resonant, multi-phase, voltage conversion ratio, soft-charging
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1 I N T R O D U C T I O N

1.1 research background

With the rapid development of the new generation of information and communication
technologies such as the Internet, cloud computing, big data and artificial intelligence,
all kinds of data are showing explosive growth. As the main storage and computing
entity for massive data, the data center is expanding in scale, and the resulting energy
consumption is also increasing. Estimated by the International Energy Agency, data
centers consume 1% of the global energy and by 2025, 1/5 of world’s electricity will
be used by data centers [1].

(a)

(b)

(c)

Figure 1.1: Data center power architecture [13]. (a) 12-V intermediate bus architecture. (b)
3∼6-V intermediate bus architecture. (c) Direct 48V-to-1V architecture.
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1.2 advantages of gallium nitride power device 2

Over last 20 years, 12-V intermediate bus architecture has been widely used in data
centers, consisting of one 48V/12V converter and one 12V/1V converter, shown in
Fig.1.1a. However according to current study [32], when both the two stages are taken
into account, a lower intermediate bus voltage could offer superior overall efficiency
(Fig.1.1b). To reduce the distribution loss on the 12-V power bus, the direct 48V-to-
1V architecture has been proposed (Fig.1.1c). Compared to the conventional 12V/1V
converter, the direct 48V/1V converter can reduce the distribution loss (I2R) by 16

times [13].

However, for high voltage converters, achieving high efficiency and high power den-
sity has always been a nontrivial task, due to two key challenges [13].

• Extremely short on-time. For half-bridge buck converter, on-time can be calcu-
lated as:

ton = Vout/(Vin ∗ fsw) (1.1)

The accuracy of on-time is affected by ton and to f f of the power switches, the
driver delay, the deadtime to avoid simultaneous conduction in both high-side
and low-side switches, and elements delay in the feedback loop. The on-time
can be as low as tens of nanoseconds with high input voltage and high switch-
ing frequency, making it susceptible to any delay mentioned above. Besides, the
high voltage difference between the input and the output of the converter trans-
lates into high voltage stress on the power switches. Bulkier power devices have
to be used, further increasing those delays. To keep enough on-time, it is neces-
sary to utilize a low frequency. But using low frequency will necessitate larger
passive components, which will increase system volume and decrease power
density [34].

• Increased power losses. Switching loss scales with the input voltage.

1.2 advantages of gallium nitride power device

In traditional circuits, the design of power converters heavily relies on Si power de-
vices. Such devices, however, are limited in their ability to operate efficiently when
operating at high switching frequency and high voltage due to large conduction loss
and switching loss. Besides, the issue of heat generation has also grown more serious
as circuits become increasingly integrated [3].

As an emerging semiconductor material, GaN has the characteristics of wide bandgap,
high saturation velocity, large breakdown field, high mobility, and stable chemical
properties [18].

Fig.1.2 contrasts power electronic devices made of GaN materials with traditional Si
devices. It can be seen that GaN devices features low on-resistance and low gate
charge. This can result in low conduction and switching losses.



1.3 analysis of prior-art dc-dc converter topologies for 48-v data centers 3

Figure 1.2: Comparison of GaN device with Si device [31]

1.3 analysis of prior-art dc-dc converter topolo-
gies for 48-v data centers

1.3.1 Prior arts for direct 48V/1V architecture

The most widely used topology for direct 48V/1V architecture is SC based hybrid
converter, which merges a SC stage with an inductive load to achieve both high power
density and soft switching [27]. In this subsection, two hybrid SC converter topologies:
FCML converter and hybrid Dickson SC converter are described. A quantitative com-
parison between them and the basic buck converter is made to show that the hybrid
converters have the potential to reduce the volume of passive components.

Flying capacitor multilevel converter

Figure 1.3: Generic N-level FCML converter [27]
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Fig.1.3 shows a generic N-level FCML converter presented in [27]. 2(N − 1) switches
and (N − 2) flying capacitors are needed. Each pair of switches turn on and off with
a 360◦

N−1 phase shift and the voltage stress of each switch is Vin
N−1 [37]. (N − 1) times the

switching frequency of switches is obtained for the switching node frequency. Thanks
to the conversion ratio of the SC stage and the increase of the effective switching fre-
quency, the size of the passive components can be significantly reduced. An example
five-level FCML converter is drawn in Fig.1.4 with its operation states shown in Fig.1.5.
A typical switching sequence is 1a-0-1b-0-1c-0-1d-0-1a.

Figure 1.4: 5-level FCML converter

Figure 1.5: Operation states of 5-level FCML converter

The following is a quantitative comparison of the FCML converter with the buck con-
verter [20]:

1) Determine the required switch conductance to maintain the same conduction losses:

An N-level FCML converter always has (N − 1) switches conducting in each state,
while a buck converter always has one switch on. Thus, in order to have the same
conduction loss, the relationship of the switch conductance between FCML converter
and buck converter is stated as:

GFCML

Gbuck
= N − 1 (1.2)

where GFCML and Gbuck are the switch conductance of FCML converter and buck con-
verter, respectively.
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2) Establish the switching frequency to have the same switching losses among all
converters:

Assuming the same switch technology, switching loss is roughly proportional to the
switch’s GV2 product, where G is the conductance and V is the switch blocking volt-
age. Thus, to achieve the same switching loss:

∑(GV2)FCML × fFCML = ∑(GV2)buck × fbuck (1.3)

fbuck
fFCML

=
GFCML

Gbuck
×

2(N − 1)× ( 1
N−1Vin)

2

2 × V2
in

= 1 (1.4)

Same switching frequency as the basic buck converter can be used to achieve equal
conduction and switching loss.

3) Determine the inductance value:

The inductance value is often determined by the inductor current ripple. Smaller
inductance is made possible by larger ripple, but the trade-off is higher core loss and
ac conduction loss. The calculation of inductor value of both buck converter and FCML
converter is given in Eq.1.5 and Eq.1.6, respectively.

Lbuck =
(1 − Vout

Vin
)Vout

∆IL fbuck
(1.5)

LFCML =
(1 − Vout(N−1)

Vin
)Vout

∆IL fFCML(N − 1)
(1.6)

Thus,

LFCML

Lbuck
=

(1 − Vout(N−1)
Vin

)

1 − Vout
Vin

1
N − 1

(1.7)

The first term on the right side of Eq.1.7 is due to the fact that the duty ratio of FCML
converter is (N − 1) times larger than that of the buck converter, while the second
term is because of the (N − 1) times switching frequency seen by the inductor of
FCML converter. Observed from Eq.1.7, a significantly reduced inductance is needed
by using FCML topology.

Energy stored in the inductor can be calculated as:

EL,FCML =
1
2

LFCML I2
L

=
1
2
(1 − Vout(N − 1)

Vin
)

Pout

αI(N − 1) fFCML

(1.8)
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where, αI represents the current ripple factor. Since the buck converter and FCML
converter see equal inductor current, the energy ratio is the same as the inductance
ratio, given in Eq.1.9.

EL,FCML

EL,buck
=

LFCML

Lbuck
(1.9)

Neglecting core loss and ac loss, same inductor DC conduction loss can be achieved
by selecting same inductor DC resistance (DCR).

4) Determine the flying capacitance value:

For FCML converter, the voltage rating of the flying capacitors is given by:

VC,i =
i

N − 1
Vin (1.10)

where, VC,i is the voltage rating of i-th capacitor. Assuming equal value C for all flying
capacitors, thus, the energy stored in all flying capacitors can be obtained as:

EC,FCML =
1
2

m

∑
i

CiV2
C,i

=
(N − 2)(2N − 3)

12(N − 1)
CV2

in

(1.11)

Similar to the inductor, the capacitance value is often determined by the capacitor
voltage ripple. Smaller capacitance is made possible by larger ripple, but the trade-
off is higher voltage rating of capacitors and switches. Here, the capacitor ripple is
selected to be a portion of minimum capacitor voltage rating, given as Eq.1.12.

∆VC = αV
Vin

N − 1
(1.12)

where, αV represents the voltage ripple factor. Thus, the capacitance value can be
calculated:

C =
∆QC

∆VC

=
(N − 1)Vout Iout

αVV2
in fFCML

(1.13)

Substituting Eq.1.13 into Eq.1.11, flying capacitor energy can be obtained:

EC,FCML =
(N − 2)(2N − 3)

12
Pout

αV fFCML
(1.14)
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5) Derive a volume metric by combining the inductance and capacitance:

To get the volume metric, ρE,L and ρE,C are introduced, which represent the energy
density of inductors and capacitors, respectively. Thus, the volume ratio between
FCML converter and buck converter can be obtained as:

Vtot,FCML

Vtot,buck
=

( EL
ρE,L

+ EC
ρE,C

)FCML

( EL
ρE,L

)buck

=
EL,FCML

EL,buck
(1 +

EC,FCML

EL,FCML

ρE,L

ρE,C
)

(1.15)

where,

EC,FCML

EL,FCML
=

(N − 1)(N − 2)(2N − 3)

6(1 − Vout(N−1)
Vin

)
× αI

αV
(1.16)

Observed from Eq.1.15, properly choosing the ρE,L, ρE,C, αI and αV , at a lower number
of levels, the flying capacitor volumes do not contribute too much to the total volume.

However, this topology has a key challenge of flying capacitor voltage balance. In [27],
current limit control is proposed to stabilise the voltage of the flying capacitor. A peak
efficiency of 85% can be achieved for a 48V/2V converter. Besides, high conduction
loss in the FCML converter due to multi switches in series limits its output current [13].
To reduce the conduction loss, the size of the power switches needs to be increased.

Hybrid Dickson SC converter

To efficiently utilize the switches, the hybrid Dickson SC converter is proposed. For
an N-to-1 hybrid Dickson converter, (N + 4) switches and (N − 1) capacitors are
needed. Fig.1.6 shows the schematic of a four-to-one Dickson topology (M = 5 levels)
example, with its operation states shown in Fig.1.7. A typical switching sequence is
1a-0-1b-0-1a.

Figure 1.6: 4-to-1 Dickson SC converter
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Figure 1.7: Operation states of 4-to-1 Dickson SC converter

A quantitative comparison of hybrid Dickson SC converter against the buck converter
is made as follows [20]:

1) Required switch conductance to have same conduction loss:

Different from FCML converter, there are multiple branches conducting currents in
each states. For an N-to-1 hybrid Dickson converter, the conduction loss is given as:

Pcond = D(
2
N

Irms)
2

N

∑
i

Ri + [DI2
rms + (

1
2

Irms)
2(1 − 2D)](RN+1 + RN+3)

+ [(
N
2
− 1)

2
N

Irms)
2D + (

1
2

Irms)
2(1 − 2D)](RN+2 + RN+4)

(1.17)

Assuming same on-resistance R for all switches, when N increases, Eq.1.17 approaches:

Pcond = [1 + (1 − 2
N
)22D +

4D
N

]I2
rmsR

≈ 2I2
rmsR

(1.18)

Thus, the switch conductance ratio of the hybrid Dickson converter and buck con-
verter is given as:

GDickson
Gbuck

= 2 (1.19)

2) Switching frequency to have equal switching loss:

For hybrid Dickson SC converter, the voltage rating of the switches is either 2
N Vin

((N − 2) switches) or 1
N Vin (6 switches).
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∑(GV2)Dickson × fDickson = ∑(GV2)buck × fbuck (1.20)

fDickson
fbuck

=
N2

4(N − 2) + 6
(1.21)

3) Inductance value:

LDickson =
(1 − Vout N

Vin
)Vout

∆IL fDickson2
(1.22)

Thus,
LDickson

Lbuck
=

(1 − Vout N
Vin

)

1 − Vout
Vin

fbuck
2 fDickson

(1.23)

The first term on the right side of Eq.1.23 is always smaller than 1 and approaches
zero when Vout

Vin
approaches 1

N [23]. The second term is also smaller than 1, as the
switching frequency of hybrid Dickson converter is usually higher than that of the
buck converter.

Energy stored in the inductor can be calculated as:

EL,Dickson =
1
2

LDickson I2
L

=
1
4
(1 − VoutN

Vin
)

Pout

αI fDickson

(1.24)

Since the buck converter and hybrid Dickson converter see equal inductor current, the
energy ratio is the same as the inductance ratio, given in Eq.1.25.

EL,Dickson

EL,buck
=

LDickson
Lbuck

(1.25)

4) Flying capacitors:

For hybrid Dickson converter, the voltage rating of the flying capacitors is the same
as that of FCML converter, given by:

VC,i =
i
N

Vin (1.26)

Assuming equal value C for all flying capacitors, thus, the energy stored in all flying
capacitors can be obtained as:



1.3 analysis of prior-art dc-dc converter topologies for 48-v data centers 10

EC,Dickson =
1
2

N−1

∑
i

CiV2
C,i

=
(N − 1)(2N − 1)

12N
CV2

in

(1.27)

Here, the capacitor ripple is also selected to be a portion of minimum capacitor voltage
rating, given as Eq.1.28.

∆VC = αV
Vin

N
(1.28)

Thus, the capacitance value can be calculated:

C =
∆QC

∆VC

=
NVout Iout

αVV2
in fDickson

(1.29)

Substituting Eq.1.29 into Eq.1.27, flying capacitor energy can be obtained:

EC,Dickson =
(N − 1)(2N − 1)

12
Pout

αV fDickson
(1.30)

5) Volume metric:

Tthe volume ratio between hybrid Dickson converter and buck converter can be ob-
tained as:

Vtot,Dickson

Vtot,buck
=

( EL
ρE,L

+ EC
ρE,C

)Dickson

( EL
ρE,L

)buck

=
EL,Dickson

EL,buck
(1 +

EC,DicksonL

EL,Dickson

ρE,L

ρE,C
)

(1.31)

where,

EC,Dickson

EL,Dickson
=

(N − 1)(2N − 1)
3(1 − Vout N

Vin
)

× αI

αV
(1.32)

Observed from Eq.1.31, similar to FCML converter, the passive component volume of
the hybrid Dickson converter is also reduced. Besides, due to the parallel-connected
branches, the flying capacitors’ volume contributes less to the total volume than the
FCML converter. Thus, for a larger conversion ratio, the hybrid Dickson converter is a
better topology.
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To realise complete soft charging in this topology, split-phase control method is pro-
posed [21]. However, this topology also has a major drawback which is that the duty
cycle here is reduced by 2, D = NVout

2Vin
.

Based on this, [9] proposed a DIHC. DIHC has fewer switches. Complete soft-charging
is achieved by optimizing the size of the flying capacitors. Two naturally interleaved
inductors here can support large output current and produce the original duty cycle,
D = NVout

Vin
, realizing a larger conversion ratio. Other improvements to the hybrid

Dickson SC converter are also shown in [6] and [11]. [6] presented a dual path struc-
ture, which can lower the inductor current for a given load current, thus reducing
the inductor conduction loss. 92.7% peak efficiency can be obtained for a 48V-to-2V
conversion. [11] introduced a symmetrical DIHC. An automatic charge balance can be
achieved, reducing design effort and maximizing component utilization.

However, all these converters mentioned above need high voltage-stress transistors.
A 12-level hybrid Dickson converter is introduced in [5]. In this architecture, the
capacitors take over most of the input voltage, making the circuit to be an equiva-
lent 4V-to-1V converter. This allows the on-chip 5-V transistor in the 48 V design.
However, the 5-V transistor here only bears 4-V voltage, leading to a waste of switch
voltage stress.

1.3.2 Prior arts for 3∼6-V intermediate bus architecture

Though hybrid SC converters have the potential to reduce the passive components
volume compared to the basic buck converter while achieving a large conversion ratio,
the power efficiency has just reached about 90%. To improve the efficiency, the two-
stage architecture with low intermediate bus voltage comes into people’s eyes since
the second-stage buck converter performs better with lower input voltage. Thus, high
total efficiency can be achieved once the first stage can achieve a decent efficiency.

Resonant SC converter is an attractive candidate for the first stage of the interme-
diate architecture, as it allows for natural zero current switching and soft charging
operations, while maintaining the advantages of traditional SC converter [22]. Since
two-phase resonant converter requires a large number of switches and capacitors to
achieve a high conversion ratio, resonant converter working in multiple phases be-
comes increasingly attractive [25].

[36] proposed an 8-to-1 multi-phase resonant doubler SC converter, using the fewest
switches and capacitors necessary to convert 48 V to 3 V. 98.0% peak efficiency with
a maximum load of 40 A can be achieved. However, the reduction of switches results
in a higher output impedance as there is only one conduction path in this converter,
negatively impacting the load capability and efficiency. Thus, [2] proposed a multi-
resonant cascaded series-parallel SC converter. To achieve the same conversion ratio,
though three more switches and one more capacitor are used, the output impedance
of the topology is reduced with three parallel current paths. 98.1% peak efficiency
with a maximum load of 70 A can be achieved. However, high performance reso-
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nant SC converters with larger conversion ratios (e.g. 16-to-1) have not been widely
demonstrated.

1.4 thesis objectives

This thesis project’s goal is to design high power efficiency, high power density and
highly integrated DC-DC converters for 48 V data centers with either standard CMOS
or GaN devices:

• Literature review of DC-DC converter topologies for 48 V data centers

• Based on [5], design a 10-level 48V/1V DIHC to fully utilize the voltage stress
of 5-V on-chip MOSFET devices. And with two fewer switches this converter
should have a higher power efficiency than [5].

• Design a multi-resonant 48V/3V DC-DC converter topology with GaN devices
to achieve a high power efficiency.

1.5 thesis organization

This thesis is divided into 5 chapters.

Chapter 2 presents a 90.6% efficient, 2093 W/in3 power density direct 48V-to-1V DIHC
with delay-line based V2D controller. The overall architecture, operation principle
and circuit implementation of the proposed converter are described. The simulation
results are presented, where also the comparisons between this work and the previous
ones are discussed.

Chapter 3 proposed a 48V/3V multi-resonant DC-DC converter topology. The op-
eration principle and topology analysis are shown, and the design procedures are
presented. A simulation result based on the chosen component values is also shown.

Chapter 4 shows the future work of this project.

A final conclusion is presented in Chapter 5.



2 A D I R E C T 4 8 V -TO - 1 V D I H C W I T H
D E L AY- L I N E B A S E D V 2 D C O N T R O L L E R

2.1 architecture

In this section, the architecture of the 10-level DIHC will be introduced. Firstly, the
basic half-bridge buck converter will be discussed, and its power loss will be analyzed.
From the analyzed power loss, a 10-level Dickson SC based DIHC will be presented. Its
advantages and operation principle will be shown. Next, the compensation strategy
for this converter will be illustrated. The overall architecture will be shown finally.

2.1.1 Basic Buck converter

The basic buck converter is shown in Fig.2.1a. Switching node voltage is shown in
Fig.2.1b. Eq.2.1 shows the relationship between the output voltage and the input
voltage, where D is the duty ratio. The power loss of the buck converter can be
mainly divided into two categories: conduction loss PCON and switching loss PSW
[19].

(a) (b)

Figure 2.1: (a) Basic buck converter. (b) Switching node voltage of the basic buck

Vout = DVIN (2.1)

Conduction loss PCON mainly includes the losses caused by the high-side transistors
and low-side transistors Pcond,SW , inductor DCR PDCR, and output capacitor equivalent
series resistance (ESR) PESR. The total PCON is given by:

PCON = (I2
load +

(∆I)2

12
)× (RON−HD + (1 − D)RON−L + DCR) +

(∆I)2

12
)× ESR (2.2)

Here, RON−H and RON−L are the on resistance of the high-side switch and low-side
switch, respectively. Due to the increase of the output current needed by the data cen-

13
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ters, conduction loss on the inductor DCR and capacitor ESR has become an important
factor on the efficiency.

Switching loss PSW mainly includes the I-V overlap loss during turn-on and turn-off of
the high-side and low-side transistors Poverlap, gate driving loss PG, output capacitance
loss PCOSS, and reverse recovery loss PRR. PCOSS is mainly caused by the charging of
parasitic capacitance of the high-side transistor and the low-side transistor due to the
change of the switching node. PRR is due to the charge extraction by the low-side
parasitic diode when it is changed from the freewheeling state to the off-state. The
expressions are given by:

Poverlap = [
VIN

2
× (tr−H + t f−H) +

VD

2
× (tr−L + t f−L)]× fSW Iload (2.3)

PG = (QG−H + QG−L)× VGS × fSW (2.4)

PCOSS =
1
2
× (Coss−L + Coss−H)× V2

IN × fSW (2.5)

PRR = QRR × VIN × fSW (2.6)

For the 48V/1V converter, most of the conduction loss is due to the low-side transis-
tors, as they are on for most of the time. Besides, when the load is heavy, the DCR
loss of the inductor also accounts for a large proportion. Thus, to reduce this kind of
loss, low on-resistance low-side transistor and high quality inductor with small DCR
are needed. As the switching loss scales with the input voltage and the switching
frequency, this part of loss can be reduced by decreasing the frequency or reducing
the equivalent input voltage.

Switch quality determined loss PFOM is defined, which includes Pcond,SW , PG, PCOSS
and PRR. To provide a general definition, switching energy ESW is used here to define
the power loss associated with switching frequency [5]. Thus, PFOM is given by:

PFOM = I2
rmsRON + fSW ESW (2.7)

where, Irms is the root mean square (RMS) current of switch.

FOME = RONESW (2.8)

Also, an energy-based switch figure of merit (FoM), FOME, shown in Eq.2.8, is in-
troduced to obtain a reasonable relationship between PFOM and switch quality [5].
Substituting Eq.2.8 into Eq.2.7 gives:

PFOM,min = 2
√

FOME fSW Irms (2.9)

Neglecting charge redistribution loss and assuming PFOM,min is achieved for all switches,
the minimum total loss of the basic buck converter is given as:
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Ptot,mim,buck =2
√

FOME,buck fSW Io,rms(
√

D +
√

1 − D)

+ [
VIN

2
× (tr−H + t f−H) +

VD

2
× (tr−L + t f−L)]× fSW Iload + PDRC + PESR

(2.10)

2.1.2 The proposed 10-level DIHC

Operation principle

(a) (b)

Figure 2.2: (a) The proposed 10-level DIHC. (b) operation waveform

The proposed 10-level DIHC converter is shown in Fig.2.2a. 10 high-side switches SW1-
SW10 are connected in series, and two low-side switches SW11-SW12 are connected
between two inductors L1, L2 and ground. The SW1 is an off-chip e-mode GaN FET
(EPC2035) with maximum 60-V continuous VDS to block the full input voltage at
the power-on period, and SW2-SW12 are on-chip 5-V NMOS switches. The proposed
converter includes 9 capacitors. Fig.2.3 demonstrates the four states of the proposed
10-level DIHC converter. Operation waveforms are shown in Fig.2.2b.

State ϕ1 (L1 storing energy and L2 releasing energy): The odd-number switches turn
on and the odd-number capacitors are charged. The even-number switches and capac-
itors work just in the opposite way. The inductor L1 stores the energy and L2 releases
the energy during this time. The power supply is connected to the whole circuit to
provide power. The current flow is shown in Fig.2.3a. The necessary equations in
state ϕ1 are:


Vin − VC1 = VC2 − VC3 = VC4 − VC5 = VC6 − VC7 = VC8 − VC9 = VX1

VX1 = VL1 + Vout
0 = VL2 + Vout

(2.11)
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State ϕ3 (L1 releasing energy and L2 storing energy): The even-number switches turn
on and the even-number capacitors are charged. The odd-number switches and capac-
itors work just in the opposite way. The inductor L1 releases the energy and L2 stores
the energy during this time. The power supply is disconnected to the whole circuit
and the output power is provided by the energy storage elements in the circuits. The
current flow is shown in Fig.2.3b. The necessary equations in state ϕ3 are:


VC1 − VC2 = VC3 − VC4 = VC5 − VC6 = VC7 − VC8 = VC9 = VX2

VX2 = VL2 + Vout
0 = VL1 + Vout

(2.12)

State ϕ2 and ϕ4 (L1 and L2 releasing energy): The low-side switches turn on and all
the other switches turn off during this time. The capacitors are idle. The inductors L1
and L2 are the power supply for the converter. The current flow is shown in Fig.2.3c
where components in grey are in idle state. The necessary equations in state ϕ2 and
ϕ4 are:

{
0 = VL1 + Vout
0 = VL2 + Vout

(2.13)

(a) (b) (c)

Figure 2.3: Operation states of the proposed structure. (a) State 1. (b) State 3. (c) State 2 and 4

For continuous conduction mode (CCM), according to the inductor voltage-second
balance, average inductor voltage can be written as:

〈
VL1

〉
= ⟨VL2⟩ (2.14)

If the same duty cycle is applied to state 1 and state 3, expressions for the conversion
ratio and flying capacitor voltages during the steady state are given as

D =
Vo

Vin/10
(2.15)



2.1 architecture 17

VCk =
10 − k

10
Vin, k = 1, 2, ..., 9 (2.16)

where, VCk, Vin, and Vo are the average flying capacitor voltages, the input voltage
and output voltage, respectively [8].

To maintain capacitor charge balance, charges shared among all the flying capacitors
need to be the same, thus, ICk = IC(k+1). Inductors L1 and L2 see the same number
of capacitor branches, which results in the same average current in the two inductors.
This indicates that the current balance is automatically achieved [5]. The inductor
current ripple in each inductor and the output voltage ripple are given as

∆iL ≈ Vo(1 − 10Vo/VIN)

fSW L
(2.17)

∆Vo =
Vo(1 − 10Vo/VIN)

16LCOUT fSW
(2.18)

Advantages of the proposed DIHC

The advantages of the proposed DIHC are brought by two parts, the 10-level Dickson
SC converter and the interleaved inductors.

Thanks to this 10:1 Dickson step-down converter, most of the voltage stress will be
taken over by off-chip capacitors, which reduces the voltage stress of each switch to
4.8 V and takes full advantage of the voltage pressure on the 5-V on-chip transistors.

The two interleaved inductors here enable the soft charging of the flying capacitors
and provide the converter with natural current balance [29]. Besides, with these two
inductors, the frequency of the output current doubles, which can reduce the out-
put current ripple and the output voltage ripple. Also, as the energy stored in each
inductor is reduced, the transient response of the load is improved. Ripple voltage
reduction due to current cancellation helps reduce output voltage overshoot and un-
dershoot [4].

Power loss analysis

1) Conduction loss PCON:

Switch conduction loss PCON,SW , inductor DCR loss PDCR and capacitor ESR loss PESR
are given in the following equations.
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PCON,SW =
N/2

∑
i=1

D(
2
N

IL1,rms)
2RH +

N/2

∑
i=1

D(
2
N

IL2,rms)
2RH + 2 × DI2

o,rmsRL

+ (1 − 2D)I2
L1,rmsRL + (1 − 2D)I2

L2,rmsRL

=
D
N
(2IL,rms)

2RH + 2DI2
o,rmsRL + 2(1 − 2D)I2

L,rmsRL

=
D
10

I2
o,rmsRH + (

1
2
+ D)I2

o,rmsRL

(2.19)

PDCR = 2I2
L,rmsDCR = 2((

Io

2
)2 +

(∆iL)
2

12
)DCR (2.20)

PESR = 9I2
C,rmsESR = 9 × 2D(

IL,rms

5
)2ESR (2.21)

2) Switch quality determined loss:

PFOM,LS,min = 2
√

FOME fSW Io,rms
√

2D + 1 (2.22)

PFOM,HS,min = 2
√

FOME fSW Io,rms
√

D (2.23)

3) Overlap loss:

Poverlap =
1
2
× 10 × VIN

10
× (tr−H + t f−H)× fSW

Iload
10

+
1
2
× 2 × VD × (tr−L + t f−L)× fSW

Iload
2

=
1
2
[
VIN

10
× (tr−H + t f−H) + VD × (tr−L + t f−L)]× fSW Io

(2.24)

Thus, the minimum total loss of the proposed converter is given as:

Ptot,mim,proposed =2
√

FOME,proposed fSW Io,rms(
√

D +
√

2D + 1)

+
1
2
[
VIN

10
× (tr−H + t f−H) + VD × (tr−L + t f−L)]× fSW Io + PDRC + PESR

(2.25)

As the switches in the proposed are 5-V low-voltage (LV) devices rather than high-
voltage (HV) devices in the basic 48/1 V buck converter, the energy-based switch FoM
is lower. Besides, the overlap loss is significantly reduced. Thus, a higher switching
frequency than the basic buck can be used to reduce the size of passive components.
Compared to the 12-level topology in [5], as the conduction loss and switching loss
are the two major losses, the first term of Eq.2.25 will be reduced greatly with two
less switches. Though the overlap loss will be increased a little due to the reduction
in the level number. It can be offset by choosing a slightly lower switching frequency.
Therefore, the proposed topology can see a better performance.



2.1 architecture 19

2.1.3 Compensation strategy

The equivalent circuit of the proposed 10-level DIHC is shown in Fig.2.4.

(a) (b)

Figure 2.4: Equivalent model of the proposed 10-level DIHC. (a) State 1. (b) State 2.

Considering the ESR of the output capacitor Co, according to the Kirchhoff laws, the
state equations are given by:

State 1: 0 ≤ t ≤ DT 

L
2

diL

dt
=

Uin

10
− Uo,

iL = Co
dUC

dt
+

Uo

R
,

Uo − UC = RESRC
dUC

dt
.

(2.26)

State 2: DT ≤ t ≤ T 

L
2

diL

dt
= −Uo,

iL = Co
dUC

dt
+

Uo

R
,

Uo − UC = RESRC
dUC

dt
.

(2.27)

Averaged equations are derived by averaging the resultant state equations with the
duty cycle D:


L
2

diL

dt
= D(Uin − Uo) + (1 − D)(−Uo) = D

Uin

10
− Uo,

iL + RESRC
diL

dt
=

1
R
(Uo + CoR

dUo

dt
).

(2.28)

To linearize the equations, all states and input variables are perturbed with a small
signal:


L
2

d(iL + îL)

dt
= (D + D̂)

(Uin − Ûin)

10
− (Uo + Ûo),

(iL + îL) + RESRC
d(iL + îL)

dt
=

1
R
[(Uo + Ûo) + CoR

d(Uo + Ûo)

dt
].

(2.29)
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From the Eq.2.28 and Eq.2.29, we can get:


L
2

dîL

dt
= D

Ûin

10
+ D̂

Uin

10
+ D̂

Ûin

10
− Ûo = D

Ûin

10
+ D̂

Uin

10
− Ûo,

îL + RESRC
dîL

dt
=

1
R
(Ûo + CoR

dÛo

dt
).

(2.30)

After Laplace transformation, the small signal transfer function can be achieved:

G(s) =
ˆUo(s)
ˆD(s)

∣∣∣∣∣ ˆUin(s)=0

=
Uin/10(1 + sRESRCo)

s2 L
2 Co + s L

2 /R + 1
(2.31)

According to Eq.2.31, the simplified loop model is a second-order system, consisting
of a pair of conjugate poles and an ESR zero. The bode diagram is depicted in Fig.2.5.

Figure 2.5: Bode diagram of the transfer function

At the gain crossover frequency, the phase is very close to −180◦. As the Type-II com-
pensator can only provide a maximum phase boost of 90◦, it can not eliminate the
phase lag of the proposed buck converter in the CCM [16]. Thus, a Type-III compen-
sator is required. Here, a Type-III A compensator is adopted, shown in Fig.2.6a. Type
A has one more capacitor (Capacitor C2) than the Type B, which can help to filter the
high-frequency noise and C1 ≫ C2.

The simplified bode diagram of the Type-III A compensator is shown in Fig.2.6b. The
zeros and poles of the Type-III A compensator are listed as follows:

fp1 =
1

2πRo(EA)C1
(2.32)
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fp2 =
1

2π(R f 1 ∥ R f 2)C f f
(2.33)

fp3 =
1

2πR1C2
(2.34)

fz1 =
1

2πR1C1
(2.35)

fz2 =
1

2πR f 2C f f
(2.36)

(a) (b)

Figure 2.6: (a) Type-III A compensator for OTA. (b) Simplified bode diagram.

Then the transfer function is given by:

H(s) ≈
R f 1

R f 1 + R f 2
×Gm ×Ro(EA)×

1 + sR f 2C f f

1 + s(R f 1 ∥ R f 2)C f f
× 1 + sR1C1

1 + sRo(EA)C1 + s2Ro(EA)R1C1C2
(2.37)

The compensation principle is shown in Fig.2.7. The first zero of the Type-III A com-
pensator is set below fLC. The pole fp2 is set at the ESR zero. And the pole fp3 is set at
about the switching frequency.

With L = 110nH, C = 47µF × 2 and 2.5mΩ ESR, the value of the capacitors and
resistors in the compensation circuit can be calculated:

fLC =
1

2π
√

LCo/2
≈ 69.996kHz (2.38)

C f f =
RESRCo

R f 1 ∥ R f 2
≈ 1.57pF (2.39)

fz2 =
1

2πR f 2C f f
≈ 168.954kHz (2.40)
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Figure 2.7: Bode diagram compensation principle

C1 =
1

2π fc
× VIN

10
× ∆D

Vc
×

f 2
LC

fz2 × fz1
×

R f 1

R f 2 + R f 1
× Gm ≈ 10pF (2.41)

R1 =
1

2πC1 fz1
≈ 880kΩ (2.42)

C2 =
1

2π × fSW × R1
≈ 180fF (2.43)

The comparison of the bode diagram before and after compensation is shown in
Fig.2.8. The red line is the bode diagram before compensation and the blue one is
the bode diagram after compensation. From the figure, phase margin increases from
19.4◦ to 53◦.

Figure 2.8: The bode diagram before and after compensation
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2.1.4 Overall architecture

Figure 2.9: Overall architecture of the 10-level DIHC

Fig.2.9 shows the overall architecture of the 10-level Dickson SC based DIHC. The
output voltage VOUT is compared with a reference voltage to produce a control voltage
to the delay line based V2D controller. The obtained pulse-width modulation (PWM)
signal is then divided into two signals with the same frequency (half the input clock
frequency) but 180◦ out of phase. After a dead time control block, two pairs of signals
with dead time are generated to control the turn-on and turn-off of the switches SW1
to SW12. A VDD supply selector here is to provide the internal 5V voltage for the
feedback loop.

2.2 circuit design

2.2.1 On-chip high-side switch

As the maximum VDS of the high-side switches is 9.6 V, which is higher than 5-V
on-chip MOSFET voltage rating, stacking of two 5-V transistors is used in the design,
shown in Fig.2.10. Bulk and source of both M1 and M2 are connected together. The
upper transistor M2 is biased by 5 V, and the lower switch M1 is driven by the gate
driver. When the control signal Q is high, M1 and M2 turn on and are in triode
region. When the control signal Q is low, M1 turns off. The drain voltage of M1 rises
to 5V − Vth [28], below its voltage rating. The advantage of the stacked switches over
high voltage switches can be evaluated by the output capacitance related FoM:

FOM = RONQOSS (2.44)
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FOMstack−10V ≈ N × RON
QOSS

N
= FOM5V < FOM10V (2.45)

where FOMstack−10V is the equivalent FoM of the stacking transistors, while FOM5V
and FOM10V are the equivalent FoMs of the 5- and 10-V transistors, respectively [5].

Figure 2.10: Stacking of two 5-V transistors

2.2.2 Bootstrap circuit

The role of the bootstrap circuit is to generate a voltage 5 V higher than the voltage
of node SWi to fully turn on the high-side switches. Directly producing the bootstrap
voltage from 48-V input could result in considerable loss, particularly for the lower
level switches [5]. Thus, two types of bootstrap circuits are used for the 10 high-side
switches.

Bootstrap circuit for SW1 and SW2

Since the operation voltage levels of SW1 and SW2 are near the 48-V input, the boot-
strap circuit of these two switches are directly powered by VIN, shown in Fig.2.11. It
mainly consists of a voltage monitor and an active diode. The volatge monitor is a
bandgap reference comparator, aiming to detect the bootstrap voltage VBST to make
sure VBST will not be larger than the gate breakdown voltage at any time.

The bandgap reference comparator [35] includes subthreshold transistors M1 and M2,
as well as resistors R4 and R5. M3 - M8 form the current mirror pairs. The active
diode consists of MP and Mdp nmos. Mdp nmos is a depletion-type NMOS. Resistors R1
- R3 are to sample VBST. M7 is used to control the dividing ratio to achieve hysteretic
threshold, and its on-resistance needs to be much smaller than R3. The width of M1
is 8 times bigger than that of M2. The current I6 is N times larger than I2 and I8 is
N times larger than I1. Thus, the voltage level of A is determined by the comparison
result of I1 and I2. Assuming that VBST rises from a low value to a high one at first,
the working procedure can be divided into three stages.

Stage 1: When VB is low, R4 has little impact. Thus, due to the width of M1 is larger
than that of M2, I1 is larger than I2. Hence, I8 is larger than I6. The voltage of node
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Figure 2.11: Schematic of bootstrap circuit for SW1 and SW2

A is pulled down. M7 turns on, and R3 is shorted. The active diode is on, and the
bootstrap capacitor is charged.

Stage 2: As VB becomes larger, the voltage drop on R4 increases. I2 grows at a quicker
rate than I1. At the time when I2 is equal to I1, the corresponding voltage of VB is
the bandgap voltage VBG, given by Eq.2.46. The bootstrap voltage now is shown in
Eq.2.47.

VBG = VGS2 + 2
R5

R4
nVTln8 (2.46)

where n is a constant relating to MOSFET process [24].

VBST = (1 +
R1

R2
)VBG (2.47)

Stage 3: When VBST keeps increasing, I2 becomes larger than I1, and thus I6 is larger
than I8. The voltage of node A is pulled up. M7 turns off. R3 is added to the resistive
divider. The active diode is off, and the bootstrap capacitor is discharged. At this
time, the bootstrap voltage is given by Eq.2.48.

VBST = (1 +
R1

R2 + R3
)VBG (2.48)

The operation results of bootstrap circuit are shown in Fig.2.12.

Bootstrap circuit for SW3 to SW10

The Bootstrap circuit depicted in Fig.2.13 is used for SW3 - SW10, which operate at
lower voltage levels. The i-th high-side bootstrap is powered by the switching node
SWi−2, rather than VIN. The voltage difference between SWi−2 and SWi is a constant
9.6 V. From the 9.6-V floating sources, the 5-V floating supply is provided for each
switch. The operation results are shown in Fig.2.14.
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Figure 2.12: Operation results of bootstrap circuit for SW2

Figure 2.13: Schematic of bootstrap circuit for SW3 and SW10

Figure 2.14: Operation results of bootstrap circuit for SW3



2.2 circuit design 27

2.2.3 Level shifter

Conventional high-voltage drivers typically have a propagation delay of several tens
of nanoseconds in the level shifter, resulting in a poor performance as the switching
frequency approaches high [30]. To address this issue, a DLS with both pulse-triggered
(PT) and level-triggered (LT) level shifter is adopted, shown in Fig.2.15. The PT level
shifter establishes the signal at the rising and falling edges of the input control signal,
with short propagation delay and relatively large instantaneous power consumption.
The LT level shifter is to maintain the signal, after the brief pulse has vanished. The
propagation delay is relatively long, but the average power consumption is low. The
two collaborate to ensure fast and accurate delivery of the low-side control signal to
the high-side. Timing waveforms of this DLS are shown in Fig.2.16.

Figure 2.15: Schematic of a DLS

Figure 2.16: Timing waeforms of DLS

The input control signal IN generates narrow pulses on its rising and falling edges
through the pulse generator, namely P1 and P2 in the figure, to control on and off of
MN1 and MN2 respectively. MN3 and MN4 are controlled by the IN and the voltage
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signal inverse to the input control signal INinv, respectively. MLD1 and MLD2 are HV
MOS to isolate the high-side driving path and low-side driving path. Their gates are
biased by VDD to protect the LV MOS. Fig.2.17 shows dVSW

dt issues when the voltage of
SWi changes rapidly [38]. When the voltage of SWi rises rapidly, the voltage of BSTi
will follow VSWi . However, due to CD, the voltage of node A and node B are unable
to respond instantly. Thus, the parasitic capacitor CD will be charged. Both current
mirrors copy large currents. The differential-mode current is close to 0. The output
signal has a brief transient from 1 to 0, disturbing the normal turn-on of the high-side
switches. When the voltage of SWi drops rapidly, the voltage of BSTi will also drops
quickly. Thus, the parasitic capacitor CD will be discharged. Currents on both sides
reduce. The differential-mode current is also close to 0. The output signal has a brief
transient from 0 to 1, interfering high-side switches’ normal turn-off. This problem
can be solved by using the transient current generated by the pulse generator. The
transient current needs to be larger than the common-mode current. Its expression is
given by:

I>CD
dVSW

dt
(2.49)

(a) (b)

Figure 2.17: (a) Positive slewing. (b) Negative slewing.

During the narrow pulse at the rising edge of IN, the gate voltages of MN1 and MN3
are high. The current flowing through MLD1 is given by:

IMLD1 =
1
2

µnCox(
W
L
)MLD1(VGS,MLD1 − Vth,MLD1)

2 (2.50)

The drain voltage of diode connected MP1 (VH3) is pulled down, followed by the drain
voltage of MP2 to pull up. During the narrow pulse at the falling edge of IN, the gate
voltages of MN2 and MN4 are high. The drain voltage of diode connected MP6 (VH4) is
pulled down, followed by the drain voltage of MP5 to pull up. MN5 turns on, pulling
down the voltage of output node. tPLH and tPHL in Fig.2.16 are the total propagation
delay for the high-side driving path when the input control signal changes from low
to high and high to low, respectively. The values are 900ps and 2.3ns.



2.2 circuit design 29

2.2.4 Feedback loop controller

Figure 2.18: Buck converter with ramp-comparator based V2D controller

Voltage control mode (VCM) is widely used because of its easy design and good im-
munity to disturbances at the reference input [14]. Fig.2.18 shows the structure of a
buck converter with ramp-comparator based V2D controller and Type-III compensa-
tion. The output of the error amplifier VEA is compared to a fixed frequency ramp sig-
nal Vramp through a comparator to generate the PWM signal. If Vramp>VEA, PWM = 1.
If Vramp<VEA, PWM = 0. However, in this controller, the delay time of the comparator
limits the maximum duty cycle of the converter [7]. Thus, a high-speed comparator is
required.

A delay line based PWM controller is adopted, which can simplify the complexity
of circuit design, fit the high switching frequency used and ease the delay-related
limitations. The block diagram of the main part delay line based V2D controller is
shown in Fig.2.19. It consists of two parts, a fixed small duty cycle generator and a
V2D controller. The duty cycle of the fixed small duty cycle generator is set to be 20%,
corresponding to minimum D = 10% for P1 and P2 in Fig.2.9. In each part, there
are two V2D cell, calibrating the bias current of the delay cell, which determines the
maximum duty cycle.

Figure 2.19: Delay line based V2D controller
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(a) (b)

Figure 2.20: (a)Schematic and (b) timing diagram of the V2D cell

Fig. 2.20a shows the V2D cell in the V2D controller. It generates a duty cycle signal by
changing the delay of the falling edge of the clock based on the control voltage VEA
from the previous error amplifier stage. It first converters VEA into current and then
converts the current to output PWM signal. The timing diagram of the V2D circuit is
shown in Fig. 2.20b. When CLK is high, VC equals to VDD and CLKout is low. When
CLK is low, M2 turns on. VC begins to decrease. When its value is lower than the flip
voltage of the following inverter (Vf p), CLKout changes to high. The changed time td
can be expressed as:

td =
C(VDD − Vf p)

I
(2.51)

where I is controlled by both the bias voltage Vbias and control voltage of the error
amplifier VEA in the previous stage.

Since the Vbias determines the bias current and thus the maximum duty ratio, it needs
to be constant. A small change of the bias voltage will cause problems in the feedback
circuit. The bias calibration is realised by using a second V2D cell [15]. Fig.2.21a shows
the characteristics of the V2D controller. The error voltage range is corresponded to
the output range Vout = 1V ± 5%. The output PWM waveforms matching the data
points in Fig.2.21a is shown in Fig.2.21b.

The schematic of two-phase generator is shown in Fig.2.22a. The function of it is to
generate two control signals with the same duty cycle and a phase difference of 180◦.
It consists of an inverter, a D flip-flop and two AND gate. Q2 lags Q1 by half a cycle.
The timing diagram is shown in Fig.2.22b.

In order to avoid the loss produced by the simultaneous conduction of the high-side
and low-side switches, a dead control circuit is designed. It includes an inverter, two
NOR gates, two buffers and two inverter chains. Fig.2.23a shows its schematic. The
width of the inverter chains is set to the minimum value, and the length is selected
according to the required dead time. When VPWM is high, D and thus GL go low first.
After a delay, C goes low. A and C pass the NOR gate and E is set to high, and thus
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(a) (b)

Figure 2.21: (a) Characteristics of the V2D controller. and (b) output PWM waveforms.

(a) (b)

Figure 2.22: (a) Schematic and (b) Timing diagram of the two-phase generator.
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GH. When VPWM is low, E goes low first, and thus GH. After a delay, B goes low. B
and VPWM pass a NOR gate and then D goes high, and thus GL. The timimg diagram
of the dead time control circuit is shown in Fig.2.23b.

(a) (b)

Figure 2.23: (a) Schematic and (b) Timing diagram of the dead time control circuit.

2.2.5 VDD supply selector

As the power supply in the feedback controller is about 5V, different from the input
voltage of the system. Thus, an internal power supply generator is required to pro-
duce a low voltage. As there is a big difference between the needed voltage and the
input voltage, the low-dropout linear regulator (LDO) is not applicable due to its low
frequency. However, it has fast transient response, which can produce the needed
voltage quickly. Thus, a VDD supply selector is proposed, shown in Fig.2.24. It con-
sists of high-voltage pre-regulator, LDO, bandgap reference, comparator, 1:5 SC DC-DC
converter and switches.

Figure 2.24: Block diagram of the proposed VDD supply selecting circuit
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For the two switches MP1 and MP2, two additional PMOS are added to each switch
to connect the bulk of the two switches to the higher voltage level to eliminate the
effect of parasitic bipolar[12]. When the source voltage of MP2 is lower than the drain
voltage, MP6 is on and MP5 is off. Thus, the bulk voltage of MP2 is connected to the
drain side.

Since the input voltage of the system is high, when it is directly supply to the bandgap
reference and LDO circuit, if LV transistors are used, they will break down due to
insufficient voltage withstand capability, and if HV transistors are used, the chip area
will be greatly increased [17]. Thus, a pre-regulator is used at first.

The overall operation of this proposed supply selecting circuit is shown in Fig.2.25. At
the beginning, the VDD supply is provided by the LDO. As long as the output voltage
of SC converter builds up, the output of the comparator changes and SC converter will
replace the less efficient LDO to provide the VDD supply. Fig.2.26 shows that there is
an increase in feedback controller duty cycle when the VDD supply decreases. This
can help increase the load capability of the converter, as when it carries heavy loads,
the output voltage may go below 1 V and thus the VDD supply also decreases, which
can further increase the duty cycle to help the voltage go back to 1 V.

Figure 2.25: Overall operation of the proposed VDD supply selecting circuit

Figure 2.26: Duty cycle with VDD
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2.3 simulation results

The proposed 10-level DIHC converter was designed in a 0.18-µm BCD process and
the results are based on post-layout simulations of the whole chip. Fig.2.27 shows the
layout of the proposed converter. The active size is 3.8mm × 5.9mm, with an area of
around 22 mm2. The converter was simulated under the following conditions: input
voltage Vin = 48 V, output voltage is regulated at Vout = 1 V, and the switching
frequency fSW = 1 MHz. The GaN Spectre model provided by EPC is used for the
SW1 switch.

Figure 2.27: Layout of the proposed converter with an area of 3.8mm × 5.9mm

Fig.2.28 shows the simulated waveforms of the switching nodes. During the power-
on period, only SW1 (GaN) takes the up to 48-V voltage stress and all NMOS switches
take up to 4.8-V voltage stress to secure a safe power-on stage for these 5-V devices.
During the steady state, as shown in Fig.2.28b, the voltage swing of all switching
nodes is 4.8 V, which is Vin/10, i.e., the voltage of SW1 is between 48 V and 43.2 V,
the voltage of SW2 is between 43.2 V and 38.4 V, and so on.

(a) (b)

Figure 2.28: Simulated waveform of switching nodes of NMOS switches during (a) power ON
and (b) steady-stage operations.

The simulated efficiency values in a range of load current are shown in Fig.2.29. The
converter achieves a peak efficiency of 90.6% at 5.2-A load. For a large range of load
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current from 2 A to maximum 18 A, the efficiency is above 80%. The inductor current
and output voltage at the optimum load (Iload = 5.2 A) are illustrated in Fig.2.30. The
output voltage is maintained at 1 V with a small ripple of 12.4 mV. The inductor
current waveform shows that there is uniform current distribution between the two
inductors.

Figure 2.29: Simulated power efficiency

Figure 2.30: Inductor current and output voltage at the optimum load

Fig.2.31 shows the simulated load transient responses of the proposed converter. When
load current steps up from 0 A to the optimal load current 5.2 A, the undershoot volt-
age is 46.4 mV and the recovery time is about 4 µs. When load current steps down, the
recovery time is 3.7 µs, and the overshoot voltage is 50 mV. The proposed converter
performs a quite fast transient response.

Fig. 2.32 gives an estimated loss breakdown based on post-layout simulation results.
The proposed design adopts 1 µF capacitor with 5-mΩ ESR for all flying capacitors,
and 110 nH inductor with 3-mΩ DCR for the two inductors. The conduction and
overlap loss, the gate and switching loss, the DCR and ESR loss, and the layout loss
account for 42.8%, 23.9%, 23.1% and 8.6%, respectively.
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Figure 2.31: Simulated load transient responses between 0 and optimum load with Cout =

47µF×2

Figure 2.32: Estimated loss breakdown at the optimum load
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The comparison between this proposed 10-level DIHC and state-of-the-art designs is
shown in Table 2.1. Compared with the 12-level converter in [5], this converter uses
two less on-chip switches and two less flying capacitors to achieve 48-V to 1-V con-
version. It is able to carry maximum 18-A load, and achieves higher peak efficiency
at 90.6% and more than two times higher power density. Compared with two other
works, the proposed design only employs one single off-chip GaN switch, which sig-
nificantly reduces the system FoM factor and improves the power density.

Table 2.1: Comparison with the previous work

Structure
Dual-phase Dual-phase

12-level Dickson [5] This work
dual inductor [29] multi-inductor [8]

Vin[V] 48-54 48 36-60 48

Vout[V] 1-2 1-5 0.5-1 1

Switching frequency [KHz] 300 330 2500 1000

Inductors 2 4 2 2

Capacitors 5 C f ly + 1 Cout 3 C f ly +1 Cout 11 C f ly + 1 Cout 9 C f ly + 1 Cout

Power transistor 8 GaN 8 GaN 13 On-chip 5V MOSFET + 1 GaN 11 On-chip 5V MOSFET + 1 GaN

Iomax[A] 10 100 8 18

Peak efficiency
93% 90.9% 90.2% 90.6%

when Vin = 48V

Power density [W/in3] 225 440 998 2093*

* Calculated from 18 A maximum load current and power stage volume (around 0.0086 in3) estimated from [5].
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M U LT I - R E S O N A N T D C - D C C O N V E R T E R

In this chapter, a topology design of a 16-to-1 resonant DC-DC converter with multi-
phase operation for the 48-V data centers is proposed at first. Then the design proce-
dure of the parameters in the topology are described. Simulation results in cadence
based on the calculated parameter values are shown in the end, and the results are
also compared to some prior arts.

3.1 architecture

Figure 3.1: Topology of the proposed 48V/3V multi-resonant DC-DC converter

Fig.3.1 shows the schematic of the proposed 16-to-1 topology. It consists of a 3Φ-SC
stage and a 4-to-1 series-parallel stage. 16 switches and 5 flying capacitors are used
in the topology. Current waveforms of the inductor and flying capacitors, and gate
control signal of the switches are shown in Fig.3.2. It has four phases. Phase 1 is the
charging phase, while the other three phases are discharging phases.

During phase 1, the flying capacitors C1 - C5 are connected in series between the input
voltage Vin and the inductor L. All the flying capacitors are resonantly charged. The
necessary equation in Φ1 is:

Φ1 : Vin = VC1 + VC2 + VC3 + VC4 + VC5 + VL + Vout (3.1)

During phase 2, C1 is discharged, and C2 - C5 are connected in series between the
positive terminal of C1 and the inductor L. The necessary equation in Φ2 is:

Φ2 : VC1 = VC2 + VC3 + VC4 + VC5 + VL + Vout (3.2)

38
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Figure 3.2: Current waveforms and control signals of the proposed converter

During phase 3, C1 is disconnected. C2 discharges into the series connection of C3-C5.
The necessary equation in Φ3 is:

Φ3 : VC2 = VC3 + VC4 + VC5 + VL + Vout (3.3)

During phase 4, both C1 and C2 are disconnected. C3 - C5 are connected in parallel.
The necessary equation in Φ4 is:

Φ4 : VC3 = VC4 = VC5 = VL + Vout (3.4)

By solving Eq.3.1 - Eq.3.4, flying capacitor voltages and output voltages can be achieved:

Vc1 =
1
2

Vin (3.5)

Vc2 =
1
4

Vin (3.6)

Vc3 = Vc4 = Vc5 =
1

16
Vin (3.7)

Vout =
1

16
Vin − VL (3.8)

During a whole period, due to the inductor voltage-second balance, VL is zero. Thus,
the ideal output voltage is:
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Vout =
1

16
Vin (3.9)

(a)

(b)

(c)

(d)

Figure 3.3: Operation phases of the proposed 16-to-1 SC DC-DC converter (a) Phases 1. (b)
Phase 2. (c) Phase 3. (d) Phase 4.

The advantages of this topology are attributed to two parts.

• Multiple phases: For two-phase SC converter, for a given capacitor number k, the
maximum step-up or step-down ratio is limited by the kth Fibonacci number Fk
[25]:

M[k] =
Vout

Vin
=

1 ≤ P[k] ≤ Fk
1 ≤ Q[k] ≤ Fk

(3.10)

where, F1 = 1, F2 = 2, Fn = Fn−1 + Fn−2. However, when multi-phase is applied,
with the same number of capacitors k, the maximum conversion ratio is:

M[k]max = 2k−1 (3.11)

which is greater than the conversion ratio calculated by Eq.3.10. Thus, with mul-
tiple phases, to achieve the same step-down ratio, fewer capacitors are needed.
As shown in Fig.3.1, 5 flying capacitors are needed to achieve 16-to-1, while for
two-phase SC converters, 5 flying capacitors can only obtain a step down ratio
of 8.
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• Resonance: For conventional SC converters, there is mismatch between capacitor
initial voltages, which will cause charge redistribution loss and a large instan-
taneous current through the switches. Fig.3.4 shows the redistribution loss of
connecting a voltage source to a capacitor and connecting two capacitors

(a) (b)

Figure 3.4: Redistribution loss of (a) connecting a voltage source to a capacitor and (b) con-
necting two capacitors.

Fig.3.4a shows a capacitor charged by a voltage source through a switch conduc-
tion resistance R with the initial voltage of V1. The energy dissipated by R is
given by:

Eloss =
1
2

C1(Vdd − V1)
2 (3.12)

Ploss =
1
2

C1(Vdd − V1)
2 fsw (3.13)

Fig.3.4b shows two capacitors connected together, with initial voltage V1 and V2,
respectively. The energy dissipated by R is given by:

Eloss =
1
2
(C1 ∥ C2)(V1 − V2)

2 (3.14)

Ploss =
1
2
(C1 ∥ C2)(V1 − V2)

2 fsw (3.15)

From Eq.3.13 and Eq.3.15, power loss is related to the initial voltage difference
between the voltage source and capacitor or between capacitors, but indepen-
dent of the series resistance. Besides, initial voltage difference is inversely pro-
portional to the capacitor value and switching frequency [22]. Thus, we have,

Ploss ∝
1

fsw
,

1
C f ly

(3.16)

To reduce the redistribution loss, either increase the switching frequency or in-
crease the value of flying capacitors. However, higher switching frequency will
lead to higher switching loss and bottom plate loss, while larger flying capac-
itor will increase the circuit size. However, with resonance, soft charging can
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be achieved. With the additional inductor, minimum resistance of the converter
can be reached at a lower switching frequency, and thus, the same efficiency can
be achieved with lower switching frequency [22].

3.2 design

3.2.1 Resonant inductor current

Ignoring the parasitic resistance and assuming an infinite resonance quality factor, the
instant resonant inductor current can be deduced.

During Φ1, according to Kirchhoff’s Voltage Law (KVL) and Kirchhoff’s Current Law
(KCL), time-doman equations are as follows:

Vin = vC11 + vC21 + vC31 + vC41 + vC51 + L
diL1

dt
+ Vout, (3.17)

iC11 = C1
dvC11

dt
= iL1, (3.18)

iC21 = C2
dvC21

dt
= iL1, (3.19)

iC31 = C3
dvC31

dt
= iL1, (3.20)

iC41 = C4
dvC41

dt
= iL1, (3.21)

iC51 = C5
dvC51

dt
= iL1, (3.22)

where, vCi1 and iCi1 are the instant voltages and currents of Ci, respectively; iL1 is the
instant inductor current during Φ1. Combining Eq.3.17 - Eq.3.22, we can get:

iL1

C1
+

iL1

C2
+

iL1

C3
+

iL1

C4
+

iL1

C5
+ L

d2iL1

dt2 = 0. (3.23)

By solving Eq.3.23, a solution can be obtained:

iL1 = A1 · sin

(
1√

L (C1 ∥ C2 ∥ C3 ∥ C4 ∥ C5)
t

)
, (3.24)
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Similar deduction can be used for other three phases. The instant inductor current
equations are as follows:

iL2 = A2 · sin

(
1√

L (C1 ∥ C2 ∥ C3 ∥ C4 ∥ C5)
t

)
, (3.25)

iL3 = A3 · sin

(
1√

L (C2 ∥ C3 ∥ C4 ∥ C5)
t

)
, (3.26)

iL4 = A4 · sin

(
1√

L (C3 + C4 + C5)
t

)
, (3.27)

3.2.2 Capacitor values

According to the capacitor charge balance, the net charge flowing into a capacitor is
zero during a whole period. Thus, the duration of each phase can be obtained:

T1 = T2 = π
√

L (C1 ∥ C2 ∥ C3 ∥ C4 ∥ C5) =
1
16

T (3.28)

T3 = π
√

L (C2 ∥ C3 ∥ C4 ∥ C5) =
1
8

T (3.29)

T4 = π
√

L (C3 + C4 + C5) =
3
4

T (3.30)

Thus, the required relationship among capacitor values for a perfect resonant opera-
tion is:

C3 = C4 = C5 = C (3.31)

C2 =
1
9

C (3.32)

C1 =
1

36
C (3.33)

3.2.3 Output impedance

The equivalent model of each phase of a resonant SC converter can be assumed as
Fig.3.5 [26]. As the resonant converter system needs to be designed in underdamped

(Ri
2

√
Ci
L < 1) to achieve soft-charging [22], the current in Fig.3.5 is given as:
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Figure 3.5: Equivalent model for any phase of a resonant converter

Ii(t) = kie−tRi/(2L) sin (ωit + ϕi) (3.34)

where, ωi is the damped resonance frequency and equals to
√

1
LCi

− ( Ri
2L )

2.

For a resonant converter, for each phase, ti =
π
ωi

and ϕi = 0. Charge flowing into the
output during phase i is defined as:

qi =
∫ ti

0
Ii(t)dt = kiLiCiωi

(
1 + e−Riπ/(2Liωi)

)
(3.35)

The energy dissipated in phase i due to conduction loss is given as:

Ei =
∫ ti

0
Ri I2

i (t)dt =
k2

i L2
i Ciω

2
i

2

(
1 − e−R1π/(Liωi)

)
(3.36)

The effective resistance Re f f is defined as Eq.3.37. αi = qi/qout is defined to simplify
the calculations, where qi is the charge delivered to the output in phase i.

Re f f =
∑ Ei

fsw (∑ qi)
2 (3.37)

Combining Eq.3.37 and Eq.3.36 gives:

Re f f =
∑

α2
i

Ci
tanh

(
Riπ
4Lωi

)
2 fsw (∑ αi)

2 (3.38)

For a high quality factor resonant converter, Eq.3.38 reduces to:

Re f f ≈
∑

πα2
i

4
√

Ci L
Ri

2 fsw (∑ αi)
2 (3.39)

For the proposed 16-to-1 converter,

α = [
1

16
,

1
16

,
1
8

,
3
4
] (3.40)

Considering Ti = π
√

CiL = αi/ fsw, Eq.3.39 can be simplified to:

Re f f =
π2

8 ∑(αiRi) (3.41)
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For the proposed 16-to-1 converter,

R1 = Ron1 +Ron2 +Ron3 +Ron4 +Ron5 +Ron6 +ESRC1 +ESRC2 +ESRC3 +ESRC4 +ESRC5 +DCRL
(3.42)

R2 = Ron7 +Ron12 +Ron3 +Ron4 +Ron5 +Ron6 +ESRC1 +ESRC2 +ESRC3 +ESRC4 +ESRC5 +DCRL
(3.43)

R3 = Ron8 + Ron13 + Ron4 + Ron5 + Ron6 + ESRC2 + ESRC3 + ESRC4 + ESRC5 + DCRL
(3.44)

R4 = (Ron9 +Ron14 +ESRC3) ∥ (Ron10 +Ron15 +ESRC4) ∥ (Ron11 +Ron16 +ESRC5)+DCRL
(3.45)

where Ri is the equivalent resistance in the ith phase; Roni is the on-resistance of the ith
switch; ESRCi and DCRL are the series resistance of Ci and L in Fig.3.1, respectively.

3.2.4 Parameters design

Step 1: switches choosing

The ideal voltage stress of each switch is listed in Table 3.1.

Table 3.1: Ideal voltage stress of the switches in the proposed converter

Switch Ideal voltage stress

S1, S2, S7, S12
1
2Vin

S3, S8, S13
1
4Vin

S9, S14
3
16Vin

S10, S15
1
8Vin

S4, S5, S6, S11, S16
1
16Vin

Step 2: switching frequency design

Switching loss for each power switch is given as:

PSW,i = (QG,iVGS,i + QOSS,iVB,i) fSW (3.46)
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where QG,i and QOSS,i are the total gate charge and output charge of switch, respec-
tively; VGS,i and VB,i are the gate-to-source voltage and voltage swing of the i-th power
switch, respectively; fSW is the switching frequency. The total switching loss is:

PSW =
16

∑
i=1

(QG,iVGS,i + QOSS,iVB,i) fSW (3.47)

The total conduction loss is given as:

PCond = I2
outR

′
e f f (3.48)

where R′
e f f is similar to Re f f in Eq.3.41 but excluding the parasitic resistances of

capacitors and inductor. To optimize the efficiency of the proposed converter, Eq.3.47

and Eq.3.48 needs to be equal at the optimal load. Thus, a nearly optimum switching
frequency 15kHz can be obtained. In practical, to offset the impacts of component
tolerance variations and to lower the RMS current of switches, capacitors and inductor,
the converter is run at a slightly higher frequency [2].

Step 3: capacitors values design

The voltage ripple of each flying capacitors are shown in Eq.3.49 - Eq.3.51.

∆VC1 =
Iout,max × Tϕ1

C1
=

Iout,max × 1
16

fSW
1
36C

(3.49)

∆VC2 =
Iout,max × Tϕ3

C2
=

Iout,max × 1
8

fSW
1
9C

(3.50)

∆VC3,4,5 =
Iout,max × Tϕ4

C3,4,5
=

Iout,max/3 × 3
4

fSWC
(3.51)

Thus, the biggest voltage ripple occurs at capacitor C1. Ideally, in resonant mode,
ripple voltage can be as large as the DC voltage of the capacitor [33]. But the choosing
of voltage ripple is also limited by the voltage stress of the connected switches.

Step 4: inductor value design

Combining Eq.3.28 -Eq.3.33, the inductor value can be deduced as:

L =
1

π2 f 2
SW

16
3 C

(3.52)

3.3 simulation results

The converter was designed and simulated in cadence. Table 3.2 lists the compo-
nent parameters and operating parameters. The GaN Spectre model of EPC2024 and
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Table 3.2: Component parameters

Parameter Name Parameter Symbol Parameter Value

Input voltage Vin 48 V

Output voltage Vout 3 V

Switching frequency fSW 30 kHz

Flying capacitors
C3, C4, C5 375 µF

C2 41.7 µF
C1 10.42 µF

Output capacitor CL 220 µF

Inductor L 225 nH, 0.63 mΩ

Power switches
S1, S2, S7, S12 EPC2024

others EPC2023

EPC2023 provided by EPC are used. The dead-time between each phase is set to 10

ns.

Fig.3.6 illustrates the output voltage, inductor current and flying capacitor voltages
waveforms with an 8-A load. The converter exhibits an output voltage of 2.96 V with
a voltage ripple of 72 mV. The converter is also able to handle large load transient,
shown in Fig.3.7. When load current steps up from 0 A to the maximum load current
30 A, the undershoot voltage is 0.8 V and the recovery time is about 40 µs. When load
current steps down, the recovery time is 100 µs, and the overshoot voltage is 0.82 V.

The simulated efficiency values and output voltage in a range of load current are
shown in Fig.3.8 and Fig.3.9, respectively. The converter achieves a peak efficiency of
96.94% at 8.4-A load. For a large range of load current from 2.5 A to maximum 30 A,
the efficiency is above 95%. For the output voltage, the average value drops to about
2.863 V at the maximum load of 30 A.

Table 3.3 compares this proposed resonant converter with other state-of-the-art de-
signs. Compared with [2], [36] and [33], the proposed converter achieves a higher
voltage conversion ratio, 16-to-1. For a 48 V input voltage, 3 V output voltage can
be obtained. Compared with [11] and [10], with same conversion ratio, the proposed
converter achieves much higher efficiency, more than 6% and 3%, respectively.
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Figure 3.6: Simulated key voltages and currents of the proposed converter

Figure 3.7: Simulated load transient responses between 0 and maximum load
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Figure 3.8: Simulated power efficiency

Figure 3.9: Simultaed output voltage versus the load current

Table 3.3: Comparison of this work and the previous work

Topology Voltage ratio Output Power efficiency
current (without gate driving loss)

This work 48-to-3V 30 A full load: 95.0%, peak: 96.94%
(3Φ-SC series-parallel)

Cascaded series-parallel [2] 48-to-6V 70 A full load: 95.3%, peak: 98.6%

Multi-resonant doubler [36] 48-to-6V 40 A full load: 96.0%, peak: 98.6%

Re3Φ-SC [33] 48-to-12V 10 A full load: <90%, peak: ∼98%

SDIH Dickson[11] 48-to-3V 45 A full load:<90%, peak: 89.8%

DIH Dickson[10] 48-to-3V 50 A full load:∼ 91%, peak: 93.8%



4 F U T U R E W O R K

4.1 future work for the 10-level dihc converter

Potential further improvements to this design are listed below:

• Split phase control to properly regulate the turn-on time of the high-side switches
can be done to eliminate the charge redistribution loss.

• Switch’s sizing and switching frequency can be chosen carefully to achieve a
better efficiency.

4.2 future work for the 48v/3v multi-resonant dc-
dc converter

In the current design, only the topology is proposed and the calculation method of
each parameter is given. Potential further work to this design are listed below:

• The type of switches can be selected carefully to reach a better efficiency for this
converter. Five switches in the topology have an ideal voltage stress of only 3 V.
GaN switch may not be a best choice for them.

• PCB test is expected to be done to verify the performance of the proposed con-
verter.

• Although there is no necessity for regulation of the output voltage in the first
stage of the 48-V architecture, feedback control is important when this converter
is used in other applications. A potential feedback strategy for a resonant-mode
converter is to use the off-time modulation [33].
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5 C O N C L U S I O N S

In this thesis, a 10-level DIHC is presented, which converts 48 V directly to 1 V at
1-MHz switching frequency for data center applications. The proposed converter
takes full advantage of the voltage pressure on the 5-V transistors. This converter
exhibits higher efficiency and improved power density compared with the state-of-
the-art works, achieving 90.6% peak power efficiency with loads up to 18 A and about
2093 W/in3 power density. Besides, the efficiency can stay above 80% in a large range
of load current from 2 A to 18 A. The performance of the proposed design has been
well verified with post-layout simulations designed in a 0.18-µm BCD technology.

Also, this thesis proposes a novel 16-to-1 multi-resonant DC-DC converter to convert
48 V to 3 V. With multi-phase operation, the proposed converter uses fewer com-
ponents than the traditional two-phase SC converter. Besides, the resonant operation
mode further improves the efficiency. GaN devices with small on-resistance are used
to reduce the power loss of switches. Simulation results show that a peak efficiency
of 96.94% can be obtained. The maximum load is up to 30 A, with a full load effi-
ciency of 95%. And for a large range of load current from 2.5 A to maximum load,
the efficiency can be above 95%.
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