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ABSTRACT

With the rising demand for high-bandwidth, high-resolution current sensors, commonly used Hall-effect
devices fall short due to their relatively high wide-band noise. The coil-Hall hybrid architecture addresses this
issue by combining the Hall plate with a pick-up coil, known for its high SNR at high frequencies. This CMOS-
compatible architecture achieves excellent noise and bandwidth performance while maintaining the ability
to sense DC signals. However, this performance comes at the cost of increased complexity in combining,
calibrating, and stabilizing the two distinct signal paths.

This thesis thoroughly investigates the various challenges and trade-offs associated with this architecture and
provides a comprehensive overview of potential system solutions. Additionally, the insights gained were used
to design a prototype chip for SystematIC Design B.V. Seeking to reduce complexity, this led to the invention
of the so-called "hybrid-hybrid" architecture. This new architecture effectively overcomes several challenging
trade-offs that have hindered existing designs until now and is considered a promising approach for achieving
even better performance in the future.
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NOMENCLATURE

AC DC gain in the high-frequency (coil) path

AH DC gain in the low-frequency (Hall) path

Aco Coupling factor from current to magnetic field at the Hall plate (subscript h) or Coil (subscript c)

As y s The system gain from input current to output voltage

CC Coil capacitance

Cz Feedback capacitance in the TIA

IB Hall plate bias current

IN Input referred integrated noise current

IN ,opt Optimum input referred integrated noise current (associated with fx,opt )

LC Coil inductance

RC Coil resistance

RH Hall plate resistance

Rp Brute-force resistance at the input of the TIA

Rz Feedback resistance in the TIA

RC ,n Equivalent noise resistance at the input of the high-frequency path

RH ,n Equivalent noise resistance at the input of the low-frequency path

SC Coil sensitivity

SH Hall plate sensitivity

S I Hall plate current-related sensitivity

SV Hall plate voltage-related sensitivity

T Temperature

VB Hall plate bias voltage

γ Parameter to indicate how much fx deviates from fx,opt ( fx = γ fx,opt )

ωu Integrator unity gain frequency

ζ Parameter to indicate how much the parasitic pole pp is distanced from px (pp = ζpx )

fx Cross-over frequency of the main summing filter (px = 2π fx )

fy Frequency of a second pole if a second-order summing filter is used

v



NOMENCLATURE vi

fz Cross-over frequency of the hybrid sensor inside the hybrid-hybrid architecture high-frequency path
(pz = 2π fz )

fx,opt Optimum cross-over frequency for noise

k Boltzmann constant

pp Parasitic pole frequency (in radians)



1
INTRODUCTION

Current sensing plays a vital role in control, monitoring, protection, and power management in various ap-
plications such as switched-mode power converters, photovoltaic inverters, motor drivers, and battery man-
agement systems, to name a few. In many applications, relatively simple and cheap shunt-based sensors are
employed for their excellent accuracy and noise performance [1, 2]. However, in high-voltage and high-power
applications, the lack of galvanic isolation poses a major drawback. Magnetic field-based current sensors, on
the other hand, do not have this issue; namely, by sensing the magnetic field generated by the current, the
sensitive readout can be completely isolated from the high-voltage system.

There exist many different types of magnetic field sensors. The most widely used are fluxgate [3] sensors,
magnetoresistive sensors [4], Hall-effect sensors [5], and pick-up coils. However, only the latter two are com-
patible with the standard CMOS process and are, hence, considerably cheaper to manufacture. This makes
them very attractive.

Hall-effect sensors are based on the deflection of charge carriers under the influence of a magnetic field.
Namely, when a current is applied to, for example, a slab of doped silicon (a Hall plate), the charge carriers
will experience a Lorentz force. Opposite charges will accumulate at the slab’s boundaries, an electric field
will form, and a potential difference can be sensed. This potential difference is proportional to the magnetic
field, the bias current, and some material- and geometry-related parameters.

There are two main downsides associated with such sensors. First of all, due to various imperfections in the
device fabrication process [5], a Hall plate has a large offset voltage. To still obtain good DC accuracy, the
spinning current technique [6] can be used. This technique effectively modulates the offset voltage to higher
frequencies while keeping the signal of interest at DC. This, however, introduces significant tones at multiples
of this so-called spinning frequency.

Secondly, as the Hall plate generally has a relatively large resistance and requires significant power for a de-
cent sensitivity, it suffers from relatively high wide-band noise. As a result, a strict trade-off exists between
bandwidth, power, and resolution. Combined with the aforementioned spinning tones, this makes Hall-effect
sensors unattractive for high-bandwidth applications.

A pick-up coil’s sensing mechanism, on the other hand, is based on Faraday’s law of induction. This well-
known law states that a changing magnetic flux gives rise to an electric field. As a result, a pick-up coil has
a differentiating transfer characteristic: its sensitivity increases with frequency. Combined with a flat output
noise spectrum (caused by the metal coil resistance), a large signal-to-noise ratio can be achieved at high
frequencies. As opposed to Hall plates, pick-up coils are, therefore, superb for high-frequency sensing appli-
cations. However, they cannot be used to sense DC signals.

Especially in the control of power converters, with the rise of wide bandgap materials and the associated
higher switching frequencies, there is an increasing demand for high-bandwidth, accurate current sensors
[7, 8]. Neither Hall plates nor coils can provide this functionality by themselves. However, by combining
these sensors (in a low- and high-frequency path), as conceptually shown in Figure 1.1, outstanding perfor-
mance can be achieved. Previous work on this coil-Hall hybrid architecture [9–15] has indeed shown that a

1



1.1. THESIS GOAL 2

simultaneous large bandwidth and high resolution can be obtained. A state-of-the-art implementation can
reach integrated noise levels as low as 43mARMS while maintaining a bandwidth of 5MHz [13]. In a typical
Hall-only solution, when trying to achieve a similar bandwidth, the resolution would generally be several
hundreds of mARMS [16].

Figure 1.1: A conceptual representation of the coil-Hall hybrid architecture

1.1. THESIS GOAL
For SystematIC Design B.V., the company that has assigned this project, such a CMOS-compatible, high-
resolution, and high-bandwidth current sensor is highly compelling. However, designing a hybrid sensor
that seamlessly combines a Hall plate with a pick-up coil can be relatively complex. As will become evident,
working with two completely different sensor types and accurately merging the two distinct signal paths in-
troduces numerous challenges, demanding careful navigation of some tight trade-offs.

The goal of this thesis is twofold. First and foremost, it aims to thoroughly explore and comprehend the
fundamental trade-offs involved. These are associated with combining the signal paths, as well as accurately
calibrating and stabilizing the transducer gains — essential aspects for transforming this architectural idea
into a viable product. This thesis offers a comprehensive overview of both existing and, over the course of this
project, newly developed architectural solutions, highlighting their advantages and disadvantages. Since no
single solution is perfect, the goal is to equip the reader with enough insight to determine their own approach
to designing a coil-Hall hybrid current sensor. This thesis should, ideally, make the development of future
iterations of this sensor type considerably easier.

Secondly, as tasked by SystematIC, this insight will be used to design a prototype chip. This chip is not meant
to reach state-of-the-art performance. However, it is intended as a successor to SystematIC’s previous Hall-
Hall1 design. This prototype is for them to show potential customers the significant performance increase
associated with this new architecture. However, to save on design time and R&D costs, SystematIC highly
values simplicity in the new design and, ideally, sees large parts of their previous chip design re-used. This
simplicity constraint poses challenges but, at the same time, presents an excellent opportunity to explore and
develop a new, less complex system solution that could lead to a more efficient way to achieve even better
performance in the future.

1.2. THESIS SCOPE & OUTLINE
The two goals of this thesis complement each other well. Throughout the general discussion of the various
challenges and solutions, the prototype chip will serve as a practical example to help the various trade-offs
and design choices be understood even better. Most chapters are structured so that first, the general ideas are
discussed, and second, a specific design choice for the prototype is made. Moreover, as SystematIC mainly
wishes for a fully analog implementation2 and to limit this thesis’s scope, only analog implementations of the
signal path will be considered. However, within this "analog subspace", a whole range of design considera-
tions will be discussed.

1Also a multi-path architecture like the coil-Hall architecture, but with only Hall plates in both paths
2Of course, one could work with an ADC and DAC to have an analog input and output, however, for SystematIC, this would mean an

undesirable redesign of the entire system
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First, in the next chapter, various design aspects relevant to the coil-Hall hybrid architecture will be intro-
duced. Besides, the requirements imposed by SystematIC will be presented. In Chapter 3, some general
considerations related to combining the two (low-frequency Hall-based and high-frequency coil-based) sig-
nal paths will be highlighted. In Chapter 4, various existing architectures will be discussed in detail, and the
new "hybrid-hybrid" architecture will be introduced. In Chapter 5, especially challenges related to one-time
high-frequency calibration of the coil-path will be discussed, while in Chapter 6, challenges associated with
stabilizing this calibrated gain in both signal paths will be considered. In Chapter 7, the eventual prototype
design for SystematIC will be presented, its performance will be verified, and some future recommendations
will be given. And lastly, in Chapter 8, a conclusion will be drawn on whether the goals of this thesis have
been successfully accomplished.



2
COIL-HALL HYBRID CURRENT SENSOR:

IMPORTANT DESIGN ASPECTS

Before diving into the implementation details of the coil-Hall hybrid current sensor, it is essential to take a
step back and consider what an ideal current sensing system would look like. And, more importantly, which
phenomena could cause a deviation from this ideal behavior. Namely, by always keeping a clear overview
of the core functionality and relevant performance aspects in mind, different design trade-offs can be more
effectively navigated. To determine these design aspects, only three simple yet effective questions need to be
answered:

1. What is the purpose/task of the system (core functionality)?
2. What error sources cause the system to deviate from this ideal behavior, and how much deviation is still

acceptable (performance)?
3. What price must be paid to reach the required system performance (cost factors)?

Carefully evaluating these questions is believed to be an important step toward finishing any design to a sat-
isfactory degree. Therefore, in this chapter, these questions will be answered for the coil-Hall hybrid current
sensor architecture. Besides this chapter will conclude with a list of requirements for the to-be-designed
prototype chip for SystematIC Design.

2.1. CORE FUNCTIONALITY
The first question aims at exposing the ideal behavior or core functionality of a system. For the current sensor,
this can be captured in a single statement. Namely:

The system should provide a well-defined and stable transfer
from the input current to a certain output quantity.

The output quantity and system transfer could take on many forms. For example, one could choose an en-
coded digital bitstream or an up-modulated analog current. However, based on their customers’ needs, Sys-
tematIC Design has expressed the desire for an analog output voltage proportional to the input current.

2.2. PERFORMANCE ASPECTS
Although the ultimate goal is to approach the aforementioned ideal behavior as closely as possible, funda-
mental, technological, and economic limitations [17] prevent us from doing so. The second question helps
identify the different error sources that limit the system’s performance. Furthermore, once identified, limits
for each nonideality should be added to a list of requirements.

As will be shown in the next chapter, several performance aspects must be carefully considered for the coil-
Hall hybrid current sensor. These aspects form the basis of some strict design trade-offs when attempting to
determine the best conceptual architecture. Including some brief remarks, these aspects are as follows:

4



2.2. PERFORMANCE ASPECTS 5

2.2.1. NOISE
Different noise sources limit the system’s resolution. The performance will be expressed as an input referred
root-mean-square noise current (IRMS ). Especially with the coil-Hall hybrid sensor, in which the noise is
filtered at a relatively low frequency, thermal- and flicker noise should both be considered.

2.2.2. INPUT RANGE & DYNAMIC RANGE
The input range sets the upper bound for the maximum input signal. This is mainly limited by signal clipping
to the supply or other (more soft) nonlinear effects. The ratio of the maximum input signal to the resolu-
tion (noise level) is the system’s so-called dynamic range; maximizing this quantity as much as possible is
desirable.

2.2.3. BANDWIDTH
If left uncompensated, any resistance in combination with a (parasitic) capacitance or inductance will limit
the system bandwidth. The bandwidth is specified as the frequency at which the gain has dropped by 3dB.
For example, the inherent coil bandwidth decreases when increasing its sensitivity: the larger the number of
turns, the greater the coil’s resistance and capacitance.

2.2.4. GAIN STABILITY
Ideally, the gain remains as constant/stable as possible over different operating conditions. However, many
unwanted external factors1 generally affect transducer and circuit properties. For SystematIC, gain variation
over temperature and lifetime is regarded as the most important and will be mainly focused on. The gain
variation will be expressed as a relative variation (percentage) w.r.t. the ideal gain.

2.2.5. GAIN FLATNESS OVER FREQUENCY
At the core of the coil-Hall architecture is the combining of two completely different signal paths. In light
of providing a well-behaved and accurate sensing system, ideally, no artifacts of this path-combining should
be visible in the overall frequency response. However, as will be shown later, especially around the cross-
over frequency (i.e., the frequency at which one path takes over from the other), some relatively large gain
variations could occur. These variations should be minimized. Like gain variation over temperature and
lifetime, gain flatness over frequency will be expressed as a (maximum) percentual variation w.r.t. to the ideal
gain.

2.2.6. OFFSET
Offset limits the system’s DC accuracy. In a Hall-based current sensor, a significant amount of offset comes
from contact misalignment and Hall plate impurities. However, since the invention of the spinning current
technique [6], this offset contribution has been greatly reduced. Consequently, the offset added by the read-
out circuitry has become even more critical. In the coil-Hall architecture, careful design must ensure that
both signal paths do not add significant offset. The total offset is either expressed as an input referred current
or an output voltage (3σ value).

2.2.7. SWITCHING RIPPLE
Lastly, an unwanted ripple signal could propagate to the output if switching is performed in the signal path.
As switching is not always required, not all systems have to deal with such ripples. However, for any Hall-
based current sensor nowadays, the Hall plates are spun to reach the required offset performance. This spin-
ning ripple (up-modulated offset and low-frequency noise) should generally be well below the integrated
noise level (as defined in Section 2.2.1) and is expressed as an input referred (RMS) current.

1Think, for example, of temperature, mechanical stress, humidity, light, etc.
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2.3. COST FACTORS
Effective design is not simply about maximizing performance. Effective design is about maximizing perfor-
mance while minimizing the cost. Therefore, identifying a design’s relevant performance aspects is only one
side of the coin. Of equal importance is having a clear overview of the cost factors involved and a specified
limit for each of them.

Cost factors exist in many different forms. To name a few, one could think of costs during system operation,
such as power consumption, required supply voltage or contamination of the electrical environment, costs
related to the price of a product, such as manufacturing cost and design labor, or costs related to the product’s
system integration, such as dimensions and mass. Although they are all important to consider, their relevance
differs from project to project. For the design of the coil-Hall hybrid sensor, it turns out that this list can be
reduced to only four cost factors/categories. These are at the heart of some important design trade-offs.

2.3.1. POWER CONSUMPTION
Power consumption is one of the most important cost factors to consider in virtually every electrical system.
Whether people aim for higher system efficiency or increased battery life, they are certainly right to consider
it. However, especially in microelectronics, sometimes too much focus goes towards reduced power con-
sumption while overlooking the system’s higher-level application. In this case, the coil-Hall current sensor
will most likely be integrated into relatively high-power systems. For example, the to-be-designed prototype
will be rated for currents up to 80A. Only considering the current rail resistance of roughly 1 mΩ2, such a
large current will already burn multiple watts. As a result, an increase in power consumption of several tens
or even hundreds of milliwatts in the current sensor will most likely not make a significant difference to the
total system efficiency.

That being said, this design will still aim for low power consumption. As power consumption is fundamentally
related to important performance aspects such as noise and bandwidth, potential customers and academia
often use it as part of a FOM (figure of merit) to compare designs. Therefore, low power consumption is still
seen as an advantage when competing with different designs/products. Yet, in this design it will always be
considered in the context of the potential (high-power) application, and therefore, lower power consumption
will not be blindly strived for at the cost of, for example, a significant performance penalty.

2.3.2. CHIP AREA
Generally, decreased chip area is desirable. With a smaller chip area, more chips can be manufactured on a
die, reducing the cost per chip. However, for the prototype chip for SystematIC Design, chip area is believed to
be even more critical. Namely, as SystematIC’s previous Hall-Hall design will be reused as much as possible,
only limited space is available for the coil and associated readout. This makes chip area an even more limited
resource.

2.3.3. MANUFACTURING COST: CALIBRATION TIME
Almost any company’s ultimate goal is to sell their product with a profitable margin. Minimizing each prod-
uct’s manufacturing cost directly helps towards achieving this goal. Reducing the chip area is one way to
accomplish this. However, other aspects, such as minimizing the number of process steps3, using a relatively
low-cost technology and limiting each chip’s required calibration time, also contribute towards this goal. Sys-
tematIC Design has already fixed everything technology-related during their previous design; for the current
design, this ideally should not be changed. However, as will be shown later, the required calibration time is
still highly design-dependent and is important to keep in the back of one’s mind.

2.3.4. DESIGN COMPLEXITY
Lastly, one could consider the design’s complexity as a cost factor. Although high design complexity could
potentially improve performance at lower operational costs (e.g., power consumption), it generally also in-
troduces more risks. As a result, more time (and thus money) must be spent on proper chip design and val-
idation. Besides, there is a higher chance of overlooking critical design aspects and the concept not working
anyway. Therefore, a more robust and simple design is generally desirable.

2This is roughly the minimum resistance of the current-rail used in SystematIC’s chips
3SystematIC only uses, for example, 4 metal layers for routing and MIM (metal-insulator-metal) capacitors
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2.4. SYSTEM REQUIREMENTS
Having a clear overview of the core functionality, relevant performance aspects, and cost factors related to
the coil-Hall hybrid architecture, the following four chapters will introduce multiple system architectures for
both combining (Chapters 3 and 4), calibrating (Chapter 5), and stabilizing (Chapter 6) the different signal
paths. Ultimately, the concept that aligns best with SystematIC’s needs will be further implemented.

SystematIC wishes this new coil-Hall architecture to be integrated into an existing Hall-Hall design to greatly
enhance its noise and bandwidth performance. Ideally, this should be done with as few changes as possible;
for example, the low-frequency signal path containing the spinning Hall plates (as will be shown later) should
be re-used if possible. Besides, as mentioned in the introduction, to reduce costs, SystematIC highly values
simplicity in the new design. Still, the noise should decrease from 180 mARMS to less than 80mARMS , while
the bandwidth should increase from 318kHz to 2MHz: an improvement of more than 5x in noise power and
6x in bandwidth compared to the previous design.

At the same time, the switching/spinning ripple should be further reduced to stay well below the new inte-
grated noise level. According to measurements of this ripple from previous chips, the low-pass filtering at the
output of the low-frequency path (see Chapter 4) should provide more than 56dB of attenuation at 200kHz
(instead of 45dB in the previous designs). All other specifications remain the same compared to the previous
design and are summarized in the following Tables4. A test plan on how various specifications should later
be verified can be found in Appendix A.

Requirement Value
System Gain5 25 mV/A

Table 2.1: Functional Requirements

Requirement Value
Temperature Range -40°C to +125°C
Supply Voltage 3.3V - 5.5V (5V typical)

Table 2.2: Operating Conditions

Requirement Value
Noise (at 25°C) 80mARMS (typical)
Input Range6 ±80A
Bandwidth 2MHz
Gain Stability7 (temperature) ± 3% (ideally ± 1%)
Gain Stability (lifetime) ± 3% (ideally ± 1%)
Gain Flatness over Frequency ± 1%
Offset ± 70mA (3σ)
Switching Ripple ≪ 80mARMS

Table 2.3: Performance Specifications

Requirement Value
Supply Current 20mA
Supply Current (HFP8) 5mA
Chip Area 4 mm2

Chip Area (HFP) 1 mm2

Chip Technology 180nm, 5V

Table 2.4: Cost Specification

4It should be noted that only requirements relevant for this thesis are listed
5SystematIC actually wants multiple gain settings ranging from 25mV/A to 100mV/A in some discrete steps (25, 40, 50, 66.6, 80, 100)
6SystematIC also wants multiple input ranges (corresponding to the different gains): ±20A, ±30A, ±50A, ±80A, 0-40A, 0-50A, 0-80A
7For this prototype chip, ±3% is sufficient, but ideally SystematIC would like to bring this down to ±1% for future designs (the same

holds for lifetime drift)
8High-Frequency Path, as will become evident, this thesis will mainly be concerned with the design of this path



3
SIGNAL PATH COMBINING:

GENERAL CONSIDERATIONS

One of the main challenges with the coil-Hall hybrid architecture is accurately combining two signal paths
based on two completely different transducer types. This chapter is meant to introduce some general con-
siderations associated with this signal path combining. To keep things general for now, no implementation
is considered yet. Therefore, all equations and intuition introduced in this chapter effectively hold for any
implementation using a coil and Hall plate in the two different signal paths. This knowledge will be used in
the next chapter, in which multiple implementations will be presented.

This chapter commences by providing a brief explanation of the two used transducers: the Hall plate and
(pick-up) coil. Next, the goal of each (Hall- and coil-based) signal path will be investigated, the ideal transfer
functions for properly combining these paths will be considered, and some noise calculations will be per-
formed. Section 3.5 will discuss the effect of unwanted poles in the low- or high-frequency path, while, lastly,
section 3.6 will discuss which quantity (voltage or current) can be best used when reading out the coil.

3.1. TRANSDUCER MODELS
Before exploring the coil-Hall architecture further, it is helpful to have a general understanding of the differ-
ent transducers and have an adequate electrical model to work with. In this section, these models will be
provided for both the Hall plate and a coil. This section merely provides relevant design information, not an
in-depth explanation of all physical phenomena.

3.1.1. HALL PLATE MODEL
A Hall plate is a four-terminal device that, if properly biased, can be used to sense magnetic fields. Simply
put, a Hall plate works by the Lorentz force acting on moving charge carriers. Namely, under the influence
of a magnetic field, the Lorentz force causes the moving charge carriers to be deflected to the "walls" of the
plate. To reach an equilibrium state, the separation of charges creates a counteracting electrical field and,
thus, a voltage to be sensed. This voltage is proportional to the magnetic field, the bias current (or voltage),
and various material- and geometry-related parameters [5].

A Hall plate is often modeled as a Wheatstone-bridge-like structure as shown in Figure 3.1 [5]. The model
consists of the two terminals to which the bias current (or voltage) is applied and two terminals at which
the Hall voltage (or current) is read out. As a Hall plate is generally implemented in a symmetrical slab of
(n-doped) silicon, each terminal is interconnected via an equal resistance RH . This simple model can be
expanded by adding capacitances to the substrate; however, this capacitance is commonly very small, and
the dynamic behavior is normally dominated by the capacitance associated with the readout [18] and the
Hall plate resistance. Therefore, it is chosen that the capacitances are omitted in this model.

Normally, the Hall plates are characterized using the resistance RH , the voltage-related sensitivity SV , and
the current-related sensitivity S I . The latter two indicate the obtainable sensitivity for a certain bias voltage
or current, respectively (SH = SV VB = S I IB ). As obtained from measurement data, the Hall plates used by

8
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Figure 3.1: Electrical model of the Hall plate Figure 3.2: Electrical model of the coil

Figure 3.3: Coil representation with geometry-related parameter
definitions for calculation purposes

Figure 3.4: Coil of Figure 3.3 with each turn seen as a separate rect-
angle used for model parameter calculation purposes

SystematIC nominally have a voltage-related sensitivity SV of 52 mV V−1 T−1, a current-related sensitivity S I of
255 V A−1 T−1, and a resistance RH of 5 kΩ at room temperature1. This resistance could effectively be lowered
by placing multiple Hall plates in parallel (to obtain, for example, a lower noise level). However, for a given
sensitivity, this comes at the cost of an increase in bias current.

3.1.2. COIL MODEL
Next, the coil should be considered. The coil’s magnetic field sensing mechanism is based on Faraday’s law of
induction. As shown by Equation 3.1, this law states that a changing magnetic flux gives rise to an electromo-
tive force. Which, at the coil terminals, can be sensed as a voltage or, transformed over the coil impedance, as

1These three parameters are highly process- and temperature-dependent
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a current.

E =−dφB

d t
(3.1)

Assuming the magnetic field distribution at the planar coil is roughly constant, the magnetic flux captured
by the coil can be written as φB = B⊥ · Atot in which B⊥ (or throughout this thesis often written as B) is the
magnetic field component perpendicular to the coil and Atot the total area enclosed by all the coil turns. In
the Laplace domain, neglecting the sign, the transfer function can be written as:

VC = sSC B (3.2)

with

SC = Atot (3.3)

After obtaining a general understanding of the coil’s transduction mechanism, the next step is to devise an
electrical model of the coil. This model will be used for the design and validation of the noise and dynamic
behavior and, therefore, should contain both resistive and reactive elements. Although a planar coil is a
complex distributed network, the 2-terminal lumped model shown in Figure 3.2 will be used. This model
contains the (differentiating) coil sensitivity (SC ), a series resistance (RC ), the coil’s self-inductance (LC ), and
a capacitance to the ground (either the substrate or another metal layer) equally distributed on each side
(CC ).

No fabricated coils were available to verify this model. However, several sources from the literature have
reported similar models that correspond relatively accurately to measurement data [19–21]. Furthermore,
simulations have given the impression that the simple model shown in Figure 3.2 gives a lower bandwidth
estimate than a distributed model (made from multiple sections of this simple model). Therefore, as long
as the bandwidth specifications are met with this model, the actual coil will likely also meet the bandwidth
requirements. For estimating the noise performance, due to the low-frequency filtering, only the sensitivity
and resistance are required.

To determine the different component values for this model, the rectangular planar coil shown in Figure 3.3
can be divided into a set of closed rectangles as shown in Figure 3.4. The different model parameters can be
related to the total coil length (Ltot ) and the total coil area (Atot ). With the coil winding inwards, the length
and enclosed area of each rectangle decrease slightly for each additional turn. Therefore, the total length is
determined by calculating the perimeter of each rectangle and then summing these for all N rectangles, while
the total area is determined by first calculating the area enclosed by each rectangle and then summing these
values for all N rectangles. As long as the trace width (w) is not too large compared to the outer dimensions
(x and y), this approximation is believed to be accurate.

From these parameters, RC can be approximated using the metal sheet resistance and the total number of
squares ( Ltot

w ), CC can be estimated as a parallel plate capacitance to ground (either the substrate or an over-
lapping metal layer), and the inductance LC can be approximated using a modified version of Wheeler’s for-
mula [22]. The derivations, formulas, and several plots can be found in Appendix B. In Appendix C more
details can be found on how to properly dimension the coil for optimal performance.

3.2. WHY A MULTIPATH ARCHITECTURE?
Having obtained a general understanding of the various transduction mechanisms, it is important to con-
sider why multiple signal paths, making use of these different transducers, are used in the first place. With
this understanding, the following design steps can be navigated more effectively. An excellent way to obtain
such insight is by looking at the history of Hall-based sensors and, especially, at the challenges that arose.
These challenges form the basis for the multipath architecture and can, therefore, be used to determine the
particular functionality required from this architecture.

In early Hall effect-based designs, only a single signal path was used. While Hall plates could be perfectly
used in a relatively wide-band system, a problem arose when measuring DC signals; the inherent Hall plate
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offset turned out to be extremely large. To combat this problem, the spinning current technique [6] was
invented, which, still to this day, is the best way to reach low offset performance. However, this technique
has its downside. Namely, as this modulation technique mixes the offset to a higher frequency, it reduces the
system’s accuracy at higher frequencies.

Normally, the resulting spinning ripple is filtered by a low-pass filter. However, as a higher spinning frequency
generally deteriorates the offset performance [18, 23, 24], the filter requires a relatively low corner frequency
and thus greatly reduces the system bandwidth (to maximally several hundreds of kilohertz). Later, so-called
"ripple reduction loops"[24] were employed instead of a low-pass filter. Instead of filtering all frequencies
above a certain range, this innovative solution uses several feedback loops to remove only tones at multiples
of the spinning frequency, effectively implementing a notch filter. Although this solution allows for accurate
measurement of high-frequency signals, the notches still create "blind spots" inside the frequency band of
interest.

The initial idea behind adding an additional (high-frequency) signal path was to "fill in" these notches2 and,
thus, flatten the frequency response. This allows for a large bandwidth without sacrificing performance due to
the large ripple components: it effectively breaks the aforementioned trade-off between offset and bandwidth
performance.

First, this was done using a high-frequency path based on a non-spinning Hall plate [9]. However, due to
the relatively large Hall plate resistance and power required to obtain a decent sensitivity, another trade-off
between resolution, bandwidth, and power consumption started to form. As with any system with wide-band
noise, this trade-off caused the resolution to decrease quickly for an increase in bandwidth.

Luckily, using multiple signal paths again offered a way out of this tight trade-off. Namely, instead of a Hall
plate, a coil could be used in the high-frequency path [9, 10]. As a coil does not require any power and ef-
fectively causes the signal-to-noise ratio3 (SNR) to increase with frequency, it is the perfect substitute for the
high-frequency Hall plate to overcome this noise-bandwidth trade-off.

A multipath architecture is therefore used for two distinct functions:

1. Remove spinning ripple while allowing a low spinning frequency for good offset performance (coil-Hall
or Hall-Hall)

2. Decrease overall noise while still maintaining a wide bandwidth (coil-Hall)

3.3. IDEAL TRANSFER FUNCTION
The previous section determined what functionality the multipath architecture should provide. The next
step is to determine how such functionality can be obtained. This section will consider this by looking at the
required transfer functions in each path to obtain the desired system response. By deriving these equations
for a general system without considering any implementation, these equations can be used to explore the
general behavior of the coil-Hall hybrid sensor and find (in this and the next chapter) some fundamental
limits concerning various design aspects.

For this purpose, Figure 3.5 shows a high-level conceptual overview of the full system. It shows the transfer
of the input current I on the current rail to the output voltage Vout via the magnetic field domain and the two
signal paths. One path contains the spinning Hall plate for measuring DC and low-frequency signals, while
the other path contains the (differentiating) coil to measure high-frequency signals with a large SNR. These
two paths are filtered using the transfer functions HLF P (s) and HHF P (s) respectively, and are finally summed
to form a single output signal.

While complex internally, externally, the system should look like a gain As y s that accurately relates the input
current (I ) to the output voltage (Vout ) over a wide range of frequencies. This behavior can be captured as
shown in Equation 3.4:

Vout = (sSC Aco,C ·HHF P (s)+SH Aco,H ·HLPF (s)) · I = As y s · I (3.4)

2Or, if a low-pass filter is used, extend the bandwidth while filtering the ripple
3Due to its increasing sensitivity with frequency and flat noise spectrum
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Figure 3.5: General system overview for combining the two signal paths with an arbitrary transfer function, from a current rail input to
an output voltage

In this equation, SC is the coil sensitivity (in V T−1 rad−1 s), Aco,C and Aco,H the coupling factors from the input
current to the magnetic field at the coil and Hall plate respectively (in T A−1) and SH the sensitivity of the Hall
plate (in V T−1). This equation, in turn, can be solved to yield the following result:

HHF P (s) = 1

s
· 1

SC Aco,C
· (As y s −SH Aco,H ·HLF P (s)) (3.5)

This equation describes the high-frequency path transfer function, HHF P (s), required to get a flat response for
a given low-frequency path transfer function, HLF P (s). Theoretically, an infinite number of transfer functions
HLPF (s) can be chosen. As long as the transfer HHF P (s) obeys the relation presented in Equation 3.5, the total
response should be flat.

Needless to say, not all transfer functions need to be considered. Namely, as described in the previous section,
the low-frequency path transfer must provide filtering to reduce the spinning ripple and noise coming from
the low-frequency Hall plate and readout. Therefore, only a low-pass characteristic for HLPF (s) is meaningful
to consider.

In this section, the first-order case will be investigated. This is educational as the performance of more com-
plex cases (see, for example, the second-order case in Section 4.2.1) can be related to this first-order case.
Besides, the first-order case is the least complex to implement accurately and has already been used in sev-
eral designs. For this purpose, HLPF (s) can be written as:

HLF P (s) = AH

1+ s
px

(3.6)

The transfer has a DC gain, AH , and a single pole at s =−px . Furthermore, to obtain an insightful expression
for HHF P (s), equal magnetic field coupling factors are assumed4 (Aco,C = Aco,H = Aco) and the system gain is
set equal to the DC gain in the low-frequency path (As y s = AcoSH AH ). With these assumptions, the required
high-frequency path transfer can be written as:

4A relatively fair assumption if the Hall plates and coils are of similar dimensions and located close to each other
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HHF P (s) = SH AH

SC
· 1

s
·

s
px

1+ s
px

= SH AH

SC px
· 1

1+ s
px

= AC

1+ s
px

(3.7)

This equation accurately depicts the advantage of using a coil instead of a Hall plate in the high-frequency
path. Namely, the integrating characteristic required to flatten the coil response causes the high-frequency
path transfer to be bandwidth-limited. Therefore, just like in the low-frequency path, all noise and interfer-
ence in the high-frequency path see a low-pass filter with a (relatively low-frequency) pole at s = −px . This
would not be the case when using a Hall plate in the high-frequency path.

This equation also shows that HHF P (s) has a different DC gain compared to HLF P (s). Namely, the DC gain
is SH

SC px
times larger than the low-frequency path DC gain. If, for example, SH is larger than SC px , any noise,

interference, or offset at the coil output sees a larger gain than the Hall plate output and, as a result, becomes
more dominant. This term ( SH

SC px
= SH

2π fx SC
) containing the transducers sensitivities (SH and SC ) and the cross-

over frequency5 ( fx = px
2π ) effectively describes how well the two paths are balanced.

1. If fx is chosen too small, the high-frequency coil only has a small gain when taking over the low-
frequency path. This "weak" high-frequency path could, therefore, insert a lot of noise, offset, and
interference.

2. On the other hand, if fx is chosen too large, the low-pass filter is less effective, and the coil benefits
are not optimally exploited by allowing more high-frequency noise and interference from the low-
frequency path to propagate to the output.

This balancing act will especially become more evident when calculating the different noise contributions
from each path in the next section.

3.4. NOISE CALCULATIONS
To obtain some insightful expressions for the noise performance, it is assumed that each path’s (white6) noise
contribution can be written as an equivalent noise resistance: RH ,n and RC ,n

7 (in Ω). These resistances cap-
ture the equivalent noise resistance of both the transducers (RH and RC ) and the subsequent amplifiers at
the input of the low- and high-frequency paths, respectively. Then, under the same assumptions used to
derive Equation 3.7 and using the equivalent noise bandwidth of a first-order filter, the total integrated input-
referred noise current (IN in ARMS ) can be written as:

IN =
√

4kT · (RH ,n + (
AC

AH
)2 ·RC ,n) · 1

A2
co

· 1

S2
H

· π
2

fx (3.8)

In which T is the absolute temperature (in K) and k is the Boltzmann constant (approximately 1.381 ·10−23

m2 kg s−2 K−1). After some simplification, this equation reduces to:

IN =
√

kT · 1

A2
co

· (
RH ,n

S2
H

·2π fx +
RC ,n

S2
C

· 1

2π fx
) (3.9)

It can clearly be seen that this "balancing act" described in the previous section also applies to noise perfor-
mance. A large cross-over frequency causes the noise of the low-frequency Hall path to become dominant,
while a small cross-over frequency causes the noise of the high-frequency coil path to dominate. Optimum
noise performance occurs when the two noise contributions are equal. This happens at a specific cross-over
frequency fx,opt = px,opt

2π
8:

5i.e., the frequency fx associated with the pole at s =−px , at which the high-frequency coil path takes over from the low-frequency Hall
path

6To keep the equations more fundamental and insightful 1/f-noise is not considered in this derivation; during implementation, however,
one should certainly consider its effects

7RH and RC will be reserved to indicate the physical resistance of the Hall plate and coil respectively
8Indeed, this cross-over frequency shows that, for example, a "strong" low-frequency path (with a large SH and small RH ,n ) causes the

optimum cross-over to occur at a higher frequency. The inverse happens for a "strong" high-frequency path in which SC is large, and
RC ,n is small.
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Figure 3.6: The two first-order combining transfer functions (excluding the differentiating coil characteristic’s effect) with the additional
pole defined in each path as a function of the cross-over frequency.

fx,opt = 1

2π

SH

SC

√
RC ,n

RH ,n
(3.10)

Resulting in the total noise:

IN ,opt =
√√√√2kT · 1

A2
co

√
RH ,nRC ,n

SH SC
(3.11)

As one would expect, better noise performance occurs for smaller resistances (RC ,n and RH ,n), larger trans-
ducer sensitivities (SC and SH ), lower temperatures (T ), and a larger current to magnetic field coupling factor
(Aco). Generally, the designer only has a significant influence on the transducer and readout related factorsp

RH ,n

SH
and

p
RC ,n

SC
in the low- and high-frequency paths, respectively. To minimize these terms, low-noise

amplifiers, small transducer resistances, and large sensitivities and required.

Lastly, it is important to realize that fx cannot always be chosen at the optimum cross-over frequency. Gain
flatness, ripple reduction, and area constraints are some of the potential factors that could force a deviation
from the optimum frequency. When deviating from the optimum cross-over frequency by a factor γ (i.e.,

fx = γ fx,opt ). It can be proven that the noise penalty can be written as
√

1
2 · (γ+ 1

γ ); the input-referred noise

changes to:

IN =
√√√√(γ+ 1

γ
) ·kT · 1

A2
co

·
√

RH ,nRC ,n

SH SC
(3.12)

This equation shows that the penalty is small for small deviations from the optimum. However, in the limit,
each doubling or halving of cross-over frequency effectively causes a

p
2x (3 dB) noise penalty.

3.5. EFFECT OF AN UNWANTED POLE
As mentioned in Chapter 2, an important design aspect is gain flatness over frequency. As will become evident
in the next chapter, several mechanisms could cause deviations from an ideal flat response. However, in most
cases, the gain flatness is affected by an additional (unwanted) pole in either the low- or high-frequency path.
The associated error will be investigated in this section; this result will be used in the next chapter.

For this purpose, the total normalized response after combining the two paths with either an additional pole
in the low- or high-frequency path can be written respectively as:

Htot ,LF (s) = 1

1+ s
px

· 1

1+ s
pp

+
s

px

1+ s
px

=
1+ s

px
+ s2

px pp

1+ s( 1
px

+ 1
pp

)+ s2

px pp

(3.13)
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Htot ,HF (s) = 1

1+ s
px

+
s

px

1+ s
px

·
s

pp

1+ s
pp

=
1+ s

pp
+ s2

px pp

1+ s( 1
px

+ 1
pp

)+ s2

px pp

(3.14)

If the location of the additional pole is defined as indicated in Figure 3.6 (pp = ζpx for a non-ideal low-
frequency path or pp = 1

ζpx for the non-ideal high-frequency path with ζ> 1), it can be seen (from the simi-
larity between both transfer functions) that both transfer functions will effectively yield the same result: a dip
between px and pp in the combined frequency response. With the given definitions, the maximum gain drop
as a function of ζ is equal in both cases. Therefore, only one case has to be further elaborated on.

For this purpose, the squared magnitude of Htot ,LF ( jω) can be considered:

|Htot ,LF ( jω)|2 =
(1− ω2

pp px
)+ ω2

p2
x

(1− ω2

pp px
)+ω2(

px+pp

px pp
)2

(3.15)

And, after substituting pp = ζpx and noticing that the largest dip occurs at the geometric mean of the two
pole frequencies ω=p

px pp , the squared magnitude can be written as:

|Htot ,LF ( jω)|2 = (
ζ

1+ζ )2 (3.16)

Finally, the error ϵ with respect to the ideal gain of 1x (0 dB) can be shown to be:

ϵ= 1−|Htot ( jω)| = 1

1+ζ (3.17)

As expected, this expression indicates that the further away the pole is from the cross-over frequency, the
smaller the gain flatness error becomes. In the limit, it scales inversely proportional to the relative pole dis-
tance. For example, for an unwanted pole, s =−pp two decades (i.e., ζ= 100) above the cross-over frequency
in the low-frequency path or two decades below the cross-over frequency in the high-frequency path, an error
of maximally 1% in the gain flatness. This result has also been verified by simulations.

3.6. COIL VOLTAGE VERSUS CURRENT READOUT
As with many sensors, either the current or voltage can be chosen as the information-carrying quantity. As
one of the two quantities commonly conveys the information more accurately, this is usually a relatively
straightforward decision. However, reading out either quantity comes with its own advantages and disadvan-
tages when considering a coil. These will be briefly investigated in this section9. In Appendix C, more detailed
explanations and a strategy for dimensioning the coil can be found.

3.6.1. READING OUT THE COIL VOLTAGE
First, one could consider reading out the coil voltage. The main advantage of this approach is its stability
over temperature and lifetime in combination with its expected low variation over process corners. Namely,
the magnetic field to voltage transfer of the coil is purely related to the coil geometry, which, in turn, can be
controlled very accurately by lithography. Besides, this geometry should only change marginally over temper-
ature and lifetime. Even though the differentiating coil transfer should be compensated with an integrating
transfer (which generally results in the product of resistance and capacitance in the gain), temperature stabil-
ity can be maintained by using components with a low-temperature coefficient. These are generally available
in most IC processes.

While this temperature stability is a nice feature to have and omits the need for additional temperature com-
pensation, reading out the coil voltage, unfortunately, also has a major disadvantage. Namely, due to the
differentiating coil characteristic, the voltage at the coil’s output can become relatively large for high-speed

9The Hall plate will not be considered as the low-frequency signal path of SystematIC’s previous Hall-Hall design will be re-used. In that
design, the Hall voltage is read out.
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signals (e.g., several volts for a moderate sensitivity and a full-scale MHz signal). To prevent subsequent tran-
sistor stages from breaking down, this signal must be limited by, for example, a clamping circuit10.

Excessive distortion occurs when the coil signal is clamped. As a result, the maximum signal the system can
handle at a certain frequency is limited; in other words, the full-power bandwidth is limited. This is likely
not an issue in applications where the range of signal amplitudes and frequencies are known (e.g., think of a
motor control system). However, for unknown signals, this sudden clipping could be a problem. In case of a
short-circuit event, for example, the clipping effectively causes a part of the signal energy to be lost, resulting
in the high-frequency path only partially reacting (simulation results are presented in Section 7.6.5). As a
result, the response time is determined by the time constants related to the cross-over frequency fx and not
related to the full system bandwidth (e.g., 80µs versus 80ns), while, particularly for a short-circuit event, a
fast response is required. To reduce the chances of this happening, the coil sensitivity should be limited,
degrading the system’s noise performance. Some more detailed information and some numerical examples
can be found in Appendix C.1.

3.6.2. READING OUT THE COIL CURRENT
On the other hand, when reading out the coil current [12], one has to deal with large currents instead of
voltages. Although clipping is still possible, the limit is now determined by the amplifier’s current drive capa-
bility11, not by the strict transistor breakdown voltage. In this case, the chances of clipping can be reduced
by proper circuit design (e.g., a class-AB output stage with sufficiently large transistors) instead of only by
reducing SC . The current readout can, therefore, allow for a larger coil sensitivity and, thus, better noise
performance. However, it should be noted that for this to work properly, the first amplifier stage should im-
mediately introduce a bandwidth limitation; otherwise, extremely large voltages can still occur elsewhere in
the signal chain.

Another advantage of reading out the coil current is an increased bandwidth. Namely, for voltage readout
and reasonable coil sizes, it turns out that the bandwidth is mainly limited by RC and CC . When reading out
the coil current, the capacitance CC is, to a first-order approximation, shorted. This means that the dominant
pole is now determined by RC and LC , which generally lies significantly higher12. As explained in detail in
Appendix C, a larger coil (and thus sensitivity) goes hand in hand with a decrease in bandwidth; therefore,
also from a bandwidth point of view, SC can be made larger compared to the voltage readout case.

Unfortunately, reading out the coil current also has its disadvantages. Most importantly, current readout
introduces a large temperature dependency in the gain: the temperature-independent voltage is converted
to a highly temperature-dependent current via the metal resistance (with a temperature coefficient of roughly
0.4% K−1). This temperature dependence should be compensated somehow.

To conclude, reading out the coil current introduces some additional design challenges and restrictions re-
lated to temperature compensation, drive capability, and the immediate bandwidth limitation of the coil.
This is likely to increase system complexity compared to voltage readout. However, if these challenges can be
overcome, current readout could result in large performance benefits due to the potential use of larger and,
thus, more sensitive coils.

Voltage versus current readout seems to introduce a trade-off between
system complexity and noise/bandwidth performance

3.6.3. PROTOTYPE CHIP DESIGN CHOICE
For the SystematIC prototype, the main purpose is to show that by converting the Hall-Hall architecture to
a coil-Hall architecture with minimum changes, considerably better noise and bandwidth performance can
be obtained. As mentioned earlier, this should be done with minimum changes possible and preferably in
a relatively short time to save on R&D costs. Therefore, low complexity is highly valued for this first proto-
type. Besides, reading out either coil voltage or current will both outperform the Hall-Hall architecture by a

10In a closed-loop sensing configuration, the magnetic field is nullified, and this problem can probably be mitigated
11If the coil is read out using a transimpedance or current amplifier
12In simulations with a more distributed model (multiple sections of the model shown in Figure B.1), this large increase in bandwidth

was also verified. Not as large as set by only RC and LC , but still significantly larger
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Voltage Readout Current Readout
Maximum Sensitivity - ++
Gain Stability ++ -
Low Readout Complexity + -
Inherent Bandwidth - +

Table 3.1: Comparison table for coil voltage- versus current readout

significant margin. Consequently, the coil voltage will be chosen as the information-carrying quantity. These
results are summarized in comparison Table 3.1.



4
SIGNAL PATH COMBINING:

IMPLEMENTATIONS

Having obtained some general knowledge on various aspects of the coil-Hall hybrid architecture in the pre-
vious chapter, this chapter will focus in more detail on how to combine the two signal paths. As will become
clear, the highlighted performance aspects and cost factors from Chapter 2 form tight trade-offs that are dif-
ficult to balance optimally. This chapter aims to expose and understand these trade-offs as clearly as possible
and try to navigate them by looking into three different signal path combining architectures.

These architectures will be referred to as the shared low-pass architecture, the integrator architecture, and
the hybrid-hybrid architecture. These architectures are categorized by the (more fundamental) conceptual
ideas behind them, not by the exact circuit implementation. As will become evident, no particular architec-
ture is the best; each has its own clear advantages and disadvantages. Therefore, the main goal of this chapter
is to, ideally, provide someone with sufficient knowledge to make their own decision on which battles to pick
when implementing a coil-Hall hybrid system.

The chapter is structured so that each section introduces a new architecture. Several equations will be de-
rived, and to get a feel for the numbers, some numerical examples will be given. Lastly, after discussing all
architectures, one architecture will be selected for the SystematIC prototype chip.

18
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Figure 4.1: Combining architecture making use of a first-
order low-pass filter in each path

Figure 4.2: (Simplified) potential implementation of the ar-
chitectural idea shown in Figure 4.1

4.1. ARCHITECTURE 1: SHARED LOW-PASS FILTER
As calculated in Section 3.3, a flat response can be obtained by (first-order) low-pass filtering both signal
paths. This shared mathematical functionality immediately begs whether this can be exploited on the imple-
mentation level. Namely, to reduce area and power consumption, ideally, as many circuit blocks of the two
signal paths can be shared by summing the two transducer signals as early as possible.

While theoretically possible, it is believed to be practically difficult. Consider, for example, the chopping
circuitry in the low-frequency path and the potential large coil signals that must be dealt with in the high-
frequency path. Combining these two paths too soon means dealing with these problems simultaneously.
This would increase design complexity and reduce design flexibility, which is not considered optimal.

However, the idea behind the shared functionality is still believed to be promising when applied later in the
signal chain. Namely, as fx is generally relatively low (several kHz) it requires relatively large components to
be implemented. The required amount of area can be reduced by sharing the low-pass filter between both
paths. This results in the shared low-pass filter architecture, the first architecture to be considered in this
chapter. This architecture is conceptually shown in Figure 4.1 with a potential implementation in Figure 4.2.

4.1.1. RIPPLE VERSUS NOISE PERFORMANCE

As explained in Section 3.4, the cross-over frequency fx = px
2π should be chosen such that the noise con-

tribution of each path is equal. This would result in optimal noise performance. However, excellent noise
performance is relatively pointless when the spinning ripple from the low-frequency path is to dominate it1.

To intuitively investigate the effect of ripple, the ripple can be approximated by a sine-wave2 with magnitude
Vos , filtered by a first-order low-pass filter with a cut-off frequency fx , and referred to the input. This atten-
uated ripple should be well below the integrated noise level and, thus, can be summarized by the following
inequality:

4

π

Vos

AcoSH
· fx

f
<< IN (4.1)

In this equation, Vos is the expected offset voltage at the Hall plate output (in V), f is the ripple frequency (in
Hz), fx is the cross-over frequency of the first-order filter (in Hz) and IN the input-referred noise (in ARMS ).
The ripple frequency f is assumed to be well above fx such that the first-order filter can be approximated by
its asymptote. In turn, using Equations 3.10 and 3.11 (describing fx,opt and IN ,opot ), this inequality can be
rewritten to yield:

fx <<α · 1

Vos
· f · fx,opt (4.2)

with α being a relatively complex parameter depending on temperature, the Boltzmann constant, and some
transducer- and readout-dependent parameters:

1Unless the user is willing to compensate for it externally
2First harmonic of the square-wave signal
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α=
√

8π2kT ·
√

SC

SH
· (

R3
H ,n

RC ,n
)

1
4 (4.3)

This equation states that for a ripple signal below the optimum integrated noise level, the cross-over fre-
quency should be at least a factor α · 1

Vos
· f below the optimum cross-over frequency. Only if this factor is

(considerably) larger than one, the optimum crossover frequency would already give sufficient ripple reduc-
tion, and thus, optimum noise performance can be achieved without a ripple penalty.

Assume, for example, an offset voltage Vos of 0.5mV (already a relatively low value) and transducer parameters
SC = 2.5 µV T−1 Hz−1, SH = 80 mV T−1, RH ,n = 1.2 kΩ and RC ,n = 1.4 kΩ3. At a temperature T of 300 K, this yields
α≈ 1.07 ·10−10 and results in a required chopping frequency f of at least 4.7 MHz to make the factor α · 1

Vos
· f

larger than one. Such a high spinning frequency will almost certainly yield an offset penalty [18, 23–25].

SystematIC, for example, already uses a relatively high spinning frequency of maximally 200 kHz. For this
frequency, Equation 4.2 would yield fx << 0.0428 fx,opt . According to Equation 3.12, this would result in a
noise penalty of at least 10.7 dB, increasing the minimum noise from 23.6 mARMS (for a coupling factor Aco

of 310 µT A−1) to roughly 81 mARMS
4. Besides, the filter would require considerably larger components to

implement a cross-over frequency of less than 235 Hz5 compared to the optimum fx,opt of 5.5 kHz associated
with the aforementioned parameter values.

There seems to exist a strict trade-off between
ripple and noise performance

It can be concluded that only the first-order low-pass filter is not an effective solution for achieving optimum
noise performance. If this architecture is to be used anyway, employing additional techniques to reduce the
ripple in the low-frequency path is advisable. Ripple reduction loops, notch filtering, or additional low-pass
filters, for example, are just a few solutions that have proven effective. Of course, when applying additional
filtering in the low-frequency path, due to additional poles, gain flatness over frequency should be carefully
considered (see Section 3.5). Especially ripple reduction loops (as successfully employed in [11–14, 24]) are
believed to be promising.

4.1.2. OFFSET PERFORMANCE
Assuming the ripple problem is solved, or its noise penalty is acceptable, this low-pass filter architecture still
introduces a major challenge. Namely, the high-frequency path is DC-coupled to the output; this injects
additional offset into the main signal path, which must be accounted for.

As shown by the equations in section 3.3, for a flat response, the high-frequency path requires a DC gain
of SH AH

SC px
. Therefore, offset at the input of the high-frequency path can be referred to the input of the low-

frequency path by a gain of SH
SC px

. This gain is generally relatively close to one when trying to reach optimum
noise performance. As a result, the high-frequency path would require similar levels of offset reduction as
the low-frequency path. For the design of SystematIC, this means that the input of the high-frequency path
should equivalently have less than 1.7 µV (3σ) of offset6. The raw offset of CMOS amplifiers is generally in the
milli-volt range.

To mitigate this offset, it is believed that two strategies can be employed. First, just like in the low-frequency
path, dynamic offset compensation techniques can be employed. However, as will become evident, employ-
ing such techniques in the high-frequency path might be more difficult. The second option would be to block
the DC signals from the high-frequency path. This is based on the fact that the high-frequency path does not

3These values are relatively typical values associated with the transducers (coil and Hall plates), especially for the design for SystematIC.
Throughout this chapter, these values will also be used in all other calculations.

4In this case of course, the ripple can be attenuated at bit less due to the larger amount of noise. Therefore, the corner frequency can be
chosen slightly higher to yield better, but still far from optimal, noise results

5Resulting in roughly 58.5 dB of ripple reduction at 200 kHz
6See the requirements in Section 2.4, 1.7 µV results in 70mA for a coupling factor Aco of 310 µT A−1 and Hall plate sensitivity of 80 mV T−1

(realistic values assumed throughout this chapter)
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Figure 4.3: The effect of changing the cross-over frequency on the low- and high-frequency path transfers. It can be seen that a lower
cross-over frequency does not help with filtering in the high-frequency path.

necessarily have to sense DC signals. However, this approach would contribute to an error in the gain flatness.
The two approaches will be elaborated on in the next two sections.

DYNAMIC OFFSET COMPENSATION TECHNIQUES

Like in the low-frequency path, dynamic offset compensation techniques can be used to reduce the offset.
However, unlike the low-frequency path, the effective low-pass filtering of the summing filter cannot be im-
proved by lowering the cross-over frequency fx . This can be shown by referring the ripple at the input of the
high-frequency path back to the main input (i.e., the current domain). This input-referred ripple must be
below the noise level and should thus adhere to the following inequality:

Vos · SH AH

px SC
· fx

f
· 1

AH SH Aco
= Vos

2π f AcoSC
<< IN (4.4)

This equation describes the input-referred ripple when applying a ripple with magnitude Vos and frequency
f at the input of the high-frequency path. This equation was derived by using the required high-frequency
path transfer for a flat response (as calculated in Section 3.3) to refer the ripple to the output of the high-
frequency path and the system gain (As y s = AH SH Aco) to refer the ripple back to the main input. This new
inequality shows that reducing the cross-over frequency fx does not have any effect on the filtering response
at high frequencies. This is because the required high-frequency path DC gain is inversely proportional to fx

(as can be seen in Figure 4.3). Ripple can, therefore, only be further reduced by obtaining a better coupling
factor Aco , a better coil sensitivity SC , or a higher switching frequency f . Even worse, compared to the low-
frequency path, ripple reduction loops or any other kind of filtering in the high-frequency path will not be
possible, as this would directly affect the system frequency response and bandwidth.

This limited filtering is especially problematic when implementing chopping. Namely, for the transducer
characteristics introduced in Section 4.1.1 and a coupling factor Aco of 310 µT A−1, a chopping frequency
of at least 4.35 MHz would be required to get the ripple below the noise level of 23.6 mARMS . Chopping at
this frequency will likely result in an equivalent residual offset of several hundred µV [25, 26] at the input
of the high-frequency path7. This is too much compared to the maximum of 1.7 µV. Therefore, to get the
offset cancellation to work properly, likely, some more complicated techniques such as "offset-stabilization"
or "ping-pong" [25] must be employed.

• The offset-stabilization technique [27] employs a high-gain, low-frequency path parallel to the con-
troller’s main signal path. In a feedback configuration, if the DC gain is high enough, this low-frequency
path will reduce the main path’s offset. However, this additional path must be offset-compensated it-
self. This can either be done through chopping (frequency domain modulation) or auto-zeroing (time
domain modulation). To eliminate the chopping ripple, some relatively complex filtering must be im-
plemented inside this path (as the external filtering is insufficient). Conversely, auto-zeroing introduces

7Due to effects such as charge injection and clock-feedthrough
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problems associated with increased noise due to folding, potential ripple due to switching transients,
and signal aliasing.

• The ping-pong technique also uses auto-zeroing but, if properly implemented, does not have the is-
sue of signal aliasing [28]. With this technique, two amplifiers are being used alternately (space and
time domain modulation). While one is used, the other is offset-compensated using the auto-zeroing
technique. As long as the two amplifiers are well-matched, there is always an amplifier available in the
signal path and the continuous-time operation is not compromised. However, noise folding due to the
required auto-zeroing and potential ripple due to switching transients could still be an issue. Besides,
double the area and power consumption are required for the two amplifiers being used alternately with
this technique.

All in all, dynamic offset compensation could be a valid option in the high-frequency path. However, due to
this path’s inherently limited filtering capability, great care must be taken with potential ripple due to switch-
ing in the signal path. This adds significant complexity.

Dynamic offset compensation in the high-frequency path adds
significant complexity due to severely limited design freedom in this path’s filtering capability

BLOCKING THE DC SIGNAL

As concluded in the previous section, applying dynamic offset compensation techniques in the high-frequency
path can become relatively complex. Besides, as DC current is already accurately measured in the low-
frequency path, there is no particular need to do it in the high-frequency path. Therefore, to mitigate the
offset problem, the second solution would be to block all DC signals in the high-frequency path.

Of course, this comes with its own challenges and costs. Blocking low-frequency signals would result in a
high-pass transfer in the high-frequency path and, as explored in Section 3.5, the resulting low-frequency
pole affects the gain flatness of the total system’s frequency response. As shown by Equation 3.17, for an error
of less than 2%, the pole frequency must be at least a factor 50x below the cross-over frequency fx of the first-
order summing filter. In this case, for optimum noise performance, the cross-over frequency should be at
roughly 5.5 kHz, meaning that the high-pass transfer is only allowed to have a pole at maximally 55 Hz, quite
a low frequency.

If this pole were to be somehow implemented using an RC time constant (for example, using an AC coupling
capacitor), a large resistance of, for example, 10 MΩ would be required in combination with a 290 pF capac-
itance. This requires a serious amount of area (see, for example, the implementation in [12]). Luckily, this
area can be largely reduced using a low-frequency feedback loop (i.e., DC servo loop), nullifying any DC (and
low-frequency) signal at the output of the high-frequency path. The bandwidth of this loop should be limited
to, in this case, maximally 55 Hz. This likely still requires relatively large components. However, additional
attenuation (e.g., resistive division) in the loop can help reduce the required component sizes compared to
the AC coupling case. This was indeed verified by the implementation shown in [13].

The downside of this DC servo loop is the additional active circuitry, which would add noise and offset. How-
ever, in this case, the offset can be more easily mitigated as the feedback loop provides additional filtering at
higher frequencies, making chopping, for example, a valid option again.

Blocking DC signals in the high-frequency path ultimately introduces
a trade-off between gain flatness and area
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Figure 4.4: Combining architecture making use of an integra-
tor and a low-pass high-pass summing filter

Figure 4.5: (Simplified) potential implementation of the ar-
chitectural idea shown in Figure 4.4

4.2. ARCHITECTURE 2: INTEGRATOR AND HIGH-PASS FILTER
The second architecture consists of an integrator in the high-frequency path to flatten the coil’s response and
a summing high-pass/low-pass filter to combine the two signal paths. The main idea behind this architecture
is the high-pass filter’s inherent DC blocking capability: the high-frequency path no longer contributes any
offset. Besides, this architecture allows for a simple implementation of a second-order filter, which is believed
to slightly alleviate the trade-off between ripple and noise performance. The architecture is shown in Figure
4.4 with a potential implementation of the summing filter in Figure 4.5.

4.2.1. SECOND-ORDER SUMMING FILTER
Until now, all calculations have assumed a first-order low-pass transfer in both the low- and high-frequency
path. However, as explained in Section 3.3, any transfer function can be chosen in the low-frequency path
as long as the high-frequency transfer adheres to Equation 3.5. As previously concluded, a first-order imple-
mentation creates a strict trade-off between ripple and noise performance. This section will investigate if a
(more complex) second-order transfer could alleviate this trade-off.

For this purpose, the low-frequency path transfer will be written as shown in Equation 4.5:

HLPF (s) = AH

(1+ s
px

)(1+ s
py

)
(4.5)

This transfer has a DC gain, AH , and two poles at s = −px and s = −py with |px | < |py |. Furthermore, to
simplify the high-frequency path transfer, just like in all previous calculations, equal magnetic field coupling
factors are assumed between the coil and Hall plates (Aco,C = Aco,H = Aco), and the system gain is set equal
to the DC gain in the low-frequency path (As y s = AcoSH AH ). With these assumptions, the required high-
frequency transfer can be written as:

HHF P (s) = SH AH

SC px
· (1+ px

py
) · 1

s
·

s(1+ s
px+py

)

(1+ s
px

)(1+ s
py

)

= SH AH

SC px
· (1+ px

py
) ·

1+ s
px+py

1+ s
py

· 1

1+ s
px

(4.6)

Compared to the first-order case (i.e., py =∞), as shown in Equation 4.78

HHF P (1stor der )(s) = SH AH

SC px
· 1

1+ s
px

, (4.7)

it can be seen that the required second-order transfer is very similar except for the additional (1+ px
py

)· 1+ s
px+py

1+ s
py

term.

8This equation is repeated here from Section 3.3 for the sake of clarity
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Figure 4.6: Second-order low-pass transfer in the low-frequency path with the associated high-frequency path transfer to obtain a flat
response (further pole spacing shows that the response, as expected, converges to first-order behavior)

This term essentially shows that the second-order high-frequency path transfer requires a slightly larger gain
at low frequencies compared to the first-order case. This can be quite intuitively understood by considering
that the two poles result in sharper filtering in the low-frequency path, and thus, to get an overall flat response,
the high-frequency path should provide more gain at low frequencies to compensate. The closer the poles
are, the larger the gain becomes (until a two times increase for px = py ). On the other hand, when the poles
move away from each other, the required transfer converges to the first-order case, and no additional gain is
required. This effect is graphically depicted in Figure 4.6.

Figure 4.7: Simple implementation of the second-
order summing filter

It can be concluded that the increased filtering in the low-
frequency path comes at the cost of an increased low-frequency
gain in the high-frequency path. This causes the optimum noise
cross-over frequency fx,opt to shift to a higher frequency. Besides,
simulations have shown that it causes a slight increase in optimum
noise of at most 0.5 dB (for px = py ). However, the increased filter-
ing could help to reduce the ripple in the low-frequency path more
efficiently.

Obtaining the theoretical transfer function is one thing; imple-
menting it is another. Especially the high-frequency path transfer
function in Equation 4.6 seems considerably harder to implement
than a first-order transfer. Different poles and zeros need to be
matched accurately in both signal paths. This complexity is why
no higher-order transfer functions were considered in the previ-
ous architecture.

However, in this architecture, flattening the coil response first, be-
fore summing it to the low-frequency path, simplifies the second-
order implementation greatly. Namely, in this case, the passive
summing network shown in Figure 4.7 can be used. As long as
there are no parasitic capacitances or resistances to the ground, it
can be seen that the same signal applied at both inputs must result
in a flat response at the output. Yet, each path independently sees a different transfer to the output. If the
desired second-order low-pass transfer is implemented in the low-frequency path, this summing filter will
"automatically" implement the required high-pass response to flatten the overall response (see Figure 4.8).
Together with the integrator in the high-frequency path, the required transfer functions from Equations 4.5
and 4.6 are implemented perfectly. The only downside is that any parasitic elements to the ground (e.g., see
Cpar in Figure 4.7) could cause an error in the gain flatness; this must be carefully considered when deciding
to use this architecture.

The advantages of this architecture over the first-order case are best described by studying the same exam-
ple used in Section 4.1.1. Namely, in that section, it was concluded that to reduce the ripple caused by a 0.5
mV offset below the noise of 23.6 mARMS (for some typical transducer parameters), a first-order filter with
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Figure 4.8: The low- and high-pass frequency response from the filter shown in Figure 4.7

a cross-over frequency of at most 235 Hz would be required. This filter results in an attenuation of roughly
58 dB at a frequency of 200 kHz. If this filter were to be implemented using a resistance of 2.5 MΩ, it would
require an enormous capacitance of 270 pF. However, with a second-order filter implementation, poles at
roughly 1.3 kHz and 40 kHz result in the same attenuation at 200 kHz (see Equation 4.8). Compared to the
10.7 dB noise penalty for the first-order case, this new cross-over frequency fx of 1.3 kHz results in only a
penalty of 3.5 dB9. Moreover, to implement these poles, with a total resistance of 2.5 MΩ (R1 = 500 kΩ and
R2 = 2 MΩ), only a total capacitance of 60 pF (C1 = 10 pF and C2 = 50 pF) would be required.

It seems that a second-order filter alleviates
the harsh trade-off between ripple and noise performance and introduces an area benefit

This simple example shows that a second-order filter implementation can, in certain cases, provide large-area
and noise benefits. However, to reach optimum noise performance, ripple reduction loops or notch filtering
are still considered a better option. This is because noise and ripple performance can not yet be designed
completely orthogonally with this second-order filter approach. There are simply not enough degrees of
freedom. Still, an advantage of this approach is its relatively low complexity if implemented as shown in
Figure 4.7.

Vos

AcoSH
· fx fy

f 2 << IN (4.8)

4.2.2. INTEGRATOR DC GAIN
An integrator can never be implemented in an ideal fashion. Namely, an ideal integrator would imply infinite
gain at DC, which is impossible. As a result, the integrator has its DC pole shifted to a higher frequency. This
is an unwanted pole in the high-frequency path, and, as explained in Section 3.5, this influences the gain
flatness of the overall system response.

With the integrator transfer written as ωu
s and ωu = SH AH

SC
to make the low- and high-frequency path gains

equal, the minimum required DC gain can be written as:

ADC > ωu

px
·ζ= SH AH

SC px
·ζ (4.9)

This equation is simply deduced from the notion that the integrator must be able to at least provide the gain
required at a frequency of px

ζ to move the unwanted pole below that frequency. px is the summing filter

cross-over frequency (in rad s−1) while ζ indicates how much the parasitic pole must be distanced from this

9This penalty due to deviating from the optimum cross-over frequency can still be estimated using Equation 3.12 even though now a
second-order filter is used. This can only be done if the spacing between the poles is relatively large (i.e., py >> px ). If the pole-spacing
is smaller, the optimum cross-over frequency moves to a higher frequency and the benefits are smaller
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cross-over frequency. As explained in Section 3.5, the error in the overall gain flatness is roughly inversely
proportional to ζ (e.g., ζ= 100 results in a 1% error).

Furthermore, by substituting the cross-over frequency fx,opt = px,opt

2π required for optimum noise perfor-
mance (see Section 3.4), the DC gain requirement can be written as:

ADC > AH ·ζ ·
√

RH ,n

RC ,n
(4.10)

With a 2% gain flatness requirement (ζ = 50), roughly equal noise resistances RH ,n and RC ,n and a low-
frequency path gain AH of 100x (20 dB10), a minimum DC gain of at least 5000x (74 dB) would be required. A
small offset of only ±0.5 mV would already result in a ±2.5 V output signal. This will likely result in clipping
of the integrator, especially for supply voltages below 5 V.

A flatter frequency response requires a larger DC gain

4.2.3. INTEGRATOR IMPLEMENTATION CONSTRAINTS AND CHALLENGES
For reasonable gain flatness and gain in the low-frequency path, the integrator requires such a large DC gain
that its output likely clips on its own offset. Although it does not propagate to the system output, it is still im-
portant to mitigate this offset. The main difference compared to the previous architecture is that the residual
offset can be considerably larger as long as the output does not clip. This allows for some slightly different
solutions/strategies. These solutions and associated trade-offs will be elaborated on in this section.

OFFSET TRIMMING

A simple solution would be to do a one-time trim of the offset. While this would initially mitigate the clipping
problem, the offset can still drift over temperature and lifetime. Moreover, with the large integrator DC gain,
only a small offset variation could cause the system to clip again. To ensure system robustness, it is likely wise
to use a more advanced technique to mitigate the clipping problem.

DYNAMIC OFFSET COMPENSATION TECHNIQUES

Figure 4.9: Conceptual representation of the discrete
amplitude feedback loop used to very crudely set the
output voltage and prevent the integrator from clip-
ping

The next potential strategy would be reducing the offset such
that the integrator no longer clips. To also account for offset
drift over lifetime and temperature, this can be done with dy-
namic offset compensation techniques. While this option is
valid, it poses similar challenges as discussed for the previous
architecture (see Section 4.1.2). This is because the extremely
limited filtering constraints in the high-frequency path are in-
dependent of the implementation, and therefore, the integra-
tor architecture does not introduce any benefits in that regard.
Also, it should be noted that the second-order filter implemen-
tation in the low-frequency path does not provide higher-order
filtering in the high-frequency path and, therefore, does not
help either.

DISCRETE AMPLITUDE FEEDBACK LOOP

As the exact voltage at the output of the integrator does not
matter, one could also consider a very rough feedback loop
whose sole purpose is to move the integrator output within a
certain range. Such a feedback loop is conceptually depicted in Figure 4.9. The exact implementation is not
important but the main idea is that two comparators sense whether the output of the integrator goes out of
bounds. If that happens, a digital-to-analog converter (DAC) can generate a compensating signal.

10A smaller gain puts stricter requirements on offset, (wide-band) noise and interference requirements of the common signal path after
combining. Generally, it can be assumed that 20 dB is a safe minimum
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Figure 4.10: DC Servo loop concept showing the input signal Vi n , output signal Vout , and a potential interfering noise Vn or offset Vos
signal injected at the input of the feedback network. On the right the resulting signal transfers are shown. Noise is heavily filtered and
offset sees (depending on potential attenuation in the loop) a gain of 0 dB to the integrator output.

This simple solution does have a downside however. Namely, the sharp discrete amplitude steps from the
DAC will be visible as spikes at the output. Considering that any signal at the input of the high-frequency
path sees a low-pass transfer given by Equation 4.6 or 4.7, a step (with magnitude Vstep ) at the input will
essentially see the DC gain of the high-frequency path11. Referred to the main input (current on the current
rail), the magnitude of the spikes can be estimated as:

Vstep · SH AH

SC px
· 1

SH AH Aco
=Vstep · 1

SC px Aco
<< IN (4.11)

Ideally, these spikes should be below the noise level.

Furthermore, one could substitute fx = fx,opt for optimum noise performance. This results in the following
equation:

Vstep · 1

SH Aco
·
√

RH ,n

RC ,n
<< IN (4.12)

For the realistic parameter values given in the previous sections, the factor 1
SH Aco

·
√

RH ,n
RC ,n

becomes approxi-

mately 37300 A V−1. To get the spike below the noise level of 23.6 mARMS , the step size is not allowed to exceed
630 nV. Furthermore, to compensate for the offset of the integrator, the DAC must be able to span a full range
of a few millivolts. For example, for a range of ±3 mV, the DAC would require at least 13 bits to keep the spikes
below the noise level12. This adds complexity to this seemingly simple solution.

Due to the required low-pass characteristic in the high-frequency path transfer, it can generally be concluded
that fast transients must be handled carefully. This became evident in this section but certainly also holds
for any other solution requiring switching. Only if the switching results in a steady-state periodic signal (e.g.,
when chopping), the signal is largely attenuated by the low-pass characteristic. It does help to use a large coil
sensitivity or a higher cross-over frequency (to reduce the high-frequency path DC gain), but the latter might
not be optimal for noise performance.

Extreme care must be taken with non-periodic switching transients in the high-frequency path

11The time constant associated with the unwanted integrator pole is considerably larger than the summing filter low-pass transfer time
constant. Although the DC signal will eventually be filtered, the initial spike will not see much filtering due to the (unwanted) high-pass
transfer.

12Some rough simulations also verified this result
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Figure 4.11: Potential DC servo loop implementation based on the parameter values used throughout this chapter (the response was
also verified by some basic simulations)

CONTINUOUS-TIME DC SERVO LOOP

The last strategy would be to implement a low-frequency feedback loop to accurately regulate the DC voltage
at the output of the integrator. This can be done by placing another integrator in a loop around the main
integrator. To stabilize the loop, also a zero needs to be implemented. This configuration is conceptually
depicted in Figure 4.10. This figure also shows the overall transfer function and the transfer of any noise or
offset injected at the input of the feedback network to the overall output13.

The main challenge with this approach is to ensure sufficient gain flatness. Namely, the feedback loop will
introduce two low-frequency poles, as shown by the response in Figure 4.10. As calculated in Section 3.5, this
results in a dip in the frequency response14.

These unwanted poles must be located below px
ζ if a gain flatness error of maximally 100

ζ % is allowed. Fur-
thermore, the poles will appear at the loop gain unity gain frequency, which occurs at

p
ωuω0 (rad) if the effect

of the zero is neglected. If the zero were to be placed at z0 =
p
ωuω0
α with α > 1 for sufficient stability, it can

be proven that the highest frequency pole moves to roughly α ·pωuω0. Using this knowledge, the following
constraint can be written from a gain flatness point of view:

ω0 <
p2

x

γ2 · 1

α2 · 1

ωu
(4.13)

Which, after substituting px = px,opt and ωu = SH AH
SC

, results in:

ω0 < 1

γ2 · 1

α2 · SH

SC
· RC ,n

RH ,n
· 1

AH
(4.14)

For γ = 50, α = 2, AH = 100, and the previously used transducer parameters, this equation results in a re-
quirement of ω0 < 0.037 rad. Considering that ω0 is inversely proportional to a product of resistance and
capacitance, this extremely small value requires large components to implement.

To get a grasp of the component sizes, a potential implementation for the obtained values is shown in Fig-
ure 4.11. Even by introducing a 200x attenuation via the 200RC resistance and a 100x attenuation via the 20
kΩ and 2 MΩ resistive divider, large components are still required. The attenuation factors cannot be made
much larger as they are limited by drive capability and input referred noise and offset15 constraints respec-

13This is highly filtered as the loopgain quickly drops at low frequencies
14It was simulated that two poles instead of one do not introduce a significant difference on the calculated dip, as long as the frequency

compensation is adequate and no significant peaking occurs.
15Vos resulting from the integrator controller effectively sees a gain of 100x to the output of the main integrator (i.e., Vos in Figure 4.10,

now sees a gain larger than 0 dB)
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tively.

Implementing a DC servo loop around the integrator requires a significant amount of area

DISCRETE-TIME DC SERVO LOOP

Lastly, one could consider implementing the large resistors from the continuous-time implementation with
a switched capacitance (see Figure 4.11). With a sufficiently low switching frequency ( fsw ), the feedback loop
should not affect gain flatness much. As a result, no extremely large components are required anymore, and
the required area can be reduced. However, the downside is that this approach again introduces switching
and sampling into the high-frequency path. Consequently, the sampling causes signal aliasing and, as a
result, signal-dependent spikes. Essentially, the same spike problem from the "discrete amplitude feedback
loop" strategy arises again16. A relatively large capacitance Cser vo and additional attenuation in the loop are
likely still required to mitigate this problem. This approach will probably still result in a large area advantage
compared to a continuous time implementation. However, the designer must carefully consider whether the
aliased signal-dependent voltage spikes are an acceptable penalty to pay for the reduced area.

16One could even consider this approach to be an implementation of the discrete amplitude feedback loop concept
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Figure 4.12: Conceptual representation of the so-called "hybrid-hybrid" architecture. This architecture uses a coil-Hall hybrid sensor in
the high-frequency path and uses a high-pass low-pass summing filter with the same advantages as the integrator architecture described
in the previous section.

4.3. ARCHITECTURE 3: "HYBRID - HYBRID" ARCHITECTURE
After thoroughly investigating the previous two architectures, it can be concluded that various tight trade-offs
emerge due to the close dependency of many different design aspects. Simultaneously managing constraints
related to noise performance, ripple reduction, offset, and gain flatness greatly increases system complexity.
The idea behind this last architecture, the so-called "hybrid-hybrid" architecture, is to break these tight trade-
offs and allow for better orthogonal design of these aspects.

For this purpose, this last and newly invented architecture uses a coil and a Hall plate instead of only a coil in
the high-frequency path (see Figure 4.12). In other words, another coil-Hall hybrid current sensor is used as
part of the overall hybrid sensor. The key advantage? This new high-frequency hybrid sensor is not used to
process DC signals anymore, and therefore, offset is no longer important. This also means that the new Hall
plate does not have to be spun, and no associated ripple has to be dealt with. This architecture essentially
trades design complexity (and the associated problems) for power consumption (required for biasing the
additional Hall plate).

4.3.1. A BRIEF REMARK ON THE IMPLEMENTATION
Although the high-frequency path of the hybrid-hybrid architecture can be implemented using either of the
two architectures described in the previous sections, it is believed that the shared low-pass filter approach
(see Section 4.1) is the best. This is because its challenges are mainly associated with offset and ripple, which
are unimportant in the high-frequency path of this architecture. Therefore, this architecture’s implementa-
tion becomes significantly less complex and can be implemented more efficiently. On the other hand, if the
integrator architecture would be used, the same issues associated with clipping would need to be dealt with.

Furthermore, it should be noted that the general equations derived in Chapter 3 no longer hold for this ar-
chitecture. This is because these equations were based on the fact that only a coil would be used in the
high-frequency path. Still, these equations do describe how the hybrid sensor inside the high-frequency path
behaves. Namely, for a flat response, the gain AC must adhere to AC = SH AH

SC 2π fz
, with fz = pz

2π being the cross-
over frequency in the high-frequency path (see Figure 4.12).

4.3.2. NOISE PERFORMANCE
To evaluate the noise performance of the hybrid-hybrid architecture, the equations derived in Section 3.4 can
not be used anymore. This is because the high-frequency path now sees a bandpass filter (low-pass filter with
cross-over fz and high-pass filter with cross-over fx ) instead of a low-pass filter. This makes deriving some
general equations considerably more complex. However, the noise performance can still be approximated
intuitively. For this purpose, it is educational to consider the noise contribution of each path independently.
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Figure 4.13: Comparison of noise as a function of cross-over frequency fx between the original and hybrid-hybrid architecture (described
by Equation 4.17) As expected, for the hybrid-hybrid architecture (with fz = fz,opt ), lowering the cross-over frequency does not cause
an increase in noise, while the original architecture has a narrow optimum.

In the high-frequency path, the noise can still be calculated using the equations obtained in Section 3.4. For

the optimum cross-over frequency fz,opt = 1
2π

SH
SC

√
RC ,n
RH ,n

the noise contribution from the high-frequency path

can be written as:

I 2
N ,HF P = 2kT

A2
co

·
√

RC ,nRH ,n

SC SH
·F ( fx ) (4.15)

This is the equation for optimum noise in a hybrid architecture multiplied by a function F ( fx ). The function
F ( fx ) describes the effect of the additional high-pass filtering from the summing filter. For a small fx , this
term is roughly 1 (i.e., no filtering), while it decreases for larger values of fx .

For the low-frequency path, using the equivalent noise bandwidth of the first-order filter, the noise contribu-
tion can be written as:

I 2
N ,LF P = 4kT

A2
co

· RH ,n

S2
H

· π
2

fx (4.16)

In this case, a larger fx increases noise due to the decreased low-pass filtering of the summing filter. The
total noise (as shown in Equation 4.17), therefore, consists of a term that increases and a term that decreases
with fx . This noise "balancing act" looks familiar to the original hybrid current sensor (of which the noise
is described by Equation 3.9). However, in this case, the term that decreases with fx is no longer inversely
proportional to fx but is described by the function F ( fx ), which is limited to 1 for small values of fx (instead
of going to infinity). Therefore, fx can now be decreased without a noise penalty.

A numerical evaluation of the transfer functions validated this conclusion. The results in Figure 4.13 indeed
show that the hybrid-hybrid architecture (orange curve) allows for fx to be decreased without a noise penalty;
this is not the case for the original architecture (blue curve)17.

I 2
N = 2kT

A2
co

· (

√
RC ,nRH ,n

SC SH
·F ( fx )+·RH ,n

S2
H

·π fx ) (4.17)

The main advantage of decreasing fx without a noise penalty is that this architecture breaks the tight trade-off
between ripple and noise performance. This is essentially done by adding a degree of freedom in the design:

17The plots were made with fz = fz,opt and the transducer parameter values used throughout this chapter
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Figure 4.14: Graphical representation of the effect of mismatch between the low-frequency and high-frequency path Hall plate sensitivity.
For fz < fx (left figure), the effect is small, while for fz > fx (right figure), the effect is large as the mismatch can still be seen when the
high-frequency path takes over the overall response.

fz can be chosen for optimum noise performance, while fx can be chosen for sufficient ripple reduction18.
Besides, this architecture can also be combined with the second-order summing filter introduced in Section
4.2.1 to obtain more ripple reduction for a smaller area penalty.

The hybrid-hybrid architecture breaks the trade-off
between ripple and noise performance at the cost of increased power consumption

4.3.3. GAIN FLATNESS
As will be extensively investigated in the next chapter, due to the two completely different sensing mecha-
nisms, a downside of the coil-Hall hybrid current sensor is the requirement for (at least) two calibration steps
to obtain an accurate gain over the entire frequency range of interest. As suggested in Section 2.3, this in-
creases the manufacturing costs. While the hybrid-hybrid architecture greatly simplifies the design in many
aspects, the additional Hall plate effectively adds a third signal path. Therefore, a disadvantage of this archi-
tecture would, at first sight, be increased calibration complexity and, as a result, larger manufacturing costs.

While this is true to a certain degree, there is a catch. Namely, the additional signal path is not based on some
new sensing mechanism. On the contrary, just like in the low-frequency path, the additional high-frequency
signal path uses Hall plates. As long as the sensitivity of the different Hall plates (and subsequent gain stages)
is matched, no additional calibration is required19.

Potential gain differences in both (low- and high-frequency) Hall paths can come from mismatches in the
Hall plate bias currents, mismatches between the gains AH in both paths, or, of course, mismatches in the
current-related sensitivity S I of the Hall plates (as defined in Section 3.1). The first two sources of mismatch
can be largely mitigated by accurate layout. However, the latter is unfortunately prone to effects such as on-
chip stress (due to the piezo-Hall effect [29]) and surface charge traps at the oxide interface [5]. Stress-related
sensitivity mismatch can be mitigated by placing the Hall plates close to each other such that they experience
similar levels of stress. However, a random mismatch of roughly 1% still remains due to the charge traps at
the oxide interface. If this mismatch is still too much, one could consider using buried Hall plates to move
away from this "dirty" surface [5].

Lastly, it should be noted that a certain mismatch between the two Hall plates does not necessarily have to
result in the same gain error in the overall frequency response. Namely, the effect on the overall frequency
response highly depends on the relative location of the different cross-over frequencies fx and fz . If fz < fx ,
the coil (which is assumed to be calibrated) takes over from the Hall plate in the high-frequency path before
the high-frequency path even dominates in the overall response. This means that any gain mismatch in the
high-frequency Hall path does not have much of an effect on the overall response (this is graphically depicted

18Note that the noise of the Hall plates was assumed to be equal in both signal paths. However, if fx is chosen sufficiently low such that
the low-frequency path noise is insignificant, power can be saved by placing fewer Hall plates in parallel in the low-frequency path

19And even if it is needed, it can likely be done in the same step used for calibrating the low-frequency Hall path: both can be calibrated
using a DC signal (as opposed to the coil). This will be further discussed in the next chapter.
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Figure 4.15: Numerical evaluation of the effect of a gain mismatch between the low- and high-frequency Hall paths as a function of
fz / fx . The percentage indicates how much of the original mismatch is seen as a gain flatness error in the overall response. For example,
10% indicates that a mismatch error of 5% will only be seen as a maximum error of 0.5% in the gain flatness.

in the left plot of Figure 4.14). On the other hand, if fz > fx the contrary is true, and the resulting gain error
will be largely seen in the overall response (as depicted in the right plot of Figure 4.14). Figure 4.15 shows this

effect quantified. Namely, this plot shows that for small values of the ratio fz
fx

, as expected, only a certain per-

centage of the total mismatch error is seen in the overall response20, while for large values, eventually, 100%
of the error will be seen in the overall response.

Accurate matching between the low- and high-frequency Hall paths
obviates the need for an additional calibration step

4.3.4. OFFSET AND CLIPPING
In the integrator architecture, no offset from the high-frequency path could propagate to the overall output,
yet the offset still formed an issue. Namely, because of its large DC gain, the integrator would clip on its own
offset. In the hybrid-hybrid architecture, the DC gain is considerably smaller than the required integrator DC
gain, and clipping should be less of an issue. However, it is still important to ensure that this is indeed the
case.

The maximum amount of offset allowed at the output of the high-frequency path is ultimately limited by the
signal swing and the maximum output range. As long as the output referred offset in combination with a
full-scale signal does not cause clipping, no additional mitigation measures need to be taken. Therefore, the
chances of clipping are reduced by:

• Allowing for a larger output range (ultimately limited by the supply voltage)
• Reducing the signal swing (by choosing a smaller gain AH

21)
• By minimizing the output referred offset (by choosing a smaller gain AH and by using large and well-

matched transistors22)

As can be seen, reducing the gain AH is an effective way to reduce the chances of clipping and, as a result,
the need for a more complex solution. Unfortunately, AH cannot be decreased indefinitely. Namely, the gain
should be sufficiently large such that offset, wide-band noise, and other interference from the common path
(after summing) becomes negligible. The smaller AH , the stricter the requirements for the common path.

20For example, for fz = fx , only 50% of the error is seen as an error in the gain flatness. The 1% error due to charge traps as discussed
before will then effectively only yield a 0.5% error in the overall response.

21 AC is proportional to AH and therefore also reduces when choosing a smaller AH
22The Hall plate offset can be minimized by placing multiple Hall plates in parallel with orthogonal biasing [5, 30].
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Choosing the gain AH is, therefore, a balancing act between reducing clipping chances and complexity in the
common path.

If, for a particular design, it still turns out that additional clipping-prevention measures need to be taken, all
techniques as previously mentioned for the integrator architecture can also be considered here (see Section
4.2.3). However, the same problems associated with each strategy still have to be dealt with. The only ad-
vantage of the hybrid-hybrid architecture in this regard is the smaller DC gain (compared to the integrator),
which, as a result, allows for a DC servo loop to be implemented with smaller components. Besides, a simple
one-time offset trim might also be sufficient now.

4.4. CONCLUSION ON THE COMBINING ARCHITECTURES
In the last two chapters, the combining of the two signal paths has been extensively discussed. In Chapter 3,
several high-level calculations have been performed to be able to form general conclusions on the coil-Hall
architecture without any assumptions about the implementation. Besides, the inherent coil performance
was evaluated with a main emphasis on the advantages and disadvantages of either reading out the coil volt-
age or current. Chapter 4, on the other hand, went into some more depth on implementing the coil-Hall
architecture. This chapter mainly evaluated how the high-frequency (coil) path could be implemented and
combined with the low-frequency (Hall) path. This was done by evaluating the advantages and disadvantages
of three different architecture "groups." This last section is meant to wrap up these two chapters by selecting
a particular architecture for the prototype chip for SystematIC Design.

As mentioned in the introduction, SystematIC Design already has a fully tested, functioning design based on
the multipath architecture. However, this design uses a Hall plate instead of a coil in the high-frequency path.
The main goal of the new prototype chip is to replace the Hall plate in the high-frequency path with a coil and
show the large benefits in terms of noise and bandwidth. Certainly, this means that the high-frequency path
has to be completely redesigned; however, to minimize design time, the low-frequency path should ideally
be kept unaltered. Besides, the new architecture should not cause a deterioration in all other performance
aspects or cost factors (of which the requirements are given in Section 2.4).

First, the shared low-pass filter architecture can be considered. Compared to the other architectures, this
architecture should be relatively area-efficient as it does not require multiple large components to implement
an integrator (or low-pass filter) in addition to the summing filter (both with large time constants). However,
as the high-frequency path is DC-coupled, its offset is directly added to the output. To mitigate this problem,
additional circuitry and, hence, complexity (and area) are added to this seemingly simple architecture.

However, more importantly, this architecture mainly fails to be effective if no additional measures are taken
to reduce the spinning ripple from the low-frequency path. Namely, if only the low-pass filter is to be used to
reduce this ripple, the cross-over frequency must be set extremely low (around 235 Hz). This requires large
components to implement (reducing this design’s area efficiency) and results in a large noise penalty (due
to a far-from-optimal cross-over frequency from a noise point of view). Reducing the ripple more efficiently
would require (large) changes to the low-frequency path, which SystematIC does not desire.

One way to alleviate this tight ripple versus noise trade-off without altering the low-frequency path is to use
a second-order low-pass filter. However, for this to result in an overall flat response, the high-frequency path
must now contain two poles and a zero in its transfer. These must be accurately matched to the low-frequency
path poles, which adds more complexity than only matching a single pole.

The second architecture, based on an integrator in the high-frequency path, allows for such a filter to be easily
and accurately implemented. Indeed, it was shown that this way, area consumption and noise can be reduced
while the ripple is still sufficiently attenuated. However, even with the second-order summing filter, reaching
optimum noise performance is still believed to be difficult. Besides, implementing the integrator introduces
issues related to clipping. Solving these issues adds significant design complexity.

The last architecture, the hybrid-hybrid architecture, solves many of these issues. Namely, using a coil-Hall
hybrid sensor inside the high-frequency path allows for the noise performance to be designed completely
orthogonal to the ripple performance. The ripple versus noise trade-off is effectively broken. Besides, imple-
menting this additional coil-Hall sensor is relatively easy as offset and ripple do not play a role in the high-
frequency path (i.e., the shared low-pass architecture can be implemented without any of its challenges). The
main downside to this architecture is increased power consumption for biasing the additional Hall plates, and
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Shared LPF Integrator Hybrid-Hybrid
Area - - 0
Low Complexity - - ++
Calibration Complexity 0 0 -
Power Consumption 0 0 -
Noise - 0 ++
Gain Flatness 0 - +
Offset - ++ ++

Table 4.1: Comparison table for the three combining architectures while considering the constraints introduced by SystematIC (i.e., no
additional filtering of the ripple in the low-frequency path)

some potential added calibration complexity. However, as mentioned in Section 2.3, power consumption in
this type of current sensor is believed to be of secondary importance. Increasing the power consumption
in exchange for significantly reduced design complexity is certainly believed to be worth it. Given the con-
straints by SystematIC, the hybrid-hybrid architecture will therefore be chosen to be implemented.



5
GAIN CALIBRATION

Figure 5.1: Representation of the overall system chain with an indication of potential error sources contributing to an imperfect system
gain

Until now, it has been assumed that all transfer functions were perfectly accurate. While, for simplicity, this
is fine to assume throughout the previous chapters, in an actual design, this does not naturally happen. The
transducers themselves, components setting accurate gains, and magnetic field coupling factors, to name
a few, are all prone to random sample-to-sample variations. Even worse, these variations can be highly
temperature-dependent and even drift over lifetime. Therefore, measures must be taken to ensure a certain
degree of gain accuracy.

These measures can be divided into two distinct groups. These will be, throughout this thesis, referred to as
gain calibration and gain stabilization. Gain (foreground) calibration refers to the one-time step of removing
any static absolute (sample-to-sample) gain errors after device fabrication, while gain stabilization refers
to the process of ensuring that this calibrated gain does not drift under changing operating conditions. In
other words, gain calibration ensures that each device outputs exactly the same absolute voltage for a certain
current, while gain stabilization ensures that this still happens over a wide range of operating conditions.

As these two steps focus on quite different aspects of gain-inaccuracy, they will be discussed in two separate
chapters. This first chapter will focus on gain calibration, while the next chapter will focus on gain stabiliza-
tion. However, the goals of each chapter are similar. Namely, the goals are to highlight the various challenges
associated with each step, present potential solutions,t and indicate which solutions will be used for the pro-
totype chip for SystematIC.

In this first chapter, firstly, an overview will be given of various potential sources of gain error in the coil-Hall
hybrid architecture, and secondly, foreground calibration will be discussed in more detail.

36
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5.1. SOURCES OF GAIN ERROR
Before it can be investigated how to fix and regulate the gain accurately, it is important first to have a picture
of the different error sources contributing to a deviation from the ideal system gain. These sources can es-
sentially be divided into the three groups graphically depicted in Figure 5.1. The three colors indicate errors
related to the magnetic field coupling (red), the transducers (green), and the readout electronics (blue). This
section will briefly consider these error sources in terms of their absolute sample-to-sample variability and
behavior over temperature and lifetime.

MAGNETIC FIELD COUPLING FACTORS

The first group is related to the magnetic field coupling factor from the current rail’s current to the magnetic
field at either the coil (Aco,C ) or Hall plate1 (Aco,H ). Namely, when packaging the chip, this current rail is
placed at a certain position and with a certain orientation w.r.t. the die. The accuracy of this placement
is limited. Misalignment of the current rail in the package used by SystematIC can, for example, cause an
absolute coupling factor variation as large as 20% [31]. However, as the placement should barely change once
the rail has been placed, this coupling factor is not believed to change much over temperature or lifetime.

TRANSDUCER SENSITIVITY

The second group is related to variations in the transducer sensitivities. For the coil-Hall architecture, com-
plexity is increased as the variation of multiple transducers, based on completely different sensing mecha-
nisms, must be accounted for in a single design.

The Hall plate sensitivity is proportional to the current- (or voltage) related sensitivity (S I and SV respectively)
and the bias current (or voltage). The current- and voltage-related sensitivities are known to be very prone to
process spread. This is because they highly depend on material parameters such as, for example, doping level
and carrier mobility [5]. This also makes the sensitivity quite temperature-dependent (roughly 15% variation
for S I and 50% for SV over the, -40 °C to +125 °C, temperature range of interest). Besides, the piezo-Hall effect
introduces a cross-sensitivity to mechanical stress, which, due to stress variation in the package, can cause a
lifetime drift as large as 2 - 6% [32–35].

The coil sensitivity (from magnetic field to output voltage), on the other hand, is purely related to the coil’s
geometry. As lithography can accurately set the dimensions, the sensitivity is not prone to large absolute,
device-to-device variations. Besides, thermal or stress-related effects should not have a large influence on this
geometry either. Therefore, the sensitivity is believed to remain highly stable over temperature and lifetime.
However, if the coil current is used as information carrying quantity, this accurate voltage is transformed over
a metal resistance, which can have an absolute variation as much as ±30%. Besides, this resistance is also
highly temperature-dependent, with a large temperature coefficient of roughly 3790 ppm/K. This results in a
variation of roughly 60% over the temperature range of interest.

READOUT ELECTRONICS

Lastly, the third group is related to the readout electronics. If the amplifiers are designed properly, their
temperature dependence and absolute variability should only be determined by the passive components
constituting the amplifier’s intended transfer. For a simple gain, flat over frequency, this is commonly set by
a ratio of resistors or capacitors. Such a gain can be made very stable over temperature and lifetime. Besides,
the absolute variation can be well below 1% with accurate component matching in the layout.

On the other hand, if a frequency-dependent transfer is required, this is commonly set by the product of a re-
sistance and capacitance2. As these are two completely different component types, the absolute variability is
generally several tens of percent. Besides, stable operation over temperature and lifetime cannot be guaran-
teed as the components can behave completely differently. Such a gain error is relevant in the high-frequency
path of a coil-Hall architecture due to the required integration of the coil signal.

1As the magnetic field is (likely) not completely uniform, these coupling factors can be slightly different due to the different location and
sizes of the Hall plate and coil

2In a discrete-time sampled system, it can, for example, be accurately set by a ratio of capacitors and the clock frequency. However, not
all systems are suitable for such an approach
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5.2. FOREGROUND CALIBRATION PROCEDURE
Because of the aforementioned error sources, the absolute sensitivity of the system is not guaranteed to be
accurate when the chip has been fabricated and packaged. Therefore, the sensor has to be calibrated before
it can be sold. This is referred to as (one-time) foreground calibration.

During foreground calibration, a well-known signal is applied to the system’s input, the response is compared
to an accurate reference and the gain is trimmed accordingly. To reach a certain degree of accuracy, a certain
signal-to-noise ratio (SNR) is required. The SNR can either be increased by increasing the calibration signal
or by decreasing the noise. As the system noise spectrum is already fixed by design, the only way to reduce the
noise further is by limiting the detection bandwidth. As a result, the system slows down, and the foreground
calibration sequence takes more time. Ideally, the calibration is performed in as little time as possible to
reduce production costs. Therefore, using the largest possible calibration signal is desirable.

In Hall-only designs, fast foreground calibration is no problem. This is because a large DC calibration cur-
rent of several tens of ampères can be easily and accurately generated. However, in the coil-Hall hybrid ar-
chitecture, the story is different. In this case, an additional calibration step is required to calibrate the high-
frequency path. This additional step in itself already increases the calibration time. However, to make matters
even worse, the high-frequency calibration step cannot be performed with a DC signal because of the small
coil SNR at low frequencies and a relatively high cross-over frequency between the two signal paths.

One disadvantage of the coil-Hall hybrid architecture
is the fact that an additional foreground calibration step is required.

POTENTIAL HIGH-FREQUENCY PATH CALIBRATION CHALLENGE

Especially in an automated calibration setup, generating a large (several tens of ampères) and accurate cur-
rent becomes more difficult at higher frequencies. Namely, such a setup is designed to perform a wide variety
of tests to verify the device’s performance and is, therefore, not optimized for the calibration sequence only.
One should not expect the performance of the automated setup to be as good as that obtained in a well-
controlled and fine-tuned lab environment3 [31].

To put things into perspective, the automated calibration setup used for the calibration of the previous Hall-
Hall design by SystematIC was only able to maximally generate a 10App , 1 kHz sinusoidal signal with sufficient
accuracy4 (to get the gain within ±1% of the desired gain). However, to properly calibrate the system’s high-
frequency response, the calibration frequency should be well above the cross-over frequency of a few kilo-
hertz. This requires a considerably higher calibration frequency.

Of course, more time and money can be invested in enhancing the calibration setup regarding accurate high-
frequency, high-current signal generation. Certainly, no fundamental limits have been observed yet. How-
ever, for SystematIC, this is not an attractive and economically viable solution. Therefore, some other strate-
gies that do not require high-frequency, high-current signals will be investigated in the next section.

3Think, for example, of the fact that relatively long wires are required to transport the signal from the calibration setup to the current
sensor.

4This is certainly no fundamental limit, but it did require a custom-made, expensive piece of equipment to achieve.
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5.3. FOREGROUND CALIBRATION STRATEGIES
There are believed to be four different strategies for calibrating the high-frequency path without the need for
a high-frequency, high-current calibration signal. The first two strategies aim to decrease the required cali-
bration current, while the last two aim to decrease the required calibration frequency. The latter two strate-
gies are made possible as the system does not have to be fully operational yet during foreground calibration.
This adds freedom to the calibration procedure. For each strategy, the main idea will be briefly explained.
However, the exact implementation will be left open as this is highly architecture-dependent. Only some im-
plementation examples will be given if they help clarify the main idea further. It should also be noted that the
ideas are not mutually exclusive; they can be combined if that is believed to be beneficial.

REDUCED DETECTION BANDWIDTH

As mentioned before, the SNR can be increased by either decreasing the noise or by increasing the signal
amplitude. In a design with a fixed noise spectrum, the noise can only be reduced further by introducing an
additional bandwidth limitation, which, in turn, slows down the calibration response. This also means that,
for a given SNR, the calibration signal amplitude can be reduced at the cost of calibration time.

There seems to be a trade-off between
calibration time and calibration accuracy

If this cost in calibration time is acceptable, a high-frequency but low-current calibration signal can be used.
The main advantage of this idea is that the system’s response can be truly calibrated at high frequencies
without any changes in the signal path. This should be beneficial for calibration accuracy and obviates the
need for additional on-chip circuitry. Such a calibration loop can, for example, be implemented using a highly
selective bandpass filter, a lock-in amplifier (i.e., a synchronous detector followed by a low-pass filter), or by
sampling and averaging over a long period of time. Also, note that this strategy can effectively be combined
with any of the following strategies.

ON-CHIP COIL

Another way to decrease the required calibration current is by increasing the magnetic field strength gener-
ated for a certain amount of current. By only using the current rail, this cannot be achieved. However, for this
purpose, an on-chip coil could be employed.

As the coil is considerably closer to the sensing elements (sensing coil and Hall plate), a smaller current is
required for a certain magnetic field strength. If, for example, a sensing coil of 300x300µm is used, the cali-
bration coil should also at least be 300x300µm. It can be roughly calculated that5, with a single turn of such a
coil, a magnetic coupling factor of roughly 4200 µT A−1 can be obtained. Of course, the smaller the calibration
coil can be, the closer it is to the sensing elements and the stronger the coupling factor can be. However, even
with this relatively big calibration coil, the coupling factor is already approximately an order of magnitude
higher than the coupling factor from the main current rail (∼400 µT A−1) and can even be increased further
by using multiple turns.

While such a large coupling factor could help reduce the required calibration current without loss of SNR,
this approach has several drawbacks. First of all, depending on the calibration coil size and trace width,
the coil resistance can be relatively large. This limits the maximum possible calibration current through the
calibration coil6, and, thus, limits the maximum calibration signal strength. Besides, by using a calibration
coil, not the entire signal chain is calibrated. Namely, any errors in current rail misalignment (see Section 5.1)
are not directly accounted for. To make sure this calibration strategy still gives adequate results, the (already
calibrated) low-frequency path’s response to a signal on the calibration coil should be used as a reference for
the high-frequency path calibration. Acquiring this response requires an additional calibration step, which
(slightly) increases calibration time. Besides, calibrating the high-frequency path indirectly will likely also
result in a decrease in calibration accuracy7.

5The calculation procedure can be found in Appendix D
6e.g., a single turn of 300x300µm with a 10µm trace width and 80 mΩ per square metal sheet resistance results in 9.6Ω. A 1A calibration

currents would require 9.6V across the coil and causes 9.6W of power dissipation
7For example, the relative relation between the four different coupling factors (from current rail or calibration coil to Hall plate or sensing

coil) should not change from sample-to-sample for this solution to work
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Figure 5.2: By disconnecting the resistance in the summing
filter, the filter’s cross-over frequency is lowered, and the
high-frequency path can be calibrated with a lower frequency
signal

Figure 5.3: By bringing out an internal pin, the high-
frequency path can be calibrated in multiple steps

TEMPORARILY CHANGE THE SIGNAL PATH

The solutions so far were aimed at allowing for a higher frequency but lower amplitude calibration signal.
However, another approach would be to allow for large but low-frequency calibration signals (e.g., below
1kHz as currently used by SystematIC). During normal system operation, this would, of course, not be possi-
ble due to the system being designed for a relatively high cross-over frequency. However, during foreground
calibration, the system does not necessarily have to be fully functional yet; the signal path can be temporarily
changed. This can be exploited to allow for low-frequency calibration of the high-frequency path.

How this is exactly implemented heavily depends on the chosen architecture. For the integrator architecture
from the previous chapter, it is relatively simple. Namely, as the integrator in the high-frequency path already
flattens the coil response at low frequencies, only the summing filter cross-over frequency has to be lowered
to pass low-frequency signals from the high-frequency path to the output8. This can, for example, be done
by disconnecting the low-frequency path as shown in Figure 5.2. For the other architectures, it is probably
more complex to implement as, besides lowering the cross-over frequency, an integrating transfer must be
implemented to also flatten the coil response at lower frequencies.

The complexity of this solution, therefore, highly depends on the chosen system architecture. Besides, it must
be carefully considered if the altered signal path still gives an accurate representation of the high-frequency
behavior of the high-frequency path. Any errors in that regard decrease the obtainable accuracy of this ap-
proach.

MULTIPLE CALIBRATION STEPS

The last calibration strategy takes a slightly different approach. Instead of calibrating the entire signal chain
in one go, different parts can be calibrated separately. This introduces more freedom in choosing the calibra-
tion signals. For example, the coil response can be measured at 1 kHz with a 10App current on the current
rail, while the subsequent readout’s response can be measured by applying a more easily generated high-
frequency (e.g., > 100kHz) voltage at the (high-impedance) input node of the high-frequency path. This
strategy only requires some internal chip nodes to be made available to an external pin (see Figure 5.3). This
can be done with minimal additions to the design.

The downside of this multiple-step approach is the potential increase in calibration time. This highly depends
on how fast each intermediate step can be performed. Each step must be performed with a certain accuracy,
and, as mentioned before, depending on the signal magnitude, this takes a certain amount of time. Measuring
the coil response will likely take quite some time as the signals are still relatively small, even for a large current.
However, measuring the readout response can probably be performed relatively quickly as relatively large
voltages can be easily applied.

8One could also choose to directly measure the high-frequency path output before the summing filter, however, then a part of the signal
chain is not considered during calibration
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5.4. CONCLUSION ON FOREGROUND CALIBRATION & STRATEGY SELECTION
In this chapter, foreground calibration was discussed. It was concluded that one of the disadvantages of the
coil-Hall hybrid architecture is the fact that an additional high-frequency path foreground calibration step
is required. Moreover, this additional step requires a (relatively) high-frequency, high-current calibration
signal. While generating such a signal is not fundamentally impossible, it would be easier to generate a lower
frequency and/or lower current calibration signal. For this purpose, several high-frequency path calibration
strategies were introduced.

The effectiveness of each approach is highly dependent on the specific system implementation. Therefore, no
general conclusions can be drawn on which strategy is best to use. However, based on SystematIC’s specific
desires, a strategy can be selected for the hybrid-hybrid architecture.

Most importantly, SystematIC wants this new coil-Hall prototype to be based on an existing Hall-Hall chip
with as few changes as possible. This also means that, ideally, the foreground calibration sequence is compli-
ant with the existing calibration setup, making use of low-frequency (1kHz, 10App ) currents. This makes the
first two strategies considerably less attractive.

The third strategy, based on temporarily changing the signal path, is relatively difficult to implement in the
hybrid-hybrid architecture. The high-frequency Hall plate must be disconnected, and the low-pass filter
(with cross-over frequency fz , see Section 4.3) must be converted into an integrator. This also requires ad-
ditional circuitry to (temporarily) make sure the signal path does not clip on its own offset. As SystematIC
wants to have a relatively simple design, this is, in this case, not deemed the best calibration strategy.

As a result, mainly because of its simplicity, the multiple calibration steps strategy is selected. The accuracy
and required calibration time are, at this point, unknown for this strategy. However, compared to the other
strategies, no clear disadvantages are expected in that regard.

Lastly, it should be noted that the detailed implementation of the (external) automated calibration procedure
will not be discussed further in this thesis. As agreed upon by SystematIC, this is future work for them or
their potential customer(s). The only concern for this design is that the relevant internal connections are
accessible at an external pin to make testing with such a calibration strategy possible.



6
GAIN STABILIZATION

After foreground calibration, the system should have a well-defined gain from input current to output volt-
age; all absolute static gain errors have been mitigated. However, during operation, external factors such as
temperature, stress, and humidity, to name a few, could all cause this calibrated gain to drift. Therefore, to
make sure the gain remains accurate over a wide range of operating conditions, additional measures have
to be taken. The process of maintaining an accurate gain during system operation will, throughout this the-
sis, be referred to as gain stabilization. Its effectiveness will be expressed as a maximum gain variation over
temperature and lifetime1.

Various different parts of the signal chain contribute to gain instability. As was explained in Section 5.1, in the
low-frequency path, the Hall plate sensitivity is the main culprit, while, in the high-frequency path, a resis-
tance and capacitance (required to implement an integrating transfer) cause the most variation. Especially
when reading out the coil current, the large temperature dependence of a metal resistance has to be dealt
with.

Similar to the previous chapter, the goal of this chapter is to highlight various challenges associated with
gain stabilization and present various solutions. Moreover, to keep a clear overview, it is believed that the
numerous stabilization solutions can be categorized based on which of two general techniques they employ.
These techniques will be referred to as feedforward compensation and background calibration and will
be discussed in the following sections. Ultimately, a stabilization strategy will be chosen for the SystematIC
prototype chip.

1The lifetime drift specification implicitly captures the influence of all external factors unrelated to temperature
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Figure 6.1: High-level representation of feedforward compensation applied to the low-frequency path

6.1. GAIN STABILIZATION: FEEDFORWARD COMPENSATION
First of all, feedforward compensation will be discussed. Feedforward compensation is a technique that uses
knowledge of certain gain-disturbing processes to compensate for them. However, the gain itself is not actu-
ally measured. For the low-frequency Hall-based path, this technique is conceptually shown in Figure 6.1. As
can be seen, relevant gain-disturbing external factors, such as temperature and mechanical stress, are mea-
sured and used via an underlying model to correct for any gain variation related to these disturbances. This
gain correction can, in the low-frequency path, be easily implemented by controlling the Hall bias current
(IB ), which sets the Hall plate sensitivity according to SH = S I ·IB . Although shown for the low-frequency path,
the main idea of measuring and modeling gain-disturbing factors certainly also holds for the high-frequency
coil path.

The accuracy of the feedforward compensation technique mainly depends on how well the disturbing factors
can be measured and how well their effect can be modeled. The model and disturbance sensor(s) should be
well-behaved and should ideally not change over time or differ from sample to sample. However, this can not
always be guaranteed, and, as could be seen in [35], potential (costly) foreground calibration is required to
correct for such variations. Besides, with this technique, each disturbing factor must be explicitly measured
and compensated for. Generally, the more disturbance factors are measured and modeled, the more accurate
the gain stabilization becomes. Increased accuracy, therefore, often goes hand in hand with increased design
complexity.

Implementations of the feedforward compensation technique can take on many forms. These implemen-
tations can vary widely in terms of complexity and accuracy. For the low-frequency Hall path and the high-
frequency coil path, potential implementations of feedforward compensation will be discussed below.

6.1.1. FEEDFORWARD COMPENSATION IN THE LOW-FREQUENCY HALL PATH
As can be deduced from the various sources of gain error in Section 5.1, the magnetic field coupling factor
(Aco), based on geometry, and the readout gain stages (with a frequency-independent gain), based on ac-
curate resistor or capacitor ratios, should not contribute much to gain drift. On the other hand, the Hall
plate sensitivity can drift significantly over temperature and lifetime. Therefore, gain stabilization in the low-
frequency path mainly focuses on stabilizing the Hall plate.

In literature, various different implementations of the feedforward compensation technique can be found.
For example, in [35], to stabilize the Hall sensitivity, both temperature- and stress sensors were employed in
combination with an elaborate correction scheme. This correction scheme could be used to model the stress
and temperature curve with multiple degrees of freedom. As a result, this implementation could reduce gain
variation over temperature and lifetime to below 1%; however, a costly three-point temperature trim would
be required to realize this.

On the other hand, in [13], feedforward temperature compensation was implemented by matching the tem-
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perature coefficient (TC) of various resistors to the TC of the Hall plate current-related sensitivity. In essence,
the temperature behavior of the resistors was used as a model for the temperature behavior of the Hall plate
current-related sensitivity. But, as expected, the simplicity of this implementation’s model resulted in a rela-
tively large residual gain variation of roughly ±2.5% from -40°C to +80°C.

SystematIC has also already implemented a feedforward compensation-based solution. This solution is very
similar to the solution in [13] and is also based on matching the temperature coefficients of various resistors
to the temperature behavior of the current-related sensitivity. The implementation of SystematIC even tries
to compensate for a second-order component in the Hall plate temperature behavior. However, still, this so-
lution only stabilizes the gain within ±3% of the ideal gain (in a temperature range from -40°C to +125°C).
Besides, lifetime drift is not accounted for as the required disturbance factors (mainly stress) are not mea-
sured and included in the model. As noted in Section 5.1, this lifetime error drift can be as large as ±3%.

6.1.2. FEEDFORWARD COMPENSATION IN THE HIGH-FREQUENCY COIL PATH
As opposed to the low-frequency path, in the high-frequency path the transducer sensitivity is considerably
more stable. Namely, the coil sensitivity (magnetic field to voltage) is purely based on geometry which is
expected to remain very constant over temperature and lifetime. As a result, all residual gain drift is now
caused by the various readout stages, and, thus, with proper design, any temperature and lifetime drift is
caused by variations of on-chip resistances and capacitances. As the components’ temperature dependencies
can be quite efficiently "modeled" and compensated with other on-chip components of the same type (e.g.,
think of ratios of resistors), this makes feedforward compensation quite effective in the high-frequency path.

The largest temperature dependence is introduced when reading out the coil current. This is caused by a large
temperature dependence of the metal resistance (with a temperature coefficient of 3790 ppmK−1), which
transforms the stable coil voltage to a relatively unstable current. Although it adds complexity compared to
voltage readout, it can still quite accurately be compensated by matching this resistance with another metal
resistance somewhere else in the signal chain. This is, for example, effectively implemented in [11] with an
interesting pole-zero cancellation scheme.

There is one more catch, however. Namely, independent of voltage or current readout, to flatten the differen-
tiating coil response, an integrating transfer would be required. This integrating transfer (either implemented
by an integrator or a low-pass filter, see Chapter 4) can, in a continuous time system, only be implemented by
combining a resistance and capacitance. As a result, the high-frequency path unavoidably contains a product
of resistance and capacitance in its gain. These two completely different component types do not necessar-
ily cancel each other’s temperature and lifetime drift (as opposed to, for example, a ratio of two resistors or
capacitors of the same type).

Fortunately, in terms of temperature drift, this effect can be minimized by using a p-poly resistor in combina-
tion with a MIM (metal-insulator-metal) capacitor. Namely, the first-order temperature coefficient of -27.23
ppmK−1 of the resistor and +30.44 ppmK−1 of the capacitor almost completely cancel. As a result, due to a
remaining second-order component in the resistor’s temperature dependence, only a ±0.6% gain variation
over the temperature range from -40°C to +150°C remains. However, this does not necessarily mean these
components also cancel each other’s lifetime drift. Unfortunately, whether this drift is significant is unknown
and should be tested after device fabrication. Still, the high-frequency path can be stabilized considerably
more accurately and efficiently by feedforward compensation than the low-frequency Hall path.
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Figure 6.2: High-level representation of background calibration applied to the low-frequency path

6.2. GAIN STABILIZATION: BACKGROUND CALIBRATION
Although measuring the gain-disturbing external factors can provide much information about the gain vari-
ation, the gain should be measured directly to know the variation most accurately. As conceptually shown
in Figure 6.2, the idea behind background calibration is to measure the gain directly, compare it with an ac-
curate reference, and correct the gain accordingly. As a result, the stabilization accuracy no longer depends
on how well each disturbance can be measured and how well its effects can be modeled. However, now, it
is purely dependent on the stability of the calibration signals and the accuracy of the gain measurement. All
possible disturbing effects are essentially taken into consideration without having to be measured explicitly.
This, especially for complex underlying gain drift phenomena, could make this approach considerably more
accurate than feedforward compensation.

The observing reader would have noted that this idea of measuring the gain, comparing it to a reference, and
compensating it accordingly is very similar to foreground calibration. However, there is a major difference.
Namely, gain stabilization by means of background calibration is performed while the system is operational.
Therefore, the calibration must run in the background while not interfering with normal system operation
(hence the name background calibration). In other words, some form of orthogonality must be introduced
between the calibration loop and the main signal path. This makes implementing this technique quite chal-
lenging.

In the following sections, the main challenges associated with background calibration will be discussed, and
several solutions will be provided. The main goal is to provide a clear overview of what it takes to implement
this calibration technique successfully, but not necessarily what the exact implementation would look like.
Besides, background calibration will mainly be considered with the low-frequency Hall path in mind. This
is because it is believed that the Hall sensitivity can benefit most from a more accurate calibration scheme2.
Still, the ideas presented will also hold for the high-frequency coil path.

2Ideally, SystematIC wants temperature and lifetime drift to be reduced from ±3% to ±1%
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6.2.1. SIGNAL ORTHOGONALITY
First of all, as shown in Figure 6.2, by directly applying a calibration signal to the main signal path, the calibra-
tion signal and the input signal will interfere with each other. The calibration signal will, similar to spinning
ripple, reduce the system’s resolution, while the main input signals can cause calibration errors. Therefore,
it is important that some form of orthogonality between the main signal path and the calibration loop is im-
plemented somehow. This orthogonality is believed to be attainable in four different domains, with some
being more effective than others. These include the frequency-, spatial-, temporal-, and common-mode
differential-mode domains and will be discussed below.

FREQUENCY ORTHOGONALITY

First of all, one could consider the frequency domain to find some form of orthogonality between the input-
and calibration signals. As can be seen in Figure 6.5, a calibration signal with its frequency content well above
the summing filter cross-over frequency fx could be used. This would indeed greatly help to reduce the signal
deteriorating effect of the calibration signal on the main signal path.

However, this form of orthogonality does not help reduce the effect of interference from the current rail to the
calibration loop. Besides, care must be taken so that the generated calibration magnetic field does not couple
to the high-frequency coil path. This requires the sensing coil and Hall plate to be physically separated,
which, for a (desirably) large sensing coil, can be difficult. Only if a calibration signal well outside the system
bandwidth is used (and can still be accurately sensed), this solution might be more effective. However, even
then, interference from the current rail could still pose an issue. This form of orthogonality on its own is,
therefore, not believed to be very effective.

SPATIAL ORTHOGONALITY

The next form of orthogonality can be sought after in the spatial domain. Namely, one could place an addi-
tional Hall plate somewhere else on the chip and use this Hall plate for calibration. This Hall plate is essen-
tially used as a "model" of the main Hall plate. It should be placed at a location where the magnetic field from
the current rail is weakest and where the calibration signals do not couple to the main signal path. This way,
the interference problem is greatly reduced, and the calibration loop can be significantly simplified. This is
graphically depicted in Figure 6.6.

The major downside of this approach is that the Hall plate (and the subsequent readout) used in the signal
path is not directly calibrated. The accuracy of this method is, therefore, highly dependent on how well the
"model" Hall plate represents the temperature and lifetime drift of the main Hall plate. This concept can,
therefore, also be seen as a form of feedforward compensation.

To make sure this model Hall plate behaves as similarly as possible to the main Hall plate, the two Hall plates
should be located close to each other. This ensures their environment is as similar as possible such that the
Hall plates experience similar temperature and stress levels3. However, this conflicts with the placement for
optimum interference rejection. As no data could be found in the literature, it is difficult to tell beforehand
how strict this trade-off between interference and accuracy is. However, it is believed to be worth investigat-
ing further as this solution could provide excellent orthogonality.

TEMPORAL ORTHOGONALITY

Another form of orthogonality can be found in the time domain. Namely, during one instance, the signal path
can be calibrated, while in another, it is used to process information from the current rail. This, however, does
obstruct the continuous time operation of the system. Therefore, this approach is best used in a discrete-time
system.

For continuous-time systems, a better option would be combining temporal and spatial orthogonality, as
shown in Figure 6.7. Namely, in this case, two Hall plates can be used. While one is used inside the signal
path, the other one is calibrated; the Hall plates are switched periodically. In this case, the signal path always
has access to a Hall plate, and thus, continuous time operation is not disrupted4.

Unfortunately, as opposed to the previous solution, the Hall plates in this solution are both used inside the
signal path and, thus, are not shielded from any interference from the current rail. Besides, again, care must

3Varying package stress is believed to be the main cause of sensitivity drift [34, 36] and with on-chip stress differences as large as 80MPa
[37] the Hall plate sensitivities could become as large as a few percent [29]

4In amplifier design, this technique is often referred to as the "ping-pong" technique
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Figure 6.3: Differential signal sensing with common-mode cal-
ibration Figure 6.4: Differential signal sensing with another differential,

but orthogonal calibration field.

be taken so that no calibration signal couples to the signal path. Therefore, this solution does not quite pro-
vide the desired two-way interference rejection and might only be useful when interference in the calibration
loop is no problem.

COMMON-MODE DIFFERENTIAL-MODE ORTHOGONALITY

Lastly, one could consider common-mode differential-mode orthogonality. Namely, as shown in Figure 6.3,
if the main signal (on the current rail) is sensed differentially (the magnetic field on either side of the current
rail points in opposite directions), a common-mode field (pointing in the same direction on either side) can
be applied for calibration5. The calibration signal can now be extracted while rejecting the main input signals
and vice versa. This technique was, for example, successfully applied in [10]. However, with this approach,
the main benefit of differential sensing, robustness against common-mode interferers, is lost.

To mitigate this weakness, one could aim for the approach shown in Figure 6.4. With this approach, four sens-
ing elements are used. As opposed to the previous solution, these additional elements allow for more than
two options for orthogonal signal extraction. Among these options, both the input and calibration signals
can be applied differentially. As a result, robustness against common-mode interference can be maintained.
This can, for example, be done with the field distribution as indicated in Figure 6.46.

Although this solution seems to present the perfect two-way signal rejection, in a practical implementation,
this is not exactly the case. Namely, the rejection of the different signals is highly dependent on the matching
of the sensitivity of the different Hall plates (and the gain of subsequent amplifiers). For example, for a real-
istic Hall plate mismatch of 1%, the main input signal only gets rejected with a 40dB signal reduction from
the calibration loop and vice versa. Whether this is sufficient is, of course, highly dependent on the system
specifications. Still, this solution is quite promising as it could (as opposed to the other solutions7), to a large
degree, provide the desired two-way orthogonality.

5In other words, the calibration field is extracted by summing the voltages (Vcal = V1 +V2), while the main signal is extracted by sub-
tracting the two (Vmai n =V1 −V2).

6With the fields in Figure 6.4, the calibration signal can be extracted by Vcal = V1 −V2 −V3 +V4, while the main signal can be extracted
by Vmai n =V1 −V2 +V3 −V4

7Spatial orthogonality could also provide this functionality; however, in that case the signal path is not directly calibrated
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Figure 6.5: Graphical representation of using frequency orthogo-
nality to reduce the effects of calibration signals on the main sig-
nal path

Figure 6.6: Graphical representation of spatial orthogonality
making use of a "model" Hall plate placed in a different location
than the main Hall plate

Figure 6.7: Graphical representation of using the combination of
temporal and spatial orthogonality in which one instance of time
the Hall plate is calibrated, and in another, it is used in the main
signal path. By using two Hall plates alternatingly, continuous
time operation should not be obstructed. This technique is also
known as "ping-pong"

Figure 6.8: Graphical representation of orthogonality between
differential- and common-mode magnetic fields (or other forms
of orthogonal signal combinations)
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Figure 6.9: Calibration signal based on a random bit stream with
bipolar nonreturn-to-zero signaling to implement a robust spread
spectrum calibration sequence

Figure 6.10: Calibration signal based on a random bit stream with
manchester signaling to implement a robust spread spectrum cal-
ibration sequence. Most signal power is at

6.2.2. GAIN MEASUREMENT ACCURACY
Next, calibration accuracy should be considered. Namely, how accurately the gain can be regulated depends
highly on how accurately the calibration signal can be measured at the output of the to-be-calibrated signal
chain. As in any system, this accuracy is limited by noise, offset, and interference. The calibration signal
should be considerably larger than these disturbances for a well-calibrated and stable gain. However, with
the limited calibration signal strength of roughly 1mT8 (see Appendix D), it will become clear that this is
not necessarily straightforward, especially when dealing with interference. This section will investigate this
further.

The most straightforward disturbances to deal with are offset and noise. Namely, offset (and low-frequency
1/f noise) can be mitigated by choosing a non-DC calibration signal, while noise can be reduced by limiting
the detection bandwidth. For example, if the low-frequency Hall path should be calibrated within ±1% of
the ideal gain, an SNR of at least 40dB would be required. To achieve this, with a typical Hall plate resistance
RH of 4kΩ, a sensitivity SH of 100mV T−1 and a calibration signal Bcal of 1mTRMS , the bandwidth should be
limited to 15kHz (this value can be obtained by only considering white noise from the Hall plate and solving
Equation 6.1). Such a cut-off frequency can be implemented with reasonably sized components (or can be
implemented in the digital domain) and should certainly not pose any issues.

4kT RH

S2
H

·BW = B 2
cal ·10−

SN R
10 (6.1)

Interference, on the other hand, is more difficult to deal with. Take, for example, a calibration signal with
frequency fcal . Then, any signal on the current rail (or any other magnetic field) with significant signal power
at fcal will cause a calibration error. This error cannot be reduced by filtering, as the interference power could
be heavily concentrated at the calibration frequency (as is the case with any periodic signal with frequency
fcal ). To ensure a gain inaccuracy of ±1% with a calibration signal of 1mT, the signals on the current rail may
not generate a signal larger than 10µT at that particular frequency. With a magnetic field coupling factor of
400 µT A−1 (from the current rail to the magnetic field at the Hall plate) and a full-scale signal range of 80A, the
interfering signals can be as large as 32mT. Even with the 40dB rejection when applying the common-mode
differential-mode strategy (resulting in an equivalent interference of maximally 320µT), this is still a lot, and,
therefore, if no additional measures are taken, sufficient accuracy cannot be ensured for all possible signals
on the current rail.

The main challenge with implementing background calibration
is properly dealing with interference

It can be concluded that, as opposed to noise and offset, the main challenge with background calibration is
dealing with (unknown) interference from the current rail9 (i.e., the input signal). Of course, the calibration

8Note that this magnetic field requires a few milli-ampère to be generated, this is a small power penalty related to background calibration
9Or from other magnetic field sources



6.2. GAIN STABILIZATION: BACKGROUND CALIBRATION 50

Figure 6.11: Extraction of the calibration signal from the ran-
dom sequence calibration signal by means of modulation with
the calibration signal sequence

Figure 6.12: Extraction of the calibration signal from the ran-
dom sequence calibration signal by means of sampling with a
clock synchronised to the calibration signal

loop works perfectly fine for most input signals. However, when the input signal contains significant power
at the calibration frequency, the calibration loop could easily malfunction. One could accept this risk, but
ideally, the system is more robust. Some concepts from the previous section provide interference rejection to
a certain degree. However, to completely mitigate the interference problem, even more measures need to be
taken. Luckily, such a solution can be found by looking at more elaborate calibration signals.

6.2.3. INTERFERENCE REJECTION: SPREAD SPECTRUM SIGNALING
The only way to ensure robustness against all possible interfering signals would be by using a calibration
signal that does not concentrate its power at only one (or a few) frequencies. Luckily, such signals do exist
and are called spread spectrum signals. These signals are widely used in communication systems and are
known for their interference rejection capabilities [38].

Spread spectrum signals are generated by multiplying the data with a so-called spreading signal10. This
spreading signal is a pseudo-noise signal that causes the signal power (of a narrow-band signal) to be spread
out over a wide bandwidth. To retrieve the signal, the received signal must be multiplied by exactly the same
spreading signal. In that case, all received interference power is spread out over a wide bandwidth (just like
the message was originally spread out) while the signal is restored to its original narrow-band form. Now, the
interference, just like with white noise, can be filtered to retrieve the original signal with high fidelity.

SPREAD SPECTRUM SIGNAL GENERATION FOR BACKGROUND CALIBRATION

In communication systems, a pseudo-random code must be used so that this exact code can be reproduced
at the receiver for proper despreading. However, for the background calibration, as the "transmitter" and
"receiver" are close to each other (i.e., on the same chip), a fully random code can be used. This simplifies
the signal generation significantly. Now, for example, the spreading signal can be a purely random bit stream
that can be easily generated using a noise generator and comparator.

BIPOLAR SIGNALING

This bit-stream can, in turn, be converted into a calibration signal using bipolar signaling: a ’1’ represents
a positive signal level, and a ’0’ represents a negative signal level (see Figure 6.9). By multiplying this signal
with itself, it perfectly gets converted to a DC signal while all interference is spread out over a wide frequency
range. Such a signal can easily be generated using a clock and a set of switches to reverse signal polarity, while
it can be extracted by means of demodulation (using a simple chopper synchronized to the calibration signal)
or sampling (using an ADC with a sampler synchronized to the calibration signal) as conceptually shown in
Figures 6.11 and 6.12 respectively.

To understand what happens to the interference after multiplication with the random bit sequence, one
should look at the power spectral density of this sequence. Namely, as can be seen from Figure 6.13 (blue
curve), for bipolar signaling, the power is roughly spread out from DC to the bit-rate frequency ( fb = 1

Tb
, with

Tb as defined in Figure 6.9). After mixing with an interfering signal, the resulting spectrum is the convolution
of the bitstream spectrum and the interference spectrum. As a result, the interference power will be spread
out in a bandwidth of fb around the original interference frequency11. It can thus also be concluded that the
higher the bit rate, the more the interference power is spread out.

10There are actually multiple spread spectrum techniques; this particular technique is called direct sequence spread spectrum
11For example, a sinusoidal interferer with a frequency equal to the bit rate would result in the spectrum shown in Figure 6.14. This

spectrum, generated with a bit-rate of 1MHz, clearly shows the signal power spread out around 1MHz (blue curve)
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Figure 6.13: Power spectral density of a random bit stream of two different binary signaling formats. The two signals contain the same
power, but, as can be seen, Bipolar signaling contains most power at low frequencies while Manchester signaling contains most power
around the bit-rate frequency ( fb = 1

Tb
= 1MHz in this case). The plots were obtained by averaging multiple FFTs of several randomly

generated bit streams (the results are in line with the theoretical spectra from [38]).

MANCHESTER SIGNALING: ROBUSTNESS AGINST LOW-FREQUENCY INTERFERENCE

For bipolar signaling, the interference power is spread out in a band directly around the original interfer-
ence frequency. For example, low-frequency interference will be spread out at low frequencies, while high-
frequency interference will be spread out at high frequencies. On the other hand, by using a different signaling
technique, such as Manchester signaling [38], the interference power can, besides being spread out, also be
modulated to a different frequency. Manchester signaling can be implemented by representing each bit with
a switched pulse instead of a fixed signal level (see Figure 6.10). This results in the orange spectrum shown in
Figure 6.13.

This signaling technique could be helpful if, for example, more robustness against low-frequency interfer-
ence is desirable. However, this comes at the cost of worse robustness against high-frequency interference.
This can, for example, be seen from the resulting spectrum for high-frequency interference shown in Figure
6.14. This plot shows the effect of the power spreading when the calibration signal is multiplied with a sinu-
soidal interferer at fb = 1MHz. The interference power (orange spectrum) is clearly modulated down to low
frequencies when Manchester signaling is used, but stays at high frequencies when bipolar signaling is used
(blue curve).

DETECTION BANDWIDTH REQUIREMENT

Using either bipolar or Manchester signaling thus provides robustness to either high- or low-frequency inter-
ference, respectively. However, in each case, certain frequencies cause the interference power to be spread
out from DC to the bit-rate frequency ( fb). For a robust system, the system must be designed to handle such
worst-case signals. This essentially sets an upper limit to the detection bandwidth.

For example, the power of a full-scale 32 mTRMS low-frequency sinusoidal signal would be spread out from
DC to fb if bipolar signaling would be used. For fb = 1MHz, this results in a spectral density of roughly
0.032p

106
= 32 µT/

p
H z. For an SNR of 40dB and a calibration signal of 1 mTRMS , this results in an extremely small

required detection bandwidth of less than 0.1Hz. However, if this type of signaling is used in combination
with, for example, the common-mode differential-mode orthogonality strategy, the bandwidth requirement
is relaxed to a more doable 1kHz. Therefore, these two techniques complement each other well.
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Figure 6.14: Same random bit sequences from Figure 6.14 multiplied with a 1MHz interfering signal with 1W of signal power. As can be
seen, the power content from bipolar signaling shifts to a high frequency, while for manchester signaling, it shifts to DC

6.3. CONCLUSION ON GAIN STABILIZATION & STRATEGY SELECTION
In this chapter, two different gain stabilization strategies were investigated. These strategies were referred to
as feedforward compensation and background calibration. With feedforward compensation, gain-disturbing
processes are measured, and underlying models are used to correct for them, while, with background calibra-
tion, the gain itself is directly measured. Generally, background calibration is believed to be more accurate;
however, the implementation, especially when dealing with interference, can be relatively complex.

Luckily, for the high-frequency coil path, not much effort is required to stabilize its gain. Namely, especially
when voltage is read out, the only temperature dependence comes from the resistance and capacitance re-
quired to implement an integrating transfer to flatten the coil response over frequency. When this transfer
is implemented with a p-poly resistor and a MIM capacitor, an overall gain variation of maximally ±0.6%
can be assured over the temperature range from -40°C to +125°C. This is more than sufficient for the to-be-
designed prototype chip. Lifetime variation, on the other hand, is difficult to predict and should be measured
afterward.

It is a different story for the low-frequency Hall path. SystematIC had previously implemented a feedforward-
based compensation scheme that tries to match the temperature behavior of several resistor types to the
temperature behavior of the Hall plate current-related sensitivity. However, these resistors cannot model the
Hall plate behavior quite as accurately, and thus, roughly a ±3% variation over temperature remains [31].
Besides, lifetime drift was also not compensated for.

Ideally, SystematIC would like to keep this gain drift within ±1%. For this purpose, background calibration
was extensively investigated. As can be concluded from this investigation, implementing a robust calibration
scheme can be quite complex, especially when dealing with interference. However, combining so-called
common-mode differential-mode orthogonality with a spread spectrum calibration signal is believed to be
a promising solution. Besides, the accuracy of the spatial orthogonality strategy is interesting to investigate
further, as it could provide a less complex calibration alternative.

Unfortunately, for this first prototype chip, SystematIC had decided that neither of these two calibration
schemes would be implemented. Both add too much complexity and, thus, design time to the project. To
reduce research and development costs, the main focus of this first chip slightly shifted halfway through the
project to only focus on the high-frequency coil path implementation. Therefore, the existing feedforward
compensation scheme will be reused for this design. However, for a future design, SystematIC has certainly
expressed an interest in implementing background calibration. Although this chapter did not discuss any
in-depth implementation, the important challenges and solutions related to this technique are believed to
be exposed. This should greatly help SystematIC for future development.



7
SYSTEM IMPLEMENTATION & VERIFICATION

Figure 7.1: "Hybrid-Hybrid" architecture with an indication of the various implemented blocks. The blue block indicates the high-
frequency path, and the red block is the summing filter. This thesis is not concerned with the already implemented low-frequency path.
However, for the sake of completeness, a full system overview can be found at the end of this chapter.

In the previous chapters, extensive research has been done on many different aspects of the coil-Hall hybrid
sensor architecture. In Chapter 4, various high-frequency path architectures have been investigated, while in
Chapters 5 and 6, the calibration and stabilization of the low- and high-frequency paths have been discussed.
In the end, it was decided that the so-called "hybrid-hybrid" architecture would be implemented. This ar-
chitecture breaks the tight trade-off between ripple and noise performance without requiring alterations to
the low-frequency path and, maybe even more importantly, allows for a relatively simple implementation of
the high-frequency path. As to the calibration and stabilization, it was decided that to reduce design time,
no additional circuitry would be implemented; for stabilizing the Hall plates, a previous solution by System-
atIC will be re-used, while for the coil, reading out the coil voltage in combination with suitable resistor and
capacitor types should provide a sufficiently stable response.

As the low-frequency path will be reused from a previous design1, this chapter will only discuss the circuit
implementation of the hybrid-hybrid architecture high-frequency path and the summing filter (i.e., the out-
lined blocks of Figure 7.1). This implementation will be part of a prototype chip for SystematIC, which aims
to show the large noise and bandwidth benefits associated with the coil-Hall architecture. Ideally, the noise
power should be reduced by a factor of 5x (from 180mARMS to less than 80mARMS ) and the bandwidth should
be increased by a factor of 6x (from 320kHz to 2MHz) compared to SystematIC’s previous Hall-Hall design.
All other specifications should remain the same and are specified in Section 2.4.

1This low-frequency path (designed by SystematIC) consists of some transimpedance and transconductance amplifiers, a simplified
overview is given in Figure 7.16

53



7.1. TRANSDUCER PARAMETERS 54

Value
Hall Sensitivity (SH ) 80 mV T−1

Hall Plate Resistance (RH ) 700Ω
Coil Sensitivity (SC ) 2.5 µV T−1 rad−1 s
Coil Resistance (RC ) 1.4 kΩ
Coil Capacitance (CC ) 3.3 pF
Coil Inductance (LC ) 0.18 µH

Table 7.1: Transducer model parameters (typical values, they are prone to process spread)

Moreover, to implement this design, a team of multiple people at SystematIC have worked on changing var-
ious circuit blocks from the previous Hall-Hall design (not only the high-frequency path). For the imple-
mentation (circuit design and layout), a total time of approximately eight weeks was allocated. Therefore, to
save design time and costs, SystematIC highly valued simplicity in the design. Already existing circuit blocks
should be re-used when possible, and ideally, as few possible new circuits should be designed. As long as, of
course, the requirements can be met. Besides, implementing the design in a simple way is the perfect way to
highlight the low complexity associated with the hybrid-hybrid architecture, one of its main strengths.

This chapter commences with a brief overview of the chosen transducer parameters. Next, an overview of
the chosen high-frequency path readout- and summing filter architecture and the associated design choices.
Next, specifications for the various amplifiers will be given, and the transistor-level design of these ampli-
fiers will be considered. Lastly, this chapter concludes with the verification of the specifications by means of
simulations, and a conclusion will be drawn, including some general recommendations for future designs.
The testing itself will not be part of this thesis as the chip will not be manufactured in time. However, a test
plan will be provided in Appendix A. Besides presenting and verifying the prototype chip, this chapter also
aims to highlight various challenges related to implementation that are difficult to show in the previous chap-
ters. Moreover, the true strength of the simplicity of the hybrid-hybrid architecture will become even more
evident.

7.1. TRANSDUCER PARAMETERS
Before discussing the high-frequency path implementation, it is good first to present various design decisions
related to the transducers:

• The sensing coil is designed according to the procedure presented in Appendix C. As the voltage is read
out, the sensitivity is chosen to be limited to 2.5µV T−1 rad−1 s. This ensures that a full-scale (±80A),
maximum frequency (2MHz) signal in combination with the largest possible magnetic field coupling
factor of 400µT A−1, results in a maximum coil signal Vmax of ±1V. By differentially reading out the coil,
with a worst-case supply voltage of 3.3V, processing this signal should not pose any issues. This coil
is split into two halves to implement differential sensing (see Section 6.2.1). These coils are placed on
both sides of the current rail and have an outer dimension of roughly 300x600µm, 8 turns, and a wire
width of 2µm.

• As for the Hall plates, it is chosen to place eight plates in parallel: four on each side of the current rail
for differential sensing. This is done for two reasons. First of all, by orthogonally biasing the parallel
Hall plates (i.e., letting the Hall bias current flow in different directions through each Hall plate), the
offset can be reduced as several geometry-related sources of offset cancel out [5] (the resulting offset
will be well below 1mV). Secondly, by placing them in parallel, the resistance can be reduced. This
is beneficial for the overall noise performance2. Biasing the Hall plates requires roughly 2-3mA. This
power consumption is the main cost related to the hybrid-hybrid architecture3.

The resulting model parameters for the coil and Hall plates can be found in Table 7.1.
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Figure 7.2: Implementation of the summing fil-
ter as indicated by the red outline in Figure 7.1.
The high-frequency path will be connected to
the capacitance, while the low-frequency path
will be connected to the resistance.

Figure 7.3: Simulated low-pass and high-pass transfer of the summing filter shown in
Figure 7.2

7.2. SUMMING FILTER IMPLEMENTATION
Next, the implementation of the summing filter, the red block in Figure 7.1, will be briefly discussed. This
filter, used to combine the low- and high-frequency path, is shown in Figure 7.2. As discussed in Section
4.2.1, to obtain a certain level of attenuation at the spinning frequency, a second-order filter generally requires
considerably smaller components than a first-order filter. This is why this implementation is chosen for this
design. Besides, this network is quite simple to implement as it does not require any active circuitry.

According to previous design data by SystematIC, a typical equivalent spinning ripple of approximately 19ARMS

is generated at the Hall plates of the low-frequency path4. In this design, to keep this ripple well below the
integrated noise, a reduction of 56dB at the spinning frequency of 200kHz is aimed for (resulting in an equiv-
alent ripple of 30mARMS

5). This can be achieved with the component sizes as indicated in Figure 7.2. These
particular values are chosen based on area and gain flatness considerations. Namely, to reduce any gain flat-
ness errors, C2 should be considerably larger than any parasitic capacitance (Cpar ) at the output of the sum-
ming filter6. The resulting frequency magnitude response of both paths is shown in Figure 7.3 and clearly
shows the filtering benefit of the second-order filter compared to a first-order filter with roughly the same
component sizes (dotted line).

7.3. HIGH-FREQUENCY PATH READOUT ARCHITECTURE
After discussing the summing filter, in this section, the implementation of the high-frequency path, the blue
block in Figure 7.1, will be discussed. The chosen implementation is shown in Figure 7.4.

First of all, as can be seen, this implementation realizes the summation of the Hall plate and coil signal in the
voltage domain by placing the devices in series. This is mainly done for the sake of simplicity. Namely, in this
case, no separate amplifiers must be designed to read out the coil- or Hall voltage in the high-frequency path.
Besides reducing design time, this should also help reduce area and power consumption. Also, note that two
coils are placed on either side of the Hall plate to create a balanced signal; the electrical model is shown in
Figure 7.5.

2For the same reasons, also eight Hall plates are used in the low-frequency path
3However, compared to the previous Hall-Hall design by SystematIC, effectively power consumption does not increase as in that design

also eight Hall plates were used in the high-frequency path
4This is essentially the only required information from the low-frequency path to be able to design this new prototype chip properly
5Some margin is taken into consideration w.r.t. 80mARMS of noise to account for filter cross-over variation due to process spread and

variation in the ripple magnitude (due to different Hall plate offsets)
6According to simulations, this parasitic capacitance is around 1pF, C2 = 50pF should keep a gain flatness error well below 1%
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Figure 7.4: Implementation of the high-frequency path as indicated by the blue outline in Figure 7.1

As the coil and Hall plate experience the same DC gain, the downside of this approach is that the cross-over
frequency fz = pz

2π (see Figure 7.1) cannot be freely chosen anymore and must be equal to fz = 1
2π

SH
SC

≈ 5.1kHz.
Unless the equivalent noise resistances of the coil and Hall plates are equal (see Section 3.4), this cross-over
frequency is not optimal for noise performance7. However, as will be shown later, the noise specifications
can still be met with this approach, and therefore, this non-optimal cross-over frequency is no large problem
in this design.

Next, the summed Hall and coil voltages should be properly read out. This is done by means of buffers (to
obtain a large input impedance) and a transimpedance-like amplifier. This amplifier, henceforth referred
to as a transimpedance amplifier or TIA, has two functions. Namely, it implements the required low-pass
filtering to obtain a flat response over frequency and realizes a differential to single-ended conversion.

Again, simplicity plays a big role in the selection of this particular implementation. Namely, the controllers
[17] of the buffer and the transimpedance amplifier have very similar specifications regarding noise perfor-
mance, drive capability, output swing, offset, etc. Therefore, both controllers can be implemented in almost
the same way. Although other considered approaches could potentially be more power-, noise- and area-
efficient, they were believed to be more time-consuming to implement. Besides, as will be shown, the speci-
fications can still be met with this solution. Moreover, this implementation especially highlights the strength
of the hybrid-hybrid architecture in the sense that good performance can still be obtained with a relatively
simple design.

7.4. CHOOSING THE COMPONENT SIZES
To properly combine the low- and high-frequency paths. Both paths should have the same gain right before
the summing filter. In other words, at any frequency, the high-frequency path must have a gain equal to the
low-frequency path gain SH AH from the magnetic field to the path’s output voltage. At low frequencies, the
high-frequency path response is dominated by the Hall plate transfer SH , and the amplifier’s low-frequency
gain Rz

Rp
. As a result, if the low-frequency and high-frequency path Hall plates have the same sensitivity, the

following equality must be adhered to:

SH · Rz

Rp
= SH AH (7.1)

On the other hand, at high frequencies, the high-frequency path’s gain is determined by the coil transfer sSC ,
and the amplifier’s high-frequency transfer 1

sRpCz
(asymptote of the low-pass filter8). As a result, also the

7Another disadvantage is that fz > fx and thus, as explained in Section 4.3.3, any mismatch between the low- and high-frequency path
will be seen as a gain flatness error. For fz = 5.1kHz and fx = 1.3kHz a ±1% error will be seen as a ±0.8% error in the gain flatness

8As mentioned before, this resistance-capacitance product is the main source of high-frequency gain drift
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Figure 7.5: The transducer symbols in Figure 7.4 replaced with their electrical model

following equality must be adhered to:

SC

RpCz
= SH AH (7.2)

Especially this latter equation highlights an interesting trade-off. Namely, as can be seen from Figure 7.4, the
resistance Rp directly adds noise as if it were in series with the coil (and Hall plate). Therefore, ideally, Rp

should be considerably smaller than the coil resistance Rc to obtain a noise figure well below 3dB. However,
after rewriting Equation 7.2 as:

Cz = SC

Rp
· 1

AH SH
(7.3)

It can be seen that the required capacitance Cz is inversely proportional to Rp . Reducing the readout noise9,
therefore, comes at the cost of increased capacitor area, which, for typical component values, could easily be
several tens of pF. Besides, the current drive capability of the amplifiers must be increased. Namely, both
buffers and the transimpedance amplifier must be able to sink and source a current as large as Vmax

Rp
. This

could put strict requirements on the output stage. It should be noted that this trade-off does not only hold
for the hybrid-hybrid architecture but holds for any other implementation in which the coil response is inte-
grated/flattened in one step10. This trade-off was quite important during the design of the prototype chip.

There seems to be a trade-off between noise performance, area consumption and current drive capability
when implementing the integrating transfer to flatten the coil response

SELECTING THE GAIN AH

As can be deduced from the equations above, before selecting the passive component sizes, Rp , Rz , and Cz ,
the gain AH should first be selected. Selecting this gain is also about balancing certain trade-offs. Namely:

• Choosing a large gain AH results in a smaller required capacitance Cz and puts less strict noise and
offset requirements on the amplifiers in the common path (i.e., the signal path after combining the
low- and high-frequency paths) due to a larger preceding gain.

• On the other hand, choosing a small gain AH reduces the chances of clipping in the hybrid-hybrid
architecture (due to amplifier offset) and reduces the required component size for Rz . Whether Rz or

9Note that another advantage of reading out the coil current is the fact that RC itself is used in the transfer, and, thus, no additional
resistance Rp is required which adds noise

10In [11–13] the area trade-off was broken by splitting up the integrating transfer in multiple steps by matching various poles and zeros.
However, as with many of the trade-offs so far, this increases design complexity
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Value
Cross-Over Frequency fz === pz

2π 5.1kHz
Cross-Over Frequency fx === px

2π 1.3kHz
DC-gain AH 160x (44dB)
Resistance Rp 7.5kΩ
Resistance Rz 1.2MΩ
Capacitance Cz 26pF
Coupling Factor Aco 310µT A−1

Table 7.2: Several typical values associated with the high-frequency path implementation

Cz dominates in the total area is highly dependent on the coil sensitivity and resistance. However, for a
small coil, Cz generally requires a considerably larger area than Rz .

With these trade-offs in mind, the gain for the prototype chip was chosen to be 160x (44dB).

SELECTING Rp , Cz AND Rz

Having selected the gain AH , the various components, Rp , Cz , and Rz , constituting the feedback network,
can be selected. Moreover, according to Equations 7.1 and 7.2, only one component value can be selected
independently. Eventually, as the available area was limited, a resistance Rp of 7.5kΩ was chosen, which, in
turn, resulted in a resistance Rz of 1.2MΩ and a typical capacitance Cz of 26pF11. Besides, the current drive
capability requirement of the amplifiers is only Vmax

Rp
≈±130µA, which is quite doable.

As a downside, with a 15kΩ resistance effectively placed in series with the 1.4kΩ coil- and 700Ω Hall plate
resistance, the large resistance Rp causes a relatively large noise penalty. This causes a noise increase from
roughly 20mARMS to approximately 55mARMS (using the Equations presented in Section 4.13). As mentioned,
reduced capacitor area and a reduced drive capability requirement come at the cost of reduced noise perfor-
mance. In this design, this large penalty is not a big issue as it still leaves sufficient margin for other noise con-
tributions before reaching the 80mARMS specification. Namely, it was determined that in total, approximately
an equivalent noise resistance of 35kΩ could be placed in series with the coil/Hall plate before 80mARMS is
reached12. A margin of 20kΩ therefore remains.

Lastly, it should be noted that the resistances must be implemented with p-poly resistors and the capaci-
tances with MIM capacitors for a low variation over temperature. Besides, Cz is implemented as an 8-bit
capacitor bank. This is done to be able to trim the gain of the high-frequency path during foreground calibra-
tion13. Moreover, to be able to account for all variations from the magnetic field coupling factor Aco (from 250
to 400µV T−1), the resistance spread of Rp (±20%) and the capacitance spread of Cz itself (±20%). The capac-
itor must, instead of 26pF be as large as 42pF. For the sake of clarity, the following sections will only present
the nominal case (with the various parameters as shown in Table 7.1 and 7.2). However, it was verified that
the chip still works properly for the full range of component values.

11Note that for the chosen implementation, each component has to be implemented two times
12Note that almost all noise comes from the high-frequency path, as the low-frequency path noise is significantly filtered by the summing

filter with its low-frequency cross-over frequency
13The low-frequency gain (in both the low- and high-frequency path) can be trimmed with the Hall plate bias current
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Figure 7.6: Architecture for the controller of the transimpedance amplifier and buffers. VB1, VB2 and VB3 indicate a connection to a
certain bias voltage.

7.5. CONTROLLER IMPLEMENTATION
Having obtained the various values for the feedback network, the next step is to implement the controllers
for the buffers and the TIA. As mentioned before, the same controller implementation will be used for both
amplifiers, as they require very similar specifications. First, these specifications will be derived, and secondly,
the chosen controller architecture will be elaborated on.

7.5.1. CONTROLLER REQUIREMENTS
The controller requirements are given in Table 7.3. Most requirements are quite self-explanatory. However,
some requirements should be briefly clarified.

1. As mentioned before, to keep the integrated noise level below 80mARMS , in total, maximally 35kΩ can
effectively be placed in series with the coil. With 2Rp = 15kΩ already used in the feedback network,
this means that each amplifier’s controller is maximally allowed to add roughly the noise of a 6.7kΩ
equivalent resistance. However, in this case, 1/f-noise has not yet been considered. It was calculated
that, with 1/f-noise taken into consideration, each controller may add the noise of a 1kΩ resistor (4
nV/

p
H z) if the 1/f corner frequency is below 20kHz. Of course, it is also possible to have a slightly

higher noise floor in combination with a lower 1/f corner frequency.
2. The amplifier output swing should be considered. Namely, with a ±80A input signal, a 310µT A−1 cou-

pling factor, a 80mV T−1 Hall plate sensitivity and a gain of 160x, the high-frequency paths output swing
is roughly ±320mV. However, that is not all. Namely, the system must still work for various levels of
offset. Therefore, the larger the possible output swing, the larger the offset can be. In this design, an
output swing of ±1.55V is aimed for. For the minimum supply voltage of 3.3V, with the output biased
at VDD

2 , this leaves 100mV of headroom to both ground and VDD .
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Requirement Value
Input Referred Noise (vn) < 4 nV Hz−0.5

1/f Noise Corner ( fc ) < 20kHz
Output Swing ±1.55V
Offset (σ) < 1.48mV
Minimum Input Voltage < 100mV
Maximum Input Voltage > VDD

2 +0.5V
Current Drive Capability ±130µA
Low-Frequency Gain Inaccuracy < 1%
Gain Temperature Variation < ±3%
Gain-bandwidth product > 5MHz
Quiescent Bias Current < 800µA
Supply Voltage 3.3 - 5.5V

Table 7.3: Requirements for each of the controllers used in the buffers and transimpedance amplifier

3. Using this output swing, the maximum allowed offset can be determined. Namely, with the given signal
swing and output range, the output referred offset is maximally allowed to be 1.23V. To obtain a chip
yield of more than 99.7% (3σ), the standard deviation (σ) of the total offset should be below roughly
360mV. Input referred with a gain of 160x and divided over three amplifiers (with uncorrelated offset
sources), this results in a maximum standard deviation of roughly 1.48mV for each controller.

4. The input voltage range should be considered. As the input common-mode voltage of the amplifiers
is essentially set at half the Hall plate bias voltage (see Figure 7.5), the input voltage can be relatively
low. More specifically, depending on the bias current (which is used to trim the Hall plate sensitivity),
this common-mode voltage can be as low as 600mV or as high as VDD

2 . With a maximum coil signal of
±500mV (single-ended, or ±1V differential), this means that the amplifier input must be able to go from
roughly 100mV to VDD

2 +0.5V.
5. The amplifiers must be able to at least source and sink 130µA. This is calculated using the maximum

coil voltage of ±1V and the resistance Rp of 7.5kΩ.
6. The low-frequency gain inaccuracy due to insufficient loop gain should be well below 1%. This is

done such that it does not introduce an additional significant mismatch between the low- and high-
frequency Hall plates. This helps reduce the chances that an additional third foreground calibration
step would be required.

7. The gain temperature variation is explicitly restated to indicate that the controller should not cause
significant temperature variation due to, for example, too little loop gain at high frequencies.

All other requirements should be quite self-explanatory.

7.5.2. CONTROLLER ARCHITECTURE
To meet these requirements, the three-stage controller architecture shown in Figure 7.6 is believed to be quite
effective. As can be seen, the first stage consists of a PMOS differential pair, an NMOS (folded) cascode,
and a PMOS current mirror, while the second and third stage consists of a common-drain stage followed
by a common-source class-A output stage. A brief justification behind these signal path design choices is
presented below:

• The PMOS differential pair is mainly chosen for its superior 1/f noise performance compared to the
NMOS variant. Besides, with a PMOS input pair, the amplifier can, as required, still function well with
a low input voltage. A single CS stage was also considered for better noise performance. However,
properly biasing such a stage adds complexity and, eventually, has its own noise penalty.

• The NMOS cascode is added to increase the low-frequency loop gain such that the low-frequency gain
inaccuracy is well below ±1%. Compared to a PMOS cascode14, this folded cascode architecture is less
power efficient due to the additional required biasing branch. However, in this way, a large input swing
can be maintained.

• The PMOS current mirror is used for a proper differential to single-ended conversion inside the con-
troller. This has the advantage that the circuit is more robust to common-mode interference (e.g., bi-

14Resulting in a so-called telescopic architecture
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Figure 7.7: Frequency response of the high-frequency path (including coil parasitics, the buffer, and TIA) over all corners and various
temperatures. The shift in gain at high frequencies is due to changing capacitance over corners; this can be trimmed out. As can be seen,
a bandwidth above 10MHz is easily obtained.

asing interference or noise). Besides, not half of the current is "wasted," and, as a result, the transcon-
ductance of the first stage is effectively doubled.

• A single stage is not sufficient as it mainly conflicts with the large output swing and the low-frequency
loop gain requirement (because of the relatively low 7.5kΩ load resistance). Therefore, another stage is
required.

• For this purpose, a simple class-A output stage is chosen. This is mainly done for the sake of simplicity.
Besides, with the drive capability requirement of ±130µA, the quiescent power consumption can be
kept within budget.

• Lastly, a common-drain stage is placed between the input- and output stages to provide a level shift.
Namely, for certain temperatures and corners, the output stage’s gate voltage would be so low that it
would force the input stage’s NMOS cascode out of saturation.

Lastly, it should be noted that frequency compensation is implemented by means of Miller compensation.
Besides, the implementation of the bias current sources of the input stage is explicitly shown in Figure 7.6
to indicate that local feedback (source degeneration) is used to reduce the effect of 1/f-noise of the biasing
transistors. This is, for the same reason, also done for the PMOS current mirror. In the next section, the
performance of this controller inside the high-frequency path will be verified through simulations. In that
section, some more details about this controller’s implementation will also be provided.

7.6. HIGH-FREQUENCY PATH PERFORMANCE VERIFICATION
Having discussed the implementation of the high-frequency path, this section will verify whether this im-
plementation adheres to the requirements imposed by SystematIC. Both the system requirements (as can be
found in Section 2.4) and some more specific high-frequency path implementation requirements (as intro-
duced in this chapter) will be discussed. The general system requirements are mainly related to bandwidth,
noise, and gain stability, while the more specific high-frequency path requirements are related to the output
swing and offset. Besides, the various cost factors will be briefly discussed, and a simulation related to coil
signal clipping will be presented. Lastly, it should be noted that the system functionality was extensively veri-
fied over various process corners, temperatures, and supply voltages. However, not all simulations are shown
for the sake of conciseness.
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Figure 7.8: Frequency response of a trimmed high-frequency path. The gain stays well within ±1% gain flatness up until roughly 4MHz

7.6.1. BANDWIDTH & GAIN FLATNESS
First of all, the bandwidth should be discussed. In the common path (after combining the low- and high-
frequency path), SystematIC already had an amplifier limited to 2MHz. Therefore, to ensure the bandwidth
is not further limited, for the high-frequency path, it was decided that the bandwidth should be above 5MHz.
With the buffers and transimpedance amplifier, this could quite easily be achieved as the feedback network
does not present much attenuation at high frequencies15. As can be seen in Figure 7.7, over corners, the over-
all high-frequency path bandwidth easily stays above 10MHz16. Moreover, as can be seen in Figure 7.8, the
(trimmed) gain shows a small gain change around the cross-over frequency (due to finite trimming accuracy)
but stays well within the ±1% gain flatness bound.

7.6.2. NOISE
Next, noise should be considered. For this purpose, it was calculated that each amplifier should maximally
have an input referred noise of an equivalent 1kΩ noise resistance and a 1/f corner frequency of maximally
20kHz to keep the integrated noise level below 80mARMS . As shown in Figure 7.9, these specifications have
been met. Namely, the obtained spectrum (orange curve) is below the specified maximum spectrum (blue
curve). However, to obtain this performance, relatively large input devices with a 200µA bias current were
required (1.2mm width and 500nm length). Moreover, local feedback had to be employed to reduce the (1/f)
noise contribution from (especially the NMOS) bias sources. All in all, obtaining this noise spectrum was not
necessarily straightforward.

After fully implementing the high-frequency path, the system noise spectrum, as shown in Figure 7.10, was
obtained. In this figure, the purple curve indicates the simulated noise spectrum, while the red curve shows
a calculated noise spectrum17. Using this (accurate) calculation script to gain some more insight, the various
noise contributions from the low-frequency Hall path, the high-frequency Hall path, and the high-frequency
coil path could also be estimated (blue, orange, and green curves, respectively). Namely, it can, for example,
be seen that the high-frequency coil path contributes significantly more (75mARMS ) noise than the high-
frequency Hall path (11mARMS ). By shifting the cross-over frequency fz to a higher frequency, this noise
could have been balanced better, and for fz ≈ 30kHz, it was determined that an overall integrated noise level

15The buffer has unity gain feedback, while the transimpedance amplifier effectively has a low-frequency (phantom) zero in the loop
gain at fz which extends the bandwidth

16Note that the variation of the high-frequency gain is caused by the varying feedback resistance and capacitance over corners, this can
be trimmed out using the capacitor bank

17This was done using a Python script, which calculates the noise spectrum according to various given transfer functions for the low-
and high-frequency path. In this calculation, also a 1/f noise spectrum is incorporated in the high-frequency path
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Figure 7.9: Specification input referred amplifier voltage noise spectrum (blue) versus the obtained noise spectrum (orange)

of 40mARMS could have been obtained. However, as explained before, this would have come at the cost of
complexity, which, for this first prototype, was undesirable. Besides, with a total integrated noise level of
77mARMS , the noise specification of 80mARMS has been met anyway.

Lastly, another strength of the hybrid-hybrid architecture could be highlighted. Namely, using the same script
used to calculate the noise spectra shown in Figure 7.10, it can be estimated how a normal hybrid architecture
(using, for example, an integrator as explained in Section 4.2) would have performed with the given readout
architecture (i.e., the architecture shown in Figure 7.4 without the Hall plate and with Rz considerably larger to
effectively implement an integrator). The resulting noise spectrum, as shown in Figure 7.11, clearly indicates
a huge noise increase to roughly 560mARMS . This is mainly caused by the amplifier 1/f noise and the fact that
the main summing filter cross-over frequency fx is far from optimal18. Besides having to deal with the already
discussed difficulties associated with a non-hybrid-hybrid architecture (see Chapter 4), reducing 1/f noise
would have resulted in an additional challenge. This again beautifully highlights the strength of the hybrid-
hybrid architecture in which noise performance can be orthogonally designed from ripple performance.

7.6.3. GAIN STABILITY
Another important design aspect discussed throughout this thesis is gain stability over temperature (and life-
time). For this prototype chip, it was specified that the gain should not drift more than ±3%. However, in a
future design, ideally, SystematIC would like to see a maximum error of ±1%. For the low-frequency path,
no changes to SystematIC’s previous Hall-Hall design have been made and will, therefore, not be consid-
ered further. For the high-frequency gain, it was determined that using a p-poly resistor and MIM capacitor
to implement the integrating transfer should keep the gain temperature drift relatively low. Namely, it was
calculated that over the specified temperature range from -40°C to +125°C, a maximum temperature varia-
tion of less than 1% could be obtained. The orange curve in Figure 7.12 shows this calculated temperature
dependence.

The simulation results, on the other hand, show a larger temperature dependence. Namely, the simulated
gain variation, as shown by the blue curve in Figure 7.12, varies by roughly 2.5%. It was determined that this
larger-than-expected temperature variation came from the temperature variation of the transimpedance am-

18Note that if this architecture would have been used, fx could be increased to balance ripple and noise performance better. But still, it
is believed that a noise level below 150mARMS , let alone 80mARMS , would have been difficult to obtain
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Figure 7.12: Simulated versus calculated high-frequency gain variation over temperature. The calculated variation only takes into con-
sideration resistance and capacitance temperature variation. The simulated variation also taken various second-order effects into con-
sideration, the temperature variation was simulated at 100kHz

plifier loop gain at high frequencies. Namely, at high frequencies, the loop gain would only be around 30dB.
Moreover, a variation of this loop gain from 30dB to 27dB (as observed) roughly introduces this additional
1.5% of gain variation. Although for this design, the gain variation over temperature is within specification,
for a future design, this additional temperature variation should be looked into. Moreover, lifetime drift can-
not easily be simulated and should be characterized after device fabrication.

7.6.4. OFFSET & OUTPUT SWING
Offset is another important design aspect when considering the coil-Hall architecture. With the chosen
hybrid-hybrid architecture, the high-frequency path does not contribute any offset to the overall system out-
put. However, as mentioned in the controller requirements, offset in combination with the amplifier out-
put swing is still important to consider in light of signal clipping. Namely, it was specified that each ampli-
fier should maximally have an input referred offset standard deviation of 1.48mV and that the output swing
should be at least 1.55V (leaving 100mV headroom to the ground and the supply).

The offset standard deviation was obtained using a Monte Carlo simulation with 1000 runs. The resulting off-
set distribution can be found in Figure 7.13. Moreover, the calculated standard deviation is roughly 1.21mV.
This is well within the specifications19. The simulated output swing of the high-frequency path for various
offset levels is shown in Figure 7.14. In these simulations, a full-scale (80A), 2MHz input signal was applied.
As can be seen, this signal can still be processed within the specified output range (as indicated by the dashed
red lines). With these results, it can be calculated that at least 99.98% of the chips should not clip on their own
offset20. With a larger supply voltage, this chance is even reduced further21.

7.6.5. COIL CLIPPING & SLOW SETTLING
Next, an effect related to coil voltage readout should be discussed. Namely, the coil signal can become quite
large when a fast input signal is present. Especially when reading out the coil voltage, this signal should be
limited by a clamping circuit so that it does not cause transistor breakdown. However, this, in turn, causes
significant distortion. As mentioned in Section 3.6, especially for short circuit detection, this can be quite an
issue.

Namely, if the signal rise time is too fast, all of a sudden, the system reacts considerably slower. Instead
of detecting the short circuit within less than a microsecond (associated with a 2MHz bandwidth), it can

19Moreover, this offset level could be reached with the input pair dimensions already required for noise performance
20SystematIC also required multiple gain settings, for some of these gain settings this chance is reduced to 99.7%. However, this is still

within specification.
21Of course, the contrary is also true for a smaller supply voltage
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Figure 7.13: Distribution of the input-referred offset of the controller shown in
Figure 7.6. This data was obtained using a Monte Carlo simulation with 1000
runs.
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Figure 7.14: Simulated transimpedance amplifier output with a full-scale
(320mV), 2MHz sinusoidal signal with various levels of offset

take tens or even hundreds of microseconds associated with the low-frequency path cross-over frequency
(1.3kHz). This can be seen in the simulation result shown in Figure 7.15.

In this figure, both the coil signal (top plot) and the output signal after summing the low- and high-frequency
path (middle and bottom plots) can be seen for three different rise times of a full-scale signal step. For a
400ns and 100ns rise time (blue and green curves, respectively), the coil signal is not clipped, and it can
be seen that the output signal is, as expected, a full-scale step with the specified rise times. However, for a
25ns rise time, the coil signal becomes too large and is clipped against the 3.3V supply. As a result, the high-
frequency path cannot fully respond, and the signal only rises to a fraction of the intended value. The final
value is only reached after the low-frequency path has settled; this takes orders of magnitude longer than the
time associated with the 2MHz bandwidth. This can be seen in the blue curve from Figure 7.15.

As mentioned in Section 3.6, for voltage readout, the chances of this happening can only be reduced by using
a smaller coil, by using a larger supply voltage, and by using transistors rated for a higher voltage. When
reading out the current, this clipping can certainly also occur. However, in this case, the maximum signal
is limited by the amplifier’s current drive capability. This can more effectively be increased, by, for example
using a class-AB output stage with large transistors.

7.6.6. POWER- & AREA CONSUMPTION
Lastly, the power- and area consumption should be briefly discussed. SystematIC indicated that this new
coil-Hall prototype should fit within the same area as the previous Hall-Hall design and consume roughly the
same amount of power. As the new design uses the same amount of Hall plates in the high-frequency path
(requiring the same bias current), the new architecture does not introduce a power penalty in that regard.
Furthermore, as the previous high-frequency path amplifiers required roughly 2.4mA of bias current, it was
specified that each of the three amplifiers in the new design should, ideally, require less than 800µA each. As
indicated in Figure 7.6, each amplifier eventually required approximately 750µA. This is within specification.
Regarding area consumption, the large passive components (especially the capacitors) required to implement
the various transfer functions introduced some difficulties. However, eventually, the new design was made to
(just) fit within the old Hall-Hall layout. This was made possible by SystematIC’s great layout team.
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Figure 7.15: If the coil signal clips in the high-frequency path, a large slow-settling component occurs at the system output as the high-
frequency path cannot fully react to the fast input signal. The top plot shows the coil signal, while the middle and bottom plots show the
resulting system output (with the middle plot being a zoomed-in version of the bottom plot at 10µs). The input signal is a full-scale 80A
step with three different rise times.
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7.7. CONCLUSION & FUTURE DESIGN RECOMMENDATIONS
This chapter presented the design of the coil-Hall hybrid current sensor for SystematIC. In this design, the
so-called hybrid-hybrid architecture was chosen for two main reasons. Firstly, it alleviates the tight trade-off
between ripple and noise performance without requiring any changes to the low-frequency path. Secondly,
it allows for a relatively simple implementation without having to deal with large offset-related problems and
1/f-noise.

These advantages were clearly demonstrated in the implementation discussed in this chapter. For the high-
frequency path, the only significant design effort was developing a single, relatively simple controller used
in both the buffer and the TIA. No additional measures were needed against offset and 1/f noise. For other
combining architectures, such a straightforward solution likely would not have been sufficient. For example,
in Section 7.6.2, it was shown that the lack of orthogonality in the design of noise and ripple performance
would have resulted in an integrated noise level well above 150 mARMS . Besides, a larger design effort would
have been required to deal with issues related to offset. All in all, this chosen architecture was the perfect
choice to satisfy the needs of SystematIC, and, as shown in Table 7.4, the new design is a great step forward
compared to their previous design22.

FUTURE RECOMMENDATIONS

However, there is certainly still some room for improvement. Namely, the simplicity of the design mainly
comes at the cost of gain stability and noise performance23. If SystematIC would like to improve the design
in the future, some recommendations can be given. These are ordered based on the level of required modifi-
cation and added complexity. In terms of gain stability, two points of improvement can be given:

1. First of all, the higher-than-expected high-frequency gain variation over temperature should be looked
into. This can probably be solved by designing an amplifier controller (for the TIA) which allows for
more loop gain at higher frequencies.

2. Secondly, a better gain stabilization technique for the Hall plates could be considered. For this, various
ideas have been presented in Chapter 6.

In terms of noise performance, some more recommendations can be given. These are as follows:

1. Firstly, the easiest way to optimize noise performance would be to optimize the cross-over frequency
fz . To achieve this, instead of placing the Hall plate directly in series with the coil, the Hall plate must
be read out with a separate amplifier. This allows for a difference in DC gain between the coil- and Hall
path, and, as a result, fz can be freely chosen. For fz of approximately 30kHz instead of 5.1kHz, the
noise can likely be reduced to roughly 45mARMS .

2. Secondly, to truly reach excellent noise performance, reading out the coil current instead of voltage
should be investigated. This way, a considerably larger sensitivity can be obtained, which mainly re-
laxes the noise requirements of the various amplifiers. Besides, the coil resistance itself can be used
to implement the integrating transfer, and no additional (large) resistance, contributing a significant
amount of noise, has to be added in the signal path (e.g., Rp in Figure 7.4). Of course, reading out the
coil current comes at the cost of complexity; however, with this approach, state-of-the-art performance
is believed to be within reach.

3. Thirdly, it should be noted that the high-frequency path is not the limiting factor for the overall band-
width. If SystematIC wants to improve bandwidth performance, they should look into increasing the
bandwidth of the amplifiers in the common path.

4. Fourthly, if SystematIC does manage to reduce the noise, the spinning ripple should also be reduced
further. Of course, this can be done by lowering the summing filter cross-over frequency fx . However,
area-wise, it might be beneficial to look into changing the low-frequency path and add, for example,
ripple reduction loops [13].

5. Lastly, the most drastic change would be to investigate a fully digital implementation of the signal path.
To limit the scope of this thesis, this was not considered until now. This solution most likely has its own
challenges that should be carefully investigated. However, mainly in terms of area (due to the large
required passive components to implement large time constants), a fully digital implementation could
be beneficial.

22Of course, the coil-Hall performance still needs to be verified by measurements, for this purpose, a test plan is given in Appendix A
2377mARMS was achieved, while the optimum noise level associated with the transducers would have been 20mARMS
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Specification Hall-Hall coil-Hall
Integrated Noise 180mARMS 77mARMS

Bandwidth 318kHz 2MHz24

Input Range ±80A ±80A
Gain Stability (Temperature, LFP) -1.5% to 2.6% -1.5% to 2.6%
Gain Stability (Temperature, HFP) -1.5% to 2.6% -2.3% to 0.2%
Gain Stability Lifetime (LFP) ±3% ±3%
Gain Stability Lifetime (HFP) ±3% -
Gain Flatness over Frequency ±3%25 <±1%
Offset ± 70mA (3σ) ± 70mA (3σ)
Spinning Ripple 80mARMS 30mARMS

Supply Current 20mA 20mA
Chip Area 4mm2 4mm2

Table 7.4: Comparison between SystematIC’s previous Hall-Hall design and the new coil-Hall design obtained specifications.

Regardless of SystematIC’s future decisions, the hybrid-hybrid architecture is believed to remain highly effec-
tive. Namely, not having to deal with the various offset-related challenges associated with the other architec-
tures is considered worth the slight power penalty. Furthermore, this architecture does not require navigating
significant trade-offs, making it highly scalable for achieving even better performance in the future.

24Limited by amplifiers in the common path (not the high-frequency path). The high-frequency path bandwidth is significantly larger
than 10MHz

25In the initial design, SystematIC had an additional pole in the low-frequency path
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Figure 7.16: System overview including the low- and high-frequency path. The low-frequency path was not designed in this thesis and
was completely reused from a previous design of SystematIC. It is, therefore, not further explained in this thesis.



8
CONCLUSION

Throughout this thesis, the design of a coil-Hall hybrid current sensor has been thoroughly investigated.
This CMOS-compatible multi-path sensor utilizes a Hall plate for low-frequency sensing and a coil for high-
frequency sensing. This enables excellent noise and bandwidth performance. However, as examined in
Chapters 3 to 6, implementing this current sensor involves various challenges and trade-offs related to com-
bining, calibrating, and stabilizing the two distinct signal paths. For each of these design aspects, multiple
solutions could be employed, each with its clear advantages and disadvantages.

One of the primary goals of this thesis was to provide a comprehensive overview of these challenges and so-
lutions. This is believed to have been successfully accomplished. After reading this thesis, the reader should
have obtained sufficient insight to determine their own approach to designing a coil-Hall hybrid current sen-
sor and navigate the various trade-offs according to their own requirements.

The second goal of this thesis was to apply this insight to design a coil-Hall hybrid current sensor tailored
to the needs of SystematIC Design B.V. This design was intended as a prototype to demonstrate a significant
performance improvement compared to SystematIC’s previous Hall-Hall design. For this prototype, not nec-
essarily state-of-the-art performance, but simplicity was highly valued. However, as extensively discussed in
Chapter 3, combining the two signal paths involves managing tight trade-offs related to noise, ripple, offset,
and gain flatness, which, until now, has led to various complex system solutions.

To address this, the so-called "hybrid-hybrid" architecture was developed. Instead of only a coil, this archi-
tecture uses both a coil and a Hall plate in the high-frequency path, adding an additional degree of freedom to
the design at the cost of a slight power penalty. This added design flexibility helps alleviate several tight trade-
offs and considerably simplifies the overall implementation. In Chapter 7, this was verified by presenting an
implementation that could, despite its simplicity, meet the specifications imposed by SystematIC. Moreover,
due to its simplicity, this innovative hybrid-hybrid architecture is expected to pave the way for easier attain-
ment of improved performance in the future.
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A
PROTOTYPE CHIP TEST PLAN

As the prototype chip for SystematIC has not been manufactured in time, no measurement results have been
presented in this thesis. However, it is still good to present a test plan to make sure all relevant design aspects
get investigated and verified once the chip returns. This test plan mainly focuses on the various aspects
related to the new coil-Hall architecture and not necessarily on the already verified aspects of SystematIC’s
previous Hall-Hall design. These relevant aspects mainly include noise, ripple, bandwidth, gain flatness over
frequency, temperature drift, and lifetime drift.

A.1. CHIP STARTUP & ENTERING TEST MODE
First of all, it should be verified if the chip starts up properly and is not broken somehow. This can be done as
follows:

1. Solder the chip package to a test PCB / breakout board previously used for verification of SystematIC’s
Hall-Hall product (the same package is used for this new design).

2. Connect the power supply and set its voltage to 5V (nominal voltage) and limit the current to 24mA.
3. Turn on the power supply and check if the supply hits its current limit. If everything functions properly,

the chip should consume around 18 - 22 mA.
4. Check the voltages of the various (output) pins (see Table A.1). Both the output pin (VOUT) and the

analog reference pin (VOCM) should be at 2.5V ( VDD
2 ). The fault detection pin (FAULT) should be at 5V

(VDD ).

If the chip functions properly, the next step is to enter the so-called chip test mode. In this mode, the chip
can be programmed via the FAULT pin (e.g., the gain settings can be trimmed). Besides, various on-chip
test buses can be connected to the VOCM pin to monitor certain internal analog and digital voltages. The
exact procedure on how to enter this test mode is extensively described in some (confidential) documents of
SystematIC.

pin Function
FAULT Serial Communication IO
GND Main Ground Connection
VDD Main Supply Connection

VOUT Analog Output
VOCM Analog Reference Output / Testbus Connection
IP+, IP- Current Rail Connections

Table A.1: The seven package pins and their functionality in system test mode

72



A.2. HALL PLATE CALIBRATION & MATCHING 73

A.2. HALL PLATE CALIBRATION & MATCHING
Next, before being able to verify the chip’s various performance aspects, the low- and high-frequency gain
should be calibrated. In this first step, the low-frequency Hall plate and the high-frequency Hall plate will be
trimmed. The Hall plate sensitivity can be trimmed by changing the bias current. In this test, it will also be
verified if the low- and high-frequency Hall plate can be trimmed in a single step. The procedure can be as
follows:

1. Connect the VOCM pin to a multimeter
2. Program the chip such that the output of the high-frequency path is connected to VOCM
3. Measure the voltage at VOCM and check if this voltage is within 0.5V and 4.6V ( VDD

2 −0.4V). If this is not
the case, the output might clip when an input signal is applied, and another chip should be tested1.

4. Connect the VOUT pin to a multimeter
5. Measure the voltage at VOUT. This signal will be referred to as the quiescent output voltage.
6. Apply a well-known DC current to the current rail. This can, for example, be generated by applying a

well-known voltage (using a power supply) across a well-known resistance (power resistor). Ideally, this
signal should be as large as possible, but most importantly, the signal should be accurate. To be sure, it
could be measured with another multimeter.

7. Measure the chip output voltage at VOUT with the multimeter. If need be, average the signal several
times such that an SNR of at least 40dB is obtained.

8. Subtract the voltage obtained in step 6 from the voltage in step 8 and divide it by the input current. This
is the measured sensitivity.

9. Trim both the low- and high-frequency Hall plate bias current simultaneously by programming the gain
settings via the FAULT pin. If the sensitivity is below 25mV/A, increase the bias current. If the sensitivity
is above 25mV/A, decrease the bias current.

10. Measure the output voltage again and repeat steps 6 - 9 until the sensitivity is trimmed within 1% of
25mV/A.

11. Connect the VOCM pin to a multimeter
12. Program the chip such that the output of the low-frequency path is connected to VOCM
13. Measure the voltage at VOCM
14. Apply the same DC current as used in step 6 to the current rail
15. Measure the voltage at VOCM, subtract the voltage measured at step 13, and divide by the input current.

This is the measured sensitivity at the output of the low-frequency path.
16. Program the chip such that the output of the high-frequency path is connected to VOCM
17. Apply the same DC current as used in step 6 to the current rail
18. Measure the voltage at VOCM, subtract the voltage measured at step 4, and divide by the input current.

This is the measured sensitivity at the output of the high-frequency path.
19. Compare the sensitivities obtained in steps 16 and 19 and check if they are within 1% of each other. If

this is the case, it is an indication that the low- and high-frequency Hall plates can be calibrated in one
step2. If this is not the case, repeat the calibration steps (7 - 11) purely for the high-frequency Hall plate.

A.3. HIGH-FREQUENCY GAIN TRIMMING
Next, the high-frequency (coil) gain should be trimmed. This can be done using a variable capacitor bank in
the high-frequency path (i.e., by changing Cz in Figure 7.4). Calibrating the high-frequency gain should be
performed at a frequency well above the cross-over frequency fx . Generating such a signal and accurately
measuring it is less straightforward compared to a DC signal. Again, to obtain sufficient resolution, ideally, a
large input signal is applied. However, if this is not possible, the signal can be averaged over a long period of
time.

Currently, SystematIC does not have any specialized equipment to generate high-frequency, high-current
sinusoidal signals. However, a PCB has been designed that can apply short and accurate 40A pulses (with
a rise time of less than 100ns) to the current rail. The pulse duration should be considerably shorter than
the time constant related to the cross-over frequency (roughly 150µs) but significantly longer than the time
constant related to the system bandwidth (roughly 80ns). This way, the low-frequency path does not react,
but the high-frequency path can fully settle and its gain can be measured. This can be achieved with the PCB

1The chances of this happening should be well below 1% as indicated in Section 7.6.4
2Of course this should be validated by measuring more chips
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used by SystematIC. Using this PCB the procedure can be as follows:

1. Connect the VOUT pin to an oscilloscope
2. Connect the current rail to the custom PCB
3. Apply the 40A current pulse
4. Measure the pulse height with the oscilloscope (this probably only has to be done once, as a 40A signal

should result in a considerably larger SNR than 40dB)
5. Divide this voltage by the 40A input current. This is the high-frequency gain.
6. Trim the capacitor bank by programming the gain setting via the FAULT pin. If the sensitivity is below

25mV/A, decrease the capacitance. If the sensitivity is above 25mV/A, increase the capacitance.
7. Measure the output voltage again and repeat steps 3 - 6 until the sensitivity is trimmed within 1% of

25mV/A.

A.4. BANDWIDTH MEASUREMENT
Having trimmed the low- and high-frequency gain, various performance aspects can be validated. First of all,
the system bandwidth can be measured. For this purpose, the aforementioned PCB was initially designed.
Namely, the settling time of such a pulse is an accurate measure of the bandwidth. The test procedure can be
as follows:

1. Connect the VOUT pin to an oscilloscope
2. Connect the current rail to the custom PCB
3. Apply the 40A current pulse
4. From the oscilloscope plot, measure how long it takes for the output signal to settle within 5% of the

final value. This is equal to three time constants τ. The bandwidth can be calculated according to
BW = 1

2πτ .

A.5. NOISE PERFORMANCE & SPINNING RIPPLE
Besides a large bandwidth, excellent noise performance is also one of the main benefits of the coil-Hall ar-
chitecture. In this design, 80mARMS was strived for. This should be verified. The total RMS noise can be
measured with a wide range of instruments. However, to also see the noise spectrum, a spectrum analyzer
would be a good choice. In this way, the tones associated with the Hall plate spinning ripple can also be
measured. This can be done as follows:

1. Connect the spectrum analyzer to VOUT
2. Disable Hall plate spinning in the low-frequency path
3. Measure the output spectrum and the (AC) RMS value of the output signal
4. Divide this RMS signal by the system gain to obtain the RMS noise signal
5. Enable Hall plate spinning again
6. Measure the spectrum and verify that the tones associated with spinning are well below the integrated

noise level
7. Also measure the RMS value of the signal and see if it has not significantly increased compared to the

noise measurement
8. Repeat this measurement for various other samples to get an estimate on how much the noise and

ripple differs from sample to sample (also gain calibration should be done for these samples)

A.6. FREQUENCY RESPONSE MEASUREMENT & GAIN FLATNESS
Besides bandwidth and noise performance, SystematIC has also specified certain limits to gain inaccuracy;
these will be validated in the last few tests. First of all, SystematIC has specified that the gain is maximally
allowed to deviate with ±1% from the ideal gain over frequency. To verify this, the frequency response must
be measured with more than 99% accuracy. Similar to high-frequency calibration and bandwidth verifica-
tion, this requires a high-frequency and, ideally, high-current signal. However, instead of pulses, in this case,
sinusoidal signals at several frequencies must be applied. The previously mentioned PCB cannot be used for
this purpose. If SystematIC wants to do such a measurement, they should invest in a better measurement
setup.

It is believed that the most cost-effective solution would be to design a custom PCB containing a buffer with
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high current drive capability3 (ideally a few ampère). Moreover, the output of this buffer can be connected to
the current rail in series with an accurate (power) resistor. By also applying an accurate voltage to the buffer
input, an accurate current is generated4. A measurement procedure could, for example, be as follows:

1. Connect the VOUT pin to an oscilloscope
2. Connect the current rail in series with an accurate (power) resistor to the buffer output
3. Connect a function generator at the input of the buffer
4. Connect a voltage probe across the power resistor to another oscilloscope channel
5. Using the function generator, apply a sinusoidal voltage signal with a certain frequency f at the buffer

input
6. Measure the signal magnitude at VOUT and across the power resistor
7. The signal magnitude measured at VOUT, divided by resistor voltage magnitude, multiplied by the re-

sistance value of the power resistor, is the gain at the frequency f . If the measurement is not sufficiently
accurate, several measurements should be averaged.

8. Repeat steps 5 - 7 for multiple frequencies. The signals should range from DC to 2MHz
9. The various gain measurements can be plotted against frequency to obtain the frequency (magnitude)

response5.

Lastly, it should be noted that if SystematIC decides to invest in such a measurement setup with high-current
sinusoidal signals, it could also be used for calibration and bandwidth measurements, as described in the
previous two sections.

A.7. GAIN DRIFT OVER TEMPERATURE
Next, gain drift over temperature should be investigated. Namely, as specified by SystematIC, both at low-
and high frequencies, the gain should not vary with more than ±3%. A similar setup can be used as for the
frequency response measurement, however, in this case, it is probably sufficient to measure at only two fre-
quencies (DC and well above the cross-over frequency, for example, at 100kHz). To automate the setup, it
is probably best to use a multimeter with AC RMS measurement capabilities (such as, for example, the Agi-
lent 34410A Multimeter available at SystematIC) instead of an oscilloscope. A multimeter could not be used
in the frequency response measurement as, at least the multimeters at SystematIC, do not have sufficient
bandwidth. A potential test procedure could be as follows:

1. Connect VOUT to the multimeter
2. Connect the current rail in series with an accurate (power) resistor to the buffer output
3. Connect a function generator at the input of the buffer
4. Connect another multimeter across the power resistor
5. Place the test PCB with the chip in a temperature/climate chamber
6. Set the temperature at -40°C
7. Measure the gain at DC and at 100kHz according to a similar procedure presented in the previous sec-

tion (steps 5 - 7)
8. Repeat these measurements for multiple temperatures up until +125°C

A.8. GAIN DRIFT OVER LIFETIME
Lastly, gain drift over lifetime should be measured. For gain drift over lifetime, a very similar procedure as
used for gain drift over temperature could be used. However, it takes a significant amount of time and this
test should probably be performed last. Especially in this situation, it is important that the measurement
setup is automatized as such measurement take quite a long time. The lifetime drift of the high-frequency
gain is especially interesting to characterize. This is because no information is available on the drift of the
resistor and capacitor required in this gain. Of course, the severity of the lifetime drift of the Hall sensitivity is
also interesting to investigate. A potential measurement plan could be as follows:

3Instead of designing such a PCB, SystematIC could also choose to buy an off-the-shelf waveform amplifier (e.g., see the TS250 of Accel
Instruments)

4Note that a buffer is not necessarily required, and a function generator can be directly connected to an accurate resistance. However,
the current, due to the 50Ω function generator output impedance, is likely quite small, and a lot of measurements need to be averaged

5Of course, with this relatively simplistic approach, only some discrete measurement points can be obtained. To obtain a more contin-
uous spectrum, SystematIC could, for example, invest in a network analyzer
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1. Connect VOUT to the multimeter
2. Connect the current rail in series with an accurate (power) resistor to the buffer output
3. Connect a function generator at the input of the buffer
4. Connect another multimeter across the power resistor
5. Place the test PCB with the chip in a temperature/climate chamber
6. Set the temperature at roughly 80°C and a humidity at 85%. This was, for example, also done in [36] as

this way, moisture absorption of the package can be sped up. This absorption is believed to be one of
the main ways in which package stress changes, which, in turn, is believed to be one of the main causes
of sensitivity lifetime drift.

7. Automatically measure the gain at DC and 100kHz at a fixed time interval
8. Leave this test running for multiple days (or even weeks)



B
COIL MODEL

To determine the different component values for this model, the rectangular planar coil shown in Figure 3.3
can be divided into a set of closed rectangles as shown in Figure 3.4. The different model parameters can be
related to the total coil length (Ltot ) and the total coil area (Atot ). With the coil winding inwards, the length
and enclosed area of each rectangle decrease slightly for each additional turn. Therefore, the total length is
determined by calculating the perimeter of each rectangle and then summing these for all N rectangles, while
the total area is determined by first calculating the area enclosed by each rectangle and then summing these
values for all N rectangles. As long as the trace width (w) is not too large compared to the outer dimensions
(x and y), this approximation is believed to be accurate.

Following these definitions, the length of the n-th turn can be written as:

ln = 2 · (x −w −2(n −1)(w + s))+2 · (y −w −2(n −1)(w + s)) (B.1)

while the area enclosed by the n-th turn can be written as:

An = (x −w −2(n −1)(w + s)) · (y −w −2(n −1)(w + s)) (B.2)

By summing these lengths and areas for all N turns, the total length and area can be written as:

Ltot = N · (2x +2y +4s)−N 2 · (4w +4s) (B.3)

Atot = N · [(x +w +2s)(y +w +2s)−2(N +1)(w + s) · [
1

2
(x + y)+w +2s − 1

3
(2N +1)(w + s)]] (B.4)

A more in-depth derivation can be found in [39]; the equations listed here are a slightly modified version to
allow for rectangular coils instead of only square ones.

After obtaining the total length and area, the model parameters SC , RC and CC can be written as shown by
Equations B.5 - B.7.

SC = Atot (B.5)

RC = Ltot

w
·Rsheet (B.6)

CC = ϵ0ϵox
wLtot

d
(B.7)
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Figure B.1: Electrical model of the coil (the same figure from
Section 3.1.2 reshown for the sake of clarity)

Figure B.2: Coil representation with geometry-
related parameter definitions for calculation
purposes (the same figure from Section 3.1.2
reshown for the sake of clarity)

In these equations, w is the trace width (in m), Rsheet the metal sheet resistance (inΩ per square), ϵ0 the per-
mittivity of free space (8.854 ·10−12 F m−1), ϵox the relative permittivity of the silicon oxide (roughly 4.2), and
d the distance to the underlying oxide or nearby metal layer (in m). RC is determined using the metal sheet
resistance and the total number of squares derived from Ltot and w while the capacitance CC is estimated as
a parallel plate capacitance to ground (either the substrate or an overlapping metal layer).

The inductance LC can be approximated using a modified version of Wheeler’s formula [22]. This results in
the following equation:

LC = K1µ0
N 2dav g

1+K2ρ
(B.8)

In this equation, K1 and K2 are geometry-dependent constants (of 2.34 and 2.75), µ0 is the permeability of
free space (4π ·10−7 H m−1), while dav g and ρ are the so-called average diameter and fill-factor respectively
[22]. The last two parameters are based on the outer and inner diameter of the coil according to dav g =
1
2 (dout −di n) and ρ = (dout −di n)/(dout +di n) with dout = x and di n = x−2(N −1)(w +s)−2w . [22] states that
these equations have a typical error of around 1 - 2% compared to a field solver. However, the equation was
derived for a square coil; for a rectangular coil, this equation might produce less accurate results.
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B.1. PLOTS
Using these equations, various plots can be generated to help dimension the coil more accurately and obtain
the model parameters; these plots include:

• Coil Sensitivity SC

• Coil Resistance RC

• Coil Capacitance CC

• Coil Inductance LC

• Coil Bandwidth Estimate1 1
2πRC CC

• Coil Bandwidth Estimate RC
2πLC

• Coil Noise Factor SCp
RC

• Coil Current Sensitivity SC
RC

as a function of the number of coil turns N for different outer coil dimensions x and y (x = y) and wire widths
w .

To generate these plots, the following parameter values have been used:

• Spacing s of 0.28 µm
• Distance to the substrate / nearby metal layer d of 800 nm
• Sheet Resistance Rsheet of 80 mΩ per square

All other parameter values have been given in the previous section. Also, note that each curve ends for a
different amount of turns N ; this is limited by the number of turns with width w that can fit in the area
limited by x and y ; the larger w , or the smaller x or y , the fewer turns will fit.

1Based on simulation data, the actual bandwidth for a distributed network is likely higher



B.1. PLOTS 80

Figure B.3: Coil sensitivity (SC ) for different coil sizes and number of turns, w = 2µm (calculated with the
equations from Section 3.1.2)

Figure B.4: Coil sensitivity (SC ) for different coil widths and number of turns, x = y = 400µm (calculated with
the equations from Section 3.1.2)
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Figure B.5: Coil resistance (RC ) for different coil sizes and number of turns, w = 2µm (calculated with the
equations from Section 3.1.2)

Figure B.6: Coil resistance (RC ) for different coil widths and number of turns, x = y = 400µm (calculated with
the equations from Section 3.1.2)



B.1. PLOTS 82

Figure B.7: Coil capacitance (CC ) for different coil sizes and number of turns, w = 2µm (calculated with the
equations from Section 3.1.2)

Figure B.8: Coil capacitance (CC ) for different coil widths and number of turns, x = y = 400µm (calculated
with the equations from Section 3.1.2)
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Figure B.9: Coil inductance (LC ) for different coil sizes and number of turns, w = 2µm (calculated with the
equations from Section 3.1.2)

Figure B.10: Coil inductance (LC ) for different coil widths and number of turns, x = y = 400µm (calculated
with the equations from Section 3.1.2)
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Figure B.11: Coil bandwidth estimate ( 1
2πRC CC

) for different coil sizes and number of turns, w = 2µm (calcu-

lated with the equations from Section 3.1.2)

Figure B.12: Coil bandwidth estimate ( 1
2πRC CC

) for different coil widths and number of turns, x = y = 400µm

(calculated with the equations from Section 3.1.2)
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Figure B.13: Coil bandwidth estimate (
RC

2πLC
) for different coil sizes and number of turns, w = 2µm (calculated

with the equations from Section 3.1.2)

Figure B.14: Coil bandwidth estimate (
RC

2πLC
) for different coil widths and number of turns, x = y = 400µm

(calculated with the equations from Section 3.1.2)
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Figure B.15: Coil noise factor (
SCp
RC

) for different coil sizes and number of turns, w = 2µm (calculated with

the equations from Section 3.1.2)

Figure B.16: Coil noise factor (
SCp
RC

) for different coil widths and number of turns, x = y = 400µm (calculated

with the equations from Section 3.1.2)
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Figure B.17: Coil current sensitivity (
SC
RC

) for different coil sizes and number of turns, w = 2µm (calculated

with the equations from Section 3.1.2)

Figure B.18: Coil current sensitivity (
SC
RC

) for different coil widths and number of turns, x = y = 400µm (cal-

culated with the equations from Section 3.1.2)



C
DIMENSIONING OF THE COIL

As explained in Section 3.1.2, the coil can be modeled by means of the four parameters SC , RC , CC , and LC .
The resistance RC limits the coil noise performance, while the reactive elements CC and LC (in combination
with RC ) limit the inherent coil bandwidth. On the other hand, a larger sensitivity results in better noise per-
formance and also introduces benefits in various trade-offs related to the signal path combining. Therefore,
ideally, the sensitivity SC is made as large as possible for small values of the coil resistance, capacitance, and
inductance.

In this appendix, a strategy will be devised for dimensioning the coil for optimal performance—that is, op-
timizing the sensitivity for the best inherent noise and bandwidth performance. Besides, as explained in
Section 3.6, bandwidth limitations, drive capability, and signal handling constraints are quite different for
reading out either voltage or current. As a result, they require different dimensioning strategies. These will be
discussed below.

C.1. VOLTAGE READOUT
As mentioned in Section 3.6.1, the coil voltage can become extremely large for high-speed, high-amplitude
signals. The maximum voltage level the readout circuitry can handle is determined by the input range of the
subsequent amplifier (commonly limited by the supply) or, more strictly, by the breakdown voltage of the
transistor.

Suppose the system will be designed to handle coil voltages of maximally ±Vmax and is rated for an input
range of ±Imax and a maximum frequency of fmax . For this system to handle a full-scale sinusoidal signal
I (t ) = Imax · sin(2π fmax t ), the maximum coil sensitivity should be limited to:

SC ,max = Vmax

Aco ·2π fmax · Imax
(C.1)

For some realistic values of fmax = 2MHz, Imax = 80A, Vmax =±1V and Aco = 400 µT A−1, SC should be limited
to roughly 2.5 · 10−6 V T−1 Hz−1. This is a relatively small value and can generally be obtained for a small
coil with more than sufficient bandwidth remaining 1. In other words, unless one aims for an extremely
high bandwidth, this sensitivity limit is likely lower than the limit set by the inherent coil bandwidth. This
low sensitivity limits system performance regarding noise, but also in various other aspects, as indicated in
Chapter 4.

One could consider neglecting the large coil signals and specify the full-power bandwidth differently from the
small-signal bandwidth. However, as explained in Section 3.6.1, one should be aware that this also increases
the chances of the system failing to respond quickly to a short circuit event2.

1for example, a 200x200µm coil with 15 turns can reach this sensitivity with a bandwidth of at least 50 MHz remaining, see, for example,
Figure B.3 and B.11 in Appendix B

2The minimum rise-time tr the system can handle (for a −Imax to +Imax step) is related to the chosen fmax by tr = 1
π fmax

. fmax = 2

MHz corresponds to tr ≈ 160 ns
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Still, whether or not the sensitivity is chosen to be limited by the aforementioned constraint, it is educational
to investigate how to properly dimension the coil. For this purpose, writing the different model parameters
as a set of proportionalities related to coil dimensions is deemed more insightful than blindly following the
relatively complex equations derived in Appendix B. Still, these more complex equations are valuable for
verifying the intuition and obtaining accurate model parameters. For the interested reader, plots of various
coil-related parameters have been given for some typical coil dimensions in Appendix B.

By assuming that y is scaled proportional to x (i.e., y ∝ x), the sensitivity (being related to the total coil area),
the resistance (being related to the total coil length), and the capacitance (also related to the total length) can
be written as shown below:

SC ∝ x2 ·N (C.2)

RC ∝ x ·N

w
(C.3)

CC ∝ x ·N ·w (C.4)

Furthermore, as the inherent coil bandwidth is commonly limited by the coil resistance and capacitance3.
The bandwidth limitation can be written as:

BWvol t ag e ∝
1

RC CC
∝ 1

x2 ·N 2 (C.5)

Lastly, the inherent noise performance of the coil can be characterized by the factor SCp
RC

, which, according

to equation 3.11, should be maximized. This factor essentially indicates the minimum noise the coil path
contributes if the readout noise figure would be 0 dB. Using Equations C.2 and C.3, this factor can be written
as:

SCp
RC

∝ x
3
2 ·N

1
2 ·w

1
2 (C.6)

These proportionalities give valuable insight. Most importantly, it can be seen that the sensitivity can only
be increased by increasing the outer dimensions x or the number of turns N . However, the bandwidth is
inversely proportional to the square of these parameters. This results in the trade-off between sensitivity
and bandwidth. Still, Equation C.2 indicates that the sensitivity scales fastest with larger values of x while
the bandwidth in Equation C.5 decreases at the same rate for both x and N . Therefore, to maximize the
sensitivity for a given bandwidth, the outer dimensions (x and y) should be as large as possible. These outer
dimensions are either limited by the available chip area or by the size of the area to which the magnetic field
is concentrated. This strategy also causes the inherent noise factor from Equation C.6 to increase the fastest.

After maximizing x, the only way to increase the sensitivity further is by increasing N . However, as this causes
the bandwidth to decrease drastically, this can only be done up to a certain point. Moreover, sufficient mar-
gin must be taken into consideration to account for process variation and additional bandwidth limitation
caused by the subsequent amplifier’s input capacitance. If the coil is not fully filled with turns at this point
(either limited by bandwidth or by the maximum coil signal constraint), the trace width can be increased to
reduce the coil’s resistance. This does, to a first-order approximation, not affect the sensitivity and band-
width, but does increase the fundamental noise factor SCp

RC
. Reducing the resistance without the decrease in

sensitivity always helps achieve better noise performance. However, the benefit is only marginal if the readout
noise is not also decreased simultaneously; only a larger sensitivity can soften the readout noise requirements

3This can, for example, be deduced by comparing Figures B.11 and B.13 in Appendix B; the bandwidth estimate based on RC and CC
becomes significantly smaller for larger coil dimensions compared to the bandwidth estimate based on RC and LC



C.2. CURRENT READOUT 90

When dimensioning the coil, there is a trade-off between
sensitivity, bandwidth and area

C.2. CURRENT READOUT
The story is slightly different when reading out the coil current. Most importantly, the coil signal amplitude
constraint is now determined by the maximum coil current instead of voltage4. The maximum current the
system can handle is set by the subsequent amplifier’s current drive capability (±Idr i ve ). This can be in-
creased by proper design and is not limited by the strict transistor breakdown constraint. Similar to Equation
C.1, the following limit can be devised:

SC

RC

∣∣∣
max

= Idr i ve

Aco ·2π fmax · Imax
(C.7)

Besides having more flexibility in choosing Idr i ve compared to Vmax , another advantage is that the factor
SC
RC

should be limited instead of SC . Because the coil resistance and sensitivity both increase for larger coil di-
mensions, this factor can remain relatively small for large values of SC . The following proportionality captures
this:

SC

RC
∝ x ·w (C.8)

While SC increases with x2 and N , SC
RC

only increases with x and w . Therefore, with a small trace width, a
large number of turns, and large outer dimensions, a large sensitivity can be obtained for a small value of
SC
RC

. For example, the same values of fmax , Imax and Aco used in the previous section in combination with

a moderate drive capability of Idr i ve = ±1 mA result in a maximum SC
RC

of 2.5 ·10−9 A T−1 rad−1 s. For a fully

filled coil of 400x400 µm with a trace width of 1 µm (roughly 100 turns), a sensitivity of 4 ·10−5 V T−1 rad−1 s
can be obtained while SC

RC
stays well below 2.5 ·10−9 A T−1 rad−1 s (see the orange curves in Figures B.18 and

B.4 in Appendix B). This sensitivity is already an order of magnitude larger than the limit for voltage readout
(2.5 ·10−6 V T−1 rad−1 s). Besides, the current drive capability can be relatively easily increased. This means
that the chance of clipping can also be even further reduced.

Lastly, the coil bandwidth should be considered. For voltage readout, it became evident that the bandwidth
quickly drops for a large sensitivity. In that case, the coil resistance and capacitance limit the bandwidth.
However, as explained in Section 3.6.2, when reading out the coil current, the capacitance is (to a first-order
approximation) shorted to ground, and the coil resistance and inductance now determine the bandwidth.
The relevant proportionalities could be written for this inductance-based bandwidth limitation. However, as
it turns out, for a typical sheet resistance of 80 mΩ per square, the bandwidth, even for relatively large coils
with a high turn count, generally stays above 100 MHz (see, for example, Figure B.14). Bandwidth, when read-
ing out the coil current instead of voltage is therefore less of a limitation

When dimensioning the coil for a current readout based system, the trade-off between
sensitivity and bandwidth is alleviated

As a result of this mitigation of the bandwidth constraint, the dimensioning strategy becomes relatively sim-
ple. Ideally, one wants to maximize x for a large sensitivity. However, x is either limited by the available chip
area or by the drive capability constraint. To avoid being limited by the latter, w should be chosen small
enough such that when x occupies the maximum allowed amount of chip area, the required drive capability
is not too large. This likely results in w being set at the minimum trace width of a certain process.

The final step is to fill this coil with as many turns as possible; this results in the largest sensitivity and inherent
noise factor for the given outer dimensions. Unless the outer dimensions are extremely large (e.g., larger than

4If the current is read out using a proper transimpedance or current amplifier



C.2. CURRENT READOUT 91

1 mm), the resistance and inductance probably do not limit the bandwidth too much (i.e., the bandwidth
does not drop below 100 MHz).

Lastly, it should also be noted that the resistance and capacitance of such a large coil are likely relatively
large (tens of kilo-ohms and pico-farads). To a first-order approximation, they should have no effect on the
bandwidth. However, in a distributed model, they do. To verify that the bandwidth is not limited too much,
it is important that simulations are also performed using a distributed model using a cascade of multiple
sections5 of the model shown in Figure B.1.

5With adequately scaled component sizes



D
ON-CHIP CALIBRATION COIL

To implement background calibration (see Section 6.2) or foreground calibration without using the current
rail (see Section 5.3), a magnetic field must be generated on chip. For this purpose, an on-chip coil should
be used. To be able to perform some rough calculations, it is good to know what field strengths can approxi-
mately be generated.

Figure D.3: On-chip calibration coil
around a single Hall plate with an indi-
cation of the dimensions.

To generate a magnetic field, a current is required. Ideally, this current is
sufficiently small so that the calibration coil does not consume too much
power. By estimating the square calibration coil (see Figure D.3) as a cir-
cular current loop with radius r , the magnetic field strength at its center
can be estimated as:

B = µ0I

2r
(D.1)

Besides, if a trace width w is chosen, the resistance of one turn can be
estimated as:

Rcoi l =
8r

w
·Rsheet (D.2)

With Rsheet being the sheet resistance, which, for a metal trace, is nomi-
nally 80mΩ per square.

Using these equations and considering that the radius increases for each additional coil turn, the plots in
Figures D.1 and D.2 can be generated. These plots give an indication of the magnetic field coupling factor
(in mT A−1) and coil resistance (in Ω) as a function of the number of coil turns N for a coil with inner radius
r = 25µm and trace width w = 1µm. The radius is such that it fits just around a single 50x50µm Hall plate1

(which is typically used by SystematIC).

As can be seen in the plots, for roughly 20 turns, the coil has a coupling factor of approximately 350 mT A−1

and a resistance of roughly 400Ω. This resistance, combined with the maximum voltage headroom, limits
the maximum current through the coil and, as a result, puts a limit to the maximum magnetic field. For this
20-turn coil, a voltage of 1.2V result in a current of roughly 3 mA and a magnetic field of approximately 1 mT.
These values are by no means completely accurate (due to the simple assumptions made before); however,
for rough calculations, they can still be used.

1Note that if larger sensing elements (such as a large sensing coil or multiple Hall plate in parallel) are to be calibrated, the radius r has
to be larger. This is not beneficial for the magnetic field coupling factor and thus likely results in a larger current requirement
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Figure D.1: Rough estimation of the magnetic field coupling factor
(mT A−1) of an on-chip calibration coil with R = 25µm and w =
2µm (with R and w as specified in Figure D.3)

Figure D.2: Rough estimation of the resistance of an on-chip cali-
bration coil with R = 25µm and w = 2µm (with R and w as speci-
fied in Figure D.3)
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